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Preface to the Adapted Fourth Edition 


This edition is the thoroughly revised version of the earlier adapted edition. In order to fulfill the syllabi 
requirements of the course on Antennas and Wave Propagation followed at UG and PG levels in major Indian 
universities and technical institutions, the revised edition covers four new chapters on Wave Propagation: 
Basics of Wave Propagation (Ch 22), Ground Wave Propagation (Ch 23), Space Wave Propagation (Ch 24) 
and Sky Wave Propagation (Ch 25). Two more chapters on Radiation (Ch 4) and Microstrip Antennas (Ch 14) 
are incorporated for enhanced coverage of the text. With these incorporations in place, this new text has taken 
an entirely new shape and promises to be one stop solution on the subject for the user. 


The appendices include many useful tables and references, programs and objective type questions. The book 
features numerous helpful graphical displays. The exercises at the end of chapters are quite challenging and 
the references to article and books are equally extensive. 


Chapter Organisation 


The content of this book is organized into 25 chapters. 


Chapter 1, Introduction, presents basic information on symbols and notations used for numerical derivations 
in the book. A short history of Antennas is provided for in the chapter for a brief overview on developments 
in this field. 

Chapter 2, Antenna Basics, covers fundamental antenna concepts and the language of antennas. In this 
edition, some of the basic terms, viz., Radiation Phenomena, Signal-to-Noise Ratio, Antenna Temperature, 
Antenna Impedance and Front-to-Back Ratio are explained. Antenna Theorems and a table summarizing 
antenna parameters are included. 

Chapter 3, The Antenna Family, gives concise descriptions of different types of antennas from dipoles to 
patches. A brief description of various members of antenna family is included in the revised text. 

Chapter 4, Radiation, is the new chapter which introduces mathematical theory relating to antennas. 
Discussion on Retarded (time varying) Potential and Far Field due to an Alternating Current Element and Far 
Field due to Sinusoidal Current Distribution is presented in this chapter. 

Chapter 5, Point Sources and their Arrays, initially treats point sources and their fields, power and phase 
patterns. Later, the concept of formation of arrays is developed leading to the Broadside and end-fire arrays 
of point sources. 

Chapter 6, Electric Dipoles, Thin Linear Antennas and Arrays of Dipoles and Apertures, introduces the 
concept of dipole and later extends to encompass dipoles and linear antennas, both alone and in arrays. 
Chapter 7, Loop, Slot and Horn Antennas, describes all kinds of loop, slot and horn antennas and their 
properties. 

Chapter 8, Helical Antennas, first introduces axial-mode helical antennas and Yagi-Uda arrays and later 
includes detailed discussion on helical antennas. The concept of mode is introduced in a new section entitled 
helix mode. 

Chapter 9, Reflector Antennas, includes all types of reflectors, viz., flat-sheet, corner and parabolic antennas. 
In the revised chapter, a number of figures illustrating feed arrangements including that of a Cassegrain antenna 
are given. 

Chapter 10, Lens Antennas, details different kinds of related Antennas. 

Chapter 11, Broadband and Frequency-Independent Antennas, introduces and describes these antennas. 
Rumsey’s principle for Frequency Independent Antennas is discussed in detail. 
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Chapter 12, The Cylindrical Antenna and the Moment Method (MM), is related with Cylindrical Antennas, 
their types and their applications. The Moment Method and their application in Wire Antennas is covered in 
the chapter. 

Chapter 13, Frequency-Selective Surfaces and Periodic Structures, introduces the topic and presents different 
kinds of Randomes. 

Chapter 14, Microstrip Antennas, is a new chapter which deals with the characteristics, advantages and 
limitations of Microstrip Antennas. 

Chapter 15, Antennas for Special Applications, features many important and novel antenna applications 
including sections on cellphone antennas, ILS (Instrument Landing System) antennas, LEO (Low Earth 
Orbit) satellite antennas and many more. 

Chapter 16, Practical Design Considerations of Large Aperture Antennas presents Aperture distribution and 
efficiencies for design consideration of Large Aperture Antennas. 

Chapter 17, Antenna Temperature, Remote Sensing and Radar Cross Section, completes the material 
suggested for a first course on antennas. 

Chapter 18, Self and Mutual Impedances presents Mutual Impedance of Parallel Antennas and other 
configurations in detail. Self Impedance of Thin Linear Antennas is discussed comprehensively in this chapter. 
Chapter 19, deals with The Fourier Transform Relation between Aperture Distribution and Far-Field Pattern. 
The Spatial Frequency response and Pattern Smoothing and Simple Interferometer is aptly discussed. 
Chapter 20, Baluns, etc. presents useful information on transformers, baluns and traps. 

Chapter 21, Antenna Measurements, presents complete and up-to-date discussion of antenna measurements 
including network and spectrum analyzers. 

The last four chapters are devoted to wave propagation, which includes Ch. 22 Basics of Wave Propagation, 
Ch. 23 Ground Wave Propagation, Ch. 24 Space Wave Propagation and Ch. 25 Sky Wave Propagation. 


Web Supplement: 


The web supplements can be accessed at http:www.mhhe.com/kraus/a4asie, which contain following material. 


For Instructors: 


e Solution Manual, Power Point Lecture Slides 


For Students: 


e Chapters on Large and Unique Antennas, Terahertz Antenna and Antenna Array Analysis and 
Synthesis 
e Web links for useful reference material 
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Preface to the Third Edition 


The aim of this new edition is to present the basic essentials of antennas even better than before while providing 
extensive coverage of the newest wireless applications. Further, the book is structured so that it can be easily 
divided into two courses with the first 12 chapters suitable for a first course and the last 12 for a second course. 
There is also flexibility that allows for a variety of assignment options. 


The subtitle “For All Applications” is, of course, presumptuous for it is an unattainable goal. However, it 
indicates our objective. 


The Introduction (Chapter 1) presents information on symbols and notation along with useful tables. Chapter 2 
(Antenna Basics) covers fundamental antenna concepts and the language of antennas. In Chapter 3 we meet 
the Antenna Family with concise descriptions of two dozen different types of antennas from dipoles to 
patches. 


Chapter 4 treats Point Sources and their field, power and phase patterns. Broadside and end-fire arrays of 
point sources are introduced in Chapter 5, Part I. This is followed in Chapter 6 by dipoles and linear antennas, 
both alone and in arrays. All kinds of loop antennas and their properties are described in Chapter 7. Chapter 8 
Part I is an introduction to axial-mode helical antennas and Yagi-Uda arrays. Part II goes into helical antennas 
in more detail. 


Chapter 9 is about slot, patch and horn antennas while Chapter 10 explains flat- sheet, corner and parabolic 
antennas. Broadband and frequency-independent antennas are discussed in Chapter 11. Chapter 12 on antenna 
temperature, remote sensing and radar cross section completes the material suggested for a first course on 
antennas. 


The chapters suggested for the second course can include sections from Chapter 5 Part II broadening the 
coverage of arrays of point sources, from Chapter 8 Part II with more on helical antennas and Chapter 9 with 
further information on slot and horn antennas. The sequence can then proceed to self and mutual impedance 
(Chapter 13), the cylindrical antenna (Chapter 14) and the important Fourier transform relation between 
aperture and far-field pattern (Chapter 15). This is followed by dipoles, apertures and arrays (Chapter 16) and 
lens antennas (Chapter 17). 


Radomes and frequency-sensitive surfaces are explained in Chapter 18 followed by design considerations on 
large antennas in Chapter 19. Chapter 20 showcases some of the world’s large and unique antennas. Chapter 21 
features many important and novel antenna applications including sections on cell phone antennas, ILS 
(Instrument Landing System) antennas, LEO (Low Earth Orbit) satellite antennas and many more. Physically 
small antennas are featured in Chapter 22 on Terahertz Antennas. Chapter 23 presents useful information on 
transformers, baluns and traps. The last chapter (24) is a very complete, up-to-date discussion of antenna 
measurements. The Appendix has many useful tables and references to computer programs. 


The book features numerous helpful graphical displays. The problem sets are thorough and challenging. The 
references to articles and books are extensive. Suggested assignment schedules are listed on page xviii with 
several options given where sections from later chapters are incorporated in the first course schedule. Thus, 
some topics from Chapter 21 can add timely practical examples to a first course. We invite you to visit the 
book’s web site antennas3.com for special projects. 


Although the book is designed as a teaching text, its wealth of information makes it a veritable “gold mine” 
for the practicing engineer. Hundreds of worked examples help translate theory to practice. 
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A CENTURY OF ANTENNAS FROM HERTZ TO HAND-HELD 
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Heinrich Hertz’s  end-loaded half-wave dipole 
transmitting antenna and resonant half-wave receiving 
loop operating at à = 8 m in 1886. The induction 
coil produced sparks at the gap in the dipole, resulting 
in sparks at the gap in the loop at a distance of several 
meters in Hertz’s laboratory at Karlsruhe, Germany. This 
was the first radio link and the dipole and loop the first 
radio antennas. 


Guglielmo Marconi’s square conical antenna at Poldhu, 
England, in 1905 for sending transatlantic signals at 
wavelengths of 1000s of meters. 


Very Large Array (VLA) of 27 steerable parabolic dish 
antennas each 25 m in diameter operating at centime- 
ter wavelengths for observing radio sources at distances 
of billions of light-years. The array is located at the 
National Radio Astronomy Observatory near Socorro, 
New Mexico. 


Helix antenna array on one of 24 Global Position 
Satellites (GPS) in Medium Earth Orbit (MEO) at 20,000 
km. Operating at à = 20 cm, these satellites provide you 
on or above the earth with your position (latitude, longi- 
tude and elevation) to an accuracy of better than 1 meter. 


The ubiquitous, hand-held cellphone with half-wave 
antenna operating at A = 30 cm, which connects you 
to everybody. 
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Chapter 1 


Introduction 


Guglielmo Marconi 


1-1 Introduction 


Since the times of Hertz and Marconi, antennas have become increasingly important to our society and, at 
present, they are indispensable. They are everywhere: at our homes and workplaces, on our cars and aircraft, 
and our ships, satellites and spacecrafts bristle with them. Even as pedestrians, we carry them unknowingly. 

Although antennas seem to have a bewildering, almost infinite variety, all operate on the same basic 
principles of electromagnetics. In order to explain these principles in the simplest possible terms with illus- 
trations and examples, an intuitive approach is needed in some situations while others require complete 
rigor. Since the understanding of antennas includes mathematical expressions involving various quantities 
and parameters, their dimensions, units, symbols and notations need to be understood before studying them 
as such. Therefore, this chapter includes the topics as listed below. Besides, the chapter includes a bit of the 
history of antennas and some facts about the electromagnetic spectrum. 


Equations and problem numbering 
Dimensional analysis 
Electromagnetic spectrum 

Radio frequency bands 


Æ History of antennas 

© Fundamental and secondary units 
© Dimensions and units 

© Symbols and notations 


A Short History of Antennas? 


Antennas are our electronic eyes and ears on the world. T hey are our links with space. They are an essential, 
integral part of our civilization. 

Antennas have been around for along time, millions of years, as the organ of touch or feeling of animals, 
birds, and insects. But in the last 100 years they have acquired a new significance as the connecting link 
between a radio system and the outside world. 

The first radio antennas were built by Heinrich Hertz, a professor at the Technical Institute in K arlsruhe, 
Germany. In 1886, he assembled apparatus we would now describe as a complete radio system operating at 
meter wavelengths with an end-loaded dipole as the transmitting antenna and a resonant square-loop antenna 
as receiver. He also experimented with a parabolic reflector antenna. 


1See the list at the end of the chapter for further reading on the history of antennas. See also the book’s web site: www.antennas3.com. 
2The plural of the zoological antenna is “antenna” but the plural of the radio antenna is “antennas.” A century ago, antennas were 
commonly called “aerials” and this term is still used in some countries. In Japanese, the three characters (22F#®) for antenna mean 
literally, “middle sky wire.” These are the characters on the cover of the J apanese translation of the first edition of this book. 
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Although Hertz was the pioneer and father of radio, his invention remained a laboratory curiosity 
until 20-year-old Guglielmo Marconi of Bologna, Italy, went on to add tuning circuits, big antenna and 
ground systems for longer wavelengths, and was able to signal over large distances. In mid-December 
1901 he startled the world by receiving signals at St. Johns, Newfoundland, from a transmitting station 
he had constructed at Poldhu in Cornwall, England. A year later he began regular transatlantic mes- 
sage service in spite of a suit by the Cable Company for infringing on its monopoly of transatlantic 
messaging. 

Rarely has an invention captured the public imagination as M arconi’s wireless did at the beginning of 
the 20th century. After its value at sea had been dramatized by the S.S. Republic and S.S. Titanic disasters, 
M arconi was regarded with universal awe and admiration seldom matched. B efore wireless, complete isolation 
enshrouded a ship at sea. Disaster could strike without anyone on the shore or nearby ships being aware that 
anything had happened. M arconi became the Wizard of Wireless. 

With the advent of radar during World War II, centimeter wavelengths became popular and the entire 
radio spectrum opened up to wide usage. T housands of communication satellites bristling with antennas now 
circle the earth in low, medium, and geostationary orbits. The geostationary satellites form a ring around the 
earth similar to the rings around Saturn. Y our hand-held Global Position Satellite (GPS) receiver gives your 
latitude, longitude and elevation to centimeter accuracy anywhere on or above the earth day or night, cloudy 
or clear. 

Our probes with their arrays of antennas have visited the planets of the solar system and beyond, responding 
to our commands and sending back photographs and data at centimeter wavelengths even though it may take 
over 5 hours for the signals to travel one way. And our radio telescope antennas operating at millimeter to 
kilometer wavelengths receive signals from objects so distant that it has taken more than 10 billion years for 
the signals to arrive. 

Antennas are the essential communication link for aircraft and ships. Antennas for cellular phones and all 
types of wireless devices link us to everyone and everything. With mankind's activities expanding into space, 
the need for antennas will grow to an unprecedented degree. A ntennas will provide the vital links to and from 
everything out there. The future of antennas reaches to the stars. 

A word about wireless. After Heinrich Hertz first demonstrated radiation from antennas, it was called wireless 
(German: drahtlos, French: sans fils). And wireless it was until broadcasting began about 1920 and the word radio 
was introduced. N ow wireless is back to describe the many systems that operate without wires as distinguished from 
radio, which to most persons now impliesAM or FM. 


1-2 Dimensions and Units 


A dimension defines some physical characteristic. For example, length, mass, time, velocity, and force are 
dimensions. The dimensions of length, mass, time, electric current, temperature, and luminous intensity are 
considered as the fundamental dimensions since other dimensions can be defined in terms of these six. This 
choiceisarbitrary but convenient. Letthe letters L, M, T, I, T, and Z representthe dimensions of length, mass, 
time, electric current, temperature, and luminous intensity. Other dimensions are then secondary dimensions. 
For example, area is a secondary dimension which can be expressed in terms of the fundamental dimension 
of ngih squared (L2). As other examples, the fundamental dimensions of velocity are L/T and of force are 
MLIT*. 

A unit is a standard or reference by which a dimension can be expressed numerically. Thus, the meter is a 
unit in terms of which the dimension of length can be expressed, and the kilogram is a unit in terms of which 
the dimension of mass can be expressed. For example, the length (dimension) of asteel rod might be 2 meters, 
and its mass (dimension) 5 kilograms. 
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1-3 Fundamental and Secondary Units 


The units for the fundamental dimensions are called the fundamental or base units. In this book the metric 
system or more precisely the International System of U nits, abbreviated SI, is used.‘In this system the meter, 
kilogram, second, ampere, kelvin, and candela are the base units for the six fundamental dimensions of length, 
mass, time, electric current, temperature, and luminous intensity. T he definitions for these fundamental units 
are: 


Meter (m). Equal to the path length traveled by light in vacuum ina time ż = 1/299, 792,458 second. 
Kilogram (kg). Equal to mass of international prototype kilogram, a cylinder of platinum-iridium alloy 
kept at Sèvres, France. This standard kilogram is the only artifact among the SI base units. 
Second (s). Equal to duration of 9,192,631,770 periods of radiation corresponding to the transition 
between two hyperfine levels of the ground state of cesium-133. The second was formerly defined 
as 1/86,400 part of a mean solar day. The earth’s rotation rate is gradually slowing down, but the 
atomic (cesium-133) transition is much more constant and is now the standard. The two standards 
differ by about 1 second per year. Atomic clocks are accurate to about 1 microsecond per year. 
Distant fast rotating (1000 rps) pulsars may soon replace atomic clocks as a still better standard 

(nanoseconds per year accuracy). 

Ampere (A). Equal to the electric current flowing in each of two infinitely long parallel wires in vacuum 
separated by 1 meter which produces a force of 200 nanonewtons per meter of length (200 nN 
m-!=2x10-’Nm-}), 

Kelvin (K). Temperature equal to 1/273.16 of the triple point of water (triple point of water equals 
273.16 kelvins). 

Candela (cd). Luminous intensity equal to that of 1/600,000 square meter of a perfect radiator at the 
temperature of freezing platinum at a pressure of 1 standard atmosphere. 


The units for other dimensions are called secondary or derived units and are based on these fundamental 
units. 

The material in this book deals almost exclusively with the four fundamental dimensions length, mass, time, 
and electric current (dimensional symbols L, M, T, and 7). The four fundamental units for these dimensions 
are the basis of what was formerly called the meter-kilogram-second-ampere (mksa) system, now asubsystem 
of the SI. 

The complete SI involves not only units but also other recommendations, one of which is that multiples 
and submultiples of the SI units be stated in steps of 10? or 107°. Thus, the kilometer (1 km = 10? m) and 
the millimeter (1 mm = 107? m) are preferred units of length. For example, the proper SI designation for the 
width of motion-picture film is 35 mm, not 3.5 cm. A list of the preferred units’ spelling and pronunciation, 
abbreviations and derivation are given in Table1-1 


1-4 How to Read the Symbols and Notation 


In this book quantities, or dimensions, which are scalars, like charge Q, mass M, or resistance R, are always 
in italics. Quantities which may be vectors or scalars are boldface as vectors and italics as scalars, e.g., electric 


1The International System of Units is the modernized version of the metric system. The abbreviation SI is from the French name Système 
Internationale d’U nités. For the complete official description of the system see U.S. National B ureau of Standards (now National Institute 
of Standards and Technology) Spec. Pub. 330, 1971. 
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field E (vector) or E (scalar). Unit vectors are always boldface with a hat (circumflex) over the letter, e.g., X 
or Îĝ.1 

Units are in roman type, i.e., not italic; for example, H for henry, s for second, or A for ampere. The 
abbreviation for a unit is capitalized if the unit is derived from a proper name; otherwise it is lowercase 
(small letter). Thus, we have C for coulomb but m for meter. Note that when the unit is written out, it is 
always lowercase even though derived from a proper name. Prefixes for units are also roman, like n in nC for 
nanocoulomb or M in MW for megawatt. 

Note that for conciseness, prefixes are used where appropriate instead of exponents. Thus, the velocity of 
light is given as c = 300 Mms~! (300 megameters per second) and not 3 x 108 ms~!. However, in solving a 
problem the exponential form (3 x 108 ms~?) is used. 

The metric prefixes are in steps of 1073 or 103 and go from atto (10718) to exa (1048), a ratio or range of 
1036, These are adequate for most purposes. Outside this range the exponential form is used. Thus, there are 
1079 atoms in the universe. 

The modernized metric (SI) units and the conventions used herein combine to give a concise, exact, and 
unambiguous notation, and if one is attentive to the details, it will be seen to possess both elegance and beauty. 


1-5 Equation and Problem Numbering 


Important equations and those referred to in the text are numbered consecutively beginning with each section. 
W hen reference is made to an equation ina different section, its number is preceded by the chapter and section 
number. Thus, (2-8-4) refers to Chap. 2, Sec. 8, Eq. (4). A reference to this same equation within Sec. 8 of 
Chap. 2 would read simply (4). Note that the chapter number and name, and section number and name are 
printed at the top of each left-hand and right-hand page, respectively. 

Problems are numbered according to the section of the book which is relevant. Thus, a problem numbered 
1-5-2 is the second problem involving the subject matter of Sec. 1-5. 


1-6 Dimensional Analysis 


Itisa necessary condition for correctness that every equation be balanced dimensionally. For example, consider 
the hypothetical formula 
M 
— = DA 
L 
where 
M =mass 
L =length 
D = density (mass per unit volume) 
A =area 
The dimensional symbols for the left side are M/L, the same as those used. The dimensional symbols for the 
right side are 
M > M 
Epen 
L? L 
lIn longhand notation a vector may be indicated by a bar over the letter and hat (^) over the unit vector. Also, no distinction is usually 


made between quantities (italics) and units (roman). However, it can be done by placing a bar under the letter to indicate italics or by 
writing the letter with a distinct slant. 
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Table 1-1 Metric prefixes, symbols and pronunciation 


Pronun- As used in this book Meaning in 
Numerical value Prefix ciation Symbol (U.S. meaning) other countries 
1 000 000 000 000 000 000 = 1018 exa ex a) one quintillion trillion 
1000 000 000 000 000 =10!5 peta pet a) one quadrillion thousand billion 
1 000 000 000 000 =1012 tera tare a) one trillion billion 
1 000 000 000 =109 giga jig a) one billion milliard 
1000 000=10 mega meg a) one million 
1000 =103 kilo key lo) one thousand 
100 =102 hecto hek toe) one hundred 
ten 
0.1=107! deci dec i) one tenth 


0.01 =102 centi 
0.001 =103 milli 


one hundredth 
one thousandth 


cent i) 


( 
( 
( 
( 
( 
( 
( 

10 =10 deka (dek a) 
( 
( 
(mill i) 
( 
( 
( 
( 
( 


SOURS) OO a Oa. em 


0.000 001 = 10° micro my kro) one millionth 
0.000 000 001 =10°° nano nan o) one billionth milliardth 
0.000 000 000 001 = 10722 pico pee ko) one trillionth billionth 
0.000 000 000 000 001 =10°45 femto fem toe) one quadrillionth thousand billionth 
0.000 000 000 000 000 001 =10-18 atto ato) one quintillionth trillionth 


Examples: 1 kilometer (1 km) = 1000 meters (m) 
1 micrometer (1 4m) = one millionth of a meter 
1 kilowatt (1 kW) = 1000 watts (W) 
1 milliwatt (1 mW) = one thousandth of a watt 


Note that whereas billion and trillion (and billionth and trillionth) may be ambiguous, giga, tera, nano, and pico are not. 


Therefore, both sides of this equation have the dimensions of mass per length, and the equation is balanced 
dimensionally. This is not a guarantee that the equation is correct; i.e., it is not a sufficient condition for 
correctness. It is, however, a necessary condition for correctness, and it is frequently helpful to analyze 
equations in this way to determine whether or not they are dimensionally balanced. 

Such dimensional analysis is also useful for determining what the dimensions of a quantity are. For 
example, to find the dimensions of force, we make use of N ewton’s second law that 


Force = mass x acceleration 


Since acceleration has the dimensions of length per time squared, the dimensions of force are 


Mass x length 
Time? 


or in dimensional symbols 


ML 
Force = —— 
T2 


Such dimensional analysis is also useful for determining the dimensions of a quantity. 
In free space, wavelength and frequency are related by the velocity of light. Thus, 


f =c = 3 x 10 ms} (1) 


where c = velocity of light, ms~4 
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Table 1-2 Frequencies and wavelengths of the electromagnetic spectrum 


Frequency f= c/ Wavelength =c/f Relevant dimensions 
| Hz — 1 + 300 
Hz 10 + 30 Min 
100 +3 — Earth diameter 
—10° m 
10° Hz — 1+ 300 
kHz 10 + 30 km 
100 +3 — Mt. Everest 
Radio — 10 m 
10° Hz — 1 +300 
MHz 10 + 30 m 
100 -+3 — Redwood tree 
—Im — Human 
10° Hz — 1 4-300 — Hydrogen line 
GHz 10 +- 30 mm Os line 
100 +3 | wove lines 
— i0 m + Sand grain 
10! Hz — i + 300 
Infrared THz 10 +- 30 pm 
100 +-3 — Bacterium 
—10°° m 
Visible f 10 Hz — 1 -4-300 
—Vi 
UV PH? 10 + 30 nm TUS 
100 +3 
| — 10 m — Atomic spacing 
X-ray 10 Hz — 1 -4 300 
— AI 
EHz 10 4-30 pm Arom 
100 3 
— in 
Gamma ray 107 He — 1 +300 
| 10 30 fm 
100 3 
A0 m — Atomic nucleus 


These answers can be confirmed by using the chart of Table 1-2 


1-7 The Electromagnetic Spectrum and Radio Frequency Band 


According to an American military general, the third World War (if ever fought) will be won by the 
side who will have a better command over the electromagnetic spectrum (given in Table 1-3). Theo- 
retically, the spectrum encompasses all frequencies ranging from 0+ to infinity. The spectrum shown, 
however, includes a limited (finite) range along with relevant known objects to fit into the human imagi- 
nation. Besides, the sphere of present-day communication involving antennas is confined to still a limited 
segment of the spectrum. The frequencies of SHF segment are further divided into a number of bands 
and sub-bands in Table 1-3. This table also includes the principal applications corresponding to different 
bands. 
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Table 1-3 Radio frequency, band designation and principal applications 


Radio-frequency band namest 


Name Frequency Principal use 

ELFt 3-30 Hz 

SLF 30-300 Hz Power grids 

ULF 300-3000 Hz Microwave bands 

VLF 3-30 kHz Submarines “Old” “New” Frequency 
LF 30-300 kHz Beacons L D 1-2 GHz 
MF 300-3000 kHz AM broadcast S E, F 2—4 GHz 
HF 3-30 MHz Shor twave broadcast C G,H 4-8 GHz 
VHF 30-300 MHz FM, TV X I,J 8-12 GHz 
UHF 300-3000 MHz TV, LAN, cellular, GPS yo Ku J 12-18 GHz 
SHF 3-30 GHz Radar, GSO satellites, data K J 18-26 GHz 
EHF 30-300 GHz Radar, automotive, data Ka K 26-40 GHz 


TELF = Extremely Low Frequency, SLF = Super -Low Frequency, VLF= Very Low Frequency, MF = Medium Frequency, HF = High Frequency, 
UHF = Ultrahigh Frequency, etc. 
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Chapter 3 


The Antenna Family 


This chapter includes: 


Flat-sheet reflector antennas 

Dish and lens antennas 

End-fire antennas 

Broad bandwidth antennas 

Patch antennas, patch and grid arrays 


M embers of the antenna Family 
Loop, dipole and slot antennas 
Opened-out coaxial-line antennas 
Opened-out two-conductor A ntennas 
Opened-out waveguide antennas 


3-1 Introduction 


Antennas are an integral part of all wireless communication systems. In view of the vast developments in 
the field of communications, the development of antennas has also attained its zenith. The antenna family 
comprises of innumerable shapes, sizes and types. A n antenna may comprise of asingle entity or an assemblage 
of anumber of such entities called an array. Depending upon their applications and frequency of operation, the 
size of antennas may vary from very small to very large. Their shapes may be crude, elegant and even artistic. 
These shapes may have 1D, 2D or 3D configurations and may conform to linear, planar, circular, helical, 
paraboloidal, spherical and cylindrical geometry. The shapes of some of the antennas may even conform to 
logarithmic variations. 

As such, there is no hard and fast rule for the selection of an antenna. Any antenna may in principle, be 
used for transmission or reception, in low or high frequency range, or for any conceivable application, viz., 
radio or TV broadcast, radar ranging, detection and estimation, radio location and navigation of aircrafts, 
ships and space vehicles, mobiles, pagers, personal, satellite, LOS, tropo, mine and marine communication, 
remote sensing, weather prediction, terrain following, terrain avoidance, collision avoidance and deep space 
probing. TableA-9lists some of the antennas for different frequency ranges and applications. 


3-2 Members of the Antenna Family 
Some of the members of the antenna family are briefly introduced as below. 


3-2a Point Source 


Itis a well-established fact that many stars in our galaxy and those beyond are much bigger in size than our 
own sun. These stars, however, appear as pointlike entities since they are too far from the earth. Similarly, a 
distantly located antenna, irrespective of its shape and size, may be considered to be a point source. A very 
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large dish or an array comprising elements of large sizes may be taken to be a point source if it is observed 
from a large distance. On the contrary, an antenna having very small physical dimensions cannot be regarded 
as a point source if itis close to the point of observation. Thus, as such, there is no antenna which may be 
termed as a point source. The ratio of the distance between the antenna and the point of observation of the 
field to the physical size of an antenna is the deciding factor for considering an antenna to be a point source. 
If this ratio is much greater than unity, an antenna may be considered to be a point source. Thus, irrespective 
of the shape and size of the feeds of a parabolic reflector, they are normally regarded as point sources as they 
are located at a sufficient distance from the main dish, though none of these feeds is dimensionless nor their 
radiation is omnidirectional. The point sources are discussed in Chapter 5. 


3-2b Dipole/Monopole 


Wires of half wavelengths are commonly termed as dipoles. These are very frequently employed in various 
applications. Their radiation resistance is about 73 ohms. If only half of this length is used, the wire is referred 
as a quarter-wave monopole with a radiation resistance of 36.5 ohms. In this latter case, itis to be located in the 
vicinity of a reflecting surface (termed as ground plane) in order to allow the image formation as a substitute 
for the leftover half of the dipole. Since the characteristic impedance of free space is about 377 ohms, there is 
a gross mismatch between a dipole and the free space. In order to accomplish matching, dipoles are normally 
folded which enhances their radiation resistance. There are doubly or triply folded dipoles involving two, 
three and four wires. The types and characteristics of dipoles are thoroughly discussed in Chapter 6. 


3-2c Wire Antennas 


Besides half-wave dipoles and quarter-wave monopoles, wires of arbitrary length are very often used to form 
different types of antennas. Wire antennas may be vertical, horizontal or sloppy with respect to the ground 
plane and may be fed in the center, at an end or anywhere in between. The location of the feed determines the 
direction of the lobe, and the orientation of the wire determines the polarization. These wires may be thin or 
thick. In the latter case, thickness of wire influences the characteristics of an antenna, particularly its radiation 
resistance. There are a number of antennas which are made of wires. Umbrella and flat-top antennas used in 
VLF and LF ranges are made of wires. However, wires used in these are only physically long but they may 
be electrically short. Franklin and Yagi antennas are also made by using wires of different lengths. 

Antennas with lengths greater than 4/2 are generally placed in the category of long-wire antennas. Their 
lengths are usually taken in multiples of half wavelength, i.e., nà/2 where n is an integer. Wires with large 
electrical lengths are used for the formation of a number of well- known antennas such as V, inverted-V, 
rhombic, beverage and curtain antennas. Besides, wires in these antennas may also be used in multiplelayers. If 
awireusedin an antennais terminated at an end, there is reflection, and hence a standing wave formation. T hus, 
antennas may be classified in terms of terminated/ standing wave/ non-resonant and un-terminated/traveling 
wave/resonant antennas. Some types of wire antennas are discussed in Chapter 6 in detail. 


3-2d Loop Antennas 


Loops can be classified in various ways, viz., (a) small and large loops, (b) circular and square loops, (c) loops 
having single or multi turns, and (d) loops with turns wound using a single wire or multiple wires. The small 
circular loop satisfies the condition d << à (generally d <A/10), where dis the diameter of the loop. Similarly, 
the small rectangular loop satisfies the condition A <A2/100, where A is the area of the loop. Loop antennas 
in conjunction with sense (wire) antennas are very frequently used as direction finders. Loops are also used 
in radio receivers. The Alford loop and maximum gain loop are the modified versions of square loops. Loop 
antennas are given in Chapter 7. 
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3-2e Slot Antennas 


Slots too may have many versions. A slot or slots may be cut in a flat sheet, along a cylinder, a waveguide 
wall of a circular or rectangular shape. Rectangular waveguide slots may be cut along a narrower or broader 
wall and such slots may be vertical, inclined or horizontal. The shapes of slots in rectangular sheets may be 
rectangular, conical, circular or annular. If required, these slots may be fed through a probe or a coaxial cable. 
Besides, such a feed may be located in the center, at an end or in between. The vertical slots may result in 
horizontal polarization, and horizontal slots in vertical polarization. A slot cut at an edge of a sheet is referred 
as a notch antenna. A detailed discussion on slot antennas is included in Chapter 7. 


3-2f Horn Antennas 


Horns have many versions which include pyramidal horn, conical horn, biconical horn, sectoral H-plane 
horn, sectoral E-plane horn, box horn and hog horn. Horns may be made of pointed or rounded waveguides. 
The waveguides may contain a disc at an end or may contain some dielectric. Further, their shape may be 
symmetrical or asymmetrical and may be beveled or un-beveled. The shape of pyramidal or conical horns 
may be linearly or exponentially tapered. The other versions of horns include singly or doubly ridged horns, 
septum horns, corrugated horns and aperture matched horns. A horn may be used as an antenna in itself or as 
a feed for reflectors or lens antennas. A combination of horns forms an organ pipe antenna, used in scanning 
radars. M ore details about horn antennas are included in Chapter 7. 


3-2g Patch Antennas 


Patch or microstrip antennas may be of rectangular, circular, elliptical or of any other regular shape. These 
may be centrally, end or offset fed by a microstrip line. These may also be aperture-coupled fed or proximity 
fed. For obtaining circular polarization, a patch may also be doubly fed. The rectangular and circular-shaped 
patches are more commonly used. Microstrip antennas find application in many communication systems, 
particularly where small size and conformity to the host surfaces is the key requirement. Patch antennas are 
discussed in Chapter 14 in more detail. 


3-2h Reflector Antennas 


Reflector antennas are very widely used to modify radiation patterns of radiating elements. These can be 
classified in anumber of ways. The first and foremost classification spells whether itis an active or a passive 
reflector. The passive reflectors may have a flat surface, a corner formed by flat surfaces or a curved surface 
suitable to reflect the striking electromagnetic energy in a desired direction. This class of antennas includes 
periscopic antennas, flat- sheet reflector and corner-reflector antennas. An active reflector may be of corner, 
parabolic, elliptical, hyperbolic, circular/spherical shape or a combination thereof, viz., cylindrical parabola, 
parabolic dish, truncated parabola, pill box, cheese, torus and Cassegrain antennas. The surfaces of these 
active and passive reflectors may be constructed from continuous or perforated metal sheets or a mash of 
wires. All these reflectors are illuminated by a source of energy, commonly termed as feed, which is located 
at an appropriate place so as to direct the energy towards the reflecting surface. This energy, in turn, is guided 
by the reflector in an appropriate direction. The feed pattern is called primary pattern, and the pattern of 
the reflector is termed as secondary pattern. T hese antennas are widely employed in radars and other point- 
to-point communication systems. Reflectors are simple in design, involve only one surface and obey simple 
geometric laws of optics. The feeds of reflectors may include simple dipoles, dipoles with parasitic reflectors, 
open-ended waveguides, horns and helices. Depending on location, these feeds are referred as front feed, rear 
feed and offset feed. Reflector antennas are discussed in Chapter 9 and Chapter 16 in detail. 
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3-21 Lens Antennas 


Lens antennas are complex in nature but have the ability to scan wider angles. In comparison to reflectors, 
their gain is 1 or 2 dB less, but these have more lenient tolerance on surfaces. These have less rearward 
reflection, relatively low loss and can be easily shaped to the desired contours. L ens antennas can be classified 
in a number of ways as given below: 


1. A lens antenna may be of convex or concave shape. The refraction in the lens may involve only one 
of its surfaces or both the surfaces. In case of one surface, it may be the adjacent one or the farther 
surface with reference to feed. The use of lenses having refraction through two surfaces is not very 
common but it offers better performance, prevents refocusing of energy into the feed and provides 
wide angle scanning when s, ~ 2.5. 

2. A lens antenna may have an effective refractive index n (n = ./e,) greater or less than one. Forn <1, 
the lenses are highly dispersive and their n varies sharply with the frequency. Such antennas have a 
very large bandwidth. A lens with n >1 is non-dispersive, its thickness decreases as n increases, a 
mismatch between the lens and the free space increases and energy loss due to refraction increases. 
The bandwidth of such a lens is about 10% of the frequency of operation. 

3. Lens antennas may also be classified in terms of their surfaces which may be continuous or zoned. 
Solid homogeneous dielectric lenses are heavier in weight and thick in size. Stepping or zoning 
reduces both the weight and the thickness. The optical path length through each of the zones is one 
wavelength less than the next outer zone. The zoning, however, makes the lens frequency sensitive, 
increases the energy loss, side lobe level and the shadowing effect. These effects can be minimized 
by using a design with large f/D ratio keeping it > 1. 

4. Lens antennas may be constructed of non-metallic dielectrics or of metallic (artificial) dielectrics. 
Both these dielectrics may be uniform or non-uniform. 

5. Lenses may also be classified as delay lenses and fast lenses. In delay lenses the electrical path length 
is increased or the wave is retarded by the lens medium. Dielectric lenses and H-plane metal lenses 
fall in this category. In fast lenses, the electrical path length is decreased by the lens medium. E-plane 
metal lenses belong to this fold. Dielectric lenses are normally wide band. 


Lens antennas are discussed in Chapter 10. 


3-2j Helical Antennas 


This antenna combines the geometry of a straight line, a circle and a cylinder. A helix can either be left- 
handed or right-handed, can be made by using one wire or multi-wires and can be axial or peripheral fed. 
These antennas are circularly polarized with high gain and are quite simple to fabricate. Helical antennas are 
commonly employed in space applications including weather, global positioning and global environmental 
satellites, radio telescopes, ground stations for tracking satellites or space vehicles and data relay systems. 
These antennas are discussed in Chapter 8. 


3-2k Wide Band Antennas 


Inthis class of antennas, constancy of impedance and radiation characteristics are maintained over a wide range 
of frequency. To be wide band or frequency independent, antennas should expand or contract in proportion 
to the wavelength. If an antenna structure is not mechanically adjustable, the size of an antenna or radiating 
region should be proportional to the wavelength. Log-periodic or log-periodic dipole antennas belong to this 
class. The name log-periodic is derived from the geometry of the antenna structure which is so chosen that 
the electrical properties periodically repeat with the log of frequency. Frequency independence is achieved 
when the variation of the properties over one (or all) period(s) is small. Bandwidths of 10:1 or even 100:1 
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with moderate gain are achievable with proper design for both, unidirectional or directional radiators. This 
class of antennas is included in Chapter 11. 


3-21 Antenna Arrays 


Higher directivity is the basic requirement in point-to-point communication, radars and space applications. 
This goal, up to some extent, can be achieved by increasing the size of antennas in terms of electrical length. 
For still higher directivity, an assemblage of antennas, called an array, is used. M ost of the antennas discussed 
above can be used as elements to constitute arrays. Arrays may be constructed from point sources, dipoles, 
wire antennas and combinations thereof. These can also be made of helices, dishes and other antenna as 
per the requirement. These elements can be arranged to yield different forms including broadside, end fire, 
collinear, and parasitic arrays. An array may have similar or dissimilar sources and these sources may be equi 
or un-equi-spaced. Besides, the elements of an array may be fed with currents having same magnitude and 
same phase, same magnitude and different phase, different magnitude and same phase and different magnitude 
and different phase. Wherever required, the currents and phases may be changed in ascending or descending 
orders. A detailed discussion about formation and characteristics of arrays is included in chapters 6, 7 whereas 
the analysis and synthesis of arrays is available on the website of the B ook. 

In view of the above, it can easily be concluded that the antenna family is not only large but comprises 
members of diverse nature. In earlier paragraphs, the basic features of only some of the antennas are included 
and many more are still left. In the following text, only a few of the members of the antenna family are 
introduced whereas some others are included in subsequent chapters. These antennas can be grouped into 
(i) basic types, (ii) loop, dipole and slot types, (iii) antennas evolved from opened-out coaxial, twin-line and 
waveguide, (iv) reflector and aperture types, (v) end fire and broadband types, and (vi) flat panel, slot and grid 
arrays. The coaxial and two-wire (twin-line) types are arranged in an evolutionary sequence from broad to 
narrow bandwidth and their directivities, bandwidths and field patterns are indicated. These, with dimensions 
given, are sufficient in many cases to construct an antenna and determine its approximate gain and bandwidth. 
The presentation relates the antennas in a genus-species classification that aids understanding how one type 
carries over or evolves into another.? 


3-3 Loops, Dipoles and Slots 


The small horizontal loop antenna at (a) in Fig. 3-1 may be regarded as the magnetic counterpart of the short 
vertical dipole at (b). Both loop and dipole have identical field patterns but with E and H interchanged. Thus, 
the horizontal loop is horizontally polarized and the vertical loop is vertically polarized. Both small loop and 
short dipole have the same directivity D=1.5. To qualify as a small loop or short dipole, the dimensions 
should be à /10 or less. 


EXAMPLE 3-3.1 Loop and Dipole for Circular Polarization 
By placing the short dipole inside the small loop on its axis (Fig. 3-1), the pattern is omnidirectional in 
the horizontal plane with a null on the vertical axis the same as for the individual loop and dipole patterns. 


(a) If the loop diameter is 4/15 and the loop and dipole are fed in-phase with equal power, what is the 
polarization of the radiation? (b) If the loop current is counterclockwise as viewed from above when the 
dipole current is up, is the polarization left- or right-handed? 

From Sec. 2-15, the polarization is right-handed circular. Ans. (a) and (b). 


TF or most antennas, losses are small so that the gain is nearly equal to the directivity. Thus, as a practical matter, gain and directivity are 
often used interchangeably. 
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BASIC ANTENNAS 


SMALL LOOP SHORT DIPOLE SLOT 
D=1.5 D=1.5 


| Axis 
l 
i 
M 


Field pattern 
same as 
{9 dipole 
with E and H 
interchanged 


H 
E 
V f t E 
l N Field 
i pattern 
1 a ie 
Field patterns HPBW Slot 
identical with = 90° 


Conducting sheet 


E and H z 
4 (infinite) 


interchanged ZZ = 
(a) (b) (c) 


Figure 3-1 Three basic types of antennas: the small loop (a), short dipole (b), and slot 
antenna (c). The small loop and short dipole (loop axis parallel to dipole) have identical field 
patterns with E and H interchanged. The slot and dipole have the same field patterns with E 
and H interchanged. Directivities D are identical, as indicated. 


If the dipole has been cut from a metal sheet, leaving a slot as at (c), the dipole and slot are said to be 
complementary. The field patterns of the dipole and slot are the same but with E and H interchanged. 
Furthermore, the terminal impedance Z, of the dipole and the terminal impedance Z, of the slot are related 
to the intrinsic impedance of space Zo(= 377 Q) as given by 


Z2 
ZaZs = T (1) 


from which 


slot impedance (2) 


so that the slot impedance Zs is proportional to the dipole admittance Y4. If the dipole requires inductance 
for a match, the complementary slot requires capacitance. Thus, knowing the properties of the dipole enables 
us to predict the properties of the complementary slot. To be completely complementary, the sheet containing 
the slot should be large (ideally infinite) and perfectly conducting. 

Slot antennas are typically 4/2 long, and these are then complementary to a à /2 dipole antenna (Fig. 3-1). 
Note that the field patterns in Fig. 3-1 are not field lines. However, the directions of E and H at a point are 
shown. 


EXAMPLE 3-3.2 One-Wavelength Dipole and Slot Antenna 

In Fig. 3-2a A-long cylindrical dipole and its complementary slot are compared. The actual length 
L = 0.9252. The dipole cylinder has a diameter D = L/28 = 0.033 and a terminal impedance 
Za= 110+ j0Q.Thecomplementary slothasawidthw = 2D. Find the terminal impedance Z, of theslot. 
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59 
E Solution 
From (2), 
3772 
y = 4x 710 = 50 Q Ans. 


for an impedance match to a 50-Q coaxial line as indicated in Fig. 3-2b. 


Radiation from a patch antenna (Fig. 3-11) occurs as though from two slots, so this example is 
useful for an understanding of patch antennas. 


FULL A DIPOLE 


FULL A SLOT 
—— L = 0.925) >| k L = 0.925, — 
I 3 Į 
; 71 
D = z ~ 0.033 N at w= 2D = 0.066 
28 Z=710+ joa =; J = ; 
(a) (b) 


Figure 3-2 Comparison of impedances of cylindrical dipole antenna with complementary 
slot antenna. The slot in (b) matches directly to the 50-Q coaxial line. 


3-4 Opened-Out Coaxial-Line Antennas 


All of the antennas in Fig. 3-3 are omnidirectional in the horizontal plane with a null in the vertical (zenith) 


direction. The directivity D is indicated for each antenna. Going from smooth, gradual transitions to more 
abrupt ones results in narrower bandwidths. 


VOLCANO SMOKE CONICAL À MONOPOLE 


D=3.5 D=3.3 


D=4 


Field pattern 


Field 
pattern 


Coaxial line 
(~50 0) 


Ground plane 


Broadband 


Intermediate bandwidth 


(a) (b) (c) 


Figure 3-3 Opened-out coaxial lines showing evolution from the very broadband gradually 


tapered “volcano smoke” at top (a) through the intermediate bandwidth “conical antenna” at 
center (b) to the narrowband “2/4 monopole” at the bottom (c). 


Narrowband 


The McGraw-Hill Companies 


(z0) Chapter 3 The Antenna Family 


3-5 Opened-Out 2-Conductor (Twin-Line) Antennas 


A compact version of the twin-Alpine horn, shown in Fig. 3-4d and e, has a double-ridge waveguide as the 
launcher on an exponentially flaring two-conductor balanced transmission line. The design in Fig. 3-4d and e 
incorporates features used by K err (1) and by B aker (1) and Van der N eut. The exponential taper is of the form 
y = kye*2* where kı and kz are constants. The exact curvature is not critical provided it is gradual. A nother 
compact version shown in Fig. 3-4f is called variously a slot-vee sandwich or a Vivaldi antenna after the 17th 
century composer Antonio Vivaldi (Shin-1). 


TWIN-ALPINE HORN BICONICAL à DIPOLE 
D=2 D = 1.75 D = 1.64 
T ij 
oa l | Field 
A 4 pattern 
>à 2 2 
L < a) 
Field Field 
pattern pattern j HPBW 
=78° 
pe ie) 
ate 
| >A d 
Broadband Intermediate bandwidth Narrowband 
(unidirectional) 
(a) (b) (c) 
VIVALDI 
D=25 D=3 


End cylinders n Conducting plates 


Cross section on a-a' T 
y Absorber Horn _ Grid 
Launcher @ 2 j 
R | | : 
x int 
d = 1 
500 = man 
Stripline 
coax Exponential feed 
ridges i 
ae We End fi 
Side view view z substrate 
17 to 1 bandwidth 6 to 1 bandwidth 


(d) (e) (f) 


Figure 3-4 Opened-out two-conductor antennas showing the evolution from the very 
broadband “twin-Alpine-horn antenna” at the top (a) through the intermediate bandwidth 
“biconical antenna” at the center (b) to the narrow bandwidth “./2 dipole” (c) and the compact 
versions (d), (e), and (f). Whereas the “twin-Alpine horn” is unidirectional, the biconical and 
dipole antennas are omnidirectional in the horizontal plane. The directivity D is indicated for 
each antenna. 
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3-6 Opened-Out Waveguide Antennas (Aperture Types) 


RECTANGULAR (PYRAMIDAL) HORN CIRCULAR (CONICAL) HORN 


RS wh 
D=7.5 32 


Aperture D = 6.5ar2/r2 


Aperture = mr? 


h=ap 


D 


Field <p 
pattern Field 
| Circular paier 
Rectangular w =y waveguide 
waveguide 
(a) (b) 


Figure 3-5 Opened-out waveguide-fed antennas of rectangular cross section at top (a) and 
circular cross section at (b). They are aperture-type antennas with effective aperture Ae and 
directivity D proportional to the area of the horn opening. 


EXAMPLE 3-6.1 Optimum Pyramidal Horn 
Ideally the phase of the field across the horn 

mouth should be a constant. This requires a very 

long horn. However, for practical convenience 

the horn should be as short as possible. Referring Plane of 
to Fig. 3-6, an optimum horn is acompromise in horn mouth 
which the difference in the path length 5 along 
the edge and the center of the horn is made 0.25A 
or less in the £ plane. However, in the H plane, 
ô can be larger, since the field goes to zero at 
the horn edges (boundary condition, E, = 0 sat- 
isfied). From Fig. 3-6 the horn flare angle 6 is 
given by 


Figure 3-6 Cross section of pyramidal 
horn with dimensions used in example. 
The diagram can be used for either E-plane 


L 
6 =2cos! (1) 


L+6 


For a horn with L = 10a, find the largest flare 
angle for which 5 = 0.252. 


E Solution 


10 
— Al = 2 i 
From (1), 0 = 2 cos 10.25 25.4 Ans 


or H-plane cross sections. For the E plane 
the flare angle is 6; and aperture dimension 
is ag. For the H plane the flare angle is 64 
and the aperture dimension is ap . See 

Fig. 3-5. 
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3-7 Flat-Sheet Reflector Antennas 


EXAMPLE 3-7.1 Power Received by Square-Corner Reflector 

A U.S. channel 35 (599 MHz) TV station produces a field strength of 1uV m~} at a square-corner 
receiving antenna, as in Fig. 3-7c, with optimum dimensions for this channel. Find the power delivered 
to the receiver assuming it is matched to the antenna. 


E Solution 

c 3x10®ms-} 

f 599x 106 Hz 

From Fig. 3-7c, D = 20, so the effective aperture 
D}? 20x 0.251 
4n 4r = 

and the received power is 


A= = 0.501 m 


0.4 m? 


ee. (09 


— = = -15 = i 
Z 377 0.4 = 1.06 x 107° W = 1.06f W Ans 


À DIPOLE WITH REFLECTOR TWO 4 DIPOLES WITH REFLECTOR SQUARE CORNER REFLECTOR 


2 


Field 
pattern 


X as 
= dipol 
z dipole 


Flat reflector 


(a) (b) 


Figure 3-7 Flat reflector antennas with one and two A/2 dipoles (a and b) and 90° 

or Square-corner reflector (c). The directivity of a 4/2 dipole can be increased by placing it in 
front of a flat conducting reflector as in (a). An array of two 4/2 dipoles in front of a flat reflector 
as in (b) produces higher directivity. Even more directivity is obtained by folding the flat 
reflector into a 90° or square corner as at (c). To reduce wind resistance and the amount of 
metal required, the reflectors can be replaced by grids of parallel wires spaced 4/10 or closer. 
The directivity approximately doubles going from (a) to (b) and doubles again going to (c). 
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3-8 Parabolic Dish and Dielectric Lens Antennas 


EXAMPLE 3-8.1 Parabolic Dish Design 
The directivity (or gain) of a parabolic dish antenna depends on many factors: 

1. The pattern of the feed antenna. If its pattern is too broad and spills over the edge of the dish, the 
gain is reduced. On the other hand, if the pattern is too narrow, the dish is not fully “illuminated” 
by the feed and the aperture is not fully utilized. 

The accuracy of the dish surface relative to an ideal parabola. For example, if the surface departs 
a distance 6 = 4/4 (or 90° electrical degrees) from the parabolic curve, the reflected field is 
phase shifted 180°, which reduces the aperture efficiency. See dish surface in Fig. 3-8a. 
M any other factors are also involved. The aperture efficiency varies widely depending on the 
specific design. 

Assuming an aperture efficiency of 70 percent, what is the directivity of a parabolic dish antenna as a 

function of its radius? 

E Solution 

Ar A p 4rrr? 


=0.7 


D= Eap a2 a2 


PARABOLIC DISH REFLECTOR DIELECTRIC LENS 


42 2 
p=20(f p=28 (f) 
EJ | — Aperture plane 
Hyperbolic 
contour 
Flat reflector 
Flat 


P reflector | Feed 


Field Field 
pattern 
24 pattern 


lea 
surface z dipole 


regulary 


Parabolic 
reflector 


Plano-convex lens 


Ray path 
(a) (b) 


Figure 3-8 A parabolic dish-shaped reflector can provide a high directivity (proportional to 
its aperture) but for efficient operation requires a suitable feed antenna as shown in (a). By 
contrast a simple dipole is adequate to feed a corner reflector (Fig. 3-7c). The dielectric lens 
antenna at (b) is analogous to its optical counterpart. Like the parabolic dish antenna, the 
lens requires a suitable feed. The directivity D of both dish and lens antenna is proportional 
to their apertures. Both parabolic-dish and lens antennas require ray theory or optics in their 
design. Arrows in the figures trace ray paths. The feeds of both types radiate a spherical 
wave. The parabola converts the spherical wave into a plane wave by reflection while the 
lens does it by refraction. 
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3-9 End-Fire Antennas 


Three types of end-fire antennas are shown in Fig. 3-9. Because of its high directivity, circular polarization, 
wide bandwidth and noncritical dimensions, the axial-mode helical antenna (Fig. 3-9c) is widely employed 
in space applications. With linear polarization, a change in orientation of the satellite antenna could result 


of Tuning POLYROD D=6LI/A 


j 


L - 


A Polystyrene 
2 


al> 


T Circular 
waveguide 15% bandwidth 
Coaxial feed 
YAGI-UDA D=6L/A 
F L | 
1=0.48A 0.46A 0.44A 0.44A 0.43A 0.40A 


(b) 


Reflector Driven element 


i Directors 
(oided:dipole} 15% bandwidth 
Cupped AXIAL-MODE HELIX D= 12L/A 
ground plane Circularly polarized 


L d 
A 
T00 


(c) ” 


500 


coaxial krl 


feed 3 
=A 


k] T 2-to-1 (71%) 
A a bandwidth 
“4 


Figure 3-9 The polyrod antenna at (a), the Yagi-Uda at (b), and the axial-mode helical 
antenna at (c) are all end-fire or traveling-wave antennas. The directivity D of each is 
proportional to its length L with a higher directivity for the helical antenna because it operates in 
the increased-directivity mode. The retina of the human eye has 100 million rods and cones 


(Continued) 
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in cross polarization and loss of signal. With circular polarization this problem does not occur, provided the 
satellite and earth-station antennas are of the same hand. 


3-10 Broad Bandwidth Antennas: The Conical Spiral and the Log-Periodic 


The conical spiral Fig. 3- 10a may be regarded as a flat spiral which has been wrapped around a dielectric cone. 
The conical spiral is fed by a coaxial cable bonded to one conducting strip, with its inner conductor joined 


CONICAL SPIRAL Flat spiral before 
Circularly polarized wrapping around cone 
D=3 


(a) 
Coaxial Field 
bl 
cable Apex pattern 
Bandwidth 7 to 1 feed point 
LOG PERIODIC 
D=5 
2-wire 
(b) 
Field 
Inactive pattern 
A transmission 
pe line region 
radiating À 
region (L s 3) 
Inactive La 3) 
; 2 
(stop) region Bandwidth 4 to 1 


>a 


Figure 3-10 The conical spiral and log periodic are very broad bandwidth types with 
moderate gain. 


analogous to the polyrod antenna (a). Dimensions, directivities, and bandwidths are indicated. 
The patterns of all three antennas can be calculated to a good approximation as an array of 
isotropic sources spaced 4/4 with 90° phasing for the polyrod and Yagi-Uda and increased 
directivity phasing for the helical antenna. All three end-fire antennas may be regarded as 
rudimentary lens antennas which collect energy over an aperture much larger than the physical 
cross section. In the Yagi-Uda antenna only one elementis driven (fed by transmission line), the 
rest being parasitic elements energized by mutual coupling, the reflector having a lagging phase 
and the directors leading phases. 
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to the other strip at the apex, as indicated in the sketch of the flat spiral. The lower-frequency limit of the 
conical spiral occurs when the base diameter is 4/2. The high-frequency limit occurs when the apex diameter 
is 4/4. Thus, the bandwidth is in the ratio i base diameter to apex diameter, which, for the conein Fig. 3-10a, 
is about 7 to 1. The bandwidth of the log-periodic antenna depends on the ratio of the next-to-longest to 
next-to-shortest dipoles, which for the array in Fig. 3-10b is about 4 to 1. 


3-11 The Patch Antenna, Patch Array, and the Grid Array 


3-11a The Patch Antenna 


The “patch” is a low-profile, low-gain, narrow-bandwidth antenna. Aerodynamic considerations require 
low-profile antennas on aircraft and many kinds of vehicles. 

Figure 3-11 shows a patch antenna with its dielectric substrate partially cut away to show the feed point. 
Typically a patch consists of a thin conducting sheet about 1 by Fao mounted on the substrate. 

Radiation from the patch is like radiation from two slots, at the left and right edges of the patch. The “slot” 
is the narrow gap between the patch and the ground plane. T he patch-to-ground-plane spacing is equal to the 
thickness ż of the substrate and is typically about A9/100, as indicated in Fig. 3-11. 


PATCH Dielectric 
substrate, £, 


Substrate 


cut away to 
show feed 
details 
Feed point 
Hole for 
coaxial Xo 
line = 


plane t=A,/100 


Figure 3-11 Single patch antenna. Arrows show the direction of E at the slots. 


3-11b The Patch Array 


EXAMPLE 3-11.1 Four-Patch Array 
This four-patch array shown in Fig. 3-12 is fed in-phase by the matching network shown. Find (a) the 
directivity and (b) the beam area. 


E Solution 
Ae = 4x > = 2)? D = mie = 8x = 25 (14 dBi) Ans. (a) 
4 4 
Q24 = Z =Z 2050s" Aww 


D 235 
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— Ag = 30 mm—| patch antennas. 


To transmitter 


Figure 3-12 Four-patch antenna array. 


3-11c The Grid Flat-Panel Array 
The grid array (Fig. 3-13), measuring 4 x 254, has a directivity D = 70 (18.5 dBi) at 75 percent aperture 
efficiency. It has low side lobes and aVSWR < 1.5 over a10 percent bandwidth. 


The entire array is fed very simply at one point (F) by a 50-Q coaxial cable with inner conductor through 
a hole in the ground plane and with the outer conductor bonded to the ground plane. 


Ground plane 
Lo 


Figure 3-13 Grid flat-panel array with arrows showing the instantaneous current distribution. 
The fields of the 19 vertical half-wave conductors all add in-phase whereas the fields of the 
horizontal conductors cancel. The array is mounted on a dielectric substrate 1/4 above a flat 
ground plane. 
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Problems 


*3-3-1 


3-5-1 


*3-5-2 


*3-6-1 


*3-6-2 


*3-6-3 


*3-7-1 


3-8-1 


3-8-2 


Slot dimensions and impedance. A thin (diameter — 0) dipole has a terminal impedance of 
73 + j53.6 Q. What are (a) the dimensions of the complementary slot, (b) the slot impedance, and (c) the 
directivity? 


Alpine-horn antenna. Referring to Fig. 3-4a, the low-frequency limit occurs when the open-end 
spacing > A/2 and the high-frequency limit when the transmission-line spacing d ~ 4/4. If d = 2 mm and 
the open-end spacing = 1000d, what is the bandwidth? 


Alpine-horn antenna. |f d=transmission-line spacing, what open-end spacing is required for a 
200-to-1 bandwidth? 


Horn antenna. (a) Find the physical aperture of a pyramidal horn antenna with L=10, 
ô (E plane) = 0.254, 5 ( plane) = 0.45A; (b) Assuming a hypothetical 100 percent aperture efficiency, 
find the directivity. This value is an upper limit. (c) Realistically, the aperture efficiency might be 60 percent, 
resulting in what directivity? 


Rectangular horn antenna. W hat is the required aperture area for an optimum rectangular horn 
antenna operating at 2 GHz with 16 dBi gain? 


Conical horn antenna. W hat is the required diameter of a conical horn antenna operating at 3 GHz 
with 14 dBi gain? 
Corner reflector. Assuming a directivity D = 20 for the corner reflector of Fig. 3-7c, what are the 
HPBWs? The H-plane field is given by Eq. 9-3-6, 

cos(S; COS) — cos(S; sin ġ) 
where S, = 22 S/A and S = dipole to corner spacing. Hint: Use Eq. 2-7-9. 


Direct broadcast satellite home parabolic dish. W hatis the directivity of a460-mm circular 
parabolic dish at 12.5 GHz assuming an aperture efficiency of 75 percent? 


Beamwidth and directivity. For most antennas, the half-power beam width (HPBW) may be esti- 
mated as HPBW = «A/D, where à is the operating wavelength, D is the antenna dimension in the plane 
of interest, and « is a factor which varies from 0.9 to 1.4, depending on the field amplitude taper across 
the antenna. U sing this approximation, find the directivity and gain for the following antennas: (a) circular 
parabolic dish with 2 m radius operating at 6 GHz, (b) elliptical parabolic dish with dimensions of 1m x 10m 
operated at 1 GHz. Assume «x = 1 and 50 percent efficiency in each case. 


For computer programs, see A ppendix C. 
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e e 
Radiation 
This chapter includes: 
E Basic M axwell’s equations © Far field due to half-wave dipole or quarter- 
© Retarded potential wave monopole 
© Field due to an oscillating dipole © Near field due to half-wave dipole or quarter- 
© Power radiated by current element wave monopole 


4-1 Introduction 


The story of radiation begins with the basic M axwell’s equations. Therefore, to understand the radiation 
process, a critical look at M axwell’s equations is more than essential. Since for wave propagation all the field 
quantities have to be time varying, with the presumption of sinusoidal variation, all field quantities involved 
may be characterized by the term e/”. The space variation may be characterized by the term e77, where 
y is the propagation constant which is normally a complex quantity (i.e., y = a + j£). The parameter a is 
called the attenuation constant and £ is called the phase shift constant. As long as waves remain confined to 
free space, the attenuation can be neglected (i.e., œ = 0 ). Thus, the study of radiation may be confined to 
only those fields which result in waves characterized by the term e~/8. The field emanating from an antenna 
is assumed to be progressing in the positive z direction without attenuation. 


4-2 Basic Maxwell’s Equations 


M axwell’s equations can be written in differential and integral forms. For the present study, the differential 
form of equations is more suited. The relevant equations involving electric field intensity Æ, electric flux 
density D, magnetic field intensity H, magnetic flux density B, current density J and the charge density p 
are as given below. 


V x H = J + 0D/at (in general), 


V x H = 0D/at(if) =0) and V x H = J(for dc field) (1a) 
V x E = —0B/dt (in general) and V x E = 0 (for static field) (1b) 
V-D = p (in general), and V-D = 0 (for charge-free region, i.e., o = 0) (1c) 
V-B=0 (1d) 
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The field quantities involved in (1) are connected by the following relations: 


D=cE (2a) 
B = uH (2b) 
J=cE=E/p (2c) 


In (2), e is the permittivity, u is the permeability, o is the conductivity and p is the resistivity (o = 1/c) of 
the media. It is to be noted that the symbol p involved in (1c) and (2c) represents entirely different quantities. 
Besides the above, the other relevant relations are 


pıdl psds Pdv 
4reR =l 4reR alfj 4reR (3a) 
E=-VV (3b) 
V?V = —p/e(in general) and V? V = Oif po = 0 (3c) 


In (3a), V is the scalar electric potential; o1, ps and p, are line, surface and volume charge densities; and R 
is the distance between the source and the point at which V is to be evaluated. 


uldl =] uKds = fff uJdv (4a) 

4nR 4nR 4r R 
B=VxA (4b) 
V?A = —pJ (in general) andV*A = 0 for J =0 (4c) 


In (4), A is the vector magnetic potential, 7 is the current, K is the surface current density and Jand R are 
the same as defined earlier. 


4-3 Retarded (Time Varying) Potential 


Some of the relations listed above are derived for the static or dc field conditions. Since radiation is a time- 
varying phenomena, the validity of these relations needs to be tested. To start with consider (3b) of Sec. 4.2. 
W hen its curl is taken, it is noted that 


Vx E=Vx(-VV) =0 (1) 


This result is obtained in view of the vector identity that the curl of a gradient is identically zero. 


But from (1b) of Sec. 4.2, V x E = —3 B /ðt for a time-varying field 
The discrepancy is obvious and can be addressed by using (4b) of Sec. 4.2 


L&E =-VV+N (2) 
Vx E=Vx(-VV)+VxN=04+V xN =—0B/dt = —0(V x A)/dt 
Thus, Vx N = —a(V x A)/ðt = —V x (@A/dt) = V x (—ə3A/ðt) 
Or VxN=-dA/dt (3) 
Substitution of (3) in (2) gives anew relation (4) which satisfies both the static and the time-varying conditions: 
E=-VV-—9dA/at (4) 
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Inthe second step, the validity of (1c) of Sec. 4.2 is to be tested by using the relation of (2a) of Sec. 4.2 and (4). 
V-D = V- (£E) =eV-E 
= eV-(—VV — 0A/dt) 
= e(—V:VV — 0/dot(V-A) =p 
From the above relation, VV + a/dt (V-A) = —p/£ (5) 


The RHS of (5) leads to the following relations: 
V?V = —p/e for static conditions (6a) 
V?V = —p/e — ð/ðt (V-A) for time-varying conditions (6b) 


In the third step, the validity of (1a) of Sec. 4.2 is to be tested by using the relations of section 4.2 (2b), (4b) 
and (4). 


Vx H=J+aD/at (1a) 
B=ywH o H=B/pu 
The LHS of (1a) can be written as 
LHS = (V x B)/u = (V x V x A)/u =[V(V-A) — V?A]/u (7) 
This relation uses the vector identity V x V x A = V(V-A) — V?A (8) 
The RHS of 1(a) of Sec. 4.2 can also be written as 
RHS = J +£9E/ðt = J + eð(—VV — 0A/at)/at 
=J+e |-V@v/ə1) = a A/ar?| 
=e ee [va V/at) + a A/ar| (9) 
On equating LHS and RHS terms, one gets 
V(V-A) —-V2A = uJ — pe [veav sar) if a A/ar| (10) 


In (6b) and (10), the term V2<A is defined in (4c) in Sec. 4.2 whereas the term V-A is yet to be defined. As 
per the statement of Helmholtz Theorem, “A vector field is completely defined only when both its curl and 
divergence are known”. There are some conditions which specify divergence of A. Two of these conditions, 
known as Lorentz gauge condition and Coulomb’s gauge condition, are given by (11) and (12) respectively. 


V-A = —ueð V /ðt (11) 

V-A=0 (12) 
Using the Lorentz gauge condition, (6b) and (10) can be rewritten as 

VV = —p/e — ð (eð V /3t)/ðt = —p/e — ue (8°V/dt*) (13) 

V?A = —uJ + pe (8? A/dt?) (14) 
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For sinusoidal time variation characterized by e/” 
V = Vel” and A= Agel” 
VV =—p/eto*peV (15) 
VA = -uJ +° ueJ (16) 
If o and J in the expressions of V and A given by (3a) and (4a) of Sec. 4.2, they become functions of time 


and this time ¢ is replaced by z’ such that ¢’ = t — r/v. p and J can be replaced by [o] and [J] respectively. 
Equation (3a) and (4a) of Sec. 4.2 can now be rewritten as 


d 
a o 
a [i as 


As an example if ọ = e™cosæt, and t is 
replaced by z’, one gets [o] = e™ cos[w(t — 
R/v)]. In this expression, R is the distance 
between the elemental volume dv located in a 
current-carrying conductor and the point P as 
shown in Fig. 4-1, and v is the velocity with 
which the field progresses or the wave travels. 
V and A given by (17) and (18) are called the 
retarded potentials. If £ = t +r/v, V and A 


Origin 


are termed as advanced potentials. Figure 4-1 Geometry of the configuration 
With reference to Fig. 4-1, (17)and (18)can containing the elemental volume dv and an arbitrary 
be written as point P. 
1 p(r’,t) 
=e 4 1 
nee / g (19) 
u (ICD, 
A = — | —~—d 20 
e= E fa (20) 


In (19) and (20), V and A are the functions of the distance r and the time ż. To get the retarded potentials 
from (19) and (20), ż is to be replaced by z’ and the resulting field equations are 


V(r,t) = a f pr 17 R/V) iy! (21) 


O H J(r',t— R/V) , 
A(r,t) = Ef z dv (22) 


Similarly, advanced potential expression can be obtained by replacing t— R/v by t+ R/v in (21) and (22). 
Equation (22), the starting point for the study of radiation process, is rewritten in the following alternating 
form on replacing R by r. 


at) = Ë [oe (23) 
x Jy r 
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4-4 Far Field due to an Alternating Current Element (Oscillating Dipole) 


With reference to Fig. 4-2 consider that a time varying current Z is flowing in a very short and very thin wire 
of length dl in the z-direction (where dl tends to zero). This current is given by Zdl cos wrt. Since the current 
isin the z direction, the current density J will have only a z-component (i.e., J = Jaz). The vector magnetic 
potential A will also have only a z-component (i.e, A = Azaz). 


Thus, V?A = V?A, = —pJ; (1) 


Though the cylindrical coordinate system can suitably 
accommodate the configuration of a filamentary current- 
carrying conductor, wherein only the A, component 
exists and the A, and Ag components are zero, but 
since the three-dimensional radiation problem needs to 
be tackled in spherical coordinate system, A, is to be 
transformed to the spherical coordinate system. This 
transformation results in I di cos at 


Ar = A, COS0, Ag = — A, sin and Ag =0 (2) 


= oes = X 
In view of the relation Jd) = Kds = Jdv, for Figure 4-2 Configuration of filamentary 
filamentary current, (23) of sec. 4.3 can be written as current carrying conductor. 
ge u Tdlcosw(t —r/v) (3) 
An r 
In view of (2) and (3), 
Idl — Idl = , 
Ta u TdlcoSw@(t —r/v) cose Gna: Ae u cOSw(t —r/v) dnd (4) 
4r r An r 
Further from the relation B = V x A,the components of V x A are obtained as below. 
1 o. 0 Ag 
V x A) = — | — (sin 0A — — ) | = B, = 0 5a 
Aa mal ? P| Pa 
1 dA, 10(rAg) 
Vx Ajo = - = Bg = 5b 
eee E OKO) ror | =e ey 
lf oa dA; 
Vx A) = A = By = uH, 5c 
(V x A) JEZO a $ = Lg (5c) 


From (5), it can be noted that only Hy survives. It can also be stated that @ derivative is zero (i.e., @9/3¢ġ = 0) 
for all field components due to the symmetry along ø. From (2) and (5c), 


= Idlsin@ | 


‘= |-= sinw(t —r/v) + 2 (6) 


From (1a) of sec. 4.2, E = 1 f (V x H)dt 


Thus £E, = fo x H),-dt and Eg = fo x H)edt (7) 
E € 
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Since V x H = — 2A Sno) | 180 Ha) 


ino 9d > ag its component in radial direction is given by 


1 odfTIdl . 5 oO, COS w(t —r/v) 
V x A), = ——~—]| — sin’ 0 } —-— sin w(t — ——.——} | =E, 8 
W rsing alt | ru P= r2 (8) 
From (7) and (8), 
Idl : t— 
E, = — coso E sin w(t — r/v) cos 2 | (9) 
4rr ru r 
Putting t’ = t — r/v 
8 ri 1 $ 
E, = 2Idl coso [coswt’ Sinot (10a) 
Ane r2v or? 
Similarly, 
Idlsin@ [—-oœosinot) coset’ sin ot 
Be S (a) (0) mi wt (0) (10b) 
4re ru? r2u or3 
Hg Can also be rewritten as 
Idlsin@ [coswt’ wsinat’ 
Hy = 11 
? 4r | r2 rv | a 


It can be noted that the magnitudes of the two bracketed terms in (11) will become equal if the following 
relation is satisfied: 


1 w U fr À À 
2 ry oe wo 2af 2r m 6 (12) 


From (12), it can be concluded that for r < A/6, the induction field will dominate whereas for r > 2/6, 
the radiation field assumes more importance. Thus for r >> A/6, only the radiation field needs to be 
accounted. 

The expressions of Eg, E, and Hy given by (10) and (11) involve three types of terms, which represent 
three different types of fields. These are noted below: 


1. The terms inversely proportional to r? represent electrostatic field. Such terms are involved in 
the expressions of E, and E,. The genesis of such a nomenclature is explained in subsection 
4-4a. 

2. The terms inversely proportional to r? represent induction or near field. Such terms are involved in 
all the field components, i.e., in Eg, E, and Hg. The basis of such a nomenclature is explained in 
4- Ab. 

3. Lastly, the terms which are inversely proportional only to r represent radiation (distant or far) field 
and are involved in the expressions of Eg and Hg. 
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4-4 Far Field due to an Alternating Current Element (Oscillating Dipole) B 


EXAMPLE 4-4.1 Theradiating element shown in Fig. 4-2 is of 10 m length and carries a current of 
1 amp. It radiates in © = 30° direction in free space at f = 3 MHz. Estimate the magnitudes of £ and H 
at a point located at 100 km from the point of origination. 


E Solution 

At3MHz, à =100 m. As long as the length of the element remains less than or equal to 4/10, the general 
expressions of field components given by (10a), (10b) and (11) can be used to estimate the required 
values. These equations are 


E, 


2Idlcos0 . Sinot 
= dl cos [52 ng (10a) 


2 3 


Ane rév or 


ru? r?u or 


Tdlsin6 [—wsinwt’ coset’  sinat’ 
Ey = | osina w w | (10b) 
4re 


Idl sino [ cos œt sin wt’ 
He | wt w “| (11) 


4r 


Since only those field components which are inversely proportional to r contribute towards the radiation 
field, the relevant expressions can be rewritten as 


r2 ru 


_ Idl sino [| 


2 


Ame ru 


Hy = 


4r 


ru 


Idl sino | esner) 


Thus E = Eg a and H = Hy ag 
Ascan be noticed, E, does not contain a term which is inversely proportional to r and therefore does not 
contribute towards radiation field. The magnitudes of the remaining two terms can be written as below. 


ga ag id rae 
Oo Ane ia 


The given parameters are 

30°, thus, sin @ =0.5, cos 6 =0.866, £ = £o = 1079/367 =8.854 x10712 
Id) = 10A-m,r =100km=10° m 
Substitution of these values gives 


Idl sino = 


H 
ln || 


_ Idi sino 10 x 0.5 45 


Z — a 9 
Ane — 4m x 1079/36m 109 SE 


|E| 


Idl sino _ 10 x 0.5 


H| = 
oa 4r 4r 


= 1.25/x 
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EXAMPLE 4-4.2 Calculate the distance at which an electromagnetic wave will have the same 
magnitude for induction and radiation fields if its frequency is 10 MHz. 


E Solution 
In view of (12), the induction and radiation fields will have the same magnitude at 
vo 3 x 108 

wo 2r x 10x 106 


=4.71m 


r= 


EXAMPLE 4-4.3 |fthemedium of propagation allows the wave to attain only 60% of the velocity of 
light, at what distance will the induction and radiation fields become equal in magnitude at f =3 GHz? 


E Solution 

In view of (12), 
ov 0.6 x3 x108 
~ æ 2r x3x 109 


= 0.955 cm 


4-4a Electrostatic Field 


A configuration of dipole comprising two charges 
of the same magnitude Q but opposite polarity is 
shown in Fig. 4-3. 

In view of the geometry of this configu- 
ration and the assumption that the point P 
is so far removed that Ry and Rz are par- 
allel to r, the potential P can be written 
as 


Qd cosé 
V = 
4r egr? 
Using the relation E = —VV 
d ; 
E = g (2 cos Oa, + Sin Oag) 
4r egr? 
2Qd coso Qdsino 
E, = ——— and Eọ= 
i 4r egr? ° = prer? 
In view of the relation, 
d Isin owt 
E roor wega 
dt w 


R—R4 = d cos 0 


Figure 4-3 Configuration of dipole. 
(13) 


(14) 


(15) 


(16) 


and on replacing Q by its equivalent term from (16), d by the elemental length dl and r by z’, the expression 


(15) takes the following form: 
_ Idisiné@ sin at! 


A4nweor3 ani: ine 


_ 2Idlcosé sin wt! 
An weor3 


(17) 
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These expressions represent the electrostatic field due to a dipole or a current element of length dl and are 
the same as involved in the expressions of Eg and E, given by (10a and b). 


4-4b Induction Field 


In view of Biot-Savart law applied to the configuration shown by Fig. 4-4, 

JH = Idl x aR _ idly x apri2 (18) 

Ar R? 4r R2, 

In case of Fig. 4-2, the current is Zdl cos wt 
and dl = dz making an angle 6 with the unit 
vector ar. Thus dl x ar = sin 8. Since fila- 
mentary current is the only current, dH can 
be replaced by H. Also, the current is flow- 
ing in the z-direction. H will have only Hy 


component, which in view of (18) and after ` , . ae 
replacing t by r’ can be written as Figure 4-4 Configuration for the application 


of Biot-S avart law. 


Point 1 
Point 2 


_ Idi sin@ cosat' 
$= Arr? 
Equation (19) contains the same expression as involved in (11) and represents induction field. 


(19) 


4-4c Hertzian Dipole 


A Hertzian dipole can be conceived as a very short current element terminated at both the ends in two very 
small spheres or discs. The wire joining the spheres is very thin making the distributed capacitance between 
the spheres negligible. In view of the short length of the wire, the current can be assumed to be uniform 
throughout. 

In Fig. 4-5(a) r’ is the radius of the wire connecting the two spheres (of radius r) on which the charges are 
residing, dl is the length of the wire and a is the wavelength. The relative values of these parameters have to 
be such that 


r'<<r, r<<dl and di<<a 
If the above conditions are met, the very Unia 
short, very thin wire of Fig. 4-5(a) can be 7 current 
considered to be composed of a chain of + ee 
spheres of diminishing radii. The adjacent t es 
spheres shall carry charges of opposite polar- + current 


H distribution 


ity. The configuration depicting the above is 
shown in Fig. 4-5(b). If the charges carried 
by alternate spheres are equal in magnitudes, 
these will get canceled everywhere except at 
the top and the bottom tips of the wire and 
the current distribution along the wire will be 
uniform. In case of incomplete cancellation, Figure 4-5 Hertzian dipole. 

the charge and the current distribution along 

the wire will be non-uniform. Both of these cases are illustrated in Fig. 4-5(c). Thus, an oscillatory dipole 
shown in Fig. 4-2 can be considered as a Hertzian dipole of Fig. 4-5. 


Chain of Hertzian 
dipoles 


(b) (c) 
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4-5 Power Radiated by a Current Element 


From Sec. 4-4, it can be noted that £ has no œ component and H contains only a @ component and thus 
E = E,a, + Egao and H= gag (1) 
The power flow can be given by the Poynting vector P 


P 
where Po 


Ex H = (Era, + Egag) x Hygag = —E, Hoag + Eo Hoa; = Poag + P,ar (2) 
— E, Hg 


l6rĉ?e r3v2 rtu ort 5 


_ 217dl* sin 0 cos o | wsinwt’coswt’ coot wsin?ot sin erge | 
U or 


(3) 


I?dl? sin20 | cos2wt’ sin2ot’ wsin2t! 
1622e rfv 2wr? 2r3v2 
As the average power in the terms involving sin 2wr’ and cos 2wr’ over a complete cycle is zero, Pa represents 


the power which surges back and forth in the 6 direction and there is no net power flow in the direction of 
propagation. 


P, = Eg Hy 


| ow sin? wt’ wcoset’sinwt’ asin at’ 


16726 r2v3 r3u? ortu 


wsinat’ coset’ coot) sin œt cost’ 
r3ve r4u ra 


I?dl? sin? 6 [= 2ot’ wsN2ot sin2wt’ w(1—cos ret) 


16726 rîu r3v2 2wr? 2r2v2 


Sincesin 2wr’ and cos 2wt’ terms will not contribute towards average power, all such terms can be eliminated. 
In view of the remaining terms 


r 3272r2u36 ~ ev 


~ 2 4rru 


w Tdi? sino 1 (wldlsind\* _  (wldlsine 
4rru 


2 
) watts/sq.m (4) 


The amplitudes of components contributing towards net power flow are 


wldlsin6  nIdisino  6OxIdlsinð 


E = = 

Anrev2 2nr Ar (5) 

ya æwIdlsinð _ Tdlsing (6) 
= 4rru —o2ar 

E 

Z2 Z 120x = no © 3772 (7) 

Ag 


Parameter no is called the characteristic impedance of free space. 
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The total radiated power P can be obtained by integrating the average power over the entire surface of an 
imaginary sphere of radius r. 


P= f Pads where ds = rdġrd0 sin = 27r? sin 0d (8) 
ž Idlsin@\? 22d]? 

P = ON a sinodo = "2 watts (9) 
0o 2 4rru 127 v? 


In (9), Z represents the peak current. If P is to be obtained in terms of effective current 7eșf, the total power 
can be written as 
o2I2. dl 272 J12 
Iygad? _ 200° Hp pdl 


P= — 1 ; (10) 


5 U 


On replacing w by 2x f and v by the D of light c, (10) yields 


an 2 2 dl 2 2 
=20 Ipd? = 807? ( © a be Rela (11) 


where R,aa is the radiation resistance. In arriving at (9) from (8), the following relation is employed 
T . 1 Fi 
Í sin? edo = E cos 30 — cose | = 4/3 (12) 
0 0 
From (11), the R,aa obtained for three different cases of radiating elements shown in Fig. 4-6 are the 
following: 


Case (a) Radiation resistance for an element of length dl with uniform current distribution shown in Fig. 4-6a 
is given by 


Rrad = 80x? (dl/2)? © 800(d1/A)°Q (13) 


Case (b) Radiation resistance for an element of length dl with non-uniform current distribution shown in 
Fig. 4-6b is given by 


Read = 20m? (dl/d)* © 200(L/ X)? 2 (14) 


Case (c) Radiation resistance for an element of length 4 =2dl = 2Z with non-uniform current distribution 
shown in Fig. 4-6c is given by 


Rrad = 10m? (L/d)* = 100(L/A)* ~ 400(h/2)} 2 (15) 
i The resulting | N a „Monopole 
; configuration L | K 
dl j when shaded —> P O 
i area is o á hi 
| from case ( LL 4 2° Image 
(a) (b) (c) 
Uniform current distribution Tapered (non-uniform) current Tapered (non-uniform) current 
along an element of length di along a short dipole of length L along a short monopole 
(L=dl) of length h (h = 2L) 


Figure 4-6 Three different cases of radiating elements. 
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These relations hold good for very short antennas, that is, up to 4/8 in length. 


EXAMPLE 4-5.1 A radiating element of 1cm carries an effective current of 0.5 amp at 3 GHz. 
Calculate the radiated power. 


E Solution 
In view of (10), 
p _ o Hed? L 20 x Qr x 3 x 10%)? x (0.5)? x (1073? _ 
~ v2 ~ (3 x 108)2 7 


1.1mW 


EXAMPLE 4-5.2 Evaluate the radiation resistance of a radiating element having length L =5 mat 
(a) f =30 kHz (b) f =30MHz (c) f =15MHz 
E Solution 
(a) At f =30 kHz, 4 =104 mand A/10 = 103, thus L << à/10 
Equation (13) is the appropriate equation for this case. 
R,aa © 800(d1/2)2 = 800(5/10*)* = 20 milli-ohms 
At f =30 MHz, à =10 m andL =A/2 
Equation (14) is the appropriate equation for this case. 
R,aa © 200(L/à)? = 200(1/2)2=50 ohms 
At f =15MHz, à =20 mand L =A/4 
Equation (15) is the appropriate equation for this case. 
Rraa © 400(h/a)? = 400(1/4)2= 25 ohms 


4-6 Far Field due to Sinusoidal Current Distribution 


In Fig. 4-7, a half-wave dipole and a quarter-wave monopole are shown. The currents are given as 


I = Imsing(H —z) for z>0 and Z= Imsing(H +z) for z<0 (1) 
Z 
_ +H ; z 
‘im l= 1m Sin B(H-z) 4H z 
I 
d r 
oT Ko 
o 


Ground plane (o = œ) 


, R=r-—zcos0 
1=Im sin B (H+z) 


Half-wave Quarter-wave 
dipole monopole 


Figure 4-7 Half-wave dipole or quarter-wave monopole with assumed sinusoidal current 
distribution. 
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The dipole or monopole is assumed to be located on a perfectly conducting ground. The field is to be obtained 
at a point which is so distantly located that the distances r and R (shown in the Fig. 4-7) can be considered 
to bear the following relation. 


R =r for the estimation of amplitude and R = r — zcos for the estimation of phase. (2) 


Since the current in the dipole is in the z-direction, the z component of the differential vector magnetic 
potential is 


HIde | ipr 


es 4r R (3) 
0 i H i = . 
A= u f Im sin PH +2) joka 4 u f Im sin BCA 2) p-jBR J; 
4r Jin R Ar Jo R 
Mn — jp , iz coso r. jBz COSA 
= ——e JPr sin B( H+ z)e/?* dz+} sin BCH — z)e/P2 "dz (4) 
nr SH 0 
For H = 4/4, BH = x12, Sin B(A + z) =sin (H - z) and sin (2/2 + Bz) =sin (z/2 - Bz) =cos 6z 
H 
A, = pte | COS Bz(eFPZ60SF + e—JBz0080) G7 
rr 0 
Tie H 
= mer | cos Bz cos(Bz cos 0)dz 
4nr 0 
Ulm — jr H 
= — e7 2 | [cos Bz(1 + cosé@) + cos Bz(1 — cos é)|dz 
4rr 0 
ulm — jgr [Sin Bz(L+cos@) | sin Bz(1 — ao 
= e 
Arr (1 + cosé) B(l—cosé) Jo 
_ Hm opr [fq x x i 
= re {a cos 0) COS G cosé) + (1-+c0s8) cos( = cose )} T 
— Hlm oir [eae s1] (5) 
2n Br sin* @ 
If J = J, and B= V x A = Bgag only, thus wHy = —*4: sino 
; — jpr 
Bx Line | (6) 
nr sin 8 
= E  j6Olpe P" f cos{(z/2) cos A} 
Eg = nHọ = 1207 Hg = E ang (7) 
The magnitudes of Eg and Hy are 
601, T cos{(z/2) coso 
De | a | (8) 
r sing 
Im | cos{(z/2) cose} 
Hy| = 9 
| 16] ral sino | (9) 
nI? [ cos?{0r/2) sa] 
Pas = |Eo||Ho| = —” 10 
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The total radiated power P is given by f Pay ds. Thus 
2 m/2 2 
P= na f jee we) e lao (11) 
4x Jo sint 6 
The evaluation of (11) gives 


0.60972 0.609772 
= = = ee H = 36.50 = Tey Rrad (12) 


where Raq = 36.5Q is the radiation resistance of a quarter-wave monopole. The radiation resistance of a 
half-wave dipole is twice of the above, i.e., 73 Q. 


EXAMPLE 4-6.1 Calculate the average power available at 1 km distance if an element radiates in 
the 6 =60° direction and carries a maximum current of 5 amp. 


E Solution 
In view of (10), 


Po nI? [cos*{(xr/2) cosO}] 120x x (5)? | {cos(F cos 60)}? 
OO Br 22 sin? 8 ~ 8r? x (103)2 (sin 60)2 


|- rsru 


4-7 Near Field due to Sinusoidal Current Distribution 


The computation of a near field, in general, is not of much significance except when: 


1. The elements in an antenna array are located very near to each other 
2. A number of antennas are located near to each other such as at airports, seaports, etc. 


In the above cases, there is every likelihood that 
the field due one antenna/element influences the 
other adjacent antenna(s) or element(s). This situa- 
tion demands a critical study of the near field and may 
be carried out by adopting the following approach. 

Figure 4-8 illustrates a dipole with sinusoidal cur- 
rent distribution along with the distances to the point 
P (at which the field is to be evaluated) from (i) the 
origin, (ii) an elemental length dh located at a dis- 
tance h from origin, and (iii) lower and upper tips of 
the dipole. In view of the geometry of configuration, 
the different distances are Figure 4-8 Dipole with sinusoidal current 

distribution. 


Ri = 4 (z — H} + y? (1a) 
Rp = y z + H}? + y? (1b) 
R= 
r= 


yE-h)? +y? (1c) 
yz +y? (1d) 


Also, Z = Im sin 8(H — h) for h>0 and Z = Imsing(H +h) for h <0 (2) 
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As before, the point P can be represented in spherical coordinate system using (r, 6, ¢) coordinates but for 
the near field both the rectangular and cylindrical coordinate systems are better suited and to be employed. In 
view of the configuration and (1) and (2), the z-component of A can be written as 


H ,—jB(R+h) H ,—jB(R-h) 
ym elon f a dh — eieH | Tu 
0 R 0 


jêr R 
pO e-jPR-h) pO o-iB(R+h) 
+ou f C dneh | dh (3) 
u R y R 
dA, JA: 
By = Hy = (V x A) = Sai nH, 4 
o = Ly = (V x Ado ap ay Mix (4) 
H — jB(R+h) H — jP(R-h) 
Hp) ert f a AE l agi f DE ea 
j8x 0 oy R 0 dy R 
0 —jB(R-h) 0 —jB(R+h) 
. a fe | a fe 
+elbH l dh\ — eib# f ae ee | (5) 
—H dy R =H dy R 


In (5), four integral expressions are involved which are to be evaluated. The first of these terms is rewritten 
as below: 


H —jB(R+h) 
f KA [al (6) 
0 dy R 


The parameter R involved in this expression is given in (1c). This term can be differentiated by using the 
following standard relation involving u and v which are functions of the variable x: 


d /u _ u(du/dx) — u(dv/dx) 
dx (o) ~ (7) 


H IBY o~ jB(R+h) jB(R+h) 
e + es & 
f : a dh (8) 
0 R R 


In view of the coincident that the integrand of (8) is a perfect differential, the integration using the relation 
for the product terms [ fuvdx = u fvdx — f{(du/dx) fvdx}] yields 


v2 


j h= , , 
eiPH Peek ” — yeibH Oh aaa (r + ze Jbr E 
R(R +h- z2) h=0 i Rı(Rı + H — 2z) r(r— z) 
But from (1), 
R- (H-2 =rP -=y e 
Thus the term of (8) becomes: 
jBH 
a ma 


Similarly, the other terms yield: 


eibH He Z\ 
pare —jB(R1i-A) _ — *),-JBr 
> [(1+ = Je (2 “Je | (11b) 
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—jBH 
got 1 #t? e` ijB(R+H) _ (1 _ =) eo iBr (11c) 
y R2 r 
—jBH . . 
. (2 m H+ =) e- jB(R2-H) _ (1 + =) gan] (11d) 
y R2 r 


The magnetic field intensity Hy obtained by summing all the four terms of (11) is as under: 
—Im (e-iPR: eiPR 2 cos BH e IPF 

ae 
Ajn y y y 

Since V x H = 3D/ðt = jweE or E = (1/jwe)V x H in free space, if x =0 plane is replaced by y, we get 


Hy (12) 


1 3Họ x 1 d(yH¢) 


E, =-———* and E,=- (13) 
jæe Oz jwey dy 
Since Hg is the only surviving component of H, 
ðH, lava. 
VxH= ba, + Q (2P (14) 
0z y oy 
From (13) and (14), 
—iBL —JBR1 —jBR2 —JBr 
E, = En (x g= 2cos BH ) 
An ewy Ri R2 r 
e-iBRi JPR ye7ibr 
= —j30/, 2cos BH 15 
130m (= + p ) (15) 
—H —jBRi H — jBR2 cos 6H —jßr 
Ey = J30 ( Ta ada a ) (16) 
Rı y R2 y r 
[301m  —jgR —jBR — jr 
Hy = ——— (e /P™1 4 eJP™ — 2 cos BHe JP") (17) 
ny 


In the expressions of E}, E, and Hg, the various terms involved have the following meanings: 


1. The part of the expression involving the e~/4*1term represents the spherical wave originating at the 
top of the antenna. 

2. The part of the expression involving the e~/8*2 term represents the spherical wave originating at the 
bottom of the antenna in case of dipole and the lower tip of the image in case of the monopole. 

3. The part of the expression involving the e~/8" term represents the spherical wave originating at the 
center of the antenna in case of the dipole and at the base in case of the monopole. 

4. Theamplitude of this wave will depend on the length H. Since BH = an i = 5,cosBH = 0. Thus, 
for quarter-wave monopole or half-wave dipole (H = 4/4) the amplitude will be zero. 

5. All these spherical waves are omni (isotropic) in nature. 

6. Inthe expressions given by (15-17) the numerator represents the phase factor and the denominator 
the inverse distance factor. 

7. From (15), for parallel (£,) component and (16) perpendicular (£,,) component, fields can be com- 
puted in the immediate neighborhood of antenna. The field plots representing the amplitude variation 
of various components are illustrated in Fig. 4-9 and Fig. 4-10. 
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Problems 


Quadrature component 


o 
io 
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in terms of wavelength 
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po 

T 
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Figure 4-9 Variation of in-phase and quadrature components. 
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Figure 4-10 Variation of E, and £, at 20 MHz with assumed sinusoidal current distribution. 


Problems 


4-4.1 


4-4.2 


4-4.3 


4-5.1 


4-5.2 


4-6.1 


Magnitudes of E and H: A 5-m long radiating element carries a current of 2 amp. It radiates in the 
6 = 45° direction in free space at f =10 M Hz. Estimate the ratio of magnitudes of E and H ata point located 
at 30 km from the point of origination. Will it be different at 50 km? 


Ratio of induction and radiation fields: Calculate the distance at which the ratio of induction and 
radiation fields will be (a) 1⁄2, (b) 2, and (c) 10 if the wave frequency is 10 M Hz. 


Ratio of induction and radiation fields: |f the medium of propagation allows the wave to attain 
only 90% of the velocity of light, at what distance will the induction and radiation fields become equal in 
magnitude at f =5 GHz? 


Effective Current: |f an element of 1 cm length radiates 1 W at 3 GHz, estimate the effective current 
carried by the element. 


Radiation resistance: Evaluate the radiation resistance of an element of length L = 1m at (a) f =3 
kHz, (b) f =10 MHz, and (c) f =10 GHz. 


Average Power: Calculate the average power available at a 10 km distance if an element radiates in the 
@ =30° direction and carries a maximum current of 1 amp. 


Note: (References are given at the end of chapter 25) 
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Chapter 5 


Point Sources and 
Their Arrays 


Topics in this chapter include: 


Point source radiators 

Power patterns 

Isotropic sources 

Radiation intensity 

Examples of power patterns field patterns 
Field patterns 

Phase patterns 

Arrays of two point sources 
Pattern multiplication 

Pattern synthesis 

Non-isotropic dissimilar sources 


Linear arrays of n point sources 

Null directions and beam widths 

Non uniform amplitude distributions 
Dolph-T schebycheff (D-T) or optimum 
distribution 

D-T distribution for an array of 8-point sources 
A comparison of amplitude distributions 
Continuous arrays 

Huygen’s principle 

Diffraction by flat sheet 

Rectangular broadside arrays 


5-1 Introduction 


In chap. 2 an antenna was treated as an aperture. In this chapter an antenna is first considered as a point source 
and later the concept is extend to the formation of arrays of point source. This approach is of great value since 
the pattern of any antenna can be regarded as produced by an array of point sources Further the initial 
discussion relating to arrays is confined to isotropic point sources, which may represent different kinds of 
antennas. L ater the discussion is extended to encompass more general case of non-uniform distribution. 

With the information of this chapter and the computer programs on the book’s website, an arrays producing 
almost any desired patterns may be designed. 


5-2 Point Source Defined 


At a sufficient distance in the far field of an antenna, the radiated fields of the antenna are transverse and the 
power flow or Poynting vector (W m~?) is radial as at the point O at a distance R on the observation circle 
in Fig. 5—1. Itis convenient in many analyses to assume that the fields of the antenna are everywhere of this 
type. In fact, we may assume, by extrapolating inward along the radii of the circle, that the waves originate 
at a fictitious volumeless emitter, or point source, at the center O of the observation circle. The actual field 
variation near the antenna, or “near field,” is ignored, and we describe the source of the waves only in terms 
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of the “far field” it produces. Provided that our observations are made at a sufficient distance, any antenna, 
regardless of its size or complexity, can be represented in this way by a single point source. 

Instead of making field measurements around the observation circle with the antenna fixed, the equivalent 
effect may be obtained by making the measurements at a fixed point Q on the circle and rotating the antenna 
around the center O. This is usually the more convenient procedure if the antenna is small. 

In Fig. 5—1a, the center O of the antenna coincides with the center of the observation circle. If the center 
of the antenna is displaced from O, even to the extent that O lies outside the antenna as in Fig. 5—1b, the 
distance d between the two centers has a negligible effect on the field patterns at the observation circle, 
provided R >> d, R > b, and R > å. However, the phase patterns will generally differ, depending on d. If 
d = 0, the phase shift around the observation circle is usually a minimum. As d is increased, the observed 
phase shift becomes larger. 


Antenna Antenna 


Observation 
circle 


Figure 5-1 Antenna and observation circle. 


As discussed in Sec. 2—3, a complete description of the far field of a source requires three patterns: two 
patterns of orthogonal field components as a function of angle [Eo (8, ¢) and Ey(@, @)] and one pattern of the 
phase difference of these fields as a function of angle [8 (@, @)]. For many purposes, however, such a complete 
knowledge is not necessary. It may suffice to specify only the variation with angle of the power density or 
Poynting vector magnitude (power per unit area) from the antenna [S, (6, o)]. In this case the vector nature of 
the field is disregarded, and the radiation is treated as a scalar quantity. This is done in Sec. 5—3. The vector 
nature of the field is recognized later in the discussion on the magnitude of the field components. Although the 
cases considered as examples in this chapter are hypothetical, they could be approximated by actual antennas. 


5-3 Power Patterns 


Let a transmitting antenna in free space be represented by a point-source radiator located at the origin of the 
coordinates in Fig. 5—2 (see also Fig. 2—5). The radiated energy streams from the source in radial lines. The 
time rate of energy flow per unit area is the Poynting vector, or power density (watts per square meter). For a 
point source (or in the far field of any antenna), the Poynting vector Shas only a radial component S, with 
no components in either the 8 or ø directions (Sp = Sy = 0). Thus, the magnitude of the Poynting vector, or 
power density, is equal to the radial component (|S| = S,.). 
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S, (= radial component 
of Poynting vector 
or power density, 
W m°, at radius r) 


Point source 
at origin 


Equatorial plane 


(a) 
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Z 


Polar 
axis 


r sin 0 do 


Element of area 
ds at radius r 

= r? sin 0 dð dọ 
Area ds subtends 
a solid angle 

= sin 8 d8 do 


y 


(b) 


Figure 5-2 Spherical coordinates for a point source of radiation in free space. 


A source that radiates energy uniformly in all directions is an isotropic source. For such a source the radial 
component S, of the Poynting vector is independent of 6 and @. A graph of S, at a constant radius as a 
function of angle is a Poynting vector, or power-density, pattern, but is usually called a power pattern. The 
three-dimensional power pattern for an isotropic source is a sphere. In two dimensions the pattern is a circle 
(a cross section through the sphere), as suggested in Fig. 5—3. 


Although the isotropic source is convenientin theory, itis 
not a physically realizable type. Even the simplest antennas 
have directional properties, i.e., they radiate more energy in 
some directions than in others. In contrast to the isotropic 
source, they might be called anisotropic sources. As an 
example, the power pattern of such a source is shown in 
Fig. 5—4a where Sm is the maximum value of S,. 

If S, iS expressed in watts per square meter, the graph is an 
absolute power pattern. On the other hand, if S, is expressed 
in terms of its value in some reference direction, the graph is 
arelative power pattern. Itis customary to take the reference 


0=0 


£ 


Figure 5-3 Polar power pattern of 
isotropic source. 


direction such that S, is a maximum. Thus, the pattern radius for relative power is S,/S,m where S, is the 
maximum value of S,. The maximum value of the relative power pattern is unity, as shown in Fig. 5—4b. A 
pattern with a maximum of unity is also called anormalized pattern. 


0=0 0=0 
POWER RELATIVE 
POWER 
et 
Sem 
(a) (b) 


Figure 5-4 (a) Power pattern and (b) relative power pattern for same source. Both patterns 
have the same shape. The relative power pattern is normalized to a maximum of unity (1). 
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5-4 A Power Theorem!’ and its Application to an Isotropic Source 


If the Poynting vector is known at all points on a sphere of radius r from a point source in a lossless medium, 
the total power radiated by the source is the integral over the surface of the sphere of the radial component 
S, of the average Poynting vector. Thus, 


P= f s-ds= Gf Sas (1) 


where 


P =power radiated, W 
S, =radial component of average Poynting vector, W m~? 
ds =infinitesimal element of area of sphere (see Fig. 3—2b) 
=r? sind do do, m? 


For an isotropic source, S, is independent of 6 and ¢ so 


P = $, fp ds = $, x 4r? (W) (2) 
and 

se -2 

r= UWS (3) 


Equation (3) indicates that the magnitude of the Poynting vector varies inversely as the square of the distance 
from a point-source radiator. This is a statement of the well-known law for the variation of power per unit 
area as a function of the distance. 


5-5 Radiation Intensity 


As discussed in Sec. 2—5, the radiation intensity U is expressed in watts per unit solid angle (W sr—!). The 
radiation intensity is independent of radius. It is power per steradian. From (5—4—3) we have 


rS,=P/4n =U  (W/sr) (1) 


Thus, the power theorem may be restated as follows: 
The total power radiated is given by the integral of the radiation intensity over a solid angle of 4x steradians. 


As already mentioned in Sec. 2—5, power patterns can be expressed in terms of either the Poynting vector 
(power density) or the radiation intensity. A power pattern in terms of U is the same as in Fig. 5—4a with the 
maximum Poynting vector (Sm) replaced by the maximum radiation intensity (U,„) and the Poynting vector 


1T his theorem is a special case of a more general relation for the complex power flow through any closed surface as given by 


P= > f Ex Has (1) 


where P is the total complex power flow and E and H* are complex vectors representing the electric and magnetic fields, H* being the 
complex conjugate of H. The average Poynting vector is 


s= ; Re(E x H*) (2) 


Now the power flow in the far field is entirely real; hence, taking the real part of (1) and substituting (2), we obtain the special case of (3). 
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as a function of r(S,) replaced by the radiation intensity as a function of r(U,). The maximum value of U, 
isinthe = 0 direction. Relative Poynting vector (or power density) and relative radiation intensity patterns 
are identical. 

Applying (1) to an isotropic source gives 


P = 4n Uo (W) 
where Uo = radiation intensity of isotropic source, W srt. 


5-6 Examples of Power Patterns 


EXAMPLE 5-6.1 Source with Unidirectional Cosine Power Pattern 
A source has a cosine radiation-intensity pattern, that is, 


U = Um cos 0 (1) 


where Um = maximum radiation intensity 

The radiation intensity U has a value only in the upper hemisphere (0 < 6 < z/2 and 0 < # < 27) 
and is zero in the lower hemisphere. The radiation intensity is a maximum at 6 = 0. The pattern is shown 
in Fig. 5—5. The space pattern is a figure of revolution of this circle around the polar axis. Find the 
directivity. 

To find the total power radiated by the cosine source, we apply (5—4—1) and integrate only over the 
upper hemisphere. Thus 


2x pr/2 
p= f [ Um COS6 sin 0 d0 dd = n Um (2) 
0o Jo 


If the power radiated by the unidirectional cosine source is the same as for an isotropic source, then (2) 
and (1) in Sec. 5—5 may be set equal, yielding 


wUm = 4r Uo 


; . U, 
Directivity = o =4=D 
0 


Thus, the maximum radiation on 
intensity U,, of the unidirectional axis 
cosine source (in the direction 6 =0) 1 


is 4 times the radiation intensity Uo 
from an isotropic source radiating the 
same total power. T he power patterns 
for the two sources are compared in 
Fig. 5—6 for the same total power 
radiated by each. 


X= Half-power 
points 


Figure 5-5 Unidirectional cosine power pattern. 
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EXAMPLE 5-6.2 Source with Bidirectional Cosine Power Pattern 

A source has a cosine power pattern that is bidirectional. Find the directivity. With radiation in two 
hemispheres instead of one; the maximum radiation intensity is half its value in Example 5—6.1. Thus, 
from (3), 


D=4/2=2 Ans. 


EXAMPLE 5-6.3 Source with Sine (Doughnut) Power Pattern 
A source has a radiation intensity pattern given by 


U =U, Sing 


The pattern is shown in Fig. 5—6. The space pattern is a 
figure-of-revolution of this pattern around the polar axis and 
has the form of a doughnut. Find D. 


E Solution 


Applying (5—4—3) the total power radiated is Cosine power 
pattern 


20 m 
P= Un | f sin? 8 dð do = n? Um (5) 
0 0 


If the power radiated by this source is the same as for an ay Isotropic 
isotropic source taken as reference, we have power pattern 


1°Um = 41 Uo Figure 5-6 
Power patterns of 
cosine and 


aera U, 4 i i 
Directivity — a St = 6 : isotropic sources. 
0 T 


and 


EXAMPLE 5-6.4 Source with Sine-Squared (Doughnut) Power Pattern 
A source has a sine-squared radiation-intensity power pattern. The radiation-intensity pattern is given by 


U =U,» sin? 8 (8) 


The power pattern is shown in Fig. 5—7a. This type of pattern is of considerable interest because it is 
the pattern produced by a short dipole coincident with the polar (8 = 0) axis in Fig. 5—7a. Applying 
(5—4—3), the total power radiated is 


2m prn 8 
P= Un | f sin? 6 dð do = =U (9) 
o Jo 3 
If P is the same as for the isotropic source, 


8 
37 Um = 42 Uo 
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9=0 
9=0 
(a) (b) 
Figure 5-7 (a) Sine-squared power pattern and (b) unidirectional cosine-squared power 
pattern. 
and 
fee Un 3 
Directivity = — =-~=15=D Ans. (10) 
Uo 2 


EXAMPLE 5-6.5 Source with Unidirectional Cosine-Squared Power Pattern 
A source with a unidirectional cosine-squared radiation-intensity pattern is given by 


U = Um Cos? 6 (11) 


The radiation intensity has a value only in the upper hemisphere as in Fig. 5—7b. The three-dimensional 
or space pattern is a figure-of-revolution of this pattern around the polar (@ = 0) axis. Find the directivity. 


E Solution 
The total power radiated is 


2x px /2 2 
P= Un | l cos? 6 sind d0 do = 37 Um 
o Jo 


If P is the same as radiated by an isotropic source, 


2 
37 Um = 42 Uo 


and 
. o Um 
Directivity = — = 6 = D Ans. (13) 
Uo 


Thus, the maximum power per unit solid angle (at 6 = 0) from the source with the cosine-squared power 
pattern is six times the power per unit solid angle from an isotropic source radiating the same power. 


Directivities are summarized in Table 5—1. 
Example 5—6.6 provides some valuable insights into the effect minor lobes have on directivity or gain. Without 
minor lobes the gain of this antenna would be 91.4 or 19.6 dBi as compared to a gain of 18.0 or 12.6 dBi with 
minor lobes. The minor lobes have large beam or solid angles because they extend 360° in the azimuth or @ 
direction at large sin @ values (@ near 90°). The main lobe, on the other hand, is at small 6 angles so the P,, (0) 
sin 6 product is small, in fact, zero at 6 = 0°. 
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Table 5-1 Directivities of the Point Source Patterns in Examples 5—6.1 to 5—6.5. 


Pattern Directivity 
Unidirectional cosine 4 
Bidirectional cosine 2 

Sine doughnut 1.27 
Sine-squared doughnut 15 
Unidirectional cosine squared 6 


EXAMPLE 5-6.6 Pencil Beam with Minor Lobes 
As shown in Fig. 5—8, the pattern has pencil beam (symmetrical around the @ = 0 axis) with a main-lobe 
HPBW of approximately 22° and four minor lobes. Find the directivity. 


E Solution 
The directivity is given by 
An 


2n pi . (14) 
o Jo Pn(O) sind dé do 


where the denominator equals the total beam area 94. 

Since the pattern is symmetrical (no variation with œ), the integral with respect to @ yields 2x and 
(14) reduces to 

4r 
D= x - 
2x Jo Pa(@)sin 0 de 

We have only the pattern graph available (no analytical expression), so let us divide the pattern (Fig. 5—8) 
into 36 steps of 5° each. The approximate value of the integral in the first (m = 1) 5° section (= 2/36 rad) 
is given by 


(15) 


T , mx 1.0 +0.93 . 

= ae cay ae ee 5° 1 

3g r Ada sin 6) = 5.5 sin 2.5 (16) 
and the approximate directivity is then given by the summation of all 36 sections or by 

= = (17) 

2x (7/36) » Pa (On av sin Om 
m=1 

Completing the summation, we obtain 

es a 72180 (18) 


2a 2xGr/36)(0.25 + 0.37 + 0.46 +0.12 +0.07) 1.27m 


Main First Second Third Fourth 


lobe minor minor minor minor 
lobe lobe lobe lobe 

(back 

lobe) 


or D ~ 12.6 dBi 
Itis noteworthy that the second minor lobe contributes most to the total beam area, the first minor lobe 
almost as much, and the main lobe less than either. Thus, the directivity is greatly affected by the minor 
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0=0 
k n(Q) 1.0 
a P, (0) 
0.9 Normalized sin 0 
antenna power Isotropic power 
; 0.8 E pattern pattern 
Main Sane Area A Area A 
lobe 0.7 F Directivity, D = Ea 
. HPBW _ ie rea a 
2 0.6 2 
fo} 
a 
oo 
Ss 
g 0.4 
0.3 P„(0) sin @ pattern 
0.2 
Minor 
n U, lobes 0 L 7 
Cy o f 30° f 60° t 90° $ 120° 150° * 180° 
Main lobe First minor Second minor 0 Third minor Fourth minor lobe 
(a) lobe lobe (b) lobe (back lobe) 


Figure 5-8 Power patterns of beam antenna in polar plot at (a) and in rectangular plot 
at (b). The large shaded area A of (b) is for an isotropic source while the antenna area a 
appears as a series of small areas. The directivity D =A /a 


lobes, which is a common situation with actual antennas. For this antenna pattern the beam efficiency is 
given by 
0.25 


If the second minor lobe were eliminated, the directivity would increase to 14.5 dBi (up 1.9 dB ) and if 
both first and second minor lobes were eliminated, the directivity would increase to 17.1 dBi (up 4.5 dB). 


The directivity obtained in Example 5—6.6 is approximate. By sufficiently reducing the step size (5° in 
the example), the summation can be made as precise as the available data will allow. Computation of this 
numerical integration can be facilitated by using a computer. 

The half-power beamwidth of the pattern in the example is about 22°. Taking kp = 1 and ey as in (19), 
the approximate directivity is then 


_ 41,000ey 41,000 x 0.2 
~ kp x HPBW2 (22°)? 


which is 0.3 dB less than obtained by the 36-step summation. 

The beam area of an isotropic source equals 47 steradians. In Fig. 5—8b this corresponds to the area A 
under the sin @ curve. The beam area of the source in Example 5—6.6 corresponds to the area a under the 
P, (6) sin@ curve. Thus, the directivity is simply A/a or the ratio of the area of the isotropic source to the 
area of the source being measured. Hence, 


4r A 


D eae (21) 


= 16.9 or 12.3 dBi (20) 
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If the areas A and a are cut from a lead sheet of uniform thickness, the directivity equals the ratio of the 
weight of A to the weight of a. 


5-7 Field Patterns 


The discussion in the preceding sections is based on considerations of power. This has afforded a simplicity 
of analysis, since the power flow from a point source has only a radial component which can be considered 
as a scalar quantity. To describe the field of a point source more completely, we need to consider the electric 
field E and/or the magnetic field H (both vectors). For point sources we deal entirely with far fields so E and 
H are both entirely transverse to the wave direction, are perpendicular to each other, are in-phase, and are 
related in magnitude by the intrinsic impedance of the medium (E/H = Z = 377 2 for free space). For our 
purposes it suffices to consider only one field vector, and we arbitrarily choose the electric field E. 

Since the Poynting vector around a point source is everywhere radial, it follows that the electric field 
is entirely transverse, having only Eg and Eg components. The relation of the radial component S, of the 
Poynting vector and the electric field components is illustrated by the spherical coordinate diagram of Fig. 5—9. 
The conditions characterizing the far field are then: 


1. Poynting vector radial (S, component only) 
2. Electric field transverse (Eg and Eg components only) 


The Poynting vector and the electric field at a point of the far field are related in the same manner as they are 
in a plane wave, since, if r is sufficiently large, a small section of the spherical wave front may be considered 
as a plane. 

The relation between the average Poynting vector and the electric field at a point of the far field is 


re: 1 E? 
22 
where Zo = intrinsic impedance of medium and 


E= E+E% (2) 
where z 


E = amplitude of total electric field intensity Polar 
Eg = amplitude of 6 component 
Eg = amplitude of œ component 


The field may be elliptically, linearly or circularly 
polarized. 
If the field components are rms values, rather than 
amplitudes, the Poynting vector is twice that given in (1). 
A pattern showing the variation of the electric field 
intensity ata constant radius r as a function of angle (6, ¢) 


is called a field pattern. In presenting information con- Equatorial 

cerning the far field of an antenna, it is customary to give K plane 

the field patterns for the two components, E and Ey, 

of the electric field since the total electric field E can be Figure 5-9 Relation of the Poynting 
obtained from the components by (2), but the components vector S and the two electric field 


cannot be obtained from a knowledge of only E. components of the far field. 
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When the field intensity is expressed in volts per meter, it is an absolute field pattern.t On the other hand, 
if the field intensity is expressed in units relative to its value in some reference direction, itis a relative field 
pattern. The reference direction is usually taken in the direction of maximum field intensity. The relative 
pattern of the Eg component is then given by 

Eo 
Eom 
and the relative pattern of the E component is given by 
Eg 
Egm 
where 


(3) 


(4) 


Eom = Maximum value of Eg 

Egm = Maximum value of Ey 
The magnitudes of both the electric field components, E, and Ey, of the far field vary inversely as the distance 
from the source. However, they may be different functions, Fı and Fz, of the angular coordinates, © and ¢. 
Thus, in general, 


1 
Eo = 7710, $) (5) 
1 
Eg = Fa, $) (6) 
Since Spm = E? /2Z, where Em is the maximum value of Æ, it follows on dividing this into (1) that the 
relative total power pattern is equal to the square of the relative total field pattern. Thus, 
2 
r E 
P=% -=-= (7 
Srm Um Em 


EXAMPLE 5-7.1 Source with Cosine Field Pattern 


An antenna’s far field has only an Ey component in 1 Half-power l 
Field points Power 


the equatorial plane, the Eg component being zero pattern pattern 
in this plane. The relative equatorial-plane pattern of “| 


the Ey component (that is, Eg as a function of ¢ for wy 
0 = 90°) is given by 


¥ y 
E¢ 
Egm 

This pattern is illustrated at the left of Fig. 5—10. The 

length of the radius vector in the diagram is propor- x Pi x A 

tional to Ey.A pattern of this form could be produced =O 

by a short dipole coincident with the y axis. Find D. (@) (b 

The relative (normalized) power pattern in the 
equatorial plane is equal to the square of the relative 
field pattern. Thus 


= COS ġ (8) 


Figure 5-10 (a) Relative E% pattern of 
Example 5—7.1 and (b) the relative power 
pattern. 


1The magnitude depends on the radius, varying inversely as the distance (E « 1/r). 
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S, U Eg i 
n=- = (F) 9) 
Srm Um Egm 


and substituting (8) into (9) we have 
P, = cos? ġ 
This pattern is illustrated at the right of Fig. 5—10. 


EXAMPLE 5-7.2 Source with Sine Field Pattern 

A n antenna has a far field that has only an Eg componentin the equatorial plane, the E component being 
zero in this plane. Assume that the relative equatorial-plane pattern of the Eg component (that is, Ea as 
a function of ¢ for @ = 90°) for this antenna is given by 


(10) 


This pattern is illustrated by Fig. 5—11a and could be produced by a small loop antenna, the axis of the 
loop coincident with the x axis. Find D. 


o=0 
(b) 


Figure 5-11 (a) Relative E, pattern of Example 5—7.2 and (b) the relative power pattern. 


The relative (normalized) power pattern in the equatorial plane is 


P, = sin? ġ (11) 


This pattern is shown by Fig. 5—11. 


EXAMPLE 5-7.3 Short Dipole and Loop Patterns 

An antenna’s far field has both Eo and Ey components in the equatorial plane (@ = 90°). Suppose that 
this antenna is a composite of the two antennas we have just considered in Examples 5—7.1 and 5—7.2 and 
that equal power is radiated by each antenna. If both patterns are of identical shape in three dimensions 
as well as in the xy plane, as from a short dipole and a small loop, it then follows that at a radius r from 
the composite antenna, Eom = Egm. The individual patterns for the Eo and Eg components as given by 
(10) and (8) may then be shown to the same scale by one diagram, as in Fig. 5—12a. The relative pattern 
of the total field E is 


É = Jin’ o +008 =1 (12) 


Em 
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which is a circle as indicated by the dashed line in Fig. 5—12a. Find D. 


x 
$=0 
(b) 


Figure 5-12 (a) Relative patterns of Ex and Ey components of the electric field and the 
total field E (dashed) of the antenna of Example 5-7.3. (b) Relative total power pattern. 


The relative pattern in the equatorial plane for the total power is therefore a circle of radius unity as 
illustrated by Fig. 5—12b. 

We note in Fig. 5—12a that at @ = 45° the magnitudes of the two field components, Eg and Eg, 
are equal. Depending on the time phase between Eg, and Eg, the field in this direction could be plane, 
elliptically or circularly polarized, but regardless of phase the power is the same. To determine the type 
of polarization requires that the phase angle between E, and Ey be known. This is discussed in the next 
section. 


5-8 Phase Patterns 


Assuming that the field varies harmonically with time and that the frequency is known, the far field in all 
directions from a source may be completely specified by a knowledge of the following four quantities: 


1. Amplitude of the polar component Eo of the electric field as a function of r, 6, and o 

2. Amplitude of the azimuthal component Ey of the electric field as a function of r, 6, and @ 

3. Phase lag ô of Ey behind Ee as a function of 6 and ¢ 

4. Phase lag n of either field component behind its value at a reference point as a function of r, 6, and @ 


Since we regard the field of a point source as a far field everywhere, the above four quantities can be 
considered as those required for a complete knowledge of the field of a point source. 

If the amplitudes of the field components are known at a particular radius from a point source in free space, 
their amplitudes at all distances are known from the inverse-distance law. Thus, it is usually sufficient to 
specify Eg and Ey as a function only of @ and ¢ as, for example, by a set of field patterns. 

Figure 5—13 shows the pattern of Fig. 2—3 in three-dimensional, polar and decibel displays. N ote that 
the polarity of the lobes alternate (+ and —). Thus, when the magnitude of the field of one lobe (+) and the 
adjacent lobe (—) are equal, the total field goes to zero, producing a null. 
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Figure 5-13 Three-dimensional field pattern at (a), polar pattern at (b), and decibel pattern 
at (c) showing alternate phasing (+ and —) of pattern lobes. 


EXAMPLE 5-8.1 Field of Dipole and Loop in Phase Quadrature 
A short dipole is situated inside a small loop as in Fig. 5—14. The magnitude of the fields of both dipole 


and loop are equal. If the dipole and loop are fed in quadrature or 90° phasing, what are the fields that 
are observed as a function of azimuth in the plane of the page? 


Horizontal 


NW NE 
LCP O Es O RCP 


Vertical @ 3 Z @ Vertical 


RCP C) O LCP 
SW S 


E 
Horizontal 


Figure 5-14 Fields of short dipole and small loop of equal magnitude and in phase 
quadrature (90°). 
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E Solution 

The fields north and south are horizontally polarized (in the plane of the page). The fields east and west 
are vertically polarized. At 45° or NE the field is right circularly polarized (RCP). At 135° or SE the 
field is left circularly polarized (LCP).At225° or SW the field is again right circularly polarized. Finally, 
at 315° or NW the field is again left circularly polarized. At intermediate angles the field is elliptically 
polarized. 


5-9 Arrays of Two Isotropic Point Sources 


Let us introduce the subject of arrays of point sources by considering the simplest situation, namely, that of 
two isotropic point sources. As illustrations, five cases involving two isotropic point sources are discussed. 


Case 1. Two Isotropic Point Sources of Same Amplitude and Phase 


The first case we shall analyze is that of two isotropic point sources having equal amplitudes and oscillating in 
the same phase. Let thetwo point sources, 1 and 2, be separated by a distanced and located symmetrically with 
respect to the origin of the coordinates as shown in Fig. 5—15a. The angle o is measured counterclockwise 


90° 
y 
60° 
To distant 
point 
Epet"/?) (from source 2) 30° 
wy, NYE. 
Ege“ HW?) (from source 1) 
(a) (b) (c) 


Figure 5-15 (a) Relation to coordinate system of two isotropic point sources separated by a 
distance d. (b) Vector addition of the fields from two isotropic point sources of equal amplitude 
and same phase located as in (a). (c) Field pattern of two isotropic point sources of equal 
amplitude and same phase located as in (a) for the case where the separation d = 4/2. 


from the positive x axis. The origin of the coordinates is taken as the reference for phase. Then at a distant 
point in the direction œ the field from source 1 is retarded by id, cos@, while the field from source 2 is 
advanced by ld, cos ġ, where d, is the distance between the sources expressed in radians; that is, 

2nd 


d, = —— = pa 
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The total field at a large distance r in the direction œ is then 
E = Ege J¥/? 4 Egeti¥? (1) 
where y = d, cos@ and the amplitude of the field components at the distance r is given by Eo. 


The first term in (1) is the component of the field due to source 1 and the second term the component due 
to source 2. Equation (1) may be rewritten 


etivl2 4 e- ivi 


E= e ——. —— (2) 
which by a trigonometric identity is 
E = 2E 9 cos - = 2E COS ($ cos 6) (3) 


This result may also be obtained with the aid of the vector diagram? shown in Fig. 5—15b, from which (3) 
follows directly. We note in Fig. 5—15b that the phase of the total field £ does not change as a function of y. 
To normalize (3), that is, make its maximum value unity, set 2E9 = 1. Suppose further that d is 4/2. Then 
d, = x. Introducing these conditions into (3) gives 


E= cos ( 5 cosg) (4) 


The field pattern of E versus # as expressed by (4) is presented in Fig. 5—15c. The pattern is a bidirectional 
figure-of-eight with maxima along the y axis. The space pattern is doughnut-shaped, being a figure-of- 
revolution of this pattern around the x axis. 

The same pattern can also be obtained by locating source 1 at the origin of the coordinates and source 2 
at a distance d along the positive x axis as indicated in Fig. 5—16a. Taking now the field from source 1 as 
reference, the field from source 2 in the direction @ is advanced by d, cos @. Thus, the total field £ at a large 
distance r is the vector sum of the fields from the two sources as given by 


E = Eg + Eget!” (5) 


where y = d, coS@. 
The relation of these fields is indicated by the vector diagram of Fig. 5—16b. From the vector diagram the 
magnitude of the total field is 


d, 
E =2E9 cos $ = 2 Eo COS ose 


as obtained before in (3). The phase of the total field Æ is, however, not constant in this case but is y/2, as 
also shown by rewriting (5) as 


. . jy/2 —jy/2 
E = Eol +e!) = zroet (ET) = 2Epe!¥/? cos $ (7) 


(6) 


Normalizing by setting 2Eọ = 1, (7) becomes 


E=el¥i2 cos Ý = cos S Ary/2 (8) 


lt is to be noted that the quantities represented here by vectors are not true space vectors but merely vector representations of the time 
phase (i.e., phasors). 
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E et! (from source 2) 


eo” a 
awd ge e 


1 d |2 Eo (from source 1) 
(a) (b) 
t 90° mu S ra - 
NS rai Rotation around source 1 Pa 
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wl2 0° sf 3 
DS 7 
S 7 
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0° 90° 180° 270° 360° 
Q 
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Figure 5-16 (a) Two isotropic point sources with the origin of the coordinate system 
coincident with one of the sources. (b) Vector addition of the fields from two isotropic point 
sources of equal amplitude and same phase located as in (a). (c) Phase of total field as a 
function of @ for two isotropic point sources of same amplitude and phase spaced à/2 apart. 
The phase change is zero when referred to the center point of the array butis y/2 as shown by 
the dashed curve when referred to source 1. 


In (8) the cosine factor gives the amplitude variation of £, and the exponential or angle factor gives the phase 
variation with respect to source 1 as the reference. The phase variation for the case of 4/2 spacing (d, = x) is 
shown by the dashed line in Fig. 5—16c. Here the phase angle with respect to the phase of source 1 is given by 
w/2 = (2/2) cos. The magnitude variation for this case has already been presented in Fig. 5—15c. When 
the phase is referred to the point midway between the sources (Fig. 5—15a), there is no phase change around 
the array as shown by the solid line in Fig. 5—16c. Thus, an observer at a fixed distance observes no phase 
change when the array is rotated (with respect to @) around its midpoint, but a phase change (dashed curve of 
Fig. 5—16c) is observed if the array is rotated with source 1 as the center of rotation. 


Case 2. Two Isotropic Point Sources of Same Amplitude but Opposite Phase 


This case is identical with the one we have just considered except that the two sources are in opposite phase 
instead of in the same phase. Let the sources be located as in Fig. 5—15a. Then the total field in the direction 
@ ata large distance r is given by 


E = Eget”? — Eye J¥/? (9) 
from which 


E =2jE9sin $ = 2/E9sin ( $ coso) (10) 
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whereas in Case 1 (3) involves the cosine of y/2, (10) for Case 2 involves the sine. Equation (10) also includes 
an operator j, indicating that the phase reversal of one of the sources in Case 2 results in a 90° phase shift of 
the total field as compared with the total field for Case 1. This is unimportant here. Thus, putting 2j Eo = 1 
and considering the special case of d = 2/2, (10) becomes 


E = sin (Z cosg) (11) 


The directions øm of maximum field are obtained by setting the argument of (11) equal to +(2k + 1)x/2. 
Thus, 
T 
2 
where k = 0, 1,2,3.... For k = 0, COS m = +1 and m = 0° and 180°. 
The null directions @o are given by 


COS Om = (2k + DS (11a) 


5 605 go = kr (11b) 


Fork = 0, po = +90°. 
The half-power directions are given by 
Scos = (2k +) > (11c) 
Fork =0,¢ = 460°, +120°. 

The field pattern given by (11) is shown in Fig. 5—17. The pattern is a relatively broad figure-of-eight 
with the maximum field in the same direction as the line joining the sources (x axis). The space pattern is a 
figure-of-revolution of this pattern around the x axis. The two sources, in this case, may be described as a 
simple type of “end-fire” array. In contrast to this pattern, the in-phase point sources produce a pattern with 
the maximum field normal to the line joining the sources, as shown in Fig. 5—15c. The two sources for this 
case may be described as a simple “broadside” type of array. 


90° 


i 


\ 


Figure 5-17 Relative field pattern for two isotropic point sources of the same amplitude but 
opposite phase, spaced à/2 apart. 
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Case 3. Two Isotropic Point Sources of the Same Amplitude and In-Phase Quadrature 


Let the two point sources be located as in Fig. 5—15a. Taking the origin of the coordinates as the reference 
for phase, let source 1 be retarded by 45° and source 2 advanced by 45°. 
Then the total field in the direction ¢ at a large distance r is given by 


r . d, 
E= mep +i(* To + FZ) +e] i( 7 +5) (12) 


From (12) we obtain 


E =2E9 cos (7 + Teose) (13) 
4 2 
Letting 2Eo = 1 and d = 4/2, (13) becomes 
TT TT 
e=os(7 +3 cos) (14) 


The field pattern given by (14) is presented in Fig. 5—18. The space pattern is a figure-of-revolution of this 
pattern around the x axis. M ost of the radiation is in the second and third quadrants. It is interesting to note 
that the field in the direction œ = 0° is the same as in the direction @ = 180°. The directions ¢,, of maximum 
field are obtained by setting the argument of (14) equal to kx, where k = 0, 1,2,3... . In this way we obtain 


T IU 

T > m = 1 

7 + 5 coso kr (15) 
Fork =0, 

T IU 

fas m = T7 16 

z CSQ J (16) 


Figure 5-18 Relative field pattern of two isotropic point sources of the same amplitude and 
in phase quadrature for a spacing of à/2. The source to the right leads that to the left by 90°. 
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and 
m = 120° and 240° (17) 


If the spacing between the sources is reduced to 1/4, (13) becomes 
IT IT 
E = cos(F + 5 cos4) (18) 


The field pattern for this case is illustrated by Fig. 5—19a. Itis a cardioid-shaped, unidirectional pattern with 
maximum field in the negative x direction. The space pattern is a figure-of-revolution of this pattern around 
the x axis. 

A simple method of determining the direction of maximum field is illustrated by Fig. 5—19b. A s indicated 
by the vectors, the phase of source 2 is 0° (vector to right) and the phase of source 1 is 270° (vector down). 
Thus, source 2 leads source 1 by 90°. 

To find the field radiated to the left, imagine that we start at source 2 (phase 0°) and travel to the left, riding 
with the wave (phase 0°) like a surfer rides a breaker. The phase of the wave we are riding is 0° and does not 
change but by the time we have traveled 1/4 and arrived at source 1, a }-period has elapsed so the current 
in source 1 will have advanced 90° (vector rotated ccw) from 270° to 0°, making its phase the same as that 
of the wave we are riding, as in the middle diagram of Fig. 5—19b. Thus, the field of the wave from source 
2 reinforces that of the field of source 1, and the two fields travel to the left together in phase producing a 
maximum field to the left which is twice the field of either source alone. 

Now imagine that we start at source 1 with phase 270° (vector down) and travel to the right. By the time 
we arrive at source 2 the phase of its field has advanced from 0 to 90° so itis in phase opposition and cancels 
the field of the wave we are riding, as in the bottom diagram in Fig. 5—19b, resulting in zero radiation to the 
right. 


Case 4. General Case of Two Isotropic Point Sources of Equal Amplitude and Any Phase Difference 


Proceeding now to a more general situation, let us consider the case of two isotropic point sources of equal 
amplitude but of any phase difference 5. The total phase difference y between the fields from source 2 and 
source 1 at a distant point in the direction @ (see Fig. 5—16a) is then 


Y =d,cosp+6 (19) 


Taking source 1 as the reference for phase, the positive sign in (19) indicates that source 2 is advanced in 
phase by the angle ô. A minus sign would be used to indicate a phase retardation. If, instead of referring the 
phase to source 1, it is referred to the centerpoint of the array, the phase of the field from source 1 at a distant 
point is given by —y/2 and that from source 2 by +y/2. The total field is then 


E = Eg(el¥/* + e J¥/*) =2E cos $ (20) 


Normalizing (20), we have the general expression for the field pattern of two isotropic sources of equal 
amplitude and arbitrary phase, 


ene 
E= cos > (21) 


where w is given by (19). The three cases we have discussed are obviously special cases of (21). Thus, Cases 
1, 2, and 3 are obtained from (21) when 5 = 0°, 180°, and 90° respectively. 
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90° 
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150° 
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} —> field is zero (a null) 


Figure 5-19 (a) Relative field pattern of two isotropic sources of same amplitude and 
in-phase quadrature for a spacing of à/4. Source 2 leads source 1 by 90°. (b) Vector diagrams 
illustrating field reinforcement in the —x direction and field cancellation in the +x direction. 


Case 5. Most General Case of Two Isotropic Point Sources of Unequal Amplitude and Any Phase 
Difference 

A still more general situation, involving two isotropic point sources, exists when the amplitudes are unequal 
and the phase difference is arbitrary. L et the sources be situated as in Fig. 5—20a with source 1 at the origin. 
Assume that the source 1 has the larger amplitude and that its field ata large distance r has an amplitude of Eo. 
Let the field from source 2 be of amplitude a Eo (0 < a < 1) at the distance r. Then, referring to Fig. 5—20b, 
the magnitude and phase angle of the total field E is given by 


E= Eola + acos wy? +a? sin? y [la sinw/(1+ acosw)] (22) 


where y = d, coS¢@ + ô and the phase angle (< ) is referred to source 1. This is the phase angle € shown 
in Fig. 5—20b. 
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Figure 5-20 (a) Two isotropic point sources of unequal amplitude and arbitrary phase with 
respect to the coordinate system. (b) Vector addition of fields from unequal sources arranged as 
in (a). The amplitude of source 2 is assumed to be smaller than that of source 1 by the factor a. 


5-10 Nonisotropic but Similar Point Sources and the Principle of Pattern 
Multiplication 


The cases considered in the preceding section all involveisotropic point sources. These can readily be extended 
to a more general situation in which the sources are nonisotropic but similar. 

The word similar is here used to indicate that the variation with absolute angle @ of both the amplitude 
and phase of the field is the same.? The maximum amplitudes of the individual sources may be unequal. If, 
however, they are also equal, the sources are not only similar but are identical. 

As an example, let us reconsider Case 4 of Sec. 5—9 
in which the sources are identical, with the modification 
that both sources 1 and 2 have field patterns given by 


Short 
Eo = Eh sing (1) dipoles 
Patterns of this type might be produced by short 
dipoles oriented parallel to the x axis as suggested by 
Fig. 5—21. Substituting (1) in (5—9—20) and normalizing 
by setting 2E, = 1 gives the field pattern of the array as 


E =singcos Ý (2) 


Figure 5-21 Two nonisotropic sources 
with respect to the coordinate system. 


where y = d, coso + ô 

This result is the same as obtained by multiplying the pattern of the individual source (sin ¢) by the pattern 
of two isotropic point sources (cos w/2). 

If the similar but unequal point sources of Case 5 (Sec. 5—9) have patterns as given by (1), the total 
normalized pattern is 


E = siny (1 + a cos y)? + a? sin? y (3) 


Here again, the result is the same as that obtained by multiplying the pattern of the individual source by the 
pattern of an array of isotropic point sources. 


1The patterns not only must be of the same shape but also must be oriented in the same direction to be called “similar.” 
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These are examples illustrating the principle of pattern multiplication, which may be expressed as follows: 


The field pattern of an array of nonisotropic but similar point sources is the product of the pattern of 
the individual source and the pattern of an array of isotropic point sources having the same locations, 


relative amplitudes, and phase as the nonisotropic point sources. 


This principle may be applied to arrays of any number of sources provided only that they are similar. The 
individual nonisotropic source or antenna may be of finite size but can be considered as a point source situated 
at the point in the antenna to which phase is referred. This point is said to be the “phase center.” 

The above discussion of pattern multiplication has been concerned only with the field pattern or magnitude 
of the field. If the field of the nonisotropic source and the array of isotropic sources vary in phase with space 
angle, i.e., havea phase pattern which is not a constant, the statement of the principle of pattern multiplication 
may be extended to include this more general case as follows: 


The total field pattern of an array of nonisotropic but similar sources is the product of the individual source pattern 
and the pattern of an array of isotropic point sources each located at the phase center of the individual source and 
having the same relative amplitude and phase, while the total phase pattern is the sum of the phase patterns of the 
individual source and the array of isotropic point sources. 


The total phase pattern is referred to the phase center of the array. In symbols, the total field Æ is then 
E = f (0, p)F@, p) /fp0, p) + Fo@, 9) (4) 


Field pattern Phase pattern 


where 
f (0, 6) = field pattern of individual source 
fp(0, $) = phase pattern of individual source 
F (0, ¢) = field pattern of array of isotropic sources 
F,,(6, $) = phase pattern of array of isotropic sources 
The patterns are expressed in (4) as a function of both polar angles to indicate that the principle of pattern 


multiplication applies to space patterns as well as to the two-dimensional cases we have been considering. 
To illustrate the principle, let us apply to it two special modifications of Case 1 (Sec. 5—9). 


EXAMPLE 5-10.1 Assumetwo identical point sources separated by a distance d, each source having 
the field pattern given by (1) as might be obtained by two short dipoles arranged as in Fig. 5—21. Let 
d = 4/2 and the phase angle ô = 0. Then the total field pattern is 


E =sin@cos G cos¢) (5) 


This pattern is illustrated by Fig. 5—22c as the product of the individual source pattern (sin œ) shown 
at (a) and the array pattern {cos[(2/2) cos 1} as shown at (b). The pattern is sharper than it was in Case 
1 (Sec. 5—9) for the isotropic sources. In this instance, the maximum field of the individual source is 
in the direction @ = 90°, which coincides with the direction of the maximum field for the array of two 
isotropic sources. 
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(a) (b) (c) 
Figure 5-22 Example of pattern multiplication. Two nonisotropic but identical point 
sources of the same amplitude and phase, spaced 4/2 apart and arranged as in Fig. 5—21, 
produce the pattern shown at (c). The individual source has the pattern shown at (a), which, 
when multiplied by the pattern of an array of two isotropic point sources (of the same 
amplitude and phase) as shown at (b), yields the total array pattern of (c). 


EXAMPLE 5-10.2 Letus consider next the situation 


in which d = 4/2 and ô = 0 as in Example 5—10.1 2 
but with individual source patterns given by Short 
Eo = Ej coso (6) dipoles 
This type of pattern might be produced by short j 2 $ 
dipoles oriented parallel to the y axis asin Fig. 5—23. x 
Here the maximum field of the individual source is À 
in the direction (@ = 0) of a null from the array, H ad 


while the individual source has a null in the direc- 
tion (6=90°) of the pattern maximum of the array. Figure 5-23 Array of two nonisotropic 
By the principle of pattern multiplication the total sources with respect to the coordinate system. 


normalized field is 
x : = 
(a) (b) (c) 


Figure 5-24 Example of pattern multiplication. Total array pattern (c) as the product of 
pattern (a) of individual nonisotropic source and pattern (b) of array of two isotropic sources. 
The pattern (b) for the array of two isotropic sources is identical with that of Fig. 5—22b, but 
the individual source pattern (a) is rotated through 90° with respect to the one in Fig. 5—22a. 
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E = cosg cos ( Z cosg) (7) 


The total array pattern in the xy plane as given by (7) is illustrated in Fig. 5—24c as the product of the 
individual source pattern (cos ¢) shown at (a) and the array pattern {cos[(z/2) cos @]} shown at (b). The 
total array pattern in the xy plane has four lobes with nulls at the x and y axes. 


The above examples illustrate two applications of the principle of pattern multiplication to arrays in which 
the source has a simple pattern. However, in the more general case the individual source may represent an 
antenna of any complexity provided that the amplitude and phase of its field can be expressed as a function of 
angle, that is to say, provided that the field pattern and the phase pattern with respect to the phase center are 
known. If only the total field pattern is desired, phase patterns need not be known provided that the individual 
sources are identical. 

If the arrays in the above examples are parts of still larger arrays, the smaller arrays may be regarded as 
nonisotropic point sources in the larger array— another application of the principle of pattern multiplication 
yielding the complete pattern. In this way the principle of pattern multiplication can be applied n times to 
find the patterns of arrays of arrays of arrays. 


5-11 Example of Pattern Synthesis by Pattern Multiplication 


The principle of pattern multiplication, discussed in the preceding section, is of great value in pattern synthesis. 
By pattern synthesis is meant the process of finding the source or array of sources that produces a desired 
pattern. Theoretically an array of isotropic point sources can be found that will produce any arbitrary pattern. 
This process is not always simple and may yield an array that is difficult or impossible to construct. A simpler, 
less elegant approach to the problem of antenna synthesis is by the application of pattern multiplication to 
combinations of practical arrays, the combination which best approximates the desired pattern being arrived 
at by a trial-and-error process. 

To illustrate this application of pattern NN. 
multiplication, let us consider the follow- Uniform maximum 
ing hypothetical problem. A broadcasting NE 
station (in the 500- to 1500-kHz frequency 
band) requires a pattern in the horizontal 
plane fulfilling the conditions indicated in 
Fig. 5—25a. The maximum field intensity, 
with as little variation as possible, is to be 
radiated in the 90° sector between north- 
west and northeast. No nulls in the pattern 
can occur in this sector. However, nulls may 
occur in any direction in the complementary 
270° sector, but, as an additional require- 


(b) 


ment, nulls must be present in the due east Figure 5-25 (a) Requirements for 
and the due southwest directions in order to pattern of broadcast station and (b) 
prevent interference with other stations in idealized pattern fulfilling them. 


these directions. An idealized sector-shaped 
pattern fulfilling those requirements is illustrated in Fig. 5—25b. The antenna producing this pattern is to con- 
sist of an array of four vertical towers. The currents in all towers are to be equal in magnitude, but the phase 
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may be adjusted to any relationship. There is also no restriction on the spacing or geometrical arrangement 
of the towers. 

Since we are interested only in the horizontal plane pattern, each tower may be considered as an isotropic 
point source. The problem then becomes one of finding a space and phase relation of four isotropic point 
sources located in the horizontal plane which fulfills the above requirements. 

The principle of pattern multiplication will be applied to N 
the solution of this problem by seeking the patterns of two 


pairs of isotropic sources which yield the desired pattern o 
when multiplied together. First let us find a pair of isotropic F 
sources whose pattern fulfills the requirements of a broad 
lobe of radiation with maximum north and a null southwest. wW d E 
This will be called the “primary” pattern. EA 
Two isotropic sources phased as an end-fire array can pro- 
duce a pattern with a broader major lobe than when phased 
as a broadside array (for example, compare Figs. 5—15c and S 
5—19). Since a broad lobe to the north is desired, an end-fire Figure 5-26 Arrangement of two 
arrangement of two isotropic sources as shown in Fig. 5—26 isotropic point sources for both primary 
will be tried. and secondary arrays. 


From a consideration of pattern shapes as a function of 
separation and phase, a spacing between 2/4 and 31/8 appears suitable (see Fig. 6—30). (See Brown-1l, 
Terman-1, and Smith-1.) Accordingly, let d = 0.34. Then the field pattern for the array is 


E= cos $ (1) 
where 

y = 0.67 coso + ô (2) 
For there to be a null in the pattern of (1) at @ = 135°, it is necessary that! 

w = (2k + l)r (3) 


where k = 0,1, 2,3,... 
Equating (2) and (3) then gives 


-06r +5 = (2k+1)x (4) 
or 
6 = (2k+)a4+0.4257 (5) 


For k=0, 6 =—104°. The pattern for this case (d = 0.34 and 6 = —104°) is illustrated by Fig. 5—27a. 

Next, let us find the array of two isotropic point sources that will produce a pattern that fulfills the 
requirements of a null at @ = 270° and that also has a broad lobe to the north. This will be called the 
“secondary” pattern. This pattern multiplied by the primary array pattern will then yield the total array 


The azimuth angle ø (Fig. 5—26) is measured counterclockwise (ccw) from the north. This is consistent with the engineering practice 
of measuring positive angles in a counterclockwise sense. However, it should be noted that the geodetic azimuth angle of a point is 
measured in the opposite, or clockwise (cw), sense from the reference direction, which is sometimes taken as south and sometimes as 
north. 
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pattern. If the secondary isotropic sources are also arranged as in Fig. 5—26 and have a phase difference of 
180°, thereis a null at œ = 270°. Let the spacing d = 0.61. Then the secondary pattern is given by (1) where 


y = 1.27 coso + x (6) 


The pattern is illustrated by Fig. 5—27b. By the principle of pattern multiplication, the total array pattern is 
the product of this pattern and the primary array pattern, or 


E = cos(54° cos @ — 52°) cos(108° cos o + 90°) (7) 


This pattern, which is illustrated by Fig. 5—27c, satisfies the pattern requirements. The complete array is 
obtained by replacing each of the isotropic sources of the secondary pattern by the two-source array producing 
the primary pattern. The midpoint of each primary array is its phase center, so this pointis placed atthe location 
of a secondary source. The complete antenna is then a linear array of four isotropic point sources as shown 
in the lower part of Fig. 5—27, where now each source represents a single vertical tower. All towers carry the 
same current. The current of tower 2 leads tower 1 and the current of tower 4 leads tower 3 by 104°, while the 
current in towers 1 and 3 and 2 and 4 are in phase opposition. The relative phase of the current is illustrated 
by the vectors in the lower part of Fig. 5—27c. 

The solution obtained is only one of an infinite number of possible solutions involving four towers. It is, 
however, a satisfactory and practical solution to the problem. 

The phase variation £ around the primary, secondary, and total arrays is shown in Figs. 5—28a, b, and c 
with the phase center at the centerpoint of each array and also at the southernmost source. The arrangement 
of the arrays with their phase centers is illustrated in Fig. 5—28d for both cases. 


=0 $=0 $=0 
A A A 
od = 45° o = 45° od = 315° 
p = 135° 
o = 135° 
Primary pattern Secondary pattern Total array pattern 
d = 0.3A, 6 = —104° d = 0.6A, ô = 180° 
(a) (b) (c) 
oa te 
e ` e<2 
e | e 3 
0.3A 0.6A 
te : 03} Ky 
Primary array Secondary array Total array 


Figure 5-27 Field patterns of primary and secondary arrays of two isotropic sources which 
multiplied together give pattern of total array of four isotropic sources. 


The McGraw-Hill Companies 


5-12 Nonisotropic and Dissimilar Point Sources 113 


5-12 Nonisotropic and Dissimilar Point Sources 


In Sec. 5—10 nonisotropic but similar point sources were discussed, and it was shown that the principle of 
pattern multiplication could be applied. However, if the sources are dissimilar, this principle is no longer 
applicable and the fields of the sources must be added at each angle ø for which the total field is calculated. 
Thus, for two dissimilar sources 1 and 2 situated on the x axis with source 1 at the origin and the sources 
separated by a distance d (Same geometry as Fig. 5—20) the total field is in general 


E=E£\+£) 


Total phase angle, € 


Total phase angle, € 


Eo LF(@) + aF ($) cos y]? + [aF(p) sin y]? 


[fp() + arctan[a Fp) sin y/( f(b) + aF (¢) cos y)] (1) 
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Figure 5-28 Phase patterns of primary, secondary and total arrays having the field patterns 
shown in Fig. 5—27. Phase patterns are given for the phase center at the midpoint of the array 
and at the southernmost source, the arrangement of the arrays and the phase centers being 
shown at (d). The phase angle é is adjusted to zero at ọ = 0 in all cases. 
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Figure 5-28 Continued. 
where the field from source 1 is taken as 
E1 = Eo f ($) / fo (O) (2) 
and from source 2 as 


E2 = a E0 F ($) /Fp ($) + d coso + 4 (3) 


where 


Eo = constant 

a = ratio of maximum amplitude of source 2 to source 1(0 < a < 1) 
y =d, COS +8 — fpo(¢) + Fp(), where 

5 = relative phase of source 2 with respect to source 1 
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f (¢) = relative field pattern of source 1 
fp () = phase pattern of source 1 
F(¢) = relative field pattern of source 2 
F,,(p) = phase pattern of source 2 
In (1) the phase angle (/) is referred to the phase of the field from source 1 in some reference direction 
($ = $0). 
In the special case where the field patterns are identical but 
the phase patterns are not, a = 1, and 


f$) = F) (4) 

from which P 
E = 2Eo f ($) cos = / fp ($) + 4/2 (5) > 

where phase is again referred to source 1 in some reference 

direction ¢o. k—d —| 

As an illustration of nonisotropic, dissimilar point sources, : 

let us consider an example in which the field from source 1 is Figure 5-29 Relation of two 

given by nonisotropic dissimilar sources to 
E1 = coso/0 (6) coordinate system. 

and from source 2 by 

Er = Sin o/y (7) 

where y = d, coso + ô 

The relation of the two sources to the coordinate system 

and the individual field patterns is shown in Fig. 5—29. 

Source 1 is located at the origin. The total field Æ is then A 

the vector sum of £1 and £2, or - : 
E=cosp+sing/p (8) di i 

Let us consider the case for 1/4 spacing (d = A/4) and 

phase quadrature of the sources (6 = 2/2). Then 
v= 5 (cose +1) (9) 

The calculation for this caseis easily carried out by graphi- 270° 


cal vector addition. The resulting field pattern for the total 
field Æ of the array is presented in Fig. 5—30, and the 
resulting phase pattern for the angleé is given in Fig. 5-31. 
The angle & is the phase angle between the total field and 
the field of source 1 in the direction @ = 0. 


Figure 5-30 Field pattern of array of 
two nonisotropic dissimilar sources of 
Fig. 5—29 ford = 4/4 and 6 = 90°. 


5-13 Linear Arrays of n Isotropic Point Sources of Equal Amplitude and 
Spacing 
Introduction 


Let us now proceed to the case of n isotropic point sources of equal amplitude and spacing arranged as a linear 
array, as indicated in Fig. 5—32, where n is any positive integer. The total field £ at a large distance in the 
direction œ is given by 

E=ltel¥ pei?” pet 4.2.4 eiD (1) 
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Figure 5-31 Phase pattern of array having field pattern of Fig. 5—30. The phase angle £ is 


with respect to source 1 as phase center. 


where y is the total phase difference of the fields from adjacent sources as given by 


2nd 
v= =~ coso +ô = d, coso + ô (2) 


where 6 is the phase difference of adjacent sources, i.e., % = 
ee 


source 2 with respect to 1, 3 with respect to 2, etc. 
(Schelkunoff-1, Stratton-1). 

The amplitudes of the fields from the sources are all 
equal and taken as unity. Source 1 (Fig. 5—32) is the 
phase reference. Thus, at a distant point in the direction 
¢ the field from source 2 is advanced in phase with respect 
to source 1 by w, the field from source 3 is advanced in 
phase with respect to source 1 by 2y, etc. 

Equation (1) is a geometric series. Each term repre- 
sents a phasor, and the amplitude of the total field £ and 
its phase angle € can be obtained by phasor (vector) addi- 
tion asin Fig. 5—33. Analytically, Æ can be expressed in 
a simple trigonometric form which we now develop as 
follows: 


A 


To distant point 


Figure 5-32 Arrangement of linear 
array of n isotropic point sources. 


(b) 


Figure 5-33 (a) Vector addition of fields at a large distance from the linear array of five 
isotropic point sources of equal amplitude with source 1 as the phase center (reference for 
phase). (b) Same, but with midpoint of array (Source 3) as phase center. 
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Multiply (1) by e/”, giving 


Eel¥ = eit + elt + eb fee. eit (3) 
Now subtract (3) from (1) and divide by 1 — e/”, yielding 
1—ej"¥ 
P= Tie A 


Equation (4) may be rewritten as 
einy/2 ee — a] 


~ iyn | eiv — e ivn 
from which 
_ pit sin(ny/2) _ sin(ny/2) 
O Sin Siny?) & b) 
where é is referred to the field from source 1. The value of & is given by 
n—-1 
£= 5 Vv (7) 
If the phase is referred to the centerpoint of the array, (6) becomes 
_ sin(ny/2) (8) 
~ sin(w/2) 


In this case the phase pattern is a step function as given by the sign of (8). The phase of the field is constant 
wherever £ has a value but changes sign when E goes through zero. 

When y = 0, (6) or (8) is indeterminate so that for this case E must be obtained as the limit of (8) as y 
approaches zero. Thus, for y = 0 we have the relation that 


E=n (8a) 


This is the maximum value that £ can attain. Hence, the normalized value of the total field for Emax = n is 
E 1 sin(ny/2) 
~ n sin(y/2) 

The field as given by (9) will be referred to as the “array factor.” Values of the array factor as obtained from (9) 
for various numbers of sources are presented in Fig. 5—34. If y is known as a function of @, then the field 
pattern can be obtained directly from Fig. 5—34. 

We may conclude from the above discussion that the field from the array will be a maximum in any direction 
@ for which y = 0. Stated in another way, the fields from the sources all arrive at a distant point in the same 
phase when y = 0. In special cases, y may not be zero for any value of ¢, and in this case the field is usually 
a maximum at the minimum value of y. 

To illustrate some of the properties of linear arrays (9) will now be applied to several special cases. See 
programs on the book’s web site involving these different cases. See also discussion in A ppendix C. 


(9) 


Case 1. Broadside Array (Sources in Phase) 
The first case is a linear array of n isotropic sources of the same amplitude and phase. Therefore, 5 = 0 and 
wv =d,Cos¢ (10) 
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Figure 5-34 Universal field-pattern chart for arrays of various numbers n of isotropic point 
sources of equal amplitude and spacing. 


To make y = 0 requiresthat @ = (2k+1)(x/2), wherek = 0, 1, 2, 3, ....Thefield is, therefore, a maximum 
when 
T 37 


¢==> and (10a) 


That is, the maximum field ale a direction normal to the array. Hence, this condition, which is characterized 
by in-phase sources (5 = 0), results in a “broadside” type of array. 

Asan example, the pattern of a broadside array of four in-phase isotropic point sources of equal amplitude 
is shown in Fig. 5—35a. The spacing between sources is à/2.1 The field pattern in rectangular coordinates 
and the phase patterns for this array are presented in Fig. 5—35a. 


Case 2. Ordinary End-Fire Array 


L et us now find the phase angle between adjacent sources that is required to make the field a maximum in the 
direction of the array (@ = 0). An array of this type may be called an “end-fire” array. For this we substitute 
the conditions y = 0 and @ = 0 into (2), from which 

ô = —d, (11) 
Hence, for an end-fire array, the phase between sources is retarded progressively by the same amount as the 
spacing between sources in radians. Thus, if the spacing is 4/4, source 2 in Fig. 5—32 should lag source 1 by 
90°, source 3 should lag source 2 by 90°, etc. 

A san example, the field pattern of an end-fire array of fourisotropic point sources is presented in Fig. 5—36a. 
The spacing between sources is 4/2 and 6 = —zr. The field pattern in rectangular coordinates and the phase 
patterns are shown in Fig. 5—36b. The same shape of field pattern is obtained in this case if 6 = +z since, 
with d = 4/2, the pattern is bidirectional. However, if the spacing is less than 2/2, the maximum radiation 
is in the direction ø = 0 when 6 = —d, and in the direction @ = 180° when 6 = +d,. 


lif the spacing between elements exceeds A, sidelobes appear which are equal in amplitude to the main (center) lobe. These are called 
grating lobes (see Sec. 19—6) 
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Figure 5-35 (a) Field pattern of broadside array of four isotropic point sources of the same 
amplitude and phase. The spacing between sources is 4/2. (b) Field pattern in rectangular 
coordinates and phase patterns of same array with phase center at midpoint and at source 1. 
The reference direction for phase is atọ = 90°. 
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Figure 5-36 (a) Field pattern of ordinary end-fire array of four isotropic point sources of 
same amplitude. Spacing is à/2 and the phase angle 6 = —x. (b) Field pattern in rectangular 
coordinates and phase patterns of same array with phase center at midpoint and at source 1. 
The reference direction for phase is atọ =0. 


Case 3. End-Fire Array with Increased Directivity 


The situation discussed in Case 2, namely, for 5 = —d,, produces a maximum field in the direction ¢ = 0 
but does not give the maximum directivity. It has been shown by Hansen (1) and Woodyard that a larger 
directivity is obtained by increasing the phase change between sources so that 


5 =-(4+ z) (12) 
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This condition will be referred to as the condition for “increased directivity.” Thus for the phase difference 
of the fields at a large distance we have 


y = d,(cos — 1) - = (13) 


Asan example, the field pattern of an end-fire array of four isotropic point sources for this case is illustrated 
in Fig. 5—37. 
The spacing between sources is A/2, and 
therefore ô= -— (57/4). Hence, the conditions 
are the same as for the array with the pattern 
of Fig. 5—36, except that the phase difference 
between sources is increased by 2/4. Compar- 
ing the field patterns of Figs. 5—36a and 5—37, 
itis apparent that the additional phase difference 
yields a considerably sharper main lobe in the 180° 
direction @ = 0. However, the back lobes in this 
case are excessively large because the large value 
of spacing results in too great a range in y. 
To realize the directivity increase afforded by 
the additional phase difference requires that |w | 


0° 


be restricted in its range to a value of m/n at Hd=Hd>d> 
= 0andavaluein thevicinity of z at = 180°. $ > : i 
This can be fulfilled if the spacing is reduced. For y 


example, the field pattern of an end-fire array of 
10 isotropic point sources of equal amplitude and 
spaced à/4 apart is presented in Fig. 5—38a for 
the phase condition giving increased directivity 
(5 = —0.6zr). In contrast to this pattern, one is 
presented in Fig. 5—38b for theidentical antenna 
with the phasing of an ordinary end-fire array (5 = —0.5zr). Both patterns are plotted to the same maximum. 
Theincreased directivity is apparent from the greater sharpness of the pattern. Integrating the pattern, including 
the minor lobes, the directivity is found to be about 19 and of the ordinary endfire about 11. The beamwidths 
and directivities for the two cases are compared in Table 5—2. 


Figure 5-37 Field pattern of end-fire array of 
four isotropic point sources of equal amplitude 
spaced 4/2 apart. The phasing is adjusted for 
increased directivity (8 = —37). 


Table 5-2 Comparison of end-fire arrays 


Ordinary end-fire End-fire array with 


array increased directivity 
Beamwidth between half-power points 69° 38° 
Beamwidth between first nulls 106° 74° 
Directivity 11 19 


The maximum of the field pattern of Fig. 5—38a occurs atọ = 0 and y = —x /n. In general, any increased 
directivity end-fire array, with maximum at y = —z/n, has a normalized field pattern given by 


oa (a \sininy/2) 
p=sin( FOU (14) 
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Phase shift 180° (0.677) versus 90° (0.577) 
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Figure 5-38 Field patterns of end-fire arrays of 10 isotropic point sources of equal amplitude 
spaced 4/4 apart. The pattern at (a) has the phase adjusted for increased directivity 
(5 =—0.6x), while the pattern at (b) has the phasing of an ordinary end-fire array (8 = —0.57). 


Case 4. Array with Maximum Field in an Arbitrary Direction. Scanning Array 


Let us consider the case of an array with a field pattern having a maximum in some arbitrary direction 1 not 
equal to kw /2 where k = 0, 1, 2, or 3. Then (2) becomes 


0 = d, COS h1 + ô (15) 
By specifying the spacing d,, the required phase difference 6 is then determined by (15). Conversely, by 
changing ô the beam direction ¢1 can be shifted or scanned. 
Asan example, suppose that n = 4, d = 2/2, and that we wish to have a maximum field in the direction of 
o = 60°. Then 6 = —x /2, yielding the field pattern shown in Fig. 5—39. 
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5-14 Null Directions for Arrays of n Isotropic Point Sources of Equal 
Amplitude and Spacing 


In this section simple methods are discussed for finding the directions of the pattern nulls of the arrays 
considered in Sec. 5—13. 

Following the procedure given by Schelkunoff (2, 3) the null directions for an array of n isotropic point 
sources of equal amplitude and spacing occur when £ = 0 or, provided that the denominator of Eq. (5—13—4) 
is not zero, when 


et =] (1) 
Equation (1) requires that 90° 60° 
ny =+2Kn (2) 
where K = 1,2,3,... 
Equating the value of y in (2) to its value in Eq. 
(5—13—2) gives 
wv =d,Cosd Pe we eS (3) 
=d, 0 aoa ddd 
180° -e—_e—_e—e 0° 
Thus, 1234 
2K 1 Array 
oo = arccos (+ cao s) =| (4) qa 
n d, 2 
where œo gives the direction of the pattern nulls. Note 
that values of K must be excluded for which K = mn, 
where m = 1, 2,3,.... Thus, if K = mn, (2) reduces 
to y = 42mm and the denominator of Eq. (5—13—4) i 300° 
equals zero so that the null condition of (1), that the 210 


numerator of Eq. (5—13—4) be zero, is insufficient. 
In a broadside array 5 = 0, so that for this case (4) 
becomes 


Figure 5-39 Field pattern of array of 
four isotropic point sources of equal 
amplitude with phasing adjusted to give the 


P (27) ieee (: £r) (5) maximum at = 60°. The spacing is 4/2. 
- 4 


nd; “nd 
As an example, the field pattern of Fig. 5—35 (n = 4, d = å /2, 8 = 0) has the null directions 
po = arccos (+5) (6) 


For K = 1, ġo = +60° and +120°, and for K = 2, œo = 0° and 180°. These are the six null directions for 
this array. 
If œo in (3) is replaced by its complementary angle yo (see Fig. 5—32), then (5) becomes 


: Ki 
yo = arcsin 5) (7) 
nd 
If the array is long, so that nd >> KA, 
Ki 
vo x +— (8) 


nd 
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The first nulls either side of the maximum occur for K = 1. These angles will be designated yo. Thus, 
À 


a (9) 
and the total beamwidth of the main lobe between first nulls for a long broadside array is then 
2 
2yo1 > od (10) 


For the field pattern in Fig. 5—35 this width is exactly 60°, while as given by (10) itis 1 rad, or 57.3°. This 
pattern is for an array 24 long. The agreement would be better with longer arrays. 
Turning next to end-fire arrays, the condition for an ordinary end-fire array is that 5 = —d,. Thus, for this 
case (3) becomes 
2Kx 
nd, 
from which we obtain 


a = arcsin (=y =) (12) 
oo = 2arcsin (2y sa) (13) 


Asan example, the field pattern of Fig. 5—36 (n = 4, d = 4/2, 5 = —r ) has the null directions 


go = 2arcsin (+ 5) (14) 


For K = 1, ġo = +60°; for K = 2, po = 90°, etc. 
If the array is long, so that nd >> KA, (13) becomes 


2Kir 
po = y d (15) 


The first nulls either side of the main lobe occur for K = 1. These angles will be designated @o1. Thus, 
22 

nd 

and the total beamwidth of the main lobe between first nulls for a long ordinary end-fire array is then 


2X 
2601 = 24 a (17) 


For the field pattern in Fig. 5—36 this width is exactly 120°, while as given by (17) itis 2 rad, or 115°. 
For end-fire arrays with increased directivity as proposed by Hansen (1) and Woodyard, the condition is 
that 6 = — (d, + 2/n). Thus, for this case (3) becomes 


coso — 1 = + (11) 


or 


gol ~ = (16) 


d. (coso — 1) — Ž = +2 ae (18) 
n n 
from which 
ġo i x x 
-S arcsin |+ a (2K D | (19) 
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or 


A À 
ġo = 2arcsin E palk = D | (20) 


If the array is long, so that nd >> KA, (20) becomes 


po x 217 OK =1j (21) 
nd 


The first nulls either side of the main lobe, #91, occur for K = 1. Thus, 


À 
poi > £,/ — (22) 


and the total beamwidth of the main lobe between first nulls for a long end-fire array with increased directivity 
is then 


Jà 
2601 > 2 zd (23) 


This width is 1/./2, or 71 percent, of the width of the ordinary end-fire array. As an example, the ordinary 
end-fire array pattern of Fig. 5—38b has a beamwidth between first nulls of 106°. The width of the pattern in 
Fig. 5—38a for the array with increased directivity is 74°, or 70 percent as much. 

Table 4.3 lists the formulas for null directions and beamwidths for the different arrays considered above. 
The null directions in column 2 apply to arrays of any length. The formulas in the third and fourth columns 
are approximate and apply only to long arrays. 

The formulas in Table 5—3 have been used to calculate the curves presented in Fig. 5—40. These curves 
show the beamwidth between first nulls as a function of nd, for three types of arrays: broadside, ordinary 
end-fire, and end-fire with increased directivity. The quantity nd,(=nd/A) is approximately equal to the 
length of the array in wavelengths for long arrays. The exact value of the array length is (n — 1)d,. 

The beamwidth of long broadside arrays is inversely proportional to the array length, whereas the 
beamwidth of long end-fire types is inversely proportional to the square root of the array length. Hence, 


Table 5-3 Null directions and beamwidths between first nulls for linear arrays of n isotropic point 
sources of equal amplitude and spacing. (For n > 2. The angles in columns 3 and 4 are expressed 
in radians. To convert to degrees, multiply by 57.3) 


Beamwidth 
between 
Type of Null directions Null directions first nulls 
array (array any length) (long array) (long array) 
A2Kar 1 
General case oo = arccos ô 
n d; 
Ki Ki 2a 
B dsid = i a se — 2 + — 
roadside yo = arcsin ( zd ) yo ad wS 


JEA Hed 2Ki ; ~ > [Z 

“VY 2nd EN: a OS nd 

: fog P À À À 
End-fire with increased oo = 2arcsin E | — 2K — J po > +/* ax —1) 2¢01 = 2,/ — 
4nd nd nd 


directivity (Hansen and 
Woodyard) 


Ordinary end-fire oo = 2 arcsin 
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Figure 5-40 Beamwidth between first nulls as a function of nd, for arrays of n isotropic point 
sources of equal amplitude. For long arrays, nd, is approximately equal to the array length. 


the beamwidth in the plane of a long linear broadside array is much smaller than for end-fire types of the 
same length as shown by Fig. 5—40. It should be noted, however, that the broadside array has a disk-shaped 
pattern with a narrow beamwidth in a plane through the array axis but a circular pattern (360° beamwidth) in 
the plane normal to the array axis. On the other hand, the end-fire array has a cigar-shaped pattern with the 
same beamwidth in all planes through the array axis. 


5-15 Linear Broadside Arrays with Nonuniform Amplitude Distributions. 
General Considerations 


Let us begin by comparing the field patterns of four amplitude distributions, namely, uniform, binomial, edge, 
and optimum. To be specific, we will consider a linear array of five isotropic point sources with 4/2 spacing. 
If the sources are in phase and all equal in amplitude, we may calculate the pattern as discussed in Sec. 5—13 
the result being as shown in Fig. 5—41 by the pattern 

designated uniform. A uniform distribution yields 

the maximum directivity or gain. The pattern has Table 5-4 

a half-power beamwidth of 23°, but the side lobes 


: f f : Relative amplitudes 
are relatively large. The amplitude of the first side 


n (Pascal’s triangle) 

lobe is 24 percent of the main-lobe maximum. In 3 1 2 1 
some applications this minor-lobe amplitude may 4 1 3 3 1 
be undesirably large. ; i 1 ‘ : i c a A 5 1 : 

To reduce the Side-Lobe Level (SLL) of linear 
in-phase broadside arrays, J ohn Stone Stone (1) pro- 
posed that the sources have amplitudes proportional 
to the coefficients of a binomial series of the form 

(a+b) =a") + (n — Na" + ee) 2) 0-342 +e (1) 


2! 
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where n is the number of sources. Thus, for arrays of three to six sources the relative amplitudes are given by 
Table 5—4, where the amplitudes are arranged as in Pascal's triangle (any inside number is equal to the sum 
of the adjacent numbers in the row above). 

Applying the binomial distribution to the array of five sources spaced 4/2 apart, the sources have the 
relative amplitudes 1, 4, 6, 4, 1. The resulting pattern, designated binomial, is shown in Fig. 5—41. M ethods 
of calculating such patterns are discussed in the next section. The pattern has no minor lobes, but this has 
been achieved at the expense of an increased beamwidth (31°). For spacings of 4/2 or less between elements, 
the minor lobes are eliminated by Stone’s binomial distribution. However, the increased beamwidth and the 
large ratio of current amplitudes required in large arrays are disadvantages. 

Atthe other extreme from the binomial dis- 
tribution, we might try an edge distribution 
in which only the end sources of the array Table 5-5 
are supplied with power, the three central Half: poworaa MIncriobaaimpitide 
sources being either omitted or inactive. The Type of distribution beamwidth (% of major lobe) 
relative amplitudes of the five-source array annul Ea $ 
are, accordingly, 1, 0, 0, 0, 1. The array has, Edge 15° 100 
therefore, degenerated to two sources 2A apart 
and has the field pattern designated as edge 
in Fig. 5—41. The beamwidth between half- 
power points of the “main” lobe (normal to the array) is 15°, but “minor” lobes are the same amplitude as the 
“main” lobe. 

Comparing the binomial and edge distributions for the five-source array with 4/2 spacing, we have 
Table 5—5. 

Although for most applications it would be desirable to combine the 15° beamwidth of the edge distribution 
with the zero side-lobe level of the binomial distribution, this combination is not possible. However, if the 
distribution is between the binomial and the edge type, a compromise between the beamwidth and the side- 
lobe level can be made; i.e., the side-lobe level will not be zero, but the beamwidth will be less than for 
the binomial distribution. An amplitude distribution of this nature for linear in-phase broadside arrays 
was proposed by Dolph (1) which has the further property of optimizing the relation between beamwidth 
and side-lobe level; i.e., if the side-lobe level is specified, the beamwidth between first nulls is minimized; 
or, conversely, if the beamwidth between first nulls is specified, the side-lobe level is minimized. Dolph’s 
distribution is based on the properties of the Tchebyscheff polynomials and accordingly will be referred to as 
the Dolph-T chebyscheff or optimum distribution. 

Applying the Dolph-T chebyscheff distribution to our array of five sources with 4/2 spacing, let us specify 
a side-lobe level 20 dB below the main lobe, i.e., a minor-lobe amplitude 10 percent of the main lobe. The 
relative amplitude distribution for this side-lobe level is 1, 1.6, 1.9, 1.6, 1 and yields the pattern designated 
optimum in Fig. 5—41. M ethods of calculating the distribution and pattern are discussed in the next section. 
The beamwidth between half-power points is 27°, which is less than for the binomial distribution. Smaller 
beamwidths can be obtained only by raising the side-lobe level. The Dolph-T chebyscheff distribution includes 
all distributions between the binomial and the edge. In fact, the binomial and edge distributions are special 
cases of the Dolph-Tchebyscheff distribution, the binomial distribution corresponding to an infinite ratio 
between main- and side-lobe levels and the edge distribution to a ratio of unity. The uniform distribution is, 
however, not a special case of the Dolph-T chebyscheff distribution. 

Referring to Fig. 5—41, we may draw a number of general conclusions regarding the relation between 
patterns and amplitude distributions. We note that if the amplitude tapers to a small value at the edge of the 
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Five source array in order of decreasing side-lobe level 


3.02 dBi directivity 6.98 dBi 6.72 dBi 5.63 dBi 
—0 dB side lobe level —12 dB —20 dB —% dB 


CWI AMA Y 


Edge Uniform Optimum Binomial 
Pasel [III] allla sll 
10001 11111 eag. 14641 

(a) (b) (c) (d) 


Figure 5-41 Normalized field patterns of broadside arrays of five isotropic point sources 
spaced 4/2 apart. All sources are in the same phase, but the relative amplitudes have four 
different distributions: edge, uniform, optimum, and binomial. Only the upper half of the pattern 
is shown. The relative amplitudes of the five sources are indicated in each case by the array 
below the pattern, the height of the line at each source being proportional to its amplitude. All 
patterns are adjusted to the same maximum amplitude. 


array (binomial distribution), minor lobes can be eliminated. On the other hand, if the distribution has an 
inverse taper with maximum amplitude at the edges and none at the center of the array (edge distribution), the 
minor lobes are accentuated, being in fact equal to the “main” lobe. From this we may quite properly conclude 
that the side-lobe level is closely related to the abruptness with which the amplitude distribution ends at the 
edge of the array. An abrupt discontinuity in the distribution results in large minor lobes, while a gradually 
tapered distribution approaching zero at the edge minimizes the discontinuity and the minor-lobe amplitude. 
In the next section, we shall see that the abrupt discontinuity produces large higher “harmonic” terms in 
the Fourier series representing the pattern. On the other hand, these higher harmonic terms are small when 
the distribution tapers gradually to a small value at the edge. Thereis an analogy between this situation 
and the Fourier analysis of wave shapes. Thus, a square wave has relatively large higher harmonics, whereas 
a pure sine wave has none, the square wave being analogous to the uniform array distribution while the pure 
sine wave is analogous to the binomial distribution. 

The preceding discussion has been concerned with arrays of discrete sources separated by finite distances. 
However, the general conclusions concerning amplitude distributions which we have drawn can be extended 
to large arrays of continuous distributions of an infinite number of point sources, such as might exist in the case 
of a continuous current distribution on a metal sheet or in the case of a continuous field distribution across the 
mouth of an electromagnetic horn or across a parabolic reflector antenna. If the amplitude distribution follows 
a Gaussian error curve, which is similar to a binomial distribution for discrete sources, then minor lobes are 
absent but the beamwidth is relatively large. An increase of amplitude at the edge reduces the beamwidth but 
results in minor lobes, as we have seen. T hus, in the case of a high-gain parabolic reflector type of antenna, 
the illumination of the reflector by the primary antenna is usually arranged to taper toward the edge of the 
parabola. However, a compromise is generally made between beamwidth and side-lobe level so that the 
illumination is not zero at the edge but has an appreciable value as in a Dolph-T chebyscheff distribution. 
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5-16 Linear Arrays with Nonuniform Amplitude Distributions. The Dolph- 
Tchebyscheff Optimum Distribution 


In this section linear in-phase arrays with nonuniform amplitude distributions are analyzed, and the 
development and application of the Dolph-Tchebyscheff distribution are discussed. It is shown that the 
far-field pattern of a linear array of isotropic point sources can be expressed as a finite Fourier series of 
N terms. Then Dolph’s procedure is described for matching the terms of the Fourier polynomial with 
the terms of like degree of a Tchebyscheff polynomial. This then yields the optimum source amplitude 
distribution for a specified Side-Lobe Level (SLL) with all side lobes of the same level. To apply these 
results to an array, one can give this section a quick scan and proceed directly to the worked example of 
Sec. 5—17. 

We will consider a linear array of an even number ne of isotropic point sources of uniform spacing d 
arranged as in Fig. 5—42a. All sources are in the same phase. The direction @ = 0 is taken normal to the array 
with the origin at the center of the array as shown. The individual sources have the amplitudes Ao, A1, A2, 
etc., as indicated, the amplitude distribution being symmetrical about the center of the array. The total field 
En, from the even number of sources at a large distance in a direction @ is then the sum of the fields of the 
symmetrical pairs of sources, or 


pel 
En, = 2A0 cos $ +241 cos +++ + 2A, cos (" z v) (1) 
where 
v= ino = asino (2) 


Each term in (1) represents the field due to a symmetrically disposed pair of the sources. 
Now let 


2(k+1)=ne 
where k = 0,1, 2, 3, ... so that 


ne—1 2k+1 
2 °° 2 
0=0 0=0 
Even Odd 
0 0 
kd | a 
@-----e——_e—__e—_"__e—___e—__ - - --- e @-----@——_e—__e—_0-—__e—___0o—___e - -- -- 
Ay Be. Ay b Bp Ay Az Ap “By Ag Be Ay PAG Aq Aw Aa Ay 
(a) (b) 


Figure 5-42 Linear broadside arrays of n isotropic sources with uniform spacing for n even 
(a) and n odd (b). 
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Then (1) becomes 


ae 2k+1 oe 
En =2 >. ARCOS (==) E ven number Fourier series (3) 
k=0 


where N = n,/2 

Next let us consider the case of a linear array of an odd number n, of isotropic point sources of uniform 
spacing arranged as in Fig. 5—42b. The amplitude distribution is symmetrical about the center source. The 
amplitude of the center source is taken as 2 Ag, the next as Az, the next as A2, etc. The total field Z,,, from 
the odd number of sources at a large distance in a direction @ is then 


ol 
En, = 2A0 + 2A1 COSY + 2A2 COS 2y + --- + 2A, COS (=) (4) 
Now for this case let 
2k+1=no 


where k = 0, 1, 2,3,.... Then (4) becomes 


k=N 
En, = 2 > Ax COS (x$) Odd number F ourier series (5) 
k=0 


where N = (no — 1)/2 

The series expressed by (4) or by (5) may be recognized as a finite Fourier series of N terms (Wolff-1). 
For k = 0 we havea constant term 2Aọ representing the contribution of the center source. For k = 1 we have 
the term 2.41 cos y representing the contribution of the first pair of sources on either side of the center source. 
For each higher value of k we have a higher harmonic term which in each case represents the contribution 
of a pair of symmetrically disposed sources. Thus, the total field pattern is simply the sum of a series of 
terms of increasing order in the same way that the waveform of an alternating current can be represented as 
a Fourier series involving, in general, a constant term, a fundamental term, and higher harmonic terms. The 
field pattern of an even number of sources as given by (1) or (3) is also a finite Fourier series but one which 
has no constant term and only odd harmonics. The coefficients Ao, A1, ... in both series are arbitrary and 
express the amplitude distribution. 

To illustrate the Fourier nature of the field-pattern expression, let us consider the simple example of an 
array of nine isotropic point sources spaced 4/2 apart, having the same amplitude and phase. Hence, the 
coefficients are related as follows: 2A9 = A1 = A? = A3 = A4 = ;. The number of sources is odd; hence 
the expression for the field pattern is then given by (5) as 


Ey =} + COS Y + cos2y + cos3y + cos4y (6) 


The first term (k = 0) is a constant so that the field pattern is a circle of amplitude } as shown in 
Fig. 5—43a. The second term (k = 1) may be regarded as the fundamental term of the Fourier series and 
gives the pattern of the two sources (A1 in Fig. 5—43b) on either side of the center. This pattern has four lobes 
of maximum amplitude of unity, as illustrated in Fig. 5—43b. The next term (k = 2) may be regarded as the 
second harmonic term and gives the pattern of the next pair of sources (A2 in Fig. 5—43b). This pattern has 
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Resolution of pattern (f) into five Fourier components 


Í Total pattern 


mom (f) 
Oo AR MZ. 
© A Fy mi i 


Figure 5-43 Resolution of total pattern of array of nine isotropic sources into Fourier 
components due to center source and pairs of symmetrically disposed sources. The relative 
field pattern of the entire array is shown by (f ). The lower halves of patterns are not shown. 
(Note that the end-fire lobes are wider than the broadside lobes.) 


eight lobes as shown by Fig. 5—43c. The last two terms represent the third and fourth harmonics, and the 
patterns have 12 and 16 lobes, respectively, as indicated by Fig. 5—43d and e. The above relations may be 
summarized as in Table 5—6. 


Table 5-6 
k Sources Spacing Fourier term Pattern 
0 1 0 Constant Circle 
1 2 là Fundamental 4 lobes 
2 2 22 Second harmonic 8 lobes 
3 2 3A Third harmonic 12 lobes 
4 2 4a Fourth harmonic 16 lobes 


The algebraic sum of the patterns given by the five terms is the total far-field pattern of the array which is 
presented in Fig. 5—43f. If the middle source of the array has zero amplitude or is omitted, the total pattern 
is then the sum of the four terms for which k = 1, 2, 3, and 4. If in addition the pair of sources A; is omitted, 
the total pattern is the sum of three terms for which k = 2, 3, and 4. Since these are higher harmonic terms, 
we may properly expect that in this case the minor lobes of the total pattern will be accentuated. It is apparent 
from the above discussion that the field pattern of any symmetrical amplitude distribution can be expressed 
as a series of the form of (3) or (5). 

Proceeding now to the Dolph-Tchebyscheff amplitude distribution, it will be shown that the coefficients 
of the pattern series? can be uniquely determined so as to produce a pattern of minimum beamwidth for a 
specified side-lobe level. The first step in the development of the Dolph-T chebyscheff distribution is to show 
that (3) and (5) can be regarded as polynomials of degree ne — 1 and no — 1, that is, polynomials of degree 
equal to the number of sources less 1. In the present discussion we shall consider only the case of the broadside 
type of array, i.e., where 5 = 0. Thus, 


wv = d sino (7) 


TE quations (1), (3), (4) and (5). 
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Now by de M oivre’s theorem, 


intl? ee ee = PS A 
e cosm— + jsinm— (cos + isin § (8) 


On taking real parts of (8) we have 


vy vo wy" 
cosm 5 =Re( cos 5 + jsin $) (9) 
Expanding (9) as a binomial series gives 
Yo mY mm-D 122 
COST = Cos 7 a, S z 7 
m(m —1)(m—2)(m—3) on a Vo ag V 
+ 7 cos > sin hak (10) 


Putting sin? (4/2) = 1— cos? (4/2), and substituting particular values of m, (10) then reduces to the following: 
y 


— >= Í 
m=0 cosm— 


m=1 cosm% = cos $ 
m=2 osm% =2092 É -1 i 
m=3 cosm = 4co © — 3 cos% 
m=4 osm% = 8cost -8c X +1 
etc. 
Now let 
x= cos $ (12) 


whereupon the equations of (11) become 


csm” =1 when m = 0 
V _ 
cosm— = x when m = 1 (13) 
Cosm% = 2x? —1 when m = 2 
etc. 
The polynomials of (13) are called Tchebyscheff polynomials, which may be designated in general by 
Tin (x) = osme (14) 


2 


The McGraw-Hill Companies 


132 Chapter 5 PointSources and Their Arrays 


For particular values of m, the first eight Tchebyscheff polynomials are 


Tox) = 1 
Tx) = x 
hx) = 2x2-1 
T3(x) = 4x3 — 3x (15) 
Ta(x) = 8x4—8x241 
T5(x) = 16x°—20x7+5x 
Te(x) = 32x®— 48x44 18x? — 1 
Ty(x) = 64x’ —112x° + 56x? — 7x 
We note in (15) that the degree of the polynomial is the same as the value of m. 
The roots of the polynomials occur when cos m(y/2) = 0 or when 
Ww _ T 
m5 = ea 1) : (16) 
where k = 1,2,3,... 
The roots of x, designated x’, are thus 
x’ = COS [o = vz (17) 
2m 


Wehaveshown that cos m (1/2) can beexpressed as a polynomial of degree m. Thus, (3) and (5) are expressible 
as polynomials of degree 2k + 1 and 2k, respectively, since each is the sum of cosine polynomials of the form 
cosm(w/2). For an even number ne of sources 2k + 1 =n, — 1, while for an odd number no, 2k = no — 1. 
Therefore, (3) and (5), which express the field pattern of a symmetric in-phase equispaced linear array of n 
isotropic point sources, are polynomials of degree equal to the number of sources less 1. If we now set the 
array polynomial as given by (3) or (5) equal to the Tchebyscheff polynomial of like degree (m = n — 1) and 
equate the array coefficients to the coefficients of theT chebyscheff polynomial, then the amplitude distribution 
given by these coefficients is a Tchebyscheff distribution and the field pattern of the array corresponds to the 
Tchebyscheff polynomial of degree n — 1. 

The Tchebyscheff polynomials of degree m = 0 through m = 5 are presented in Fig. 5—44. Referring to 

Fig. 5—44, the following properties of the polynomials are worthy of note: 
1. All pass through the point (1, 1). 
2. For values of x in the range —1 < x < +1, the polynomials all lie between ordinate values of +1 
and —1. All roots occur between —1 < x < +1, and all maximum values in this range are +1. 

We may now describe Dolph’s method of applying the Tchebyscheff polynomial to obtain an optimum 
pattern. Suppose that we have an array of 6 sources. The field pattern is then a polynomial of degree 5. If this 
polynomial is equated to the Tchebyscheff polynomial of degree 5, shown in Fig. 5—45, then the optimum 
pattern may be derived as follows: Let the ratio of the main-lobe maximum to the minor-lobe level be specified 
as R; that is, 

main-lobe maximum 
side-lobe level 
The point (x9, R) on the 75(x) polynomial curve then corresponds to the main-lobe maximum, while the 
minor lobes are confined to amaximum value of unity. The roots of the polynomial correspond to the nulls of 
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Figure 5-45 Tchebyscheff polynomial of fifth degree with relation to coordinate scales. 


the field pattern. The important property of the Tchebyscheff polynomial is that if the ratio R is specified, 
the beamwidth to the first null (x= x,) is minimized. The corollary also holds that if the beamwidth is 
specified, the ratio R is maximized (side-lobe level minimized). 

The procedure will now be summarized. Let us write (3) and (5) again. It is to be noted that they are 
functions of y/2. Thus, 


k=N-1 


= 2 Aycos| 2k +1 
k=0 


Y 


a (n even) (18) 
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k=N y 
En = 2 + Ax COS (25) (n odd) (19) 


Since we are usually interested only in the relative field pattern, the factor 2 before the summation sign in 
(18) and (19) may be dropped. 

For an array of n sources, the first step is to select the Tchebyscheff polynomial of the same degree as the 
array polynomial, (3) or (5). This is given by 


Ta—1 (x) (20) 
where n is the number of sources and m = n — 1. Next we choose R and solve 
Tm(x0) = R (21) 


for xo. Referring to Fig. 5—45, we note that, for R > 1, xo is also greater than unity. This presents a difficulty 
since, according to (12), x must be restricted to the range —1 < x < +1. If, however, a change of scale is 
made by introducing a new abscissa w (Fig. 5—45) where 


w= — (22) 
x9 
then the restriction of (12) can be fulfilled by putting 
w = COS a (23) 


2 
where now the range of w is restricted to —1 <w < + 1. The pattern polynomial, (18) or (19), may now be 
expressed as a polynomial in w. The final step is to equate the T chebyscheff polynomial of (20) and the array 
polynomial obtained by substituting (23) into (18) or (19). Thus, 


Th-1(%) = En (24) 


The coefficients of the array polynomial are then obtained from (24), yielding the Dolph-Tchebyscheff 
amplitude distribution, which is an optimum for the side-lobe level specified. 

As a proof of the optimum property of the Tchebyscheff polynomial, let us consider any other polynomial 
P(x) of degree 5 which passes through (xo, R) in Fig. 5—45 and the highest root x; and for all smaller values 
of x lies between +1 and —1. If the range in ordinate of P(x) is less than +1, then this polynomial would 
give a smaller side-lobe level for this same beamwidth, and 75(x) would not be optimum. Since P(x) lies 
between +1 in the range —x, < x < +x; it must intersect the curve 75(x) in at least m + 1 = 6 points, 
including (xo, R). Two polynomials of the same degree m which intersect in m + 1 points must be the same 
polynomial,* so that 


P(x) = T5(x) 


and the 75(x) polynomial is therefore the optimum. 

If the spacing between sources exceeds A/2, it should be noted that as the spacing approaches A a large 
lobe develops at @ = +90° which equals the main lobe when d = A. However, if the individual sources of 
the array are nonisotropic, i.e., are directional with the maximum at 6 = 0 and with little or no radiation at 
6 = +90°, then by pattern multiplication the lobes of the total pattern at @ = +90° can be made small. 


1This follows from the fact that a polynomial of degree m has m + 1 arbitrary constants. Further, if m + 1 points on the polynomial’s 
curve are specified, m + 1 independent equations with m + 1 unknowns can be written and the m + 1 constants thereby determined. 
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5-17 Example of Dolph-Tchebyscheff (D-T) Distribution for an Array of Eight 
Sources 


To illustrate the method for finding the Dolph-T chebyscheff distribution, let us work the following problem. 
An array of n = 8 in-phase isotropic sources, spaced 4/2 apart, is to have a side-lobe level 26 dB below 
the main-lobe maximum. Find: (a) the amplitude distribution fulfilling this requirement that produces the 
minimum beamwidth between first nulls, (b) the HPBW, and (c) the gain. 
Since 


Side-lobe level in dB below main-lobe maximum = 2010g1, R (1) 
it follows that 


R=20 (2) 
The T chebyscheff polynomial of degree n — 1 is 77(x). Thus, we set 
T7(xo) = 20 (3) 


The value of x9 may be determined by trial and error from the 77 (x) expansion as given in (5—16—15) or xo 
may be calculated from 


xo = $[(R+VR2— 1)" + (R —- VR7=D) (4) 
Substituting R = 20 and m = 7 in (4) yields 
xo = 1.15 (5) 


Now substituting (5—16—23) in (5—16—18) and dropping the factor 2, we have 
Eg = AoW + A1 (4w? — 3w) + A2 (16w° — 20w? + 5w) + A3(64w’ — 112w° + 56w? — 7w) (6) 

But w = x/xo, so making this substitution in (6) and grouping terms of like degree, 

= h 16A2 as m 4A] — Ae + 3643 3 ie Ao — 3A1 + 542 — 7A3 | 


Xo Xo Xo X0 


(7) 


Eg = 


The T chebyscheff polynomial of like degree is 


Tı (x) = 64x? — 112x? + 56x? — 7x (8) 
Now equating (7) and (8), 
Eg = Tı (x) (9) 


For (9) to be true requires that the coefficients of (7) equal the coefficients of the terms of like degree in (8). 
Therefore, 


2 = 64 (10) 
XO 
or 
A3 = xg =1.15’ = 2.66 (11) 
In asimilar way we find that 

Ar = 4.56 

Al = 6.82 (12) 
Ao = 8.25 
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The relative amplitudes of the eight sources are then 
1, 1.7, 2.6, 3.1, 3.1, 2.6, 1.7, 1 


To obtain the field pattern given by the Dolph-T chebyscheff distribution, we recall that y /2 =(d, sin @)/2, 
cos(y/2) = w, and w = x/xo, from which 


d, sin @ 


x = xo COS 5 (13) 
The value of x corresponding to a given 
value of 6, as obtained from (13), is then 4T t m l 
introduced in the appropriateT chebyscheff gia To point 


(1.15, 20) 


polynomial, in this case 77(x), or scaled 
from a graph of this polynomial, as shown 
in Fig. 5—46. The value of the polynomial 
for this value of x is then the relative field 
strength in the direction 6. In general, as 
6 ranges from —x/2 to +2/2, the vari- 
ables w/2, w and x range as indicated by 
Table 5—7. Thus, in general, as © ranges 
from —z/2 to 0 to +7/2, x ranges from : ; 
some point, such as a in Fig. 5—46, to Figure 5-46 Tchebyscheff polynomial of the 

xo and back again to a, the ordinate value seventh degree. 

giving the relative field intensity. 

In our problem, d, = x and xo = 1.15, so that the range of x is as shown in Table 5—7. Hence, at 6 = —90° 
we start at the origin in Fig. 5—46 (point b), and as © approaches 0° we proceed to the right along the 
polynomial curve, reaching the point (xo, R = 1.15, 20) when 6 = 0°. As 8 continues to increase, we retrace 
the polynomial curve, reaching the origin when 6 = 90°. Thus, the pattern is symmetrical about the 6 = 0° 
direction. 

As a preliminary step to plotting the field pattern, Table 5-7 
itis usually helpful to make a plot of x versus 6 from 


(13). Then, knowing the values of x for the nulls Variable Range 

and maxima of the T, (x) curve, the corresponding 6 -5 0 +5 
values of 6 may be determined. As many interme- y d, d, 
diate points as are needed may also be obtained in 2 2 0 ta 
the same manner. Following this procedure, the field w o i ‘gages 
pattern for our problem of the eight-source array is 2 P 2 L. 
presented in Fig. 5—47a in rectangular coordinates x 0COS— xo x0 COS > 


and in Fig. 5—47b in polar coordinates. 


5-18 Comparison of Amplitude Distributions for Eight-Source Arrays 


In the problem worked in the preceding section, the side-lobe level was 26 dB below the maximum of the 
main beam (R = 20). It is of interest to compare the amplitude for this case with the distributions for other 
side-lobe levels. This is done in Fig. 5—48 for a uniform distribution and three optimum (D-T) distributions 
with side-lobe levels —20 dB, —40 dB, and —co dB below the main beam maximum. The infinite decibel 
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case corresponds to R=oo 
(zero side-lobe level) and is 
identical with Stone's bino- 
mial distribution. The relative 
amplitudes for this case are 
1, 7, 21, 35, 35, 21, 7, 1 
(Riblet-1). The ratio of ampli- 
tudes of the center sources to 
the edge sources is 35 to 1. 
Such a large ratio might be 
difficult to achieve in practice. 
Both the binomial and edge 
distributions are special cases 
of the Dolph-Tchebyscheff (D - 
T) distribution, but the uniform 
amplitude distribution is not. 
The D-T optimum ampli- 
tude distribution, as discussed 
in the preceding sections, is 
optimum only if d > 4/2, 
which covers the cases of most 


SLL = —13 dB 
HPBW = 12° 
Gain = 9.03 dBi 


Relative 


Relative 
field 


(b) 


Array 
Figure 5-47 Relative field pattern of broadside array of eight 
isotropic sources spaced 4/2 apart. The D-T amplitude 
distribution gives a minimum beamwidth for a side-lobe level + of 
the main lobe. The pattern is shown in rectangular coordinates at 
(a) and in polar at (b). Both diagrams show the pattern only from 
—90° to +90°, the other half of the pattern being identical. 


SLL = —20 dB SLL = 2 > SLL = —% dB 
HPBW = 14° HPBW = HPBW = 24° 
Gain = 8.84 dBi Gain = 7. n A Gain = 6.79 dBi 


ATAU all 


UNIFORM 


BINOMIAL or DT 


Figure 5-48 Uniform and three spied) (D-T) source distributions for eight in-phase 
isotropic sources spaced 4/2 with field patterns. The distributions result in Side-Lobe Levels 
(SLLs) ranging from —13 dB for the uniform array to —co for the binomial array. Note that as the 
SLL is reduced, the distribution is more tapered, the HPBW is larger, and the gain is less. Thus, 
if low SLL is required, the gain is reduced. Conversely, if maximum gain is desired, a larger SLL 
must be tolerated. This is the designer's dilemma. 
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interest for broadside arrays. By a generalization of the method, however, cases with smaller spacings can 
also be optimized. 


In conclusion, it should be pointed out that the properties of the Table 5-8 
Tchebyscheff polynomials may be applied not only to antenna patterns Variable Range 
as discussed above but also to other situations. It is necessary, however, ji Z 9 47 
that the function to be optimized be expressible as a polynomial. 7 A iis 2 


The D-T (Dolph-Tchebyscheff) source amplitude distribution for 
linear arrays on N sources are given by the computer program ARRAY- 
PATGAIN on the book’s web site antennas3.com. The program also plots the pattern and gives the HPB W 
and gain as discussed in A pp. C-3a. 


5-19 Continuous Arrays 


In the preceding sections, the discussion has been restricted to arrays of discrete point sources, i.e., to arrays 
of a finite number of sources separated by finite distances. We now proceed to a consideration of continuous 
arrays of point sources, i.e., arrays of an infinite number of sources separated by infinitesimal distances. By 
Huygens’ principle, a continuous array of point sources is equivalent to a continuous field distribution. In this 
way, our discussion of continuous arrays can be extended to include the radiation patterns of field distributions 
across apertures, as, for example, the pattern of an electromagnetic horn where the field distribution across 
the mouth of the horn is known. 

We shall now develop an expression for the far field of a y 
continuous array of point sources of uniform amplitude and To 
of the same phase. Let the array of length a be parallel to the +> 
y axis with its center at the origin as indicated in Fig. 5—49. 
Then the field dE at a distant point in the direction 6 due to 
the point sources in the infinitesimal length dy at a distance 
y from the origin is 


distant 
point 


A s A. . Continuous 
dE = i dy = -a dy (1) array 


where 8 = w/c = 2x/à and A is a constant involving 
amplitude. The total field Æ at the distant point is then the Figure 5-49 Continuous broadside 
integrated value of (1) over the array of length a as given by array of point sources of length a. 


2 
j= m A job) dy (2) 
—a/2 "1 
Both A and the time factor may be taken outside the integral, and rı may also be if rı >> a. Thus, 
Aeiet a/2 f 
E= 2 I e Ibn dy (3) 
ry —a/2 


However, referring to Fig. 5—49, 
ry =r—ysing (4) 
Substituting (4) in (3) and taking the constant factor e~/°" outside the integral, we have 


af2 aay 
E= af eiBy sin dy (5) 
—a/2 
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where 
Aei(@t-Br) 
‘= —___ (6) 
ri 


Integrating (5) yields 
2A' ej (Ba/2) sin é = e— J (Ba/2) sin 6 


E = 7 
Bsine 2j (7) 
which may be written as 
2A’. (Ba, 
B= sang (E sina) (8) 
Let 
y = Basing =a sing (9) 


where a, = Ba = 2xa/àÀ = array length, rad Then 


2A’ . y’ 
— 1 
Bsing = 2 (10) 
However, from (9), 
Bsing = as 
a 
so that (10) becomes 
sin(w’ /2) 
y'/2 
Normalizing (11) gives finally 
E /2) 
y'/2 
Equation (12) expresses the far field, or Fraunhofer diffraction pattern, of a continuous broadside array of 
length a having uniform amplitude and phase. For n discrete, equally spaced sources, it was previously shown 
by (5—13—9) that the normalized value of the total field is 
_ sin(nw/2) 
~ nsin(y/2) 
where y = d coso + ô 
For in-phase sources, 6 = 0. Comparing Figs. 5—32 and 5—49, we note that ¢ = 6 + x /2, so that 
w = —d, sin 0 = —ßd sin 0 (14) 
For small values of y, which occur for small values of 6, d, or both, (13) can be expressed as 
sin(ny/2) _ sin[(Bnd /2) sin 0] 


E =aA' (11) 


(12) 


(13) 


E= = (15) 
nw/2 (Bnd/2) sin@ 
The length a of the array of discrete sources is 
a=d(n—1) (16) 


where n = number of sources 
d = spacing 
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If n >> 1,a ~ nd and (15) becomes 
_ sin[(Ba/2)sin6] _ sin[(a,/2) sin 6] 


(Ba/2)sin@ — (a, /2) sin@ (17) 
where a, = Ba = 2ra/d 
By (9) this can now be expressed as 
g — SMW") 7 


'/2 

which is identical with the value obtained in (12) for the continuous array. Thus, the field pattern for an 
array of many discrete sources (n >> 1) and for small values of y is the same as the pattern of a continuous 
array of the same length. If the array is long, that is, if nd >> à, the main beam and the first minor lobes are 
confined to small values of @. It therefore follows that the main features of the pattern of a large array are 
the same, whether the array has many discrete sources or is a continuous distribution of sources. M any of the 
conclusions derived in previous sections concerning amplitude distributions for arrays of discrete sources can 
also be applied to continuous arrays provided that the arrays are large. 

The null directions 69 of the continuous array pattern are given by 


K = +Kr (19) 
where K = 1,2,3,... 
Thus, 
o = arcsin (=) (20) 
a 
For a long array (20) can be expressed as 
Oo > + rad) ST ugk (deg) (21) 
a} a} 


where a, = a/À 
The beamwidth between first nulls (K = 1) for along array is then 


B eamwidth between first nulls 2691 > Peas ~ “(deg long array (22) 
ay À 


Itis to be noted that (20), (21), and (22) are identical with : 

the expressions given for the broadside array of discrete fed 
sources, if nd is replaced by a (see Table 5—3). There- 
fore, the null locations for long arrays of either discrete or 


continuous sources are the same provided only thatn >> 1. 5 power level 
The field patterns of the main beam of continuous a=5A 

arrays of point sources 5, 10, and 504 long are compared a=10A 

in Fig. 5—50. It may be noted that the beamwidth between a = SOA 


half-power points, 64p, of along, uniform broadside array 
is given approximately by 


15° 10° 5° O° 5° 10° 15° 
(a 


Oup = 0.9001 = is (rad) (23) 

a Figure 5-50 Main-lobe field 

or 51 patterns of continuous uniform 
OHP = E (deg) (24) broadside arrays 5, 10, and 50a long. 
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5-20 Huygens’ Principle 


The principle proposed by Christian Huygens (1629—1695) has been of fundamental importance to the 
development of wave theory (Huygens-1; Born-1; Sommerfeld-1). 


Huygens’ principle states that each point on a primary wave front can be considered to be a new source of a 
secondary spherical wave and that a secondary wave front can be constructed as the envelope of these secondary 


waves, as suggested in Fig. 5—51. 


Thus, aspherical wave from a single point source 
propagates as a spherical wave as indicated in 
Fig. 5—41a, while an infinite plane wave contin- 
ues as a plane wave as suggested in Fig. 5—41b. 
This principle of physical optics can be used to 
explain the apparent bending of electromagnetic 
waves around obstacles, i.e., the diffraction of 
waves, a diffracted ray being one that follows a 
path that cannot be interpreted as either reflection 
or refraction. 

Let us consider the situation shown in 
Fig. 5—52a in which an infinite plane electro- 
magnetic wave is incident on an infinite flat sheet 
which is opaque to the waves. The sheet has a 
slot of width a and of infinite length in the direc- 
tion normal to the page. The field everywhere to 
the right of the sheet is the result of the section 


i 


Sheet 
a 


Plane wave 


(a) 


Spherical 
wavefront D 
Plane 
wavefront 
(a) (b) 


Figure 5-51 Spherical and plane 
wavefronts with secondary waves of Huygens. 


AY 


va Field at 
right of slot 


Relative amplitude 
al 


(b) 


Figure 5-52 Plane wave incident on opaque sheet with slot of width a. 
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of the wave that passes through the slot. If a is many wavelengths, the field distribution across the slot 
may be assumed, in the first approximation, to be uniform, as shown in Fig. 5—42b. By Huygens’ prin- 
ciple the field everywhere to the right of the sheet is the same as though each point in the plane of 
the slot is the source of a new spherical wave. Each of these point sources is of equal amplitude and phase. 
Thus, by Huygens’ principle the slotted sheet with a uniform field across the opening can be replaced by a 
continuous array of point sources which just fills the opening. The field pattern in the xy plane (Fig. 5—52a) is 
then calculated in the same way as for a continuous linear array of point sources of length a oriented parallel 
to the y axis. 

The far field, or Fraunhofer diffraction pattern, of such an array was shown in the preceding section to be 
given by 


i / 
g — n'/2) (1) 
y'/2 
where w’ = (27a/Aa)sin@ and where 6 is in the xy plane (Fig. 5—49). This pattern, in the xy plane, is 
independent of the extent of the array in the z direction (normal to the page). 

In deriving (1), that is, (5—19—12), the total field at a point was obtained by integrating the contributions 
from a continuous array of sources distributed over a length a. For points at a great distance from the array the 
integral can be simplified, and the integration is straightforward, as demonstrated in the preceding section. 
For points near to the array, however, the integral does not simplify in this way but can be reduced to the form 
of Fresnel’s integrals. The field variation near the slot as obtained in this way is commonly called a Fresnel 
diffraction pattern. Along a straight line parallel to the slot and a short distance from it, the field variation is 
as suggested at (a) in Fig. 5—53, the variation approximating the uniform distribution of field at the slot as 
shown in Fig. 5—52b. A s the distance x from the slot is increased, the Fresnel patterns change through a series 


Minor 
lobe 
SES Sheet 
Slot Major y 
lobe 
> | xX X 
aa (a)\ hw (c) Fraunhofer (d) 


Fresnel patterns patterns 


Plane wave 


Figure 5-53 Fresnel and Fraunhofer patterns of a slot of width a. 
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of transitional forms, such as suggested at (b) in Fig. 5—39, until at large distances we enter the Fraunhofer 
region and the pattern assumes a form as suggested by (c) in Fig. 5—53. Ordinarily the Fraunhofer pattern is 
obtained by rotating the slot around its center so that the field is observed at a constant radius rather than at a 
constant distance x. The resulting field pattern in polar coordinates is then as suggested at (d) in Fig. 5—39. 
Once we have entered the Fraunhofer region, this pattern is the same at all greater distances. For a point to be 
in the Fraunhofer region, it must be at a sufficient distance from the slot so that we can make the assumption 
that lines extending from the edges of the slot to the point are parallel. This is commonly assumed to be the 
case when the point is at a distance r from the slot given by 


2a? 
— 2 
ec (2) 


where a is the width or aperture of the slot, 


tion across an aperture such as discussed 
above in connection with Figs. 5—52 and 
5—53 occursin optics when a beam of light 
isincident on a slit. It also may be realized 
by the field distribution across the mouth 
of along electromagnetic horn antenna as in Fig. 5—54a. Since the pattern of a uniform field distribution is 
the same as the pattern of a uniform distribution of point sources of equal extent, another form of antenna 
equivalent to the optical slit or electromagnetic horn is a uniform current sheet. This can be approximated 
by a “billboard” type of array, as in Fig. 5—54b, having many dipole antennas carrying equal currents. The 
expressions which have been developed can thus be applied to a calculation of the Fraunhofer diffraction 
pattern of an optical slit or the far field of a horn or uniform current sheet. If the field or current distribution 
across the slit or antenna aperture is not uniform, the form factor for the distribution will appear in the integral 
for the field expression. If the aperture is large, the relations developed for amplitude distributions of arrays 
of discrete sources can be applied to the case of continuous arrays of sources. 

Huygens’ principle is not without its limitations. Thus, it neglects the vector nature of the electromagnetic 
field. It also neglects the effect of currents which flow at the edge of the slot, as in Figs. 5—52 and 5—53, or 
at the edge of the horn, as in Fig. 5—54a. However, if the aperture is sufficiently large and we confine our 
attention to directions roughly normal to aperture, the scalar theory of Huygens’ principle gives satisfactory 
results. 


which is assumed to be large. Thus, the ° 
larger the aperture or the shorter the wave- Ooo om : 
length, the greater must be the distance at Array of | > 
which the pattern is measured if we wish he ° 
to avoid the effects of Fresnel diffraction. io i 

A nearly uniform type of field distribu- (a) : (b) 


Figure 5-54 Electromagnetic horn antenna 
and array of dipoles with reflector. 


5-21 Huygens’ Principle Applied to the Diffraction of a Plane Wave Incident 
on a Flat Sheet. Physical Optics 


Consider a uniform plane wave incident on a perfectly conducting half-plane, as in Fig. 5—55a (K raus-1). 
We want to calculate the electric field at point P at a distance r behind the plane. By Huygens’ principle, 


E = dE (1) 
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where dE is the electric field at P due to a point source at a distance x from the origin, as in Fig. 5—55b. 
Thus, 


E g 
dE = oe dx (2) 
so that 
E fee fs ; 
Pa 1 e IPS dx (3) 
r a 


If 5 <r, it follows that 


x? 


= — 4 
2r (4) 
When welet 2/ra = k? and kx = u, (3) becomes 
Eo —; oe 2 2 
E = —e ter f et dy (5) 
kr ka 
which can be rewritten as 
E n [2 , ka , 
E = Leib f en smu [2 du -f eize)? du (6) 
kr 0 0 
The integrals in (6) have the form of Fresnel integrals so (6) can be written 
E (td 
E = eibi = 4 Zj —[C(ka) + jS(ka)] (7) 
kr 2 2 


ALEVI Ak t 


Conducting Wavefront of incident plane wave 
half-plane 
X x— 
cs =a a ee | ee 
6 
r 4 Secondary 
sources 
P P 
(a) (b) 
Illuminated 
side 


Geometric optics ~| 


Physical 
optics 


Shadow 
side 


a 
ka (k = constant) 
(c) 


Figure 5-55 Plane wave incident from above onto a conducting half-plane with resultant 
power-density variation below the plane as obtained by physical optics. 
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where 
ka mu? TOR 
C(ka) = f cos A du = Fresnel cosine integral (8) 
0 
ka uz 
S(ka) = f sin > du = Fresnel sine integral (9) 
0 


where ka = (za. dimensionless. 
A graph of C(ka) and S(ka) yields the Cornu spiral 


(Fig. 5—56). Since C(—ka) = —C(ka) and S(—ka) = a 
—S(ka), the spiral for negative values of ka is in the S(ka) + 25 
third quadrant and is symmetrical with respect to the T 3.0 
origin for the spiral in the first quadrant. 0.5+ 
The power density as a function of ka is then pres T asid 
EE* _1ff1 t 
Sav = FE =s |360) A 
-1.0 | 1.0 
1 2 z 
+] 5-s¢ka) Jw m7?) (10) - 
ka = —1.0 | 
where 4 
r J 
sy == wm) (11) a F 
2Zr ier 
The power density variation of (10) as a function of 
ka (with r, à, and k constant) is shown in Fig. 5—55c. Figure 5-56 Cornu spiral showing C (ka) 
Assuming that the plane wave originates from a distant and S (ka) as a function of ka values along 
source, we have the spiral. For example, when ka = 1.0, 


C (ka) = 0.780 and S (ka) = 0.338. When 


1. Forno obscuration, ka = —oo and Say = So. ka = 00, C ka) = Sika) = 2 
= ' — = 2 


2. For source, observer, and edge of obscuring 
plane in line, ka = 0 and Say = 7 So. 
3. For complete obscuration, ka = +00 and Sa = 0. 


Thus, the power density does not go to zero abruptly as the point of observation goes from the illuminated 
side (ka < 0) to the shadow side (ka > 0); rather, there are fluctuations followed by a gradual decrease in 
power density. 

From (10) and (11) the relative power density as a function of ka is 


, Sw 1ff1 2? pi : 
Say (relative) Sp Al; cao) + E stka)| | (12) 
The relative power density (12) is equal to 5R?, where R is the distance from a ka value on the Cornu 


spiral to the point (4: 5) (see Fig. 5—56). For large positive values of ka, R approaches 1/zka, so that (12) 
reduces approximately to 


2 
Say (relative) = z( : ) a (13) 


tka)  4n2a2 
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where 


r = distance from obstacle (conducting half-plane), m 
à = wavelength, m 
a = distance into shadow region, m 


Equation (13) gives the relative power density for large ka (>3) (well into the shadow region). For this 
condition it is apparent that the power flux density (Poynting vector) due to diffraction increases with 
wavelength and with distance (from edge) but decreases as the square of the distance a into the shadow region. 


EXAMPLE 5-21.1 A vertical conducting wall 25 m high extends above a flat ground plane. A 
A = 10-cm transmitter is situated 25 m above the ground plane at a large distance to one side of the 
vertical wall and a receiver is located on the ground plane 100 m to the other side of the wall. Find the 
signal level at the receiver due to diffraction over the wall as compared to the direct path signal without 
the wall. 


E Solution 
The constant k = ./2/rd = ./2/100 x 0.1 = 0.44 and a = 25 m, so ka = 11, which is greater than 3. 
Thus, (13) is applicable and 

rÀ 100x01 1 
4ra? 4r? x252? 2500 
Thus, the vertical wall causes 34 dB of attenuation as compared to a direct path signal. 


or —34 dB Ans. 


Sa (relative) = 


If the half-plane in Fig. 5—55 is replaced by a strip of width D and length >> D, diffraction occurs from both 
edges, scattering radiation into the shadow region behind the strip. On the centerline of the strip, diffraction 
fields from both edges are equal in magnitude and of the same phase since the path lengths from both edges 
are equal. Thus, the diffracted field has a maximum or central peak on the centerline. 

If the strip is replaced by a disk of diameter D, there is diffraction around its entire edge and all diffracted 
fields arrive in phase on the centerline behind the disk, producing a larger central peak. In optics this peak 
is called the axial bright spot. In a similar way, the diffracted fields from the feed system at the focus of a 
parabolic dish reflector can produce a back lobe on the axis of the parabola. See additional discussions on 
diffraction in Secs. 7—13, 9—2, 17-5. 


5-22 Rectangular-Area Broadside Arrays 


The method of obtaining the field patterns of linear arrays discussed in the preceding sections can be easily 
extended to the case of rectangular broadside arrays, i.e., arrays of sources which occupy a flat area of 
rectangular shape, as in Fig. 5—57. For such a rectangular array, the field pattern in the xy plane (as a function 
of 6) depends only on the y-dimension a of the array, while the field pattern in the xz plane (as a function of ¢) 
depends only on the z-dimension b of the array. The assumption is made that the field or current distribution 
across the array in the y direction is the same for any values of z between +b/2. Likewise, itis assumed that 
the amplitude distribution across the array in the z direction is the same for all values of y between +a/2. 
Therefore, the field pattern in the xy plane is calculated as though the array consists only of a single linear 
array of height a coincident with the y axis (y array). In the same way, the pattern in the xz plane is obtained 
by calculating the pattern of a single linear array of length b coincident with the z axis (z array). If the array 
also has depth in the x direction, i.e., has end-fire directivity, then the pattern in the xy plane is the product of 
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Z 


Figure 5-57 Rectangular broadside array of height a and length b with relation to coordinates. 


the patterns of the single linear x and y arrays, while the pattern in the xz plane is the product of the patterns 
of the x and z arrays. 

If the area occupied by the array is not rectangular in shape, the above principles do not hold. However, the 
approximate field patterns may be obtained in the case of an array of elliptical area, for example, by assuming 
that it is a rectangular area as in Fig. 5—58a, or in the case of a circular area by assuming that it is square as 
in Fig. 5—58b. 

From the field patterns in two planes (xy and xz) of a rectangular array the beamwidths between half-power 
points can be obtained. If the minor lobes are not large, the directivity D is then given approximately by 

41,000 
D= 
ror 
where 67 and #7 are the half-power beamwidths in degrees 
in the xy and xz planes, respectively. The limitations of (1) 
are discussed following (2—7—9). 

An expression for the directivity of a large rectangular 
broadside array of height a and width b (Fig. 5—57) and 
with a uniform amplitude distribution may also be derived 


(1) 


rigorously as follows. By (2—7—3), the directivity of an (a) (b) 
antenna is given by 
Ar f (0, &)max Figure 5-58 Elliptical array with 
= TT FO, py sind do do (2) equivalent rectangular array (a) and 
circular array with equivalent square 
where f (6, œ) is the space power pattern, which varies as array (b). 


the square of the space field pattern. From (5—19—17), the 
space field pattern of a large rectangular array is 
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_ sin[(a, sin @)/2] sin[(b, sin @)/2] 
E= (a, sin 0)/2 (b, sin ġ)/2 (3) 


ay = 2ra/À 
b, = 2ab/r 


The main beam maximum is in the direction @ = ¢ = 0 in Fig. 5—57. In (3), 6 = 0 at the equator, while 
in (2), @ = 0 atthe zenith. For large arrays and relatively sharp beams we can therefore replace sin 6 and sin 
in (3) by the angles, while sin 6 in (2) can be set equal to unity. A ssuming that the array is unidirectional (no 
field in the —x direction), the integral in the denominator of (2) then becomes 


/2 pm/2 sin? (a0 /X) sin? (b/d) 
—n/2J—n/2 (a0/d)* — (abg/d)* 


do (4) 


M aking the limits of integration —oo to +00 instead of —x/2 to +7/2, (4) may be evaluated as 4?/ab. 
Therefore, the approximate directivity D of a large unidirectional rectangular broadside array with a uniform 
amplitude distribution is 


_ Arab 


ab 
Asan example, the directivity of a broadside array of height a = 10A and length b = 202 is, from (5), equal 
to 2520, or 34 dB. 
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Problems 
*5-3-1 Solar power. The earth receives from the sun 2.2 g cal min~! cm~*. 
(a) W hat is the corresponding Poynting vector in watts per square meter? 
(b) W hat is the power output of the sun, assuming that it is an isotropic source? 
(c) Whatis the rms field intensity at the earth due to the sun’s radiation, assuming all the sun’s energy is at 
a single frequency? 
Note: 1 watt = 14.3 g cal min~?, distance earth to sun = 149 Gm. 

5-5-1 Approximate directivities. (a) Show that the directivity for a source with at unidirectional power 
pattern given by U = Um cos” 6 can be expressed as D = 2(n + 1). U has a value only for 0° < 6 < 90°. 
The patterns are independent of the azimuth angle @. (b) Compare the exact values calculated from (a) with 
the approximate values for the directivities of the antennas found in Prob. 2-7-2 and find the dB difference 
from the exact values. 

*5-5-2 Exact versus approximate directivities. (a) Calculate the exact directivities of the three 
unidirectional antennas having power patterns as follows: 
P(6,¢) = Pm sino sin? o 
P(0,¢) = Pm sind sin? o 
P(0,¢) = Pm sin? 8 sin? ġ 
P(@, ġ) has a value only for 0 < 6 < x and 0 < # < x and is zero elsewhere. 
(b) Compare the exact values in (a) with the approximate values found in Prob. 2-7-3. 

5-5-3 Directivity and minor lobes. Prove the following theorem: If the minor lobes of a radiation pattern 
remain constant as the beamwidth of the main lobe approaches zero, then the directivity of the antenna 
approaches a constant value as the beamwidth of the main lobes approaches zero. 

5-5-4 Directivity by integration. (a) Calculateby graphical integration or numerical methods the directiv- 
ity of asource with a unidirectional power pattern given by U = cos @. Compare this directivity value with the 
exact valuefrom Prob. 5-5-1. U hasavalueonly for0° < 6 < 90° and0° < œ < 360° andiszero elsewhere. 
(b) Repeat for a unidirectional power pattern given by U = cos? 8. 

(c) Repeat for a unidirectional power pattern given by U = cos? 9. 
5-5-5 Directivity. Calculate the directivity for a source with relative field pattern E = cos 26 cos 8. 
For computer programs, seeA ppendix C. 
*5-9-1 Two point sources. (a) Show that the relative E (¢) pattern of an =ð i 
array of two identical isotropic in-phase point sources arranged as in | 
Fig. P5-9-1 is given by E(¢) = cos[ (d, /2) sin @], where d, = 2rd /À. l 
(b) Show that the maxima, nulls, and half-power points of the pattern l \o 
are given by the following relations: l 
d l 
M axima: i 
o = arcsin F t bo 
Nulis: Figure P5-9-1 Two 
PEE a Point Sources. 
2d 
Half-power points: 
; (2k + 1)a 
= arcsin | +-—___— 
o= arcsin [e a] 
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where k = 0,1,2,3,.... 

(c) Ford = A find the maxima, nulls, and half-power points, and from these points and any additional points 
that may be needed plot the E(@) pattern for 0° < @ < 360°. There are four maxima, four nulls, and eight 
half-power points. 

(d) Repeat for d = 34/2. 

(e) Repeat for d = 42. 

(f) Repeat for d = 4/4. Note that this pattern has two maxima and two half- power points but no nulls. The 
half-power points are minima. 


Two point sources. (a) W hat is the expression for E(@) for an array of two point sources arranged 
as in the figure for Prob. 5-9-1? The spacing d is 34/8. The amplitude of source 1 in the œ plane is given 
by | cos @| and the phase by ø. The amplitude of the field of source 2 is given by | cos(@ — 45°)| and the 
phase of the field by @ — 45°. 

(b) Plot the normalized amplitude and the phase of E (¢) referring the phase to the center point of the array. 


Two-source broadside array. (a) Calculate the directivity of a broadside array of two identical 
isotropic in-phase point sources spaced à /2 apart along the polar axis, the relative field pattern being given by 


T 
E = COS G coso ) 


where @ is the polar angle. 
(b) Show that the directivity for a broadside array of two identical isotropic in-phase point sources spaced 
a distance d is given by 
p= 2 
~ 14 (A/2md) sinQmd/a)" 


Two-source end-fire array. (a) Calculate the directivity of an end-fire array of two identical isotropic 
point sources in phase opposition, spaced 2/2 apart along the polar axis, the relative field pattern being 
given by 


E=sin 4 cos 0 
~ 2 


where @ is the polar angle. 
(b) Show that the directivity for an ordinary end-fire array of two identical isotropic point sources spaced a 
distance d is given by 
p= 2 
1+ (Aà/4rd)sin(4rd/à)` 


Two-source patterns. Calculate and plot the field and phase patterns for an array of two isotropic 
sources of the same amplitude and phase, for two cases: 

(a) d = 3/4) 

(b) d = 3/21 

Plot the field pattern in polar coordinates and phase pattern in rectangular coordinates with: 

L Phase center at source 1 

2. Phase center at midpoint 


Two-source array. Show that for a two-source array the field patterns 


_ sin(nw/2) 7 Y 
E= MD and E=2cos 


are equivalent. 
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Two-unequal-source array. |n Case 5 (Sec. 5-9) for two isotropic point sources of unequal 
amplitude and any phase difference, show that the phase angle of the total field with midpoint of the array 
as phase center is given by 


=j e 1 e3 

tan (Sv) - 
Four sources in square array. d 
(a) Derive an expression for E(#) for an 
array of four identical isotropic point sources --@-— d = <— d 
arranged as in Fig. P5-9-8. The spacing d 2 
between each source and the center point of d 
thearray is 34/8. Sources 1 and 2 areinphase, 
and sources 3 and 4 in opposite phase with o4 
respect to 1 and 2. 
(b) Plot, approximately, the normalized pat- Figure P5-9-8 Four sources in 
tern. square array. 


Array patterns, isotropic sources. P|ot the field amplitude and phase patterns for two isotropic 
point sources with equal amplitude and phase at spacing of (a) 4/16, (b) A/8, (c) 4/4, and (d) à. 


Array patterns, dipoles. Repeat Prob. 5- 10-1 if the sources are short dipoles with E(@) = cos @. 


Array patterns, various elements. Repeat Prob. 5- 10-1 if the sources have field patterns given 
by (a) cos? ø, (b) cos? ¢, (c) (sing) /¢. 


Four-tower broadcast array. A broadcasting 
station requires the horizontal plane pattern indicated in NE 
Fig. P5-11-1. The maximum filed intensity is to be radi- 
ated northeast with as little decrease as possible in field 
intensity in the 90° sector between north and east. No 
nulls are permitted in this sector. N ulls may occur in any 
direction in the complementary 270° sector. H owever, it 
is required that nulls must be present for the directions 
due west and due southwest, in order to prevent inter- 
ference with other stations in these directions. Design Null 


N 


max 


Intensity nearly 
uniform 


a four-vertical-tower array to fulfill these requirements. Sw 

The currents are to be equal in magnitude in all tow- R 

ers, but the phase may be adjusted to any relationship. 

There is also no restriction on the spacing or geometrical Figure P5-11-1 Four-tower 
arrangements of the towers. Plot the field pattern. BC array requirements. 


Two-tower broadcast array. A broadcast array of two vertical towers with equal currents is to have 
a horizontal plane pattern with a broad maximum of field intensity to the north and a null atan azimuth angle 
of 131° measured counterclockwise from the north. Specify the arrangement of the towers, their spacing 
and phasing. Calculate and plot the field pattern in the horizontal plane. 


Three-tower broadcast array. A broadcast array with three vertical towers arranged in a straight 
horizontal line is to have a horizontal-plane pattern with a broad maximum of field intensity to the north and 
nulls atazimuth angles of 105°, 147°, and 213° measured counterclockwise from the north. The towers need 
not have equal currents. For the purpose of analysis the center tower (2) may be regarded as two towers, 2a and 
2b, 2a belonging to an array of itself and tower 1 and 2b to an array of itself and tower 3. Specify the arrange- 
ment of towers, their spacing, currents and phasing. Calculate and plotthe field pattern in the horizontal plane. 
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Four-tower broadcast array. A broadcast array of four vertical towers with equal currents is to 
have a symmetrical four-lobed pattern in the horizontal plane with maximum field intensity to the north, 
east, south, and west and reduced field intensity to the northeast, southeast, southwest, and northwest equal 
to half the maximum. Specify the array arrangement, orientation, spacing, and phasing. Calculate and plot 
the field pattern in the horizontal plane. 


Field and phase patterns. Calculate 
and plot the field and phase patterns of an array 
of two nonisotropic dissimilar sources for which 


the total field is given by $ 

E = coso + sin o/y 1 2 
where y = d coso + ô = F (coso +1) d 
Take source 1 as the reference for phase. See 


Figure P5-12-1 Field and 


Fig. P5-12-1. 
3 phase patterns. 


n-source array. (a) Derive an expression for E(w) for an array of n identical isotropic point sources 
where y = f(¢, d, 5). p is the azimuthal position angle with œ = 0 in the direction of the array. 5 is the 
phase lag between sources as one moves along the array in the @ = 0° direction, and d is the spacing. 

(b) Plot the normalized field as ordinate and yw as abscissa for n = 2, 4, 6, 8, 10, and 12 for 0° < y < 180°. 


Ten-source end-fire array. Plot £(¢) for anend-fire array of n = 10 identical isotropic point sources 
spaced 34/8 apart with 6 = —37/4. 
(b) Repeat with 6 = —2[(3/4) + (1/n)]. 


Field and phase patterns. Calculate and plot the field and phase patterns for the cases of Figs. 5-35 
and 5-36 and compare with the curves shown. 


Eight-source end-fire array. (a) Calculate and plot the field pattern of a linear array of eight 
isotropic point sources of equal amplitude spaced 0.2A apart for the ordinary end-fire condition. 

(b) Repeat, assuming that the phasing satisfies the Hansen and Woodyard increased-directivity condition. 
(c) Calculate the directivity in both cases by graphical or numerical integration of the entire pattern. 


Twelve-source end-fire array. (a) Calculate and plot the field pattern of a linear end-fire array of 
12 isotropic point sources of equal amplitude spaced à /4 apart for the ordinary end-fire condition. 

(b) Calculate the directivity by graphical or numerical integration of the entire pattern. Note that it is the 
power pattern (square of field pattern) which is to be integrated. It is most convenient to make the array axis 
coincide with the polar or z axis of Fig. 2-5 so that the pattern is a function of 0. 

(c) Calculate the directivity by the approximate half-power beamwidth method and compare with that 
obtained in (b). 


Twelve-source broadside array. (a) Calculate and plot the pattern of a linear broadside array of 
12 isotropic point sources of equal amplitude spaced 2/4 apart with all the sources in the same phase. 

(b) Calculate the directivity by graphical or numerical integration of the entire pattern and compare with 
the directivity obtained in Prob. 5- 13-5 for the same-sized array operating end-fire. 

(c) Calculate the directivity by the approximate half-power beamwidth method and compare with that 
obtained in (b). 


Twelve-source end-fire with increased directivity. (a) Calculate and plot the pattern of a 
linear end-fire array of 12 isotropic point sources of equal amplitude spaced 4/4 apart and phased to fulfill 
the Hansen and Woodyard increased-directivity condition. 

(b) Calculate the directivity by graphical or numerical integration of the entire pattern and compare with 
the directivity obtained in Probs. 5-13-5 and 5-13-6. 
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(c) Calculate the directivity by the approximate half-power beamwidth method and compare with that 
obtained in (b). 


n-source array. Variable phase velocity. Referring to Fig. 5-32, assume that the uniform 
array of n isotropic point sources is connected by a transmission system extending along the array with the 
feed point at source 1 so that the phase of source 2 lags 1 by wd /v, 3 lags 1 by 2wd/v, etc.; v is the phase 
velocity to the right along the transmission system. Show that the field is given by Eq. (5-13-8) where 
y = dq [coso — (1/p)], where p is the relative phase velocity, that is, p = v/c where c is the velocity of 
light. Show also that p = oo for the broadside case, p = 2 for the maximum field at ¢ = 60°, p = 1 for 
the ordinary end-fire case, and p = 1/[1 + (1/2nd,)] for the increased-directivity end-fire case. 


Directivity of ordinary end-fire array. Show that the directivity of an ordinary end-fire array 
may be expressed as 


n 
D= 
n-1 
1+ (A/2mnd) X [(n — k)/k] sin(4rkd /a) 
k=1 
Note that 

sin(ny/2) > _ Sr ween 
wD | Ta 2 


Directivity of broadside array. Show thatthe directivity of a broadside array may be expressed as 


n 
D= 


n—1 
1+ (A/mnd) X [(n — k)/k] Sin(2rkd/A) 
k=1 


Phase Center. Show that the phase center of a uniform array is at its centerpoint. 


Ordinary and increased-directivity end-fire array gains. (a) Use ARRAY PATGAIN to 
calculate the directivity of ordinary end-fire arrays with 4/4 spacing and number of sources n = 5, 10, 15, 
and 20. In the formula directivity D = fn, what is the value of f? 

(b) Repeat for increased-directivity end-fire arrays. W hat is the value of f for this case? 

(c) W hat is the ratio of f for the two cases? 

(d) Find f in the formula D = f(L/à) where L = (n — 1)d/4 = length of array. 

(e) M ake a table comparing the above cases. 


For computer programs, seeA ppendix C. 


Three unequal sources. Three isotropic in-line sources have 2/4 spacing. The middle source has 
three times the current of the end sources. If the phase of the middle source is 0°, the phase of one end 
source +90°, and the phase of the other end source —90°, make a graph of the normalized field pattern. 


Long broadside array. Show that the HPBW of along uniform broadside array is given (without 
approximation) by 50.8°/Z,, where L} = L/à = length of array in wavelengths. 


Phase center of two-source array. An array consists of two isotropic point sources, one at the 
origin and one at a distance of 4/2 in the x direction. If the source at the origin has twice the amplitude 
(field) of the other source, find the position of the phase center of the array. 


Four sources in broadside array. (a) Derive an expression for E(¢) for a linear in-phase broad- 
side array of four identical isotropic point sources. Take @ = 0 in the broadside direction. The spacing 
between sources is 51/8. 

(b) Plot, approximately, the normalized field pattern (0° < @ < 360°). 
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(c) Repeat parts (a) and (b) with the changed condition that the amplitudes of the four sources are proportional 
to the coefficients of the binomial series for (a + b)”—1, 


Binomial distribution. Use the principle of pattern multiplication to show that a linear array with 
binomial amplitude distribution has pattern with no minor lobes. 


Binomial array pattern. (a) Compute and plot the field pattern of a seven-source binomial array 
of isotropic sources, (b) find the HPBW of the array, and (c) estimate the directivity of this array using 
(2-7-9). 


Stray factor and directive gain. The ratio of the main beam solid angle Qj, to (total) beam solid 
angle 24 is called the main beam efficiency. The ratio of the minor-lobe solid angle Q,,, to the (total) beam 
solid angle Q4 is called the stray factor. It follows that Qy/Q,4 + Qm/2,4 = 1. Show that the average 
directivity gain over the minor lobes of a highly directive antenna is nearly equal to the stray factor. The 
directive gain is equal to the directivity multiplied by the normalized power pattern [=D P, (6, @)], making 
it afunction of angle with the maximum value equal to D. 


Tchebyscheff T3(x) and Tg(*). (a) Calculate and plot cos@ as x and cos 36 as y, for —1 < 
x < +1. Compare with the curve for 73(x). 
(b) Calculate and plot cos as x and cos 60 as y, for —1 < x < +1. Compare with the curve for Te (x). 


Three-source array. The center source of a three-source array has a (current) amplitude of unity. For 
a side-lobe level 0.1 of the main-lobe maximum field, find the Dolph-T chebyscheff value of the amplitude 
of the end sources. The source spacing d = 4/2. 


Five-source Dolph-Tchebyscheff (D-T) distribution. (a) Find the Dolph-T chebyscheff cur- 
rent distribution for the minimum beamwidth of a linear in-phase broadside array of five isotropic point 
sources. The spacing between sources is à /2 and the side-lobe level is to be 20 dB down. Take @ = 0 in the 
broadside direction. 

(b) Locate the nulls and maxima of the minor lobes. 

(c) Plot, approximately, the normalized field pattern (0° < @ < 360°). 

(d) W hat is the half-power beamwidth? 


Eight source D-T distribution. (a) Find the Dolph-T chebyscheff current distribution for the min- 
imum beamwidth of a linear in-phase broadside array of eight isotropic sources. The spacing between the 
elements is 4/4 and the side-lobe level is to be 40 dB down. Take ø = 0 in the broadside direction. 

(b) Locate the nulls and the maxima of the minor lobes. 

(c) Plot, approximately, the normalized field pattern (0° < ø < 360°). 

(d) What is the half-power beamwidth? 


D-T Six-Source Array. Calculate the Dolph-T chebyscheff distribution of asix-source broadside array 
for R = 5, 7 and 10. Explain the variation. 


Beamwidth and gain of uniform arrays. Use ARRAY PATGAIN to obtain (a) the HPBW and 
(b) the gain in dBi of uniform linear arrays of 4, 16, and 48 isotropic point sources spaced 2/2 apart for a 
SLL of —15 dB. Six answers are required. 


Five-source array. (a) Whatis an expression for the field pattern of an array of five identical isotropic 
point sources arranged in line and spaced a distance d (<2/2) apart? The phase lead of source 2 over 1, 3 
over 2, etc., is ô. 
(b) What value should 5 have to make the array a broadside type? For this broadside case, what are the 
relative current magnitudes of the sources for: 

1. Maximum directivity? 

2. No sidelobes? 

3. Side lobes equal in magnitude to “main” lobe? 
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Rectangular current sheet. Calculate and plot the patterns in both planes perpendicular to rect- 
angular sheet carrying a current of uniform density and everywhere of the same direction and phase if the 
sheet measures 10 by 204. W hat is the approximate directivity? 


Continuous array. Variable phase velocity. Consider that the array of discrete sources in 
Fig. 5-32 is replaced by a continuous array of length Ł and assume that it is energized like the array of 
Prob. 5- 13-8. Show that the far field for the general case of any phase lag 5’ per unit distance along the 
continuous array is given by (5-19-18) where w’ = L, coso — 5’L = L, [cos @ — (1/p)], where p = v/c 
as in Prob. 5- 13-8. Show also that in the four cases considered in Prob. 5-13-8 the p values are the same 
except for the increased-directivity end-fire case where p = 1/[1 + (1/2L,)]. 
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Topics in this chapter include: 


Fields of Short dipole 
Radiation resistance of Short dipole 
Thin linear antenna: 4/2, à, and 34/2 


Radiation resistance of 4/2 dipole 
Arrays of two 4/2 dipoles 
Broadside, end-fire and close-spaced arrays 


Radiation resistance at a point which is not a 
current maximum 


© Traveling wave antennas 

E Arrays of two driven elements; broadside and 
end-fire 

Patterns, driving point impedance and gain 

Æ Arrays of two driven elements; general case 

E Closely spaced elements 


6-1 Introduction 


Electric Dipoles, Thin 
Linear Antennas and 
Arrays of Dipoles and 
Apertures 


Radiation efficiency 

Arrays of n driven elements 

Horizontal and vertical antennas above ground 
Shaped dipole arrays 

Phased arrays 

Grid and chain arrays 


Digital beam-forming or adaptive or smart 
arrays 


Long-wire antennas: 
Beverage 


Curtain arrays 
Arrays feed points 
Folded dipoles 


V, Rhombic and 


This chapter first develops the concepts of electric dipoles and thin linear antennas. L ater it is extended to 
the arrays of dipoles and apertures. The essential background for this later part is covered in chap. 5 on point 
sources and their arrays. The dipoles referred to herein are mostly thin linear dipoles, whereas the apertures 
in general may be helices, horns, big reflectors or arrays of dipoles (arrays of arrays). 

The far or radiation field pattern, the driving point impedance and the array gains are first derived in that 
order for several different arrays of dipoles. The method of analysis is general and applicable to other dipole 
arrays; the specific types discussed are merely examples. Array gain is calculated by treating the dipoles as 
circuit elements having self and mutual impedances. Although direct pattern integration could be used to 
determine the gain, the circuit approach is simpler provided impedance values are available (patterns having 


been utilized in the impedence calculations). 
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6-2 The Short Electric Dipole 


Since any linear antenna may be considered as consisting of a large number of very short conductors connected 
in series, itis of interest to examine first the radiation properties of short conductors. From a knowledge of 
properties of short conductors, we can then proceed to a study of long linear conductors such as are commonly 
employed in practice. 
A short linear conductor is often called a short dipole. In the following discussion, a short dipole is always 
of finite length even though it may be very short. If the dipole is vanishingly short, itis an infinitesimal dipole. 
Let us consider a short dipole such as shown in Fig. 6- 1a. 


Thelength L isvery short compared to thewavelength(L <A). End plate provides 
Plates at the ends of the dipole provide capacitive loading. loading with little 
The short length and the presence of these plates result in a me on pattern 


uniform current J along the entire length Z of the dipole. The +q 

dipole may be energized by a balanced transmission line, as d 

shown. It is assumed that the transmission line does not radiate | | 

and, therefore, its presence will be disregarded. R adiation from 7 f L L fi 

the end plates is also considered to be negligible. The diameter — transmission 

d of the dipole is small compared to its length (d « L). Thus, line 

for purposes of analysis we may consider that the short dipole -q 

appears as in Fig. 6-1b. Here it consists simply of a thin con- (a) (b) 

ductor of length Z with a uniform current 7 and point charges , 

q at the ends. The current and charge are related by Figure 6-1 A short dipole 

antenna (a) and its equivalent (b). 

-m a) 


dt 
6-3 The Fields of a Short Dipole 


Let us now proceed to find the fields everywhere around a short 
dipole. Let the dipole of length Z be placed coincident with 
the z axis and with its center at the origin as in Fig. 6-2. The 
relation of the electric field components, E,, Eg and Eg, is then 
as shown. It is assumed that the medium surrounding the dipole 
is air or vacuum. 

In dealing with antennas or radiating systems, the propaga- 
tion time is a matter of great importance. Thus, if a current is 
flowing in the short dipole of Fig. 6-3, the effect of the currentis 
not felt instantaneously at the point P, but only after an interval 
equal to the time required for the disturbance to propagate over 
the distance r. We have already recognized this in Chap. 5 in 
connection with the pattern of arrays of point sources, but here 
we are more explicit and describe it as a retardation effect. 

Accordingly, instead of writing the current 7 as? 


l Figure 6-2 Relation of dipole to 
I = hje!” (1) coordinates. 


lt is assumed that we take either the real (cos wr) or imaginary (sin wr) part of et% 
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which implies instantaneous propagation of the effect of the 
current, we introduce the propagation (or retardation) time 
as done by Lorentz and write 


(= Igei 270/0] (2) 


where [7] is called the retarded current. Specifically, 
the retardation time r/c results in a phase retardation 
r/c = nfr/c radians = 360° fr/c = 360° t/T, where 
T = 1/f = time of one period or cycle (seconds) and f = 
frequency (hertz, Hz = cycles per second). The brackets may 
be added as in (2) to indicate explicitly that the effect of the 
current is retarded. 

Equation (2) is a statement of the fact that the disturbance 
at atimer and ata distance r from acurrentelementis caused 
by a current [7] that occurred at an earlier time t — r/c. The Hed 
time difference r/c is the interval required for the distur- 
bance to travel the distance r, where c is the velocity of light 
(=300 M m s71). 

Electric and magnetic fields can be expressed in terms of vector and scalar potentials. Since we will be 
interested not only in the fields near the dipole but also at distances which are large compared to the wavelength, 
we must use retarded potentials, i.e., expressions involving t — r/c. For a dipole located as in Fig. 6-2 or 
Fig. 6-3a, the retarded vector potential of the electric current has only one component, namely, A,. Its value 
is 


Figure 6-3a Geometry for short dipole. 


An fe fae (2) 
where [7] is the retarded current given by 

[7] = Jejl- 6/0] (3a) 
In (3) and (3a), 


z = distance to a point on the conductor 
Io = peak value in time of current (uniform along dipole) 
uo = permeability of free space = 4 x 10-7 H m~? 


If the distance from the dipole is large compared to its length (r >> L) and if the wavelength is large compared 
to the length (A >> L), we can put s = r and neglect the phase differences of the field contributions from 
different parts of the wire. The integrand in (3) can then be regarded as a constant, so that (3) becomes 


noL Igei? 70/9] 


A, = (4) 


Arr 
The retarded scalar potential V of a charge distribution is 


es [ea (5) 
Ateg Jy s 


where [p] is the retarded charge density given by 


[o] = poei@l-G/0] ; 
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and dt = infinitesimal volume element 
eo = permittivity or dielectric constant of free space = 8.85 x 10712 F m71 
Since the region of charge in the case of the dipole being considered is confined to the points at the ends 
as in Fig. 6-1b, (5) reduces to 


y=, (2-4 (7) 


~ Ameo) si S2 
From (6-1-1) and (3a), 
a= fina =n f oea A 


JÆ 


Substituting (8) into (7), 


lo [efolt-Gi/ol  ejolt—62/0] 
| J » 


~ Ane jw S1 52 


L 
Referring to Fig. 6-3b, when r œ> L, the lines connecting 
the ends of the dipole and the point P may be considered 
as parallel so that PAR: 
Dipole Vc 
L a 
eo cosé (10) 
Figure 6-3b Relations for short 
and dipole whenr > L. 
L 
s2 =r + 5 C050 (11) 


Substituting (10) and (11) into (9), it may be shown that the fields of a short electric dipole are: 


ToL cos beil- 0/9] ( 1 1 ) (12) 
Electric fields | 27 E0 cr? jor? General 
of short dipole IL sin Qeit- / jw 1 1 case (13) 
Eg= + +- 
Ameo cr cr? jor? 


In obtaining (12) and (13) the relation was used that woso = 1/c?, where c = velocity of light. 
Turning our attention now to the magnetic field, this may be calculated from curl of A as follows: 


eke f fa(sin@)Ag (As) Ê [dA, a(rsind)Ag 
xe sinal a0 ap | AE ðr | 
bf arAe) 3A, 
af al or 30 | aa 


Since Ag = 0, the first and fourth terms of (14) are zero, since A, and Ag are independent of ¢, so that the 
second and third terms of (14) are also zero. Thus, only the last two terms contribute, so that V x A, and 
hence also H, have only a œ component. Thus, 
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(15) 


IpL sin bell V/9] / jo 1 

Magnetic fields |H| = Ho = re ao =) General 
of short dipole case 
H, = Hp = 0 (16) 


Thus, the fields from the dipole have only three components £,, Ey and Hy. The components Ey, H, and Hg 
are everywhere zero. 

When r is very large, the terms in 1/r2 and 1/r? in (12), (13), and (15) can be neglected in favor of the 
terms in 1/r. Thus, in the far field £, is negligible, and we have effectively only two field components, Ee 
and Hy, given by 


Electric and me jolgL sin Geielt—(/c)] -j IBL sin geeli- e/o] (17) 
magnetic 4m egc?r 4r egcr Far-field 
fields of f , jolt- case 
IoL sin befOlt-@/01 IL.  ; 
short dipole Hy = 12? á =j OBL Sin geele) (18) 
4rcr 4rr 


Taking the ratio of E, to Hy as given by (17) and (18), we obtain 


Eo 


-1 /Mo_ 
gas a 376.72 Impedance of space (19) 


This is the intrinsic impedance of free space (a pure resistance). It is a very important constant. 
Comparing (17) and (18) we note that Eg and Hy arein time phase in the far field. We note also that the field 
patterns of both are proportional to sin 6. The pattern is independent of ¢, so that the space pattern is doughnut- 
shaped, being a figure-of-revolution of the pattern in Fig. 6-4a about the axis of thedipole. Referring to the 
near-field expressions given by (12), (13) and (15), we note that for 
a small r the electric field has two components £, and Eg, which 


are both in time-phase quadrature with the magnetic field, as in 
a resonator. At intermediate distances, E, and Æ, can approach 
time-phase quadrature so that the total electric field vector rotates 


in a plane parallel to the direction of propagation, thus exhibiting 

the phenomenon of cross-field. For the Ey and Hg components, Dipole Dipole 

the near-field patterns are the same as the far-field patterns, being (a) (b) 
proportional to sin 0 (Fig. 6-4a). However, the near-field pattern 

for E, is proportional to cos 8 as indicated by Fig. 6-4b. The space Figure 6-4 Near- and far-field 


pattern for E, is a figure-of-revolution of this pattern around the patterns of Ex and Hg 

dipole axis. components for short dipole (a) 
Let us now consider the situation at very low frequencies. This and near-field pattern of Er 

will be referred to as the quasi-stationary, or dc case. Since from component (b). 


[Z] = Igei 270/0] = jolq] (20) 
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(12) and (13) can be rewritten as 


B= [q]L cosé / jæ z 1 (21) 
27 E0 cor? rì 
and 
[q] Lsine / & jw 1 ) 
= 22 
En Are ( c?r ms cr? j r3 (22) 
The magnetic field is given by (15) as 
[I]Lsiné (jo 1 
= 2 
Hg 4r (2 F =) (23) 


At low frequencies, w approaches zero so that the terms with w in the numerator can be neglected. AS œ — 0, 
we also have 


[q] = qoe = qo (24) 
and 
[1] = Io (25) 
Thus, for the quasi-stationary, or dc, case, the field components become from (21), (22) and (23) 
g oe (26) 
2m egor? 
Electric and magnetic = qoL sind f 27 
fields of short dipole “9 = Ar egr? m RN GRS a 
hL sino (28) 
m= 4rr? 


The restriction that r >> L still applies. 

The expressions for the electric field, (26) and (27), are identical to those obtained in electrostatics for the 
field of two point charges, +qo and —qo, separated by a distance L. The relation for the magnetic field, (28), 
may be recognized as the Biot-Savart relation for the magnetic field of a short element carrying a steady 
or slowly varying current. Since in the expressions for the quasi-stationary case the fields decrease as 1/r? 
or 1/r3, the fields are confined to the vicinity of the dipole and there is negligible radiation. In the general 
expressions for the fields, (21), (22) and (23), itis the 1/r terms which are important in the far field and hence 
take into account the radiation. 

The expressions for the fields from a short dipole developed above are summarized in Table 6-1. 

Setting 


|A| = t 
2r 
|B| = ; 
4nr? 
1 
IC] = = 
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Table 6-1 Fields of a short electric dipole! 


General Quasi- 
Component expression Far field stationary 
[1]L cos 6 1 1 qoL coso 
E, go EE 0 3 
27 E0 cr jor 2r eor 
E []Lsiné / jæ _i A []Ljæsing  j6Orx[7]sinð L qoL sind 
a Are cer | cre | jor? 4reoc?r r Xr 4r eor? 
H (]Lsing /jæ 1 [Z]Ljøæsinð  jsino L IpL sing 
a 4r cr r 4rer z 2r À 4rr? 


tThe restriction applies thatr >> L and à > L. The quantities in the table are in SI units, thatis, E in volts per meter, H in amperes per meter, | in 
amperes, r in meters, etc. [I] is as given by (20). Three of the field components of an electric dipole are everywhere zero, that is, 


Ey =Hr =Hg =0 


for the three components of Eg, their variation with distance is as shown in Fig. 6-5. For r} greater than the 
radian distance [1/(2z)], component A of the electric field is dominant, for r} less than the radian distance 
component C of the electric field is dominant, while at the radian distance only B contributes (= zr) because 
although |A| = |B| = |C| = x, A and C are in phase opposition and cancel. 


Energy -> Energy mostly ———— 
mostly | | radiated -— 
stored\| | | 
l Io 1, Eg 
10 | 
T 
i 
= i 1/r term 
o "a } (near field) 
- i 
a | 
o i 1/r, term 
c . 
S | |A| (radiated 
5 | IBI or far field) 
o 1 IC] 
o1| Wh term! : 
(nearest field) 
Radian 1 
distance | 
| 
0.01 ! 
0.01 0.1.1. 1 10 100 
2T 
r/À 


Figure 6-5 Variation of the magnitudes of the components of Ey, of a short electric dipole as 
a function of distance (r/A). The magnitudes of all components equal x at the radian distance 
1/(2z:). At larger distances energy is mostly radiated, at smaller distances mostly stored. 
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For the special case where 6 = 90° (perpendicular to the dipole in the xy plane of Fig. 6-2) and at 
ry > 1/27), 


IoL 
Hol == (Am) (29) 
while atr, &« 1/(2z), 
_ ToL 
yl = 5 (30) 


which is identical to the relation for the magnetic field perpendicular to a short linear conductor carrying 
direct current as given by (28). 
The magnetic field at any distance r from an infinite linear conductor with direct current is given by 


no 
? = Fnr 


which is Ampere’s law. 

Remarkably, the magnitude of the magnetic field in the equatorial plane (9 = 90°) in the far field of an 
oscillating 4/2 dipole is identical to (31) (Ampere’s law). It is assumed that the current distribution on the 
4/2 dipole is sinusoidal. This is discussed in more detail in Sec. 6-5. 

Rearranging the three field components of Table 6-1 for a short electric dipole, we have 


(31) 


[I]L,Z coso 1 > l 
E, = 32 
À È z (az 
[1]L,Zsing | . 1 1 > 1 
Eg = 33 
i À f ar, - Amr? i m aa 
[7]L, sine |. 1 1 
Ag = 34 


We note that the constant factor in each of the terms in brackets differs from the factors of adjacent terms by 
a factor of 2x. 
At the radian distance (r, = 1/27) the fields of (32), (33) and (34) reduce to 


TE ae C058 7 45o (35) 
gpa ela (36) 
À 
pea E jig (37) 
The magnitude of the average power flux or Poynting vector in the 6 direction is given by 
So = 5 Re E, Hy = 5E,Hy Re 1/— 90° = } E, Hg cos(—90°) = 0 (38) 


indicating that no power is transmitted. H owever, the product £, Hg represents imaginary or reactive energy 
that oscillates back and forth from electric to magnetic energy twice per cycle. 
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In like manner the magnitude of the power flux or Poynting vector in the r direction is given by 
1 
S, = 4E Hg cos(—45°) = —- Eo H, 39 
5 Eo Hg COS( ) W (39) 


indicating energy flow in the r direction. 
Much closer to the dipole [r, « 1/(2x)], (32), (33) and (34) reduce approximately to 


LIJL,Z coso 

E, = -j= 40 
4 4r2ar? (ao) 
U]L,Z sing 

Eg = — j = 41 

£ E 822Ar? (41) 
IL, sing 

pe eet (42) 
Am Ary 


From these equations it is apparent that S. = Sp = 0. However, the products £, Hẹ and Eg Hg represent 
imaginary or reactive energy oscillating back and forth but not going anywhere. Thus, close to the dipole 
there is a region of almost complete energy storage. 

Remote from the dipole [r, >> 1/(2z)], (32), (33) and (34) reduce approximately to 


EE; = 0 (43) 
[HLZ sine 

= J 44 

Eo = j IAT (44) 
— UL, sine 


Since E, = 0, there is no energy flow in the 8 direction (Sp = 0). However, since Eg Hg are in time phase, 
their product represents real power flow in the outward radial direction. This power is radiated. 

Many antennas behave like the dipole with large energy storage close to the antenna. 

The region near the dipole is one of stored energy (reactive power) while regions remote from the dipole 
are ones of radiation. The radian sphere at r, = 1/(27) marks a zone of transition from one region to the 
other with a nearly equal division of the imaginary and real (radiated) power. 

The region close to the dipole may be likened to a spherical resonator within which pulsating energy is 
trapped, but with some leakage which is radiated. There is no exact boundary to this resonator region, but if 
we arbitrarily put it at the radian distance a qualitative picture may be sketched as in Fig. 6-6. 


6-4 Radiation Resistance of Short Electric Dipole 


Let us now calculate the radiation resistance of the short dipole of Fig. 6-1b. This may be done as follows. 
The Poynting vector of the far field is integrated over a large sphere to obtain the total power radiated. This 
power is then equated to 7? R where J is the rms current on the dipole and R is a resistance, called the radiation 
resistance of the dipole. 

The average Poynting vector is given by 


S = $Re(E x H*) (1) 
The far-field components are Eg and Hy so that the radial component of the Poynting vector is 
S, = 5 Re Eo Hò (2) 


where Eg and H% are complex. 
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Radian sphere 
— ~ resonator 
N 


P s 
di Energy storage `S, 
D 


Ta A Z s 7 aT 
/ \ 
~~ F VA, N \ rr 


| i Radiation 
< l ? 

I 

i] 


a \ “NS j 7 / ~ 
\ / 
a N S Dipole We / `~ 


Sa 


Radiation 


N 


Figure 6-6 Sketch suggesting that within the radian sphere at r= å/2mx = 0.161 the 
situation is like that inside a resonator with high-density pulsating energy accompanied by 
leakage which is radiated. 


The far-field components are related by the intrinsic impedance of the medium. Hence, 


Eo = HgZ = mJ” (3) 


Thus, (2) becomes 


H 
S, = į Re ZH H% = 5|Ho|* Re Z = }|Họl? (4) 


The total power P radiated is then 


F DE TO, ao ee 
ds = =,/— |Hylr* sin d0 do (5) 
2Ņ\ e Jo Jo 


where the angles are as shown in Fig. 6-2 and | Hy| is the absolute value of the magnetic field, which from 
(6- 3-18) is 


olpL sing 
4rcr 


|Họ| = (6) 


Substituting this into (5), we have 


me a a 3 
0 dOd 7 
aa. ME sin $ (7) 


The double integral aide 87/3 and (7) becomes 
TPRI 
é 12x 


This is the average power or rate at which energy is streaming out of a sphere surrounding the dipole. Hence, 
it is equal to the power radiated. Assuming no losses, it is also equal to the power delivered to the dipole. 


(8) 
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Therefore, P must be equal to the square of the rms current J flowing on the dipole times a resistance R, 
called the radiation resistance of the dipole. Thus, 


LBL _ (Io \* 
ie T27 -(4) f (9) 


Solving for R,, 


272 
_ [BBLS (10) 


For air or vacuum yu/e = /u9/e9 = 377 = 1207 so that (10) becomes? 


Radiation 
resistance 


Dipole with 


uniform curren (11) 


2 
tee 8022( =) = 80r? L? =790L? (Q) 


As an example suppose that L, = i Then R, = 7.9 Q. If L} = 0.01, then R,= 0.08 Q. Thus, the 
radiation resistance of a short dipole is small. 

In developing the field expressions for the short dipole, which were used in obtaining (11), the restriction 
was madethat A >> L. This madeit possibleto neglect the phase difference of field contributions from different 
parts of the dipole. If L} = 5 we violate this assumption, but, as a matter of interest, let us find what the 
radiation resistance of a 4/2 dipoleis, when calculated in this way. Then for L} = i, we obtain R, = 197 Q. 
The correct value is 168 & (see Prob. 6-6-1), which indicates the magnitude of the error introduced by 
violating the restriction that à >> L to the extent of taking L = 4/2. 

It has been assumed that with end loading (see Fig. 6- 1a) the dipole current is uniform. However, with no 
end loading the current must be zero at the ends and, if the dipole is short, the current tapers almost linearly 
from amaximum at the center to zero at the ends, as in Fig. 2-12, with an average value of t of the maximum. 
M odifying (8) for the general case where the current is not uniform on the dipole, the radiated power is 


H PIAL 


P= 
e 12x 


W) (12) 


where Za = amplitude of average current on dipole (peak value in time) 
The power delivered to the dipole is, as before, 
P=112R, W) (13) 


where Jọ = amplitude of terminal current of center-fed dipole (peak value in time). Equating the power 
radiated (12) to the power delivered (13) yields, for free space (u = uo and £ = £o), a radiation resistance 


2 
R, = 790( 2) L 1) (14)? 
0 


1 /9/€0 = 376.73 2. 377 and 120x are convenient approximations. 
2 A s already given by (2-10-9), 
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For a short dipole without end loading, we have Jay = tlo, as noted above, and (14) becomes 
R, =19L}  (&% (15) 
6-5 The Thin Linear Antenna 


In this section expressions for the far-field patterns of thin linear antennas will be developed. Itis assumed that 
the antennas are symmetrically fed at the center by a balanced two-wire transmission line. The antennas may 
beof any length, butitis assumed that the current distribution is sinusoidal. Current-distribution measurements 
indicate that this is a good assumption provided that the antenna is thin, i.e., when the conductor diameter is 
less than, say, 4/100. Thus, the sinusoidal current distribution approximates the natural distribution on thin 
antennas. Examples of the approximate natural-current distributions on a number of thin, linear center-fed 
antennas of different length are illustrated in Fig. 6-7. The currents are in phase over each 4/2 section and in 
opposite phase over the next. 

Referring to Fig. 6-8, let us now proceed to develop the far-field equations for a symmetrical, thin, linear, 
center-fed antenna of length L. The retarded value of the current at any point z on the antenna referred to a 
point at a distance s is 


[Z] = Io sin KE + ai (1) 


In (1) the function 


[El 


is the form factor for the current on the antenna. The expression (L/2) + z is used when z < 0 and (L/2) — z 
is used when z > 0. By regarding the antenna as made up of a series of infinitesimal dipoles of length dz, the 
field of the entire antenna may then be obtained by integrating the fields from all of the dipoles making up 
the antenna with the result! 


AE | py 


À 


VDDEGS 
Idet 


Figure 6-7 Approximate natural-current distribution for thin, linear, center-fed antennas of 
various lengths. 


Ine) ee) 


TF or complete development, see the second edition of this book, pp. 220-221. 
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To 
distant 
point 


Figure 6-8 Relations for symmetrical, thin, linear, center-fed antenna of length L. 


Hg = iUo] [= cos0)/2] — oser] (2) 
Far fields of dur sind 
center-fed ae _ j60[Jo] [ cos[(BL cos 6) /2] — cos(BL/2) 
r sind (3) 
where [Jo] = Ipe/@l’-@/0] and 
Eo = 1207Hy (3a) 


Equations (2), (3) and (3a) give the far fields Hy and Eg of asymmetrical, center-fed, thin linear antenna of 
length L. The shape of the far-field pattern is given by the factor in the brackets. The factors preceding the 
brackets in (2) and (3) give the instantaneous magnitude of the fields as functions of the antenna current and 
the distance r. To obtain the rms value of the field, we let [Zp] equal the rms current at the location of the 
current maximum. There is no factor involving phase in (2) or (3), since the center of the antenna is taken as 
the phase center. Hence any phase change of the fields as a function of @ will be a jump of 180° when the 
pattern factor changes sign. 

As examples of the far-field patterns of linear center-fed antennas, three antennas of different lengths will 
be considered. Since the amplitude factor is independent of the length, only the relative field patterns as given 
by the pattern factor will be compared. 
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EXAMPLE 6-5.1 1/2 Antenna 

When L = 4/2, the pattern factor becomes 

cos|(x/2) cos] (4) 
sin 8 

This pattern is shown in Fig. 6-9a. Itis only slightly more directional than the pattern of an infinitesimal 

or short dipole which is given by sin 6. The beamwidth between half-power points of the 4/2 antenna is 

78° as compared to 90° for the short dipole. 


A/2 antenna 


E= 


A antenna 


A ) se 


== © 
qi 
? f Rr=106.0 


Figure 6-9 Three-dimensional and polar plots of the patterns of 4/2, A, and 3 4/2 antennas. 
The antennas are center-fed with current distributions assumed sinusoidal as indicated. 
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EXAMPLE 6-5.2 Full-Wave (1) Antenna 
When L = 4, the pattern factor becomes 


ae cos(z cosé) + 1 
7 sing 
This pattern is shown in Fig. 6-9b. The half-power beamwidth is 47°. 


EXAMPLE 6-5.3 Three Half-Wave (31/2) Antenna 
When L = 3 A/2, the pattern factor is 


__ cos($z cos) 
sing 


(6) 


The pattern for this case is presented in Fig. 6-9c. With the midpoint of the antenna as phase center, the 
phase shifts 180° at each null, the relative phase of the lobes being indicated by the + and — signs. In all 
three cases, (a), (b) and (c), the space pattern is a figure-of-revolution of pattern shown around the axis 
of the antenna. 


EXAMPLE 6-5.4 Field at Any Distance from 
Center-Fed Dipole 

The geometry for the field at the point P from a symmet- le 
rical center-fed dipole of length Z with sinusoidal current 
distribution is presented in Fig. 6-10. The maximum cur- 
rent is Jp. It may be shown that the z component of the 


electric field at the point P is given by P 
—jInZ Te iP —jBs2 L eib" 
E, = J 40 e x e 2 BbLe (7) R 
4r S1 S2 2 y 


The ¢ component of the magnetic field at the point P 
(Fig. 6-10) is given by 


jlo =j =j BL -j 
H ce ee JBs1 JBs2 _ 2 cos &— e7 4P" 8 
ý l a Zz (®) 


= a 
W hereas the other field equations for oscillating dipoles 


given in this chapter apply only with the restrictions of Figure 6-10 Symmetrical center-fed 
à> L and r > L, (7) and (8) apply without distance dipole with sinusoidal current distribution. 


restrictions. The field component E, at any distance 
If P lies on the y axis (@ = 90°) and the dipole is can be expressed as the sum of three 
4/2 long, (7) becomes components radiating from the ends 


and the center of the dipole. 


E, ave / 360°,/--+r2—90° (V m» (9) 
1 2 16 
te Tr 


2m 
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and (8) becomes 


— Io o 1 2 o =1 
m=z f 360° ig tra +90 (A m~*) (10) 


where 
ry =r/à 
Z=371Q 


Io = maximum current = terminal current 


Ata large distance the ratio of E, as given by (9) to Hg as given by (10) is 


Fy, = Z = 377 Q = intrinsic impedance (resistance) of space (11) 
(a 


The magnitude of Hy is 


I 
|Họl = — (A m75 (12) 


6-6 Radiation Resistance of )/2 Antenna 


To find the radiation resistance, the Poynting vector is integrated over a large sphere yielding the power 
radiated, and this power is then equated to (Ip/./2)*Ro, where Ro is the radiation resistance at a current 
maximum point and Jo is the peak value in time of the current at this point. The total power P radiated 
was given in (6-4-5)’ in terms of Hy for a short dipole. In (6-4-5), |Hy| is the absolute value. Hence, the 
corresponding value of Hy for a linear antenna is obtained from (6-5-2) by putting | j[/o]| = Jo. Substituting 
this into 6-4-5, we obtain 


2 2a pr = 2 
p- 2a f Í {cos[(BL/2) coso] cos(BL/2)} dod (1) 
T 0 0 sing 
= 308 f° {cos[(BL/2) cos @] — cos(BL/2)}* dé (2) 
: 0 sind 
Equating the radiated power as given by (2) to 73 Ro/2 we have 
_ I¢ Ro 
a a 
and 
x _ 2 
R= 60 | {cos[(BL/2) cos] cos(BL/2)} 46 (4) 
0 sin 0 


where the radiation resistance Ro is referred to the current maximum. In the case of a à/2 antenna this is at 
the center of the antenna or at the terminals of the transmission line (see Fig. 6-7). 


1P = ffS-ds=4/ufe ff |Hgl? ds 
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Proceeding with the evaluation of (4) with the aid of the sine integral, Si(x), and the cosine integral, Cin(x), 
it may be shown that the radiation resistance of the 1/2 antenna is 


R, = 30 Cin(2z) = 30 x 2.44 = B Q (5) 


This is the well-known value for the radiation resistance of a thin, linear, center-fed, 4/2 antenna with 
sinusoidal current distribution. The terminal impedance also includes some inductive reactance as discussed 
in Chap. 18. Thatis, 


Z=73+ j42.52 (6) 


To make the reactance zero, that is, to make the antenna resonant, requires that the antenna be shorted a few 
percent less than 2/2. This shortening also results in a reduction in the value of the radiation resistance to 
about 65 Q. 


6-7 Radiation Resistance at a Point Which is not a Current Maximum 


If we calculate, for example, the radiation resistance of a 34/4 antenna 
(see Fig. 6-7) by the above method, we obtain its value at a current maximum. 
This is not the point at which the transmission line is connected. Neglecting 


antenna losses, the value of radiation resistance so obtained is the resistance Ro ly 
which would appear at the terminals of a transmission line connected at a current 
maximum in the antenna, provided that the current distribution on the antenna is nH ix 


the same as when itis center-fed as in Fig. 6-7. Since a change of the feed point 
from the center of the antenna may change the current distribution, the radiation 
resistance Rg is not the value which would be measured on a 34/4 antenna or 
on any symmetrical antenna whose length is not an odd number of 1/2. How- f 
ever, Ro can be easily transformed to the value which would appear across the Figure 6-11 Relation 
terminals of the transmission line connected at the center of the antenna. of current l; at 
This may be done by equating (6-6-3) to the power supplied by the transmis- transmission-line 
sion line, given by 72R1/2, where J; is the current amplitude at the terminals terminals to current lọ at 


and Rj is the radiation resistance at this point (see Fig. 6-11). Thus, current maximum. 
r Ie 
a = > Ro (1) 


where Ro isthe radiation resistance calculated atthe currentmaximum. Thus, the radiation resistance appearing 
at the terminals is 


Io i 
Ri = | — | Ro (2) 
lh 
The current J; at a distance x from the nearest current maximum, as shown in Fig. 6-11, is given by 
ly = Ip cos Bx (3) 
where 


I = terminal current 
Io = maximum current 


The McGraw-Hill Companies 


6-8 Two Half-Wave Dipoles: Broadside and End-Fire (The W8J K Array) 173 


Therefore, (2) can be expressed as 


Ro 
~ cos? Bx 


Ri (4) 
When x = 0, Rı = Ro; but when x = 4/4, Ry = œ if Ro # 0. However, the radiation resistance measured 
at a current minimum (x = 4/4) is not infinite as would be calculated from (4), since an actual antenna is not 
infinitesimally thin and the current at a minimum point is not zero. Nevertheless, the radiation resistance at a 
current minimum may in practice be very large, i.e., thousands of ohms. 


6-8 Two Half-Wave Dipoles: Broadside and End-Fire (The W8JK Array) 


As an introduction to larger arrays in later chapters, we consider here two simple arrays each using two A/2 
thin, linear dipoles. 

First, the case of two horizontal 4/2 dipoles fed with equal in-phase currents and stacked one above the 
other, as in Fig. 6-12a, at a spacing of 4/2, the broadside array. 

Second, the case of two horizontal dipoles fed with equal opposite-phase currents situated side by side, as 
in Fig. 6-12b, at a spacing of 4/8, the end-fire (W 8] K) array. 


Case 1 Broadside Array 


In this configuration the array is fed by a twin-line which joins the two dipoles, as in Fig. 6- 12a. The pattern 
in the horizontal (x-y) plane is that of a single dipole. 


Broadside à/2 dipoles End-fire W8JK 


Beam 
—_ 
Gain = 
6.1 dBi 
A 
8 
Driving 
point 
VSWR = 1.0 
Matching —> H= 
stub 
(a) (b) 


Figure 6-12 Arrays of two A/2 dipoles arranged broadside in (a) and end-fire in (b). 
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The self-impedance of an isolated 1/2 dipole is given by (11-6-7) as 
Z = 734+ j43.Q 
due to the presence of the other dipole there is also a mutual impedance given by 
Zm = -13 = j29 Q 
so that the total impedance is 
Z = 73 — 13 + j (43 — 29) = 60 + j14Q 


Tuning out the reactance with a series capacitor, the 60 Q is transformed by a 2/4 of 200 & twin-line to an 
impedance 


Z = 2007/60 = 667 2 


This appears at the junction halfway between the dipoles. With the lines from both dipoles connected in 
parallel, the junction or driving point impedance is 667/2 = 333 Q. 


EXAMPLE 6-8.1 VSWR and Gain of Broadside Array 

If the junction point (Fig. 6- 12a) connects to a 300-& twin-line going to the transmitter or receiver, find: 
(a) VSWR on the 300-Q line, (b) the gain of the array over a single 4/2 dipole and (c) the gain over an 
isotropic source. 


E Solution 
The reflection coefficient is 


Pv = (333 — 300)/(333 + 300) = 0.052 
and 
VSWR = (1 + 0.052)/(1 — 0.052) = 1.11 Ans. (a) 


The field gain over 4/2 dipole = /(2 x 73)/(73 — 13) = 1.56 or 3.9 dB Ans. (b) 
Gain over isotropic source = 1.562 x 1.64 = 4.0 or 6.0 dBi Ans. (c) 


Instead of feeding the array with 300-Q twin-line, the array could be fed with a coaxial line of convenient 
impedance via a balun . 


The Closely-Spaced End-fire (W8JK) Array Story 
by J ohn Kraus 
In 1932 when | joined the! nstitute of Radio Engineers (IRE), thefore-runner of the|EEE,! wascompleting 


my Ph.D. degree on the propagation of 60 MHz waves in and around Ann Arbor, Michigan. FM and 
TV were still many years in the future and no one except an occasional amateur was using such “high 


frequencies.” T hefollowing year | received my Ph.D. degree from the U niversity of Michigan, publishing 
my dissertation in the Proceedings of the Institute of Radio Engineers. 
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| read every issue with interest. On opening the J anuary 1937 Proceedings | delved into a monumental treatise on 
“Directional Antennas” by George H. Brown (1) of RCA. Buried deep in the article was, to me, an astonishing 
calculation which indicated that parallel linear dipoles with spacings of 4/8 or less had higher gains than the 
customary larger spacings. 

Within one week of the time | received my Proceedings | had designed and built an array of 4 close-spaced 2/2 
dipoles at my amateur station W8JK. Operating ata wavelength of 20 m, thearray was phenomenally effective. 
| published the design and in subsequent articles extended it to an entire family of close-spaced arrays. The antennas 
outperformed all others. | called them “flat-top beams” but everyone else called them W 8J K arrays after my amateur 
station call sign. They were soon in use by thousands of amateur and commercial short-wave stations world-wide 
(K raus-1, 6). 

In 1937 close spacing was a new and revolutionary concept. In George Brown's autobiography he states (B rown-2): 


Ironically, the particular portion of my paper which J ohn K raus used so effectively was a small paper which 
| submitted to the Proceedings in 1932 only to have it rejected by a reviewer who denied its validity. When | 
prepared “Directional Antennas” | tucked this older material into the middle of this bulky manuscript on the 
assumption that the reviewer would not notice it. 


George Brown's ruse worked and the world finally learned of his idea but only after it had languished in obscurity 
for five years! Brown's new concept was to calculate gain on the basis of constant power to the antenna instead of 
assuming constant currents. 


Case 2 End-Fire (W8JK) Array 


With two 4/2 dipoles arranged as in Fig. 6-12b and fed equal currents in opposite phase the gain is 4.4 dBi 
when the dipoles are spaced 1/2 apart. However, with the spacing reduced to 4/8 the gain is greater, as will 
be shown. 

The mutual impedance of the two dipoles at 1/8 spacing, as given in Chap. 18, is 


Zm = 64.4 — j5Q 
so that the total dipole impedance is 
Z = 73+ j43 — (64.4 — j5) = 9 + j48 Q (1) 


The array is fed from the center point of a twin-line which has a cross-over so that the dipoles are fed in 
opposite phase. 


EXAMPLE 6-8.2 Gain of End-Fire (W8JK) Array 
Find the gain of the à/8 spacing W8JK array. 


E Solution 
From (6- 13-8), field gain over 1/2 dipole, 


D = J(2 x 73)/(73 — 64.4) sin(x /8) = 1.57 or 3.9 dB 


Gain over isotropic source = 1.572 x 1.64 = 4.04 or 6.1dBi Ans. 


This gain assumes 100% efficiency. As the dipole spacing is reduced, the dipole currents increase for a 
constant power input so that efficiency becomes a consideration (see Sec. 6-13). Also with smaller spacing 
the Q of the array increases, which reduces the usable bandwidth. However, when properly constructed, the 
W 8] K array has proven highly effective for many applications. 
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Figure 6-13 The first W8J K array (1937) with two full-wavelength (4 4/2) dipoles suspended 
between two 15-m-tall poles for 14-MHz (20-m) operation. The array had a gain of 8.0 dBi. It 
proved especially effective for long-distance (DX) communication. 


TheW 8} K array may be fed with twin-lines of convenient value and a matching stub as shown in Fig. 6-12b. 
Thus, the array can be matched to the line going to the transmitter or receiver with aVSWR = 1.0. It may 
also be fed by coaxial line via a balun. 

For a loss resistance of 1 Q, the gain is 0.3 dB less, but in a well-constructed array using copper wire of 
suitable gauge, the loss resistance should be much less than an ohm. 

With both broadside and end-fire (W 8] K) arrays at the same maximum height as in Fig. 6-12, the W 8] K 
array is 2/4 higher above ground than the center of the broadside array. This results in a lower angle of 
maximum radiation for the W 8) K array, making it especially effective for long-distance communication. The 
first one constructed is shown in Fig. 6-13. 


6-9 Fields of a Thin Linear Antenna with a Uniform Traveling Wave 


A sinusoidal current distribution may be regarded as the standing wave produced by two uniform (unattenuated) 
traveling waves of equal amplitude moving in opposite directions along the antenna. If, however, only one 
such wave is present on the antenna, the current distribution is uniform. The amplitude is a constant along the 
antenna, and the phase changes linearly with distance as suggested by Fig. 6-14. 

The condition of a uniform traveling wave on an antenna is one of considerable importance, as this condition 
may be approximated in anumber of antenna systems. For example, a single-wire antenna terminated in its 
characteristic impedance, as in Fig. 6-15a, may have essentially a uniform traveling wave.! This type of 
antenna is often referred to as a B everage or wave antenna. A terminated rhombic antenna (Fig. 6-15b) may 
also have essentially a single traveling wave. The Beverage and rhombic antennas are discussed further in 


TSince the fields of an antenna are not confined to the immediate vicinity of the antenna, it is not possible to provide a nonreflecting 
termination with a lumped impedance. However, a lumped impedance may greatly reduce reflections at the termination. 
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this Chapter. Other types of antennas that have, in the first approximation, a single outgoing traveling wave, 
are a long monofilar axial-mode helical antenna and a long, thick linear antenna as illustrated in Fig. 6-15c 
and d. These antennas have no terminating impedance but behave in a similar way to terminated antennas. 


Thus, the thick linear conductor has a current distribution 
similar to a thin terminated linear conductor, and the pat- 
terns are similar if the conductor diameter is not too large. 
The results for a traveling wave on a linear conductor can 
be applied to a helix, as shown in Chap. 8, by consid- 
ering that the helix consists of a number of short linear 
segments. On the linear antennas, the phase velocity of 
the traveling wave is substantially equal to the velocity 
of light. However, the phase velocity along the conduc- 
tor of a monofilar axial-mode helical antenna may differ 
appreciably from the velocity of light. Hence, to make 
the results applicable to any of the antenna types shown 
in Fig. 6-15, the fields from an antenna with a traveling 
wave will be developed for the general case where the 
phase velocity v of the wave along the conductor may 
have any arbitrary value (A Iford-1; K raus-7; Grosskopf-1). 


Wave 
——_> 


(a) | Terminated single wire antenna 


Wave Z 


wave SS 


Terminated rhombic antenna 


00 00 ANAA (\ 
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Long helical antenna 
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Wave direction 
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Figure 6-14 Current amplitude and 
phase relations along an antenna carrying 
a single uniform traveling wave. 


~— Resistive termination 


Resistive termination 


Figure 6-15 Various antennas having essentially a single traveling wave. 
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Proceeding now to find the field radiated 
by a traveling wave on a thin linear conduc- P(p, & 2) 
tor, let us consider a conductor of length b 
coincident with the z axis and with one end at 
the origin of acylindrical coordinate system 
(p,&, z) aSin Fig. 6-16. Itis assumed that a 
single, uniform traveling wave is moving to 
the right along the conductor. 

Since the current is entirely in the z 
direction, the magnetic field has but one 
component Hz. The & direction is normal 
to the page at P in Fig. 6-16, and its pos- Wave 
itive sense is outward from the page. The Conductor direction 
magnetic field Hz can be obtained from the 
Hertz vector TI. Since the current is enti rely Figure 6-16 Relation of conductor of length b with 
in the z direction, the Hertz vector has only single traveling wave to cylindrical coordinate system. 
a z component. Thus, 


H; = joe(V x Mg = — jwe = (1) 

where TI; is the z component of the retarded Hertz vector at the point P, as given by 
b 

M, = on f Za a 
where 

In=nsno(r-2-2) (3) 
where zı = a point on the conductor and 

v= pe or p= 7 (4) 


In (4), p is the ratio of the velocity along the conductor v to the velocity of light c. This ratio will be called 
the relative phase velocity. 

All the conditions required for calculating the magnetic field due to a single traveling wave on the linear 
conductor are contained in the relations (1) through (4). That is, if [7] in (3) is substituted into (2) and TI; 
from this equation into (1) and the indicated operations performed, we obtain the field He, as follows: 


_ lop sind . | wb rı wb 
H; = eet poso|} /[o(: 2) oe pcos) (5) 


£ 


Equation (5) gives the instantaneous magnetic field at large distances from the linear antenna carrying a 
single traveling wave of amplitude Jo, in terms of the distance rz, direction angle œ, relative phase velocity 
p., radian frequency w, conductor length b, time ż and velocity of light c. The distant or far electric field Ey 
is obtained from H; by Ey = Hs Z, where Z = 377 Q. 

In (5) the shape of the field pattern is given by the expression in the braces { }. The expression indicated as an 
angle Z gives the phase of the field referred to the origin of the coordinates (see Fig. 6- 16) as the phase center. 
The relative phase pattern at a constant distance is given by the right-hand term, [wb/(2pc)](1 — pcos@). 
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Several examples will now be considered to illustrate the nature of the field patterns obtained on linear 
conductors carrying a uniform traveling wave. 


EXAMPLE 6-9.1 Linear )/2 Antenna 

Let us consider a linear antenna, 2/2 long as measured in free-space wavelengths. Thus, assuming that 
p = 1, the phase velocity along the antenna is equal to that of light and the pattern calculated from (5) 
is as shown by Fig. 6-17a. The difference between this pattern and that for a linear 1/2 antenna with a 
sinusoidal current distribution or standing wave (Fig. 6-9a) is striking. The lobes are sharper and also 
tilted forward in the case of the traveling wave antenna (Fig. 6-17a). The tilt is in the direction of the 
traveling wave. The tilt angle t of the direction of maximum radiation is 25° and the beamwidth between 
half-power points is about 60°. This is in contrast to t = 0 and a beamwidth of 78° for the A/2 antenna 
with a sinusoidal current distribution or standing wave. 


p=1.0 


_ direction 
A —> 


Gain = 4.8 dBi 
(a) 


Figure 6-17 Far-field patterns of linear A/2 antenna carrying a uniform traveling wave (to 
right) for three conditions of relative phase velocity (p = 1.0, 0.8 and 0.6). The tiltangle r and 
the half-power beamwidths are indicated for each pattern. 


As the phase velocity of the traveling wave on the 4/2 antenna is reduced, the tilt angle is increased and 
the beamwidth reduced further, as illustrated by the patterns of Fig. 6-17b and c, which are for the cases of 
p = 0.8 and p = 0.6, respectively. 


EXAMPLE 6-9.2 Linear Antenna 5) Long 

The field pattern for a 5A linear antenna with a single traveling wave is presented in Fig. 6-18 for the case 
where p = 1 (thatis, v = c). This pattern is typical of those for long, terminated antennas, the radiation 
being beamed forward in a cone having the antenna as its axis. The tilt angle for this antenna is about 68°. 
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Wave 
direction 
——> 


a g5 


Figure 6-18 Far-field pattern of 54 antenna carrying a uniform traveling wave (p = 1). 
Polar plot at left, three-dimensional at right. Gain = 10.7 dBi. 


EXAMPLE 6-9.3 Linear Antenna 1/2 to 25), Long 

As the length of the antenna is increased the tilt angle increases further, reaching about 78° (12° from 
antenna) when the length is 204 for p = 1. The variation of the angle of the conical beam from the 
antenna is shown in Fig. 6-19 as a function of the antenna length for a wave traveling at the velocity of 
light (p = 1). Note that w in Fig. 6-19 is the complement of the tilt angle z, that is, œ = 90° — z. 


a 


\ Antenna 
length, Ly 


| 
3 4 5 6 
Length L, 


Figure 6-19 Angle a of main beam maximum from a linear traveling wave antenna as a 
function of antenna length in wavelengths (L;,) with v = c (p = 1) for antennas 4/2 to 25, long. 


More on traveling wave antennas is given in Chap. 10. Table 6-2 presents patterns, directivities and gains 
(dBi) for basic antenna types and simple arrays (K raus-8). 
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6-10 Array of Two Driven 1/2 Elements. Broadside Case 


Consider two center-fed 2/2 elements (dipoles) arranged side by side witha 
spacing d asin Fig. 6-20. Two special cases will be considered: the broadside 
case! treated in this section, in which the two elements are fed with equal in- 
phase currents, and the end-fire case? (Sec. 6-11), in which the two elements 
are fed with equal currents in opposite phase. The more general case where 
the currents are equal in magnitude but in any phase relation is treated in 
Sec. 6-12. 


6-10a Field Patterns 


The first part of the analysis will be to determine the absolute far-field 
patterns. It is convenient to obtain two pattern expressions, one for the hor- 
izontal plane and one for the vertical plane. Ordinarily, the relative patterns 
would besufficient. H owever, the absolute patterns will beneeded in gain cal- 
culations. Let the elements be vertical as shown in Fig. 6-21a. Itis assumed 
that the array is in free space, i.e., at an infinite distance from the ground or —+— 

other objects. The field intensity £1() from a single element as a function i 2 
of # and at a large distance D (D > d) in a horizontal plane (6 = 90° or Figure 6-20 


xy plane in Fig. 6-21a) is Broadside array of 2 
Ex(¢) = kh (1) in-phase 4/2 elements. 
where k is a constant (S2 m~t) involving the distance D and 7; is the terminal 
current. Equation (1) is the absolute field pattern in the horizontal plane. It is independent of ¢ so that the 
relative pattern is a circle as indicated in Fig. 6-21b. 
Next let the elements be replaced by isotropic point sources of equal amplitude. The pattern Ej<9() as a 
function of œ in the horizontal plane for two such isotropic in-phase point sources is given by (5-9-6) as 


Ejso() = 2E cos (* 5) 


where d, is the distance between sources expressed in radians; that is, 
2nd 

d, = = (3) 
Applying the principle of pattern multiplication, we may consider that Eo is the field intensity from a single 
element at a distance D. Thus, 

Eo = Filo) = kh (4) 
Introducing (4) into (2) yields the field intensity E(@) as a function of ¢ in the horizontal plane at a large 
distance D from the array, or 


— N | > 


(2) 


24/2 H orizontal 
broadside E(¢) = E1(¢)2 cos (5) = 2k h cos (5) plane (5) 
array pattern 


lIn the so-called “broadside case” there is always a major lobe of radiation broadside to the array, although at large spacings there may 
be an end-fire lobe of equal magnitude (as, for example, when the spacing is 1A). 

21n the so-called “end-fire case” the pattern always has zero radiation broadside. The maximum radiation is always end-fire if the spacing 
is A/2 or less. However, for greater spacings the maximum radiation is, in general, not end-fire. Since spacings of 4/2 or less are of 
principal interest, the array may be referred to as an end-fire type. 
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Figure 6-21 Field patterns for broadside array of 2 linear in-phase A/2 elements with 


spacing d = 4/2 shown in 3-dimensional 


3-D) pattern, at (a). Figures (b) and (d) show the 


( 


2-dimensional (2-D) field pattern of one element while figures (c) and (e) show the 2-D field 


pattern for the 2-element array. Figure (f) is a 3-D field pattern of one element and Figure (g) is 


a 3-D field pattern of the 2-element array. Note the minor lobes at 45° in (g) which do not 


appear in the 2-D patterns. 
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This expression may be called the absolute field pattern in the horizontal plane. The electric field at points 
in this plane is everywhere vertically polarized. The shape of this pattern is illustrated in Fig. 6-21c, and also 
partially in Fig. 6-21a, for the case where d = 4/2. The maximum field intensity is at ¢ = 90° or broadside 
to the array. 

The field intensity £(@) as a function of 6 from a single 4/2 element at a distance D in the vertical plane 
(yz planein Fig. 6-21a) is, from (6-5-4), given by 
cos| (7/2) cos] (6) 

sind 
The shape of this pattern is shown in Fig. 6-21d. It is independent of the angle ¢. The pattern Eiso (8) in the 
vertical plane for two isotropic sources in place of the two elements is 


E\ (0) = kh 


Eigo(0) = 2Eo (7a) 
Applying the principle of pattern multiplication, we put 
Eo = Ei (6) (7b) 


so that the field intensity £(@) in the vertical plane at a distance D from the array is 


cos[(z/2) cos 0] 


E(@) = 2kI 
@) l sin 


Vertical plane pattern (8) 


This may be called the absolute field pattern in the vertical plane. This pattern has the same shape as the 
pattern for a single element in the vertical plane and is independent of the spacing. The relative pattern is 
presented in Fig. 6-21e and also partially in Fig. 6-21a. The relative 3-dimensional field variation for the 
case where d = 4/2 is suggested in Fig. 6-21a. 


6-10b Driving-Point Impedance 
Suppose that the array is energized by the transmission-line arrangement shown in Fig. 6-22. Two transmission 
lines of equal length / join at P to athird line extending to a transmitter. L et us find the driving-pointimpedance 
presented to the third line at the point P (Brown-1, 2). This will be called the driving point for the array. 

Let Vı be the emf applied at the terminals 


of element 1. Then 
Vi = hZ + 12212 (9) | = à/4 
where J, is the current in element 1, J) the i l 
currentin element 2, Z11 is the self-impedance 3 V, Vo Element 
of element 1 and Z;2 is the mutual impedance beet 
between the two elements. Likewise, if V2 is PA 
the emf applied at the terminals of element 2, Driving 
t point for 
V2 = 12222 + NZ12 (10) array 
where Z22 = the self-impedance of element 2 ie Tot itt 
The currents are equal and in phase so ESS 
TEN AD Figure 6-22 Broadside array of 2 linear 
Therefore, (9) and (10) become 4/2 elements with arrangement for driving 


Vı = h(Zu + Zv) (12) elements with equal in-phase currents. 
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and 
V2 = 1n(Z22 + Z12) (13) 
The terminal impedance Z1 of element 1 is 
Vi 
Z = o Zi + Z12 (14) 
and the terminal impedance Z2 for element 2 is 
V2 
Z2 = bo Zn + Z12 (15) 
Since the elements are identical 
Z22 = Zi (16) 
Therefore, the terminal impedances given by (14) and (15) are equal; that is, 
A= 22 = Zu + Z2 (17) 


Since Zı = Zz and I, = h itis necessary that the emf V; applied at the terminals of element 1 be equal and 
in phase with respect to the emf V2 applied at the terminals of element 2. 
For the case where the spacing d is 4/2, the terminal impedance Z1 of each element is 
Zi = Zu + Zn = Ru + Riz + j(Xut+ X12) 

= 73 — 13 + j(43 — 29) 

= 60+ j14 Q = impedance of each element (18) 
Suppose that the reactance of 14 Q is tuned out at the terminals by a series capacitance.t The terminal 
impedance then becomes a pure resistance of 60 Q. If the length Z of each transmission line between the 
antenna terminals and P is 4/2, the driving-point impedance of the array at P is a pure resistance of 30 Q. 
This value is independent of the characteristic impedance of the 1/2 lines. However, a resistance of 30 Q is 
too low to be matched readily by an open-wire transmission line. Therefore, a more practical arrangement 
would be to make / equal to 4/4. Suppose that we wish to have a driving-point resistance of 600 2. To do 
this, we let the characteristic impedance of each 1/4 line be /1200 x 60 = 269 2.” Each line transforms the 
60 Q to 1200 Q and since two such lines are connected in parallel at P, the driving-point impedance for the 
array equals 600 + j0 Q. This is the impedance presented to the line to the transmitter. For an impedance 
match this line should have a characteristic impedance of 600 + j0 Q. 


6-10c Gain in Field Intensity 


As the last part of the analysis of the array, let us determine the gain in field intensity for the array. This could 
be done by pattern integration as in Chap. 5, but with self- and mutual-impedance values available a shorter 
method is as follows. 
Let the total power input (real power) to the array be P.? Assuming no heat losses, the power Pı in element 
lis 
Py = If (Ru + Riz) (19) 


lt is often simpler to resonate the elements by shortening them slightly. This modifies the resistive component of the impedance and 
also alters the Æ (6) field pattern, but to a first approximation these effects can usually be neglected. 

2F or the special case of a 4/4 line, the general transmission-line formula reduces to Zin = ZR/ZL where Zin is the input impedance, 
Zo the characteristic impedance and Zz the load impedance. Thus, Zo = VZinZL. 

3It is important that the antenna power P be considered constant. M ost transmitters are essentially constant power devices which can be 
coupled to a wide range of antenna impedance. Until the antenna power was considered constant by G. H. Brown (2) the advantages of 
closely spaced elements were not apparent. Prior to this time the antenna current had usually been considered constant. 
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and the power P2 in element 2 is 
P = 13(R22 + R2) (20) 


where /; and J) are rms currents. However, R22 = Ry and /2 = M. Making these substitutions and adding 
(19) and (20) to obtain the total power P, we have 


P = Pi + P = 2I? (Ri + R2) (21) 


P 
h =| 22 
: \ 2(Ri1 + R12) a 


Suppose that we express the gain with respect to a single 4/2 element as the reference antenna. Let the same 
power P be supplied to this antenna. Then assuming no heat losses, the current Jp at its terminals is 


P 
n=l Ro (23) 


where Roo is the self-resistance of the reference antenna (= R11). 

In general, the gain in field intensity? of an array over a reference antenna is given by the ratio of the field 
intensity from the array to the field intensity from the reference antenna when both are supplied with the same 
power P. The comparison is, of course, made in the same direction from both the array and the reference 
antenna. In the present case it will be convenient to obtain two gain expressions, one for the horizontal plane 
and the other for the vertical plane. 

In the horizontal plane the field intensity Enw (@), as a function of @, ata distance D from a single vertical 
center-fed 4/2 reference antenna is of the form of (1). Thus, 


Euw ($) = klo (24) 


where J is the terminal current and “HW” indicates “H alf-Wavelength (4/2) antenna.” Substituting the value 
of Io from (23), we obtain 


P 
Enw ($) =k | > — (25) 
Roo 


The field intensity E(@) in the horizontal plane at a distance D from the array is given by (5). Introducing the 
value of the terminal current 71 from (22) into (5) yields 


2P d, COS @ 
= 2 
E@) K Ru + Ry cos ( 2 ) 2) 


The ratio of (26) to (25) gives the gain in field intensity of the array (as a function of ¢ in the horizontal plane) 
with respect to a vertical à /2 reference antenna with the same power input. This gain will be designated by 
the symbol G ¢(@)[A/HW ] where the expression in the brackets is by way of explanation that it is the gain in 


and 


The power gain discussed in Chap. 2 is equal to the square of the gain in field intensity. The power gain is the ratio of the radiation 
intensities (power per unit solid angle) for the array and reference antennas, the radiation intensity being proportional to the square of 
the field intensity. 
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field of the array (A) with respect to a half-wavelength reference antenna (HW)? in the same direction from 
both array and reference antenna. Thus, 


A] E) | 2Ro 
rO| aw | ~ Enw) VY Rut Ri a 


The absolute value bars || are introduced so that the gain will be confined to positive values (or zero) regardless 
of the values of d, and @. A negative gain would merely indicate a phase difference between the fields of the 
array and the reference antenna. 

If the gain is the ratio of the maximum field of the array to the maximum field of the reference antenna, it 
is designated by G ¢ (not a function of angle). 

The self-resistances Roo = R11 = 73 Q. For the case where the spacing is 4/2, d, = x and R2 = —13 Q 
so that (27) becomes 


element array (27) 
of Fig. 16-3 


£ =) Gain of 24/2 


Ol aa | = 1.56 cos G cos) (28) 


In the broadside direction (œ = z/2), the pattern factor becomes unity. The gain is then 1.56. This is the 
ratio of the maximum field of the array to the maximum field of the reference antenna (see Fig. 6-23). Hence, 
Gy = 1.56. 


= 180° 


A/2 reference 
antenna 


go = — 124° = 124° 


Array BROADSIDE ARRAY 


E 
= = 1.56 = G = 3.86 dB 


= — 90° = 90° E 
$ $ y z or 6.0 dBi 
Vertical 
reference 
— _ BRO antenna 
p=- 56 / pot ¢ $ 6° 
Vertical A/2 
elements x 
$=0° 


Figure 6-23 Horizontal plane field patterns of broadside array of 2 vertical in-phase a/2 
elements spaced A/2. The pattern of a single vertical 4/2 reference antenna with the same 
power input is shown for comparison. 


Both the array and the 4/2 reference antenna are assumed to be in free space. Thus, to be more explicit, the expression 
G ¢(¢)[AFS/HWFS], meaning the gain in field intensity of the Array in Free Space (AFS) with respect to a Half-Wavelength 

reference antenna in Free Space (HWFS), might be used. However, to simplify the notation, the letters “FS” will be omitted when both 
antennas are in free space. 
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It is also of interest to find the angle øo for which the gain is unity. For this condition (28) becomes 


cos G coso) = 0.64 (29) 
or 
po = 456° or +124° 


These angles are shown in Fig. 6-23. The array has a gain of greater than unity in both broadside directions 
over an angle of 68°. 
The gain as a decibel ratio is given by the relation 


Gain = 2010gj) Gf (dB) 


where G ¢ = gain in field intensity 

Thus, a field-intensity gain of 1.56 is equal to 3.86 dB. 

Turning our attention now to the gain in the vertical plane (yz plane of Fig. 6-21a), the field intensity 
Enw (0) as a function of 6 in this vertical plane at a distance D from a single vertical 1/2 reference antenna 
with the same power inputis of the form of (6). Thus, 
cos[(z /2) cos @] 

sin @ 
where Jp = the terminal current 
Substituting its value from (23), we get 


_ P cos[(z/2) cos 6] 
Enw (8) = kj Roo sind (31) 


The field intensity E(@) as a function of @ in the vertical plane at a distance D from the array is given by (8). 
Introducing the value of the terminal current 71 from (22) into (8), we have 


Euw (0) = klo (30) 


2P cos[(z/2) cos 6] 
Riu + R12 sino 


The ratio of (32) to (31) gives the gain in field intensity, G ¢(@)[A/HW ], of the array as a function of @ in 
the vertical plane over a vertical 4/2 reference antenna with the same power input. Thus, 


E(@)=k (32) 


Gain of 21/2 
Broadside G; of A | _ FO) _ /_2Ro gement array (33) 
array HW] Exw() Riu + R12 of Fig, 16-3 


The gain is a constant, being independent of the angle @. For the case where the spacing is 4/2, (33) becomes 
A 
6/0) ae | = 1.56 (or 3.86 dB) (34) 


The shape of the pattern for the array and for the à /2 reference antenna is the same as shown in Fig. 6-24 but 
the ratio of the radius vectors in a given direction is a constant equal to 1.56. 

If the reference antenna is an isotropic source instead of a à/2 antenna, the gain in the vertical plane is a 
function of the angle 6. The maximum gain in field intensity of the array over an isotropic source with the 


The McGraw-Hill Companies 


6-11 Array of 2 Driven 4/2 Elements. End-Fire Case 189 


Vertical plane 


patterns A/2 reference 
antenna 


Array BROADSIDE ARRAY 


E 

Gr = =! = 1.56 = 3.86 dB 

y E2 , 
or 6.0 dBi 


Antenna 
elements 


Figure 6-24 Vertical-plane pattern of broadside array of 2 vertical in-phase A/2 elements 
spaced A/2. The pattern of a single vertical 1/2 reference antenna with the same power input is 
shown for comparison. 


same power input is 1.64 times greater than the voltage gain over a à /2 reference antenna [D(A/2) = 1.64, 
see table at end of Chap. 2]. Thus, when the spacing is 4/2, the maximum gain in field intensity of the array 
with respect to an isotropic source is 


olé] = 1.56 x V1.64 = 2.0 (or 6.0 dBi)! (35) 


This value is in the broadside direction (¢ = 0 = 90°). 


6-11 Array of 2 Driven 1/2 Elements. End-Fire Case 


Consider an array of 2 center-fed vertical à /2 elements (dipoles) in free space 7 
arranged side by side with a spacing d and equal currents in opposite phase as 
in Fig. 6-25. The only difference between this case and the one discussed in d 
Sec. 6-10 is that the currents in the elements are taken to be in the opposite 
phase instead of in the same phase. As in Sec. 6-10, the analysis will be 
divided into 3 subsections on the field patterns, driving-point impedance À 
and gain in field intensity. 2 


6-11a Field Patterns 


The field intensity £1() as a function of œ at a distance D in a horizontal 
plane (xy or @ plane in Fig. 6-26a) from a single element is 
i. en 


Eı(ġ)=kh Figure 6-25 End-fire 
where array of 2 linear à/2 
elements with currents 
of equal magnitude but 
opposite phase. 


k = a constant involving the distance D 
I, = the terminal current 


1D istinguish between “dB” for gain with respect to a reference antenna (à/2 dipole in the present case) and “dBi” for gain with respect 
to an isotropic source. 
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End-fire 


array 
4.47 dBi 


i d 
Elements 


y 
(b) (c) 


Figure 6-26 Field patterns for end-fire array of 2 linear out-of-phase A/2 elements with 
Spacing d= A/2. 


Replacing the elements by isotropic point sources of equal amplitude, the pattern Ej<9(@) in the horizontal 
plane for two such isotropic out-of-phase sources is given by (6-2-10) as 


d, COS@ 
2 


Eio ($) = 2Eo sin ( (1) 


Applying the principle of pattern multiplication, we may consider that Eo is the field intensity from a single 
element at a large distance D. Thus 


Eo = E1(ġ) =kh (2) 
and the field intensity E(@) as a function of ¢ in the horizontal plane at a large distance D from the array is 
E(¢) =2kh sin (= 7) (3) 


This is the absolute field pattern in the horizontal plane. The electric field at points in this plane is everywhere 
vertically polarized. The relative pattern for the case where the spacing d is 4/2 is shown in Fig. 6-26b and 
also partially in Fig. 6-26a. The maximum field intensity is at @ = 0° and @ = 180°. Hence, the array is 
commonly referred to as an “end-fire” type. 

The field intensity £(@) as a function of 6 from a single 4/2 element at a distance D in the vertical plane 
(xz plane in Fig. 6-26a) is, from (6-5-4), given by 


cos[(z/2) cos 0] 


E\ (0) = kI - 
1(0) 1 sind 


(4) 
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The pattern Eiso (0) as afunction of @ in the vertical plane for two isotropic sources in place of the two elements 
is, from (5-9-10), 


Ejso(0) = 2Eo sin (=) (5) 


Note that 6 is complementary to œ in (5-9-10), so cos@ = sind. 
Putting Eo = £1(0), the field intensity £ (6) as a function of 6 in the vertical plane at a large distance D 
from the array is 


2 4/2 element 
end-fire array 


E(@)=2kh (6) 


cos[(x/2)cos0] ._ /d,sin *) Vertical plane 
sin 
sin 8 2 pattern 


This is the absolute field pattern in the vertical plane. The relative pattern is illustrated in Fig. 6-26c, and also 
partially in Fig. 6-26a, for the case where the spacing is 4/2. The relative 3-dimensional field variation for 
this case (d = 1/2) is suggested in Fig. 6- 26a. 


6-11b  Driving-Point Impedance 
Let Vı be the emf applied to the terminals of element 1. Then 


Y= AZn + RZ (7) 
Likewise, if V2 is the emf applied to the terminals of element 2, 

V2 = hZz + Z2 (8) 
The currents are equal in magnitude but opposite in phase so 

h=-h (9) 
Therefore, (7) and (8) become 

VY. = h (Z1 — Zn) (10) 
and 

V2 = 12(Z22 — Zn) (11) 
The terminal impedance Z; of element 1 is 

Zi = i = Zu = Zm (12) 
and the terminal impedance Z2 of element 2 is 

Z2 = 7 = Zz — 212 (13) 
Therefore, 

Zi = 7 = Z1 — Z2 (14) 
or 

Vi _ V2 (15) 


hh 
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Since h = —Jy it follows from (15) that V2 = —Vi. This EZ 
means that the 2 elements must be energized with emfs which 
are equal in magnitude and opposite in phase. This may be 
done by means of a crossover in the transmission line from the 
driving point P to one of the elements as shown in Fig. 6-27. 
The length Z of each line is the same. 

For the case where the spacing between elements is à/2, 
the terminal impedance of each element is 


Zi = Ru — R2 + j(X11 — X12) 
= 86 + j72 Q = impedance of each element (16) m 


NIS 


resistance 
= 860 


Driving 
point for 
array 


, p , To transmitter 
Consider that the reactance of 72 Qis tuned outby a series 


capacitance at the terminals of each element. The terminal Figure 6-27 End-fire array of 2 

impedance is then a pure resistance of 86 &. To obtain a linear 4/2 elements with arrangement 
driving-point resistance of 600 , let the length / of the line for driving elements, with currents of 
from P to each element be 4/4 with a line impedance of equal magnitude but opposite phase. 


1200 x 86 = 321 Q. For an impedance match, the line 
from the driving point P to the transmitter should have a 
characteristic impedance of 600 Q. 


6-11c Gain in Field Intensity 


Using the same method as in Sec. 6-10c, the current 71 in each element for a power input P to the array is 
given by 


P 
l = | = 17 
: \ 2(Ri1 — R12) un 


It is assumed that there are no heat losses. The current Jp in a single 4/2 reference antenna is given by 
(6-10-23). The gain in field intensity G ¢(@)[A/HW ] as a function of ¢ in the horizontal plane with respect 
to aA/2 reference antenna is obtained by substituting (17) in (3) and taking the ratio of this result to (6-10-25). 


This yields 
d, COS@ 
(“S**) a 


G Al gs 2 Roo sin 
| sar E Ry — R12 
sin (3) cosg | (19) 


For a spacing of 4/2, (18) reduces to 
G a 1.3 
| sar =i. 

In the end-fire directions (@ = 0° and 180°) the pattern factor becomes unity, and the gain is 1.3 or 2.3 dB. 
This is the gain G ¢ (see Fig. 6-28). 

The gain in field intensity G ¢(@)[A/HW ] as a function of 8 in the vertical plane (xz plane of Fig. 6- 26a) 
with respect to a 4/2 reference antenna is found by substituting (17) in (6) and taking the ratio of this result 
to (6-10-31), obtaining 


i (4 sey Gain of 24/2 


End-fire A | 2Roo 
array Gy | ar = i ea sin 5 elements (20) 


of Fig. 6-9 
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A/2 reference Zz 
A/2 reference 
(i antenna 
Array 
x End-fire 
array 
4.47 dBi 
Elements 
y 
(a) (b) 


Figure 6-28 Horizontal plane field pattern (a) and vertical plane field pattern (b) of end-fire 
array of 2 vertical 4/2 elements with 4/2 spacing. The patterns of a vertical 4/2 reference 
antenna with the same power input are shown for comparison. 


which is of the same form as the gain expression (18) for the horizontal plane (note that maximum radiation 
isin a direction 6 = 90°, @ = 0°). 

The gain in field intensity G p of the array over an isotropic source with the same power input is 1.3 x 
1.64 = 1.66 (or 4.4 dBi). 


6-12 Array of 2 Driven 1/2 Elements. General Case with Equal Currents of Any 
Phase Relation? 


In the preceding sections 2 special cases of an array of two A/2 
driven elements have been treated. In one case the currents in the 
elements are in phase (phase difference = 0°) and in the other 
the currents are in opposite phase (phase difference = 180°). In Element 1 Element 2 
this section the more general case is considered where the phase $ 


difference may have any value. As in the preceding cases, the | d | i 
two à /2 elements are arranged side by side with a spacing d and i f 
are driven with currents of equal magnitude. Figure 6-29 Array of 2 side-by- 
For the general-phase case the radiation-field pattern in the Side 4/2 elements normal to plane 
horizontal plane (xy plane of Fig. 6-26a) is, from (5-9-20), of page. 
given by 
E(¢) = 2k cos $ (1) 


where w is the total phase difference between the fields from element 1 and element 2 at a large distance in 
the direction @ (see Fig. 6-29). Thus, 
y =d, coso +ô (2) 


where 6 = the phase difference of the currents in the elements 
A positive sign in (2) indicates that the current in element 2 of Fig. 6-29 is advanced in phase by an angle 
ô with respect to the current in element 1; that is, 


lFor a more detailed discussion of this case and also of the most general case where the current amplitudes are unequal, see G. H. 
Brown (2). 
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h=h [6 
or 
h=h [-6 (3) 
The voltages applied at each element are 
Vi = AZ + bZ12 = (Zi + Z12/8) (4) 
and 
V2 = hZn + NZ12 = (Zz + Z121—8) (5) 
The driving-point impedances of the elements are then 
Z = = = Z11 + Z12/6 (6) 
and 
Z = $ = Zn + Z12/-5 (7) 
The real parts of the driving-point resistances are 
Rı = R11 + |Z12| cos(t + ô) (8) 
and 
R2 = Rz + |Z12| cos(t — ô) (9) 
where 


t =the phase angle of the mutual impedance Z)9 (thatis, t = arctan X12/ R12 where Z12 = R12 +j X12) 
Therefore, the power Pı in element 1 is 

Py = |h|?Ri = |A/’[Ru + |Z12] cos(t + ô)] (10) 
and the power P2 in element 2 is 

Py = |D] [R2 + |Z12|cos(t — ô)] (11) 
Since R11 = Rn, the total power P is 

P = P} + P: = |h|?{2Ru + |Zrz|[cos(r + 5) + cos(t — 4)]} 
2171|? (R11 + |Z12| CoS t cos ô) 
= 2|h|’ (R1 + Riz cos ô) (12) 


It follows that the gain in field intensity as a function of ¢ in the horizontal plane! of the array over a single 
à /2 element with the same power input is 


Gain in field 


: ae A 2R d, COS + ô 
horizontal plane 11 12 


lT his is the plane of the page in Fig. 6-29. 
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A polar plot of (13) with respect to the azimuth angle @ gives the radiation-field pattern of the array in the 
horizontal plane, the ratio of the magnitude of the radius vector to a unit radius indicating the gain over a 
reference à /2 antenna. Brown (2) has calculated such patterns as a function of phase difference 5 and spacing 


d,. Examples of these are shown in Fig. 6-30. 


The radiation-field pattern in the vertical plane containing the elements (in the plane of the page of 


TOO 
“D-DD 
-+-)O-O-@-© 
oe e p Op 06 
pE 
potos 


Vertical A/2 elements 
= É 


hg hÊ 


Horizontal plane 
field patterns of 
2 vertical A/2 
elements with 
spacings dand 
phasing 6. See 
sketch at bottom 
of figure 


Figure 6-30 Horizontal-plane field patterns of 2 vertical elements as a function of the phase 
difference ô and spacing d. (After G. H. Brown-2). Both elements are the same length and have 
currents of equal magnitude. The circles indicate the field intensity of a single reference element 


of the same length with the same power input. 
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B d, sin 0 +6 cos[(z/2) cos 6] 
(0) = 2h c05( 7 ) SAG (14) 


Thus, the pattern in the vertical plane has the shape of the patterns of 9=0 
Fig. 6-30 multiplied by the pattern of a single 4/2 antenna. The gain in 
the vertical plane over a vertical 1/2 reference antenna with the same 0 
power input is then 


gol- l= ai cos 
IT HW | V Ru + Riz cosé 


It is often convenient to refer the gain to an isotropic source with 
the same power input. Since the power gain of a 4/2 antenna over an 
isotropic source is 1.64 [D(A/2) = 1.64, see table at end of Chap. 2], 
the gain in field intensity as a function of @ in the vertical plane of a Elements 
vertical 4/2 antenna in free space over an isotropic source is Figure 6-31 Relation of 


polar angle @ in the plane 


cost) cos | (16) of the elements. 


(2 mete) (15) 


TO | = v1.64 


H 
iso 


The gain in field intensity in the vertical plane of the array over the isotropic source is then the product of (15) 
and (16) or 


A] A HW Gain in field intensity 
Gol] z TOR gofa] in vertical plane 


3.28 R11 
= cos 
Ri + R12 COS ô 


EXAMPLE 6-12.1 Gain in dBi of Array of 2 )/2 In-Phase Antennas 
Find the gain of this array, (a) if s = 0.4 à, (b) if s = 0.5 A and (c) ifs = 0.6 å. 


E Solution 
(a) From Table 11-1 the mutual resistance R21 = +6.3 Q2. Thus, from (13) 


(17) 


(* sino + *) cos[(z/2) cos 0] 
2 sino 


Gain in field over half-wave antenna = (2 x 73.13/79.4)!/2 = 1.841/2. So power gain over isotropic = 
1.84 x 1.64 = 3.02 or 4.8 dBi Ans. 

(b) Similarly from (13), power gain over isotropic = 2.42 x 1.64 = 3.97 or 5.98 dBi Ans. 

(c) Similarly from (13), power gain over isotropic = 2.94 x 1.64 = 4.83 or 6.84 dBi Ans. 
Question |s there a spacing which gives even more gain? See Prob. 6-12-1. 


The McGraw-Hill Companies 


6-13 Closely Spaced Elements, Radiating Efficiency and Q. The W8J K Array 197 


6-13 Closely Spaced Elements, Radiating Efficiency and Q. The W8JK Array 


The end-fire array of two side-by-side, out-of-phase 4/2 dipole elements discussed in Sec. 6-11 can produce 
substantial gains when the spacing is decreased to small values. As indicated by the Rz = 0 curve in the gain- 
versus-spacing graph of Fig. 6-32a, the gain approaches 3.9 dB at small spacings. At 4/2 spacing the gain 
is 2.3 dB. This curve is calculated from (6-11-18) for ¢ = 0° or (6-11-18) for © = 90°. As the spacing 
d approaches zero, the coupling factor becomes infinite, but at the same time the pattern factor approaches 
zero. The product of the two or gain stays finite, leveling off at a value of about 3.9 dB (6.0 dBi) for small 
spacings, as illustrated by Fig. 6-32b. The fact that increased gain is associated with small spacings makes 
this arrangement attractive for many applications. 

Thus far it has been assumed that there are no heat losses in the antenna system. In many antennas such 
losses are small and can be neglected. However, in the W8JK antenna such losses may have considerable 
effect on the gain (Fig. 6-32b). Therefore, the question of losses and of radiating efficiency will be treated in 
this section in connection with a discussion of arrays of 2 closely spaced, out-of-phase elements. The term 
“closely spaced” will be taken to mean that the elements are spaced 4/4 or less. 

A transmitting antenna is a device for radiating radio-frequency power. Let the radiating efficiency be 
defined as the ratio of the power radiated to the power input of the antenna. The real power delivered to 
the antenna that is not radiated is dissipated in the loss resistance and appears chiefly in the form of heat in the 
antenna conductor, in the insulators supporting the antenna, etc. An antenna with a total terminal resistance 
Rır may be considered to have a terminal radiation resistance Rı and an equivalent terminal loss resistance 
Rix (see Sec. 2-10) such that 


Rir = Ri + Rip (1) 


It follows that 


tous o. oe Ry 
Radiating efficiency (%) = Rit Ru x 100 (2) 
Since many types of high-frequency antennas have radiation resistances that are large compared to any loss 
resistance, the efficiencies are high. In an array with closely spaced, out-of-phase elements, however, the 
radiation resistance may be relatively small and the antenna current very large, as illustrated by Fig. 6-33. 
Hence, a considerable reduction in radiating efficiency may result from the presence of any loss resistance. 
The radiating efficiency may also be small for low-frequency antennas which are very short compared to 
the wavelength. Although the effect of loss resistance will be discussed specifically for an array of 2 closely 
spaced 4/2 elements, the method is general and may be applied to any type of antenna. 
Let the equivalent loss resistance at the terminals of each element be Rız. The elements are center-fed and 
are arranged side by side with a spacing d. The total terminal resistance R17 is as given by (1). The terminal 
radiation resistance Rj is given by 


Rı = Ruy — R12 (3) 
Substituting (3) in (1) the total terminal resistance for each element is then 

Rir = Ru + Rit — Riz (4) 
If a power P is supplied to the 2-element array, the current 71 in each element is 


ie A (5) 
2(Ri1 + Riz — R12) 
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Gain in dB of two 
A/2 antennas with 
different spacings d 
and loss resistance 
RL. For gain in dBi 
add 2.1 dB 


Gain factors 


Figure 6-32 (a) Gain of end-fire array of 2 out-of-phase 4/2 elements (W8J K array) with 
respect to a A/2 reference antenna as a function of the spacing for 5 values of the loss 
resistance R. (b) Gain curve for R, = 0 with variation of its component factors, the coupling 


factor and the pattern factor, for ¢ = 0. 


The total terminal resistance Ror of a single, center-fed A/2 reference antenna is 


Ror = Roo + Rox 


(6) 


where Roo is the self-resistance and Roz the loss resistance of the reference antenna. The current Jo at the 


terminals of the reference antenna is then 


P 
Io = | ————— 
Roo + Ror 


(7) 
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With the array elements vertical, the gain in field intensity as a function of ø in the horizontal plane (xy plane 
in Fig. 6-26a) is obtained by substituting (5) in (6-11-3), (7) in (6-10-24) and taking the ratio which gives 


A 2(Roo + Roz) (° S£) 
G = sin 8 
Law | ee 2 (8) 
This expression reduces to (6-11-18) if the loss resistances are zero (Roz = Riz = 0). 
In asimilar way the gain in field intensity as a function of @ in the vertical plane (xz planein Fig. 6-26a) is 


Gain in field 
A 2(Roo + Roz) d, sin@ intensity including 
GO| aw = | pee sin ( 2 ) effect of loss (9) 
resistance, Rz 
This reduces to (6-11-20) if the loss resistances 25 100 
are zero. ea 
The effect of loss resistance on the gain of alh 
a closely spaced array of 2 out-of-phase 1/2 20 i | ee 
elements over a 4/2 reference antenna is illus- 4 
trated by the curves in Fig. 6-32a. The gain 15 60 
presented is the maximum gain which occurs in < I, 4 G 
the directions of maximum radiation from the = i oc 
array (@ = 0 and 180°; @ = 90°). The top curve 40 
is for zero loss resistance (Roy, = Riz = 0). The 
lower curves are for 4 different values of assumed 5 20 
loss resistance: T 1, 5 and 20 Q. The assump- 
tion is made that the loss resistance Rız of each 0 0 
element of the array is the same as the loss resis- 0 01 02 03 04 05 
tance Roz of the reference 4/2 antenna (that is, Spacing d, A 


Riz = Roz). It is apparent from the curves 
that a loss resistance of only 1 Q seriously lim- 
its the gain at spacings of less than 4/10, and 
larger loss resistances cause reductions in gain at 
considerably greater spacings. If the loss resis- 
tance is taken to be 1 Q (a not unlikely value 
for a typical high-frequency antenna), the gain is almost constant (within 0.1 dB) for spacings between 
A/8 and 4/4. Smaller spacings result in reduced gain because of decreased efficiency while larger spac- 
ings also give reduced gain, not because of decreased efficiency but because of the decrease in the 
coupling factor. A spacing of 1/8 has the advantage that the physical size of the antenna is less. How- 
ever, resonance is sharper for this spacing than for wider spacings. Hence, a spacing of 1/4 is to be 
preferred if a wide bandwidth is desired. In some situations an intermediate or compromise spacing is 
indicated. 

The Q of an antenna, like the Q of any resonant circuit, is proportional to the ratio of the energy stored 
to the energy lost (in heat or radiation) per cycle. For a constant power input to the closely spaced array the 
Q is nearly proportional to the square of the current Z in each element. Referring to Fig. 6-33, itis apparent 
that the current for 4/8 spacing is about twice the value for 4/4 spacing. Hence the Q for A/8 spacing is 


Figure 6-33 Current lı and radiation resistance 
Ri in each element of a W8J K antenna as a 
function of the spacing. The current is calculated for 
a constant input power of 100 W to the array. 
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about 4 times the Q for 4/4 spacing. A large Q indicates a large amount of stored energy near the antenna in 
proportion to the energy radiated per cycle. This also means that the antenna acts like a sharply tuned circuit. 


Since the bandwidth (if it is narrow) is inversely proportional 
to the Q, a spacing of 2/4 provides about 4 times the band- 
width obtained with 2/8 spacing. Although the efficiency of 
an array with closely spaced, out-of-phase elements might be 
increased, e.g., by using alarge-diameter conductor for each ele- 
ment, any substantial increase in bandwidth requires an increase 
in the spacing between the elements. This increase also raises 
the radiating efficiency. 

A single-section horizontally polarized W 8} K closely spaced 
array consists of two side-by-side, out-of-phase à /2 elements as 
indicated in Fig. 6-34. A single-section array is also shown in 
Fig. 6- 35a. Five other examples of W 8] K antennas are shown in 
Fig. 6-35 with arrows located at current maxima, indicating the 
instantaneous current directions. The type at Fig. 6-35b has an 
additional collinear 4/2 section, the 2 sections being energized 
from the center. A 4-section center-fed array is illustrated in 
Fig. 6-35c. The additional sections yield a higher gain by virtue 


Maximum A 
<<  — 


Maximum 
r n E a 
radiation | 


radiation 


c 


Matching T 
stub 9 —— 
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oo 


To transmitter 


Figure 6-34 Horizontally 
polarized W8J K array with closely 
spaced elements carrying equal 
out-of-phase currents. 


of the sharper beam in the plane of the elements. The antennas of Fig. 6-35d, e and f are end-fed types 
corresponding to the enter-fed arrays in the left-hand group. The spacing d is usually between 4/8 and 1/4. 

Referring to the matching stub in the W8JK array in Fig. 6-34, the location of the short circuit S on the 
vertical line is adjusted for resonance (total length from open end of horizontal dipole to S an odd number 
of 4/4 approximately). The distance of the tap point T above S is then adjusted for minimum VSWR on the 
line to the transmitter (or receiver). The other types in Fig. 6-35 can also be matched in the same way. An 
adjustable balun for matching a W 8J K array to a coaxial line is shown in Fig. 20-20. A W8JK array fed by 
constant-impedance lines without tuners is shown in Fig. 6-76. See also Table 6-2. 


5.8 dBi 5.8 dBi 
i (a) qd) 
P A À 
2 2 
7.8 dBi 7.8 dBi 
tt = (b) au [a (0) 
i—i] 
2 2 
9.8 dBi 9.8 dBi 
Terminals a í 
(c) End-fed types (f) 


Center-fed types 


Figure 6-35 Six types of W8J K antennas with gains in dBi for d = 4/8 and Ri = 1/2 Q. 
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6-14 Array of n Driven Elements 


The field pattern of an array of many elements can often be obtained by an application of the principle of 
pattern multiplication. As an example, consider the volume array of Fig. 6-36 consisting of 16 4/2 dipole 
elements with equal currents. In the y direction the spacing between elements is d, in the x direction the 
Spacing is a and in the z direction the spacing is A. Let the y-direction and z-direction arrays be broadside 
types and the x-direction array an end-fire type such that the maximum radiation of the entire volume array is 
in the positive x-direction. Letd = h =’/2 anda = 4/4. Consider that the currents in all elements are equal 
in magnitude and that the currents in the front 8 elements are in phase but retarded by 90° with respect to the 
currents in the rear 8 elements. By the principle of pattern multiplication the pattern of the array is given by 
the pattern of a single element multiplied by the pattern of a volume array of point sources, where the point 
sources have the same space distribution as the elements. In general, the field pattern E(6, ¢) of a volume 
array as a function of 6 and ¢ is 


E(@, $) = Es(6, P)Ex (0, P)EyO, DELO, Q) (1) 
where 
Es (6, ¢) = pattern of single element 
E,(0, ¢) = pattern of linear array of point sources in x direction 
Ey (0, ) = pattern of linear array of point sources in y direction 
E,(0, @) = pattern of linear array of point sources in z direction 


The product of the last 3 terms in (1) is the pattern of a volume array of point sources. If, for instance, we wish 
to obtain the pattern of the entire array E(#) as a function of @ in the xy plane (6 = 90°), we introduce the 
appropriate pattern expression in this plane for each component array in (1). For the example being considered 
the normalized pattern becomes 


sin(2z sind) 
Asin[(2/2) sind] 


Only the £,(@) broadside pattern and the £,(@) end-fire pattern contribute to the array pattern in the xy 
plane, since in this plane the E,(@) pattern of a single element and the £,(@) broadside pattern are uniform. 

The impedance relations for an array of any number n of identical elements are derived by an extension 
of the analysis used in the special cases in the preceding sections (Carter-1). Thus, for n driven elements 
we have 


E(@) = cos E (1 — cos 6)| (2) 


V = hZu + hZy + BZR + + InZin 
VY = Za + hZ2 + 3223 + + InZ2n 
V3 = hZ + hZ3z + 8233 + + InZ3n (3) 
Van = NZn1 F hN Znz +F 13273 a E InZnn 


where 
V, = terminal voltage of the nth element 
I, = terminal current of the nth element 
Zin = mutual impedance between element 1 and the nth element 
Znn = self-impedance of the nth element 


In matrix form (3) can be expressed as 
[Vil = Un Zanl (4) 
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The driving-point or terminal impedance of one of the elements, say element 1, is then 


aa hy ar ce 

= = 4+ 7 412 + 7 213 i 

If the currents in the elements and the self and mutual impedances are known, the driving-point impedance 
Zı Can be evaluated. 

The voltage gain of an array of n elements over a single element can be determined in the same manner 
as outlined for the special cases considered in the previous sections. For instance, the gain in field intensity 
as a function of ¢ in the xy plane (9 = 90°) for the array of Fig. 6-36 with respect to a single vertical 1/2 
element with the same power input is 


In 


Zin (5) 


A Riu + Rit 
Gy) dw |= 3 I 
Rit +Rit + R13 + R15 + R17 + 5(R12 + Rig) + 5(Ri4 + Ris) 


sin(2z sin p) 
x= ; 
sin[(z/2) sin b] 


cos E (l cosg) (6) 


where 


Ri =self-resistance of one element 
R 1, =loss resistance of one element 
Ri2 =mutual resistance between 
element 1 and element 2 
R13 =mutual resistance between il 
element land element 3, etc. le 13 
5 


The numbering of the elements is as indicated 
in Fig. 6-36. It is assumed that d = h = i/2 
and a = 1/4 and that the current magnitudes are 
equal, the currents in the front 8 elements being 
all inthe same phase but retarded 90° with respect 


to the currents in the rear 8 elements. Figure 6-36 Array of 16 4/2 dipole elements. 


Maximum 
radiation 


X 


6-15 Horizontal Antennas Above a Plane Ground 


In the previous discussions it has been assumed that the antenna is in free space, i.e., infinitely remote from 
the ground. Although the fields near elevated microwave antennas may closely approximate this idealized 
situation, the fields of most antennas are affected by the presence of the ground. The change in the pattern 
from its free-space shape is of primary importance. The impedance relations may also be different than when 
the array is in free space, especially if the array is very close to the ground. In this section the effect of the 
ground on horizontal antennas is discussed. In Sec. 6-16 the effect of the ground is analyzed for vertical 
antennas. A number of special cases are treated in each section, these being limited to single elements or to 
simple arrays of several elements. Perfectly conducting ground is assumed. 
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6-15a Horizontal 1/2 Antenna above Ground 


Consider the horizontal 4/2 antenna shown in Fig. 6-37 at à 

a height 4 above a plane ground of infinite extent. Owing to lg Antenna 
the presence of the ground, the field at a distant point P is j 

the resultant of a direct wave and a wave reflected from the h 


ground as in Fig. 6-38. A ssuming that the ground is perfectly meee 
conducting, the tangential component of the electric field must 7 
vanish at its surface. To fulfill this boundary condition, the 
reflected wave must suffer a phase reversal of 180° at the point 
of reflection. 

To obtain the field at a distant point P, it is convenient 
to transform the problem by the method of images. In this 
method the ground is replaced by an image of the antenna 
situated a distance below the ground plane. By taking the cur- 
rent in the image equal in magnitude but reversed in phase by 
180° with respect to the antenna current, the condition of zero 
tangential electric field is met at all points along a plane every- 
where equidistant from the antenna and the image. This is the 
plane of the ground which the image replaces. In this way, the 
problem of a horizontal antenna above a perfectly 
conducting ground! of infinite extent can be trans- 
formed into the problem already treated in Sec. 

6-11 of a so-called end-fire array. One point of 

difference is that in developing the gain expres- 

sion itis assumed that if a power P is delivered to 

the antenna, an equal power is also supplied to the Antenna 
image. Hence, a total power 2P is furnished tothe element 1 


h 
ee epee 


l 
| 


Figure 6-37 Horizontal 4/2 
antenna at height h above 
ground with image at equal 
distance below ground. 


To distant 
point P 


Phase reversal Reflected 


“end-fire array” consisting of the antenna and its | a wave 

image. Ground 
Owing to the presence of the ground, the 7 

driving-point impedance of the antenna is, in gen- | a 

eral, different from its free-space value. Thus, the Image eo 

applied voltage at the antenna terminals is element 2 

ee = hZ + 22m Figure 6-38 Antenna above ground with 


image showing direct and reflected waves. 
I, = the antenna current 


h = the image current 
Z11 = the self-impedance of the antenna 
Zm = the mutual impedance of the antenna and its image at a distance of 2h 
Since 2 = — A, the driving- or feed-point impedance of the antenna is 


V1 
Zi = — = Z1 — Zm (2) 
lh 


llt is also possible to apply the method of images to the case of a ground of infinite extent but of finite conductivity o and of dielectric 
constant e by properly adjusting the relative magnitude and phase of the image current with respect to the antenna current. 
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The real part of (2) or driving-point radiation 100 
resistance is 
90 
Ri = Ru — Rn (3) 

TON , : 80 

The variation of this resistance at the center of 3 
i i i A 

the 2/2 antenna is shown in Fig. 6-39 as a func- 70 RESE 


tion of the antenna height 4 above the ground. As 60 infinite height 
the height becomes very large, the effect of the 
image on the resistance decreases, the radiation 
resistance approaching its free-space value. 

Since the antenna and image have currents of 
equal magnitude but opposite phase, there is zero 30 
radiation in the horizontal plane, i.e., in the direc- 


R, Q 
o 
oO 


tion for which the elevation angle œ is zero (see 20 
Fig. 6-38). If the height is 4/4 or less, the max- 10 
imum radiation is always in the vertical direction 
(æ = 90°). For larger heights the maximum radia- O0 01 02 03 04 05 06 0.7 08 0.9 1.0 
tionis, in general, atsome elevation angle between Height above ground, A 
0 and 90°. 

Itis convenient to compare the horizontal 2/2 Figure 6-39 Driving- or feed-point 
antenna at a height 4 above ground with respect to resistance R ; at the center of a horizontal 4/2 
a A/2 antenna in free space with the same power dipole antenna as a function of its height 
input. Atalarge distance the gain in field intensity above a perfectly conducting ground. 
of the “Half-Wavelength antenna A bove Ground” 
(HWAG) with respect to the “Half-Wavelength 
antenna in Free Space” (HWFS) is given by 

arol Fes | = = |2 sin(h, sin œ)| (4) 
where 
hy = 27 /à)h 


Ry = self-resistance of à /2 antenna 
Rız = loss resistance of 4/2 antenna 
Rm = mutual resistance of 2/2 antenna and its image at a distance of 2h 


Equation (4) gives the gain in the vertical plane normal to the antenna as a function of w (see Fig. 6-40). 

The vertical-plane patterns of a horizontal 4/2 antenna are shown in Fig. 6-40 for heights h = 0.1, 0.25, 0.5 
and 1.04. The circular pattern is for a 4/2 antenna in free space (i.e., with the ground removed) with the same 
power input. It is assumed that loss resistances are zero. 

Itis also of interest to calculate the field pattern as a function of the azimuth angle ¢ for a constant elevation 
angle a. The radius vector to the distant point P then sweeps out a cone as suggested in Fig. 6-41. To find th- 
is field pattern, let us first consider the field pattern of a horizontal antenna in free space as in Fig. 6-42. The 
xy plane is horizontal. The field intensity at a large distance in the direction of a and ¢ is then given 
by the length OA between the origin and the point of intersection of a cone of elevation angle a 
and the surface of the 3-dimensional doughnut field pattern of the antenna as suggested in Fig. 6-42. 
This length is obtained from the field-pattern formula of the antenna in free space by expressing 
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Horizontal ra \2 


A/2 antenna 


h 
Ground 
2 
à/2 
antenna in 
free space 
h= 0.1 h = 0.25A 
30° 
2-D 2-D 
20° 
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2 h = 0.5A 1 22 1 h= 1.0A 1 2 
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Figure 6-40 Vertical-plane field patterns of a horizontal A/2 dipole at various heights h above 
a perfectly conducting ground as calculated from (4) for R ıı = 0. Patterns give gain in field 
intensity over a 4/2 dipole with the same power input. Note that the presence of the ground 
increases the field by approximately 6 dB or more in certain directions. 
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the polar angle ¢’ from the antenna axis in terms of a and 


Fd 
Se , -E f 

@. For the spherical right triangle in Fig. 6-42 we have eerie) eae eras 

coso’ = cos@ cosa (5) ee 

To point P 

or 

sing’ = y1 — cos? pcost a (6) 
Substituting these relations in the pattern formula, we get Ground 
the field intensity in the direction œ, ø. For example, by 
substituting (5) and (6) into (6-5-2), noting that ø’ in (5) 
and (6) equals @ in (6-5-2), we obtain for the field of a 
4/2 horizontal dipole antenna Image antenna 

[(r/2) coso cosa] x aoe 
cos| (zr 
E(a@, $) = > > (7) 
y 1 — cost pcos a Figure 6-41 Horizontal antenna at 
Then the relative field pattern of the horizontal 4/2 dipole height h above ground (xy plane) 
antenna in free space as a function of ¢ ata fixed elevation showing azimuth angle ¢ and 
angle ao is given by elevation angle a for a distant point P. 
cos[ (7/2) cos @ cos 
E@) = [r /2) COS ġ COS ao] (8) 


V1 — cos? pcos? a 


To obtain the field pattern of the antenna when situated at a height 4 above a perfectly conducting ground, 
we multiply the above free-space relations by the pattern of 2 isotropic point sources of equal amplitude but 


Cross section 
through doughnut- 
shaped field pattern 


Cone of constant 
elevation angle, a 


y 


Horizontal 
antenna 


Figure 6-42 Geometrical construction for finding the field intensity at a constant elevation 
angle a in direction of line OA. 
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opposite phase. The sources are separated by a distance 2h along the z axis. From (5-9-10) the pattern of the 
isotropic sources becomes in the present case 


Eiso = SİN (h, sina) (9) 
where h, is the height of the antenna above ground in radians; that is, 
_ 2h 
~ 


The pattern is independent of the azimuth angle ¢. M ultiplying the free-space field pattern of any horizontal 
antenna by (9) yields the field pattern for the antenna above a perfectly conducting ground. Thus, for a 
horizontal 4/2 dipole antenna above a perfectly conducting ground, the 3-dimensional field pattern as a 
function of both a and ¢ is obtained by multiplying (7) and (9) which gives 


h, 


pa cos[ (x /2) coso cosa] 
~ J1- cos? pcos a 


where h, = the height of the antenna above ground, rad 

As an example, the field patterns as a function of the azimuth angle ¢ at elevation angles w = 10, 20 and 
30° are presented in Fig. 6-43 as calculated from (10) for a horizontal à /2 antenna ata height of à /2 (h, = x) 
above a perfectly conducting ground of infinite extent. The relative magnitudes of these patterns at ¢ = 90 
or 270° are seen to correspond to the field intensities at a = 10, 20 and 30° in the vertical-plane pattern of 
Fig. 6-40 for h = 0.51. It should be noted that the field is horizontally polarized at ¢ = 90 or 270° and is 
vertically polarized at ¢ = 0° and œ = 180°. At intermediate azimuth angles the field is linearly polarized at 
a slant angle. 


sin(h, Sin a) (10) 


Figure 6-43 Azimuthal field patterns of horizontal 4/2 antenna A/2 above ground at elevation 
angles a = 10, 20 and 30°. 
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6-15b W8JK Antenna above Ground 


In this section the case of 2 horizontal, closely spaced, out-of-phase à /2 elements or W8]K antenna above a 
perfectly conducting ground is discussed. Referring to Fig. 6-44, let the 2/2 elements be at a height above 
the ground and separated by a distance d. The gain in field intensity of this antenna relative to a 4/2 antenna 
in free space with the same power input is given by (K raus-5) 


AAG Jt Riu + Rit 
G f(a) =) 5 — 
HWFS (Ri. + Riz + Ria — Ry — R13) 


x |[1 — 1d, cosa) -1(2h, sin w)+1fd, cosa+2h, sin a)]| (11) 


where 
d, = Spacing of elements, rad = 2d /a ae 
h, = height of element above ground, rad = 27h/A 
Ri, = self-resistance of a single element 1 Se \a 
Ri, = loss resistance of a single element 1 | A i. | 2 


Riz = mutual resistance of elements 1 and 2 
R13 = mutual resistance of elements 1 and 3, etc. h| 


where the elements are numbered as in Fig. 6- 
44. The gain in (11) is expressed as a function of | 
a in the vertical plane normal to the elements. 7 

Polar plots calculated by (11) for the gain 
in field intensity of a W8JK antenna consist- h! 
ing of two à/2 elements spaced à/8 apart are 
presented by the solid curves in Fig. 6-45 for |o 
antenna heights of à/2 and 34/4 above ground. 3 i 7 
Patterns of a single 4/2 antenna at the same Pa 
heights above ground and with the same power Image 
: : elements 
input are shown for comparison (dashed curves). 

The gain in field intensity is expressed relative to Figure 6-44 W 8] K antenna above ground. 
a 4/2 antenna in free space with the same power 
input. 

In Fig. 6-46 the gain is given as a function of height above ground for several elevation angles. Curves 
are shown for both a 2-element W 8J K and a single horizontal 4/2 antenna. It is assumed that loss resistances 
are zero. If, for example, the effective elevation angle at a particular time on a certain short-wave circuit 
(transmission via ionospheric reflections) is 30°, we note from Fig. 6-46 that the optimum height for a 
2-element W 8] K beam is 0.54. For a single 4/2 antenna the optimum height is about 0.572. 

Itis interesting to consider the effect of tilting the plane of the W 8] K elements by an angle y asin Fig. 6-47. 
Results calculated by an extension of the above analysis are illustrated in Figs. 6-48 and 6-49 for 2-element 
arrays at average heights of 4/2 and 34/4 above a perfectly conducting ground (K raus-4). Patterns are shown 
for tilt angles y = 0, 30, 45 and 90°. In all cases the effect of the tilt is to increase the field intensity at large 
elevation angles and to decrease it at small angles. 


tT he symbols in the brackets are by way of explanation that the gain in field intensity is for the “Array A bove Ground with respect to a 
Half-Wavelength antenna in Free Space.” 
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Figure 6-45 Vertical-plane patterns (solid curves) of 2-element W8J K antenna with 4/8 
spacing at heights of 4/2 and 34/4 above ground. The patterns are plotted relative to a 4/2 
antenna in free space with the same power input. The vertical plane patterns of a single 4/2 
antenna at the same heights above ground and with the same power input are shown for 
comparison by the dashed curves. The left-hand quadrants of the vertical planes are mirror 
images. Since the W8J K has zero radiation vertically and maximum horizontally, itis very 
effective for low-angle long-distance communication. 
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Figure 6-46 Gain in field intensity of 2-element W8J K antenna with 4/8 spacing (solid 
curves) and of a single 4/2 antenna (dashed curves) as a function of the height above a 
perfectly conducting ground. Gains are relative to a single 4/2 antenna in free space with the 
same power input. Curves are given for elevation angles a = 5, 15 and 30°. We note that the 
gain of a 1-section (2-element) W8J K antenna ata = 15° and h = å exceeds 3 (=11.8 dBi). For 
a 4-section W8J K antenna at this angle and height the gain is about 16 dBi. 
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To distant 
point P 


Gain in field intensity 


Figure 6-47 Tilted W8JK Figure 6-48 Vertical-plane patterns for horizontal 
antenna. 2-element W8JK antenna with A/8 spacing at an average 
height of A/2 above groung for tilt angles y = 0, 30, 45 and 
90°. Patterns give gain in field intensity over a single A/2 
antenna in free space with the same power input. 


Ay=tilt angle 
h= 34 


4 


Gain in field intensity 


Figure 6-49 Same as for Fig. 6-48 but with array elements at average height of 34/4 above 
ground. 


6-15c Stacked Horizontal \/2 Antennas above Ground 


Consider the case of two horizontal 4/2 elements stacked in a vertical plane above a perfectly conducting 
ground of infinite extent. The elements have equal in-phase currents. The arrangement of the elements and 
their images is shown in Fig. 6-50. The height of the upper element above ground is h. Let the spacing 
between elements be 4/2 so that the height of the lower element above ground is h — 4/2. The gain in field 
intensity of this array over a single 4/2 dipole antenna in free space with the same power input is 
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é w| AAG | _ Roo + Ror 
j HWFS 2(Ri1 + Rit + Riz — R13) — R23 — Ru 


x 2|{sin(h, sina) + sin[(h, — 2) sin a]}| (12) 


where R12 is the mutual resistance between elements 1 

and 2, R13 the mutual resistance between elements 1 and A jo 

3, etc. The elements are numbered as in Fig. 6-50. This l 
expression gives the gain asafunction of h and of the ele- Saed 

vation angleg in thevertical plane normal to the plane of elements Ale 
the elements. As an example, the gain in field intensity h 
for two stacked in-phase horizontal 1/2 elements over 2 
a free-space à/2 antenna with the same power input 

is presented in Fig. 6-51 as a function of the height h | Ground 
above ground, for an elevation anglea = 20°. Thegains II... 
at a = 20° for a 2-element W8JK antenna and a sin- 

gle horizontal 4/2 antenna are also shown as a function 3 
of height for comparison. At all heights less than 0.92 h 
the W 8] K antenna produces the highest gain. This gain Image v2 
improvement at low heights and angles is an important einer 
advantage and has been emphasized by Regier (1). NI 


y 


6-16 Vertical Antennas Above a Figure 6-50 Array of stacked horizontal 
Plane Ground A/2 elements. 


Consider a vertical stub antenna of length / above a plane horizontal ground of infinite extent and perfect 
conductivity as in Fig. 6-52. By the method of images the ground may be replaced by an image antenna of 
length Z with sinusoidal current distribution and instantaneous current direction as indicated. The problem 
of the stub antenna above ground then reduces to the problem (treated earlier) of a linear center-fed antenna 
with symmetrical current distribution. The electric field intensity as a function of the elevation angle œ and 
distance r may be derived from (6-5-3), obtaining 


60 P cos(/, sina) — COS l, 4 
E = 1 
(a7) r y Riu + Riv cosa ee (1) 


where 
l-BL = (2m/A)1, dimensionless 
Ry = self-resistance of a vertical stub antenna of length 
L referred to the point of current maximum, Q 
Ri, = effective loss resistance of antenna referred to same 
point, Q 
P = power input, W 
r = distance, m 


Values of the self-resistance referred to the current loop of a vertical stub antenna above a perfectly 
conducting ground have been given by Brown (1) and by Labus (1). These values are presented as a function 
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Figure 6-51 Gain in field intensity of array of 2 stacked horizontal 4/2 elements as a function 
of the height above ground of the upper element for an elevation angle of 20°. The elements are 
stacked A/2 apart. The gain is relative to a single 4/2 dipole antenna in free space with the same 
power input. Gains of a 2-element W8J K antenna and single 4/2 antenna as a function of the 
height above ground are also shown for comparison at the same elevation angle. At all heights 
less than 0.9, the W8J K antenna produces the highest gain. 


of antenna length in Fig. 6-53. Using these values of self-resistance, or radiation resistance, the field intensity 
of a vertical stub antenna of any length / and power input P can be calculated by (1) at any elevation angle «œ 
and distance r. Thus, the field intensity by (1) along the ground (œ = 0) for aa/4 vertical antenna (J, = 2/2) 
with a power input P = 1 W ata distance of 1609 mis 6.5 mV m—!. The value of R1; for a à/4 stub antenna 
is 36.5 Q, and Riz is assumed to be zero. 

Vertical stub antennas, singly or in directional arrays, are very widely used for AM broadcasting. In this 
application the field intensity along the ground (a = 0) is of particular interest. It is also customary to 
compare field intensities at some standard distance, say 1.61 km, and for some standard input such as 1 kW. 
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For this case (1) reduces to 
ee 1.18(1 — cos/,) 

v R11 + Rit 
where E is the field intensity along the ground at a distance 
of 1.61 km for a power input of 1 kW. The variation of E 
as given by (1) is presented in Fig. 6-54 as a function of 
antenna length. The vertical-plane patterns calculated by (1) 
as a function of the elevation angle «œ for vertical antennas 
of various heights are presented in Fig. 6-55 (Brown-2; 
Smith-1). A length of about 0.642 yields the greatest field 
intensity along the ground, but as pointed out by B rown (1) 
the large high-angle radiation (at œ = 60°) for this length 
reduces the nonfading range at broadcast frequencies (500 


m$) (2) 


213 
_ Vertical stub antenna 
Current 
“ distribution To distant 
point P 
r 
: Ground 


Image antenna 


to 1500 kHz) as compared, for example, with an antenna Figure 6-52 Vertical stub antenna above 
about à/2 long. The nonfading range is largest for an a ground plane. 


antenna height of 0.5284. It is assumed that the loss 
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Figure 6-53 Radiation resistance at the current maximum of a thin vertical antenna as a 
function of the height | of the antenna. (After G. H. Brown-1 and also J . Labus-1.) 
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resistance Riz, = 0, that is, the entire input 300 
to the antenna is radiated. The small amount 
of high-angle radiation, which is an impor- 
tant factor in reducing fading, is apparent for 
the Z = 0.528, antenna as compared to other 
lengths (see Fig. 6-55b and c). 

The analysis of arrays of several vertical 
stub antennas can be reduced in a similar 
fashion to arrays of symmetrical center-fed 
antennas. M any of these have been treated in 
previous sections. In this caseitis often conve- 
nient to compare the pattern and refer the gain 
to a single vertical stub antenna with the same 
power input. The situation of a symmetrical 


ie) 
a 
Oo 


ye) 
O 
Oo 


= 
© 
[=] 


Field intensity in mV m~! at 1.61 km 
a 
fo) 


center-fed vertical antenna with its lower end 50 

some distance above the ground can also be 

treated by the method of images. In this case 

the antenna is reduced to a collinear array. % 02 04 06 08 41.0 
For the case of alinear array of vertical ele- Height I of antenna A 


ments of equal height and of the same current 


distribution, the pattern £ (¢) as afunctionof Figure 6-54 Field intensity at the ground (zero 
the azimuth angle ø at a constant elevation elevation angle) at a distance of 1.6 km froma 


angle œ is given by vertical antenna with 1 kW input as a function of its 
height |. Perfectly conducting ground is assumed. The 
E(¢) = Ejso(¢’) x E1 (3) solid curve is for an assumed loss resistance Rz = 0 
where and the dashed curve for R , = 1Q. 


Ejso(’) = relative pattern of array of isotropic point sources used to replace elements 
E = relative field intensity of a single vertical element at the elevation angle œ 


The angle ¢’ in the pattern formula of the array of isotropic sources is the angle with respect to the array axis 
or x axis in Fig. 6-56a. Before inserting this formula into (3), it is necessary to express ø’ in terms of the 
azimuth angle ø and elevation angle a (Fig. 6-56a). This is done by the substitutions 


coso’ = cos cosa (4) 
and 
sind’ = y1 — cos? ọ cos? w (5) 


If the relative field intensity formula £1 of a single vertical element is given in terms of the polar angle 9, the 
elevation angle a is introduced by means of the substitution @ = 90° — a, since, as indicated in Fig. 6-56b, 
6 and æ are complementary angles. 


6-17 Yagi-Uda Modifications 


6-17a Circular Polarization with a Yagi-Uda Antenna 


To produce circular polarization, 2 Yagi-Uda antennas can be crossed (elements at right angles on the same 
boom) with the driven elements fed in phase quadrature, or both driven elements can be fed in phase but with 
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Figure 6-55 Vertical-plane field patterns of vertical antennas for several values of antenna 


height I. The field intensity is expressed in millivolts per meter at a distance of 1.6 km for 1 kW 
input. Perfectly conducting ground and zero loss resistance are assumed. 


one array displaced 4/4 along the boom with respect to the other. Another alternative is to feed the crossed 
director pairs with a monofilar axial-mode helical antenna (see Fig. 8-61). An advantage of this arrangement 
is that it can be fed by a single coaxial transmission line. 


6-17b The Landsdorfer 
Shaped-Dipole Array 


The gain of aYagi-U da antenna can be 
increased by adding more directors and 0 
increasing the length of the array. As 
with all end-fire arrays, twice the gain 
(3 dB improvement) requires a 4-fold 
increase in length. A nother method of 
obtaining a 3 dB improvement is to 
stack 2 arrays. As yet another alterna- 
tive, Landsdorfer (1, 2, 3) has demon- 
strated that higher gain can be obtained 
by extending and shaping the con- 


Linear 
array 0 


pay a Vertical a 
7 element 


Array axis 


ductors of a 3-element close-spaced 
Y agi-U da antenna. 


Figure 6-56 Geometrical construction for finding field 
intensity of a linear array of vertical elements at a constant 
elevation angle a. 
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Figure 6-57 (a) A 31/2 center-fed dipole and (b) its field pattern. (c) Center section folded 
into a A/4 stub reducing length to 1A and (d) the field pattern. (e) Further shaping and addition 
of shaped director and reflector forms a Landsdorfer array with the field pattern (f). 


Consider the center-fed 34/2 dipole shown in Fig. 6-57a. Assuming a sinusoidal current distribution, the 
field pattern is as indicated in (b) (see also Fig. 6-8). There are small broadside lobes and also large lobes at 
an angle. If the center 4/2 section is folded into a 4/4 stub as in (c) the antenna reduces to an in-phase 11 
dipole with a bidirectional broadside field pattern as in (d ). Now pulling the stub apart and shaping it and the 
A/2 sections, it can be arranged with a similarly shaped director and reflector as done by Landsdorfer and 
shown in (e) with the unidirectional pattern at (f). The overall length is 1.3 with gain reported to be about 
11.5 dBi. This compares to about 8.5 dBi for a close-spaced 3-element array of 4/2 dipoles. 


6-18 Phased Arrays 
6-18a Introduction 


Although the elements of any antenna array must be phased in some manner, the term phased array has come 
to mean an array of many elements with the phase (and also, in general, the amplitude) of each element being 
a variable, providing control of the beam direction and pattern shape including side lobes. These arrays are 
discussed in the second part of this section. 

Specialized phased arrays given different names are the frequency scanning array, the retroarray and the 
adaptive array. 

In the scanning array, phase change is accomplished by varying the frequency. These frequency scanning 
arrays are among the simplest phased arrays since no phase control is required at each element. Several of 
these arrays were discussed in Sec. 8-14. Additional ones are described in the next section (6-19). 

A retroarray is one which automatically reflects an incoming signal back toward its source. This type of 
array is considered in Sec. 6-20. 
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Adaptive arrays have an awareness of their environment and adjust to it in a desired fashion. Thus, an 
adaptive array can automatically steer its beam toward a desired signal while steering a null toward an 
undesired or interfering signal. In a more versatile adaptive array the output of each element is sampled, 
digitized and processed by a computer which can be programmed to accomplish tasks limited mainly by the 
sophistication of the computer program and the available computer power. Such an array may be called a 
smart antenna. These arrays are described in Sec. 6-22. 


6-18b Phased Array Designs 


An objective of a phased array is to accomplish beam steering without the mechanical and inertial problems 
of rotating the entire array. In principle, the beam steering of a phased array can be instantaneous and, with 
suitable networks, all beams can be formed simultaneously. However, the look angle or field of view of a 
planar phased array may be more restricted than for a steerable array (although a phased array on a curved 
surface may cover as much solid angle). Also the beam of a rotatable array maintains its shape with change 
in direction whereas a phased array beam may not. 

Another objective of the phased array is to provide beam control at a fixed frequency or at any number of 
frequencies within a certain bandwidth in a frequency-independent manner. 

In its most simplistic form, beam steering of a phased array can be done by mechanical switching. Thus, 
consider the case of the rudimentary 3-element array of Fig. 6-58a. Let each element be a 4/2 dipole (seen 
end-on in the figure). An incoming wave arriving broadside as in (a) will induce voltages in the transmission 
lines (or cables) in the same phase so that if all cables are of the same length (/1 = l2 = /3) the voltages will 
be in phase at the (dashed) in-phase line. By bringing all 3 cables to acommon point as in (b), the 3-element 
array will operate as a broadside array. For an impedance match, the cable to the receiver (or transmitter) 
should be 5 the impedance of the 3 cables, or a 3 to 1 impedance transformer can be inserted at the common 
junction point with all cables of the same impedance. 

Now consider a wave arriving at an angle of 45° from broadside as in Fig. 6-58c. If the wave velocity 
v = c On the cables, the (dashed) in-phase line is parallel to the wave front of the incoming wave, as suggested 
in (c). However, if v < c, the lengths /2 and /3 must be increased as suggested in order for all phases to be the 
same (the in-phase condition). Then, if cables of these lengths are joined as in (d ) the 3-element array will 
have its beam 45° from broadside. 

By installing a switch at each antenna element and one at the common feed point as in Fig. 6-58e and 
mechanically ganging all switches together, the beam can be shifted from broadside to 45° by operating the 
ganged switch. 

By adding more switch points and more cables of appropriate length the beam can be steered to an arbitrarily 
large number of directions. With more elements, narrower beams can be formed. With diodes (PIN type?) in 
place of mechanical switches, control can be electronic. However, even with these modifications, itis obvious 
that for precision beam steering with many antenna elements, the required number of interconnecting cables 
can become astronomic. M any schemes have been proposed to reduce the required number of cables.One of 
these, called a Butler (1, 2) matrix, is a cable-connected matrix which is the hard-wire equivalent of a discrete 
fast Fourier transform. For an N element, N output-port matrix, forming N simultaneous beams, the number 
of required cables is reduced from N? to N In N, resulting in a significant economy for large values of N. 
Computers can do the same thing by appropriate programming of sampled signals. 

Instead of controlling the beam by switching cables, a phase shifter can be installed at each element. 
Phase shifting may be accomplished by a ferrite device. The same effect may be produced by the insertion 


IPIN (Positive Intrinsic Negative): high open-circuit impedance, low short-circuit impedance. 
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Figure 6-58 (a) Array of three 4/2 dipoles (seen end-on) with incoming wave broadside. 
(b) Equal length cables joined. (c) Incoming wave at 45° from broadside. (d) Appropriate 
lengths of cable joined. (e) Switches for shifting from broadside to 45° reception. 


of sections of cable (delay line) by electronic switching. Thus, insertion of cables of 1/4, 4/2, 34/4 (and 
no cable) provides phase increments of 90°. For more precise phasing, cables with smaller incremental 
differences are used. 

Figure 6-59a is the schematic of a phased array with a phase shifter and attenuator at each element. The 
feed cables are all of equal length in a corporate structure! arrangement. Figure 6-59b shows an end-fed 


IN amed after the organizational structure of a corporation with president over 2 vice presidents each over 2 subordinates, etc., the 
diagram in Fig. 6-59a being an upside-down version. 
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Figure 6-59 (a) Schematic of phased array fed by corporate structure and (b) end-fed. 
(c) Phased array with each element fed from a matched transmission line via a directional coupler. 


receiver 


phased array, also with individual element phase shifter and attenuator. Since a progressive phase shift is 
introduced between elements with a frequency change, the phase shifters must introduce opposing phase 
changes to compensate, in addition to making the desired phase changes. 

Figure 6-59c shows a4-element end-fed phased receiving array with each element fed from a transmission 
line viaadirectional coupler. The transmission line has a matched termination (Zero reflection) so that (ideally) 
thereisapure traveling waveon theline. Phasing isaccomplished by physically sliding the directional couplers 
along the line. Element amplitude is controlled by changing the closeness of coupling. R eduction of amplitude 
can control or eliminate minor lobes as with a1: 3:3:1 (binomial) amplitude distribution. 

The literature on phased arrays is extensive. R obert M ailloux (1) gives a very comprehensive overview of 
the subject, updating an earlier review article by L. Stark (1). 


6-18c Rotatable Helix Phased Array! 


With monofilar axial-mode helices as elements of the array, phasing can be accomplished by rotating the 
helices on their axes, a rotation of 90° providing a 90° shift in phase of the (circularly polarized) wave. For 


1D escribed in Sec. 8-1. 
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ating et = 


Figure 6-60 Three-helix lobe-sweeping array with 2 outer helices rotating in opposite 
directions producing a continuously swept beam at the 0.S.U. Radio Observatory site. Note 
man on frame of far helix for scale. See Fig. 8-59 for feed arrangement and additional 
information. 


example, with 3 helices of the same hand connected as in Fig. 8-59 the beam direction can be steered 
by rotation of the outer helices (1 and 3) with helix 2 stationary. Thus, continuously rotating helix 1 
clockwise and helix 3 counterclockwise will result in a continuously sweeping beam between two angu- 
lar extremes. In this type of operation a lobe appears at the left extreme of the sweep angle, grows in 
amplitude as it sweeps to the right, reaching maximum amplitude at broadside. It then becomes smaller 
as it sweeps further to the right. After reaching the extreme right of the sweep angle, a new lobe appears 
at the left extreme and the process repeats. The angle of sweep is determined by the pattern of a single 
helix. 

John K raus designed and built a 3-helix beam-sweeping array of this type in 1958 for operation at 25 to 
35 MHz at the Ohio State University Radio Observatory for planetary (J upiter) and solar radio observations 
shown in Fig. 6-50 (K raus-8, 5). The helices were 3 min diameter, the outer 2 rotating in opposite directions. 
Each helix had 3 turns so that the beamwidth between first nulls (and sweep angle) was about 130°. With 
helix rotation at 3 revolutions per hour, the equatorial zone of the sky was swept or scanned from east to west 
every 20 min. 
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6-19 Frequency-Scanning Arrays 
6-19a Frequency-Scanning Line-Fed Array 


Consider aline-fed array of uniformly spaced 
elements (dipoles) with a receiver connected 
at the right end of the line as suggested by the 
schematic of Fig. 6-61. Each element is fed 
from the transmission line via a directional 
coupler. This arrangement is similar to that 


Dipole 
elements 


in Fig. 6-59c but in the present case the cou- d 
pler positions are fixed, with beam sweeping 
or scanning done by changing the frequency. ; ` To receiver 


The transmission line is matched to elimi- Direchona, alee 


; , couplers terminations 
nate reflections and ensure an essentially pure 
traveling wave on the line. From (8-14-8), Figure 6-61 Frequency-scanning line-fed array 
1 ji of uniformly spaced elements with tunable receiver 
coso = F + d/ho (1) atleftend. Beam angle ¢ is a function of the 


frequency. 
where 


o = beam angle from array axis, rad or deg 
p = phase velocity on transmission line = v/c, dimensionless 
m = mode number, dimensionless 
d = element spacing, m 
Ao = free-space wavelength at center frequency of 
array operation, m 


For p = 1 and m = 0, ¢ = 0° (beam fixed at end-fire independent of Ao). 
Consider now the situation for p = 1,m = —1, d = 1 m and ào = 1 m, or 


coop =1—1=0 (2) 


and œ = 90° (beam broadside). 
Suppose next that the frequency is increased so that the wavelength is 0.949 or 0.9 m; then 


cosġ = 1 — 0.9 = 0.1 (3) 


and @ = 84.3°, or 5.7° right of broadside. Shifting to a lower frequency so that the wavelength is 1.1A9 or 
1.1m, 


coso = 1 — 1.1 = —0.1 


and @ = 95.7°, or 5.7° left of broadside. 

Thus, a +10 percent shift in wavelength (or frequency) swings the beam -+5.7° from broadside (total 
scan 11.4°) with larger frequency shifts resulting in larger scan angles. To eliminate or reduce beams at 
o@ = —90° (mirror image), and also end-fire and back-fire beams, the à /2 dipoles can be replaced by identical 
unidirectional elements, the scan angle then being restricted to the beamwidth of the individual element. 

This frequency-scanning array has no moving parts, no phase shifters and no switches, making it one of 
the simplest types of phased arrays. 
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6-19b Frequency-Scanning Backward Angle-Fire Grid and Chain Arrays 


The current on folded-wire antennas usually assumes a sinusoidal (standing-wave) distribution. In the 1930s 
John K raus constructed and used folded-wire antennas of this kind, such as the Bruce curtain (Fig. 6-70b, and 
became familiar with their operation. A broadside array of these antennas (for increased gain) may require 
many interconnecting transmission lines to feed them. In thinking about these arrays during the winter of 
1961-1962 he wondered if it would be possible to construct a continuous wire grid as a broadside array and 
feed it at a single centrally located point. 

The basic arrangement he tried is illustrated in Fig. 6-62. The dimensions of each mesh of the grid are 
L œ ìà by s ~ 4/2. Assuming standing waves, the instantaneous current distribution would be as indicated by 
the arrows, one located at each current maximum point. Currents on all of the short sides (4/2 long, horizontal 
in the figure) would be in phase, while on the long sides of the meshes (A long, vertical in the figure) there 
are as many current maxima in one direction as in the opposite so that radiation broadside from the long sides 
should (ideally) be zero. Thus, the array should produce a linearly polarized (horizontal in the figure) beam 
broadside to the array with a gain proportional to the number of 4/2 sides (or elements) (31 in the figure). 

Kraus constructed an array similar to the one in Fig. 6-62, mounted it approximately 1/4 from a flat 
conducting ground plane and fed it with a balanced transmission line at the central point (1 in the figure). To 


$ 


| 
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h $ 


2 (b) 
a to a r 


Figure 6-62 Frequency-scanning Kraus grid array. When fed at point 2 (with terminals at 
point 1 short-circuited and a matched load connected at point 3) the beam is atan angle 
which is a function of the frequency. A frequency shift of +14 percent swings the beam angle ¢ 
through about 75°. Switching the feed point to 3 and load to 2 puts the beam in the right-hand 
quadrant, making the total scan angle 150°. Typically, |= à, S < 4/2, h < aA/4. 
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his surprise, he found that the radiation was not in a single broadside beam but was split into 2 equal lobes, 
one left and one right of broadside. 

It was apparent that the current distribution was not that of a resonant standing wave but rather of two 
traveling waves, one to the left and one to the right from point 1. Accordingly, in order to have only one 
(left-to-right) traveling wave across the entire grid he short-circuited the terminals at point 1 and fed the 
grid with a coaxial line at the left edge (point 2). This resulted in a single beam in the back-fire direction 
(opposite to the traveling wave) as indicated in Fig. 6-62, with the beam angle ¢ a function of the frequency. 
Thus, in this mode of operation, the antenna is a nonresonant frequency-scanning array with the long sides 
of the meshes behaving essentially as transmission-line sections and the short sides as both radiating and 
transmission-line sections. Although the terminals at the other edge of the array (point 3) may be left open, 
connecting a matched load reduces any reflected wave which could degrade the desired condition of a single 
left-to-right traveling wave. Thus, the antenna may be regarded as a traveling-wave-fed array of discrete 
radiating elements (K raus-11, 12). 

Feeding the array at point 2 (terminals at 1 short-circuited and 3 matched), the beam direction œ as a 
function of the grid parameters is given by 

21s aT ml  2rs -rm (4) 
À ÀPx  ÀPy 
where 
s = length of short side, m 
1 = length of long side, m 
œ = beam angle from array axis 

Px = relative phase velocity along short side = v/c 

Py = relative phase velocity along long side = v,/c 

m = mode number = integer 
Form = 1, px = py = 1, (4) becomes 


—2n = = (scosø- 5-5) (5) 
or typically (Z = 2.75s) 
l 
coso = 2.37 — wa (6) 


The beam direction œ’ (complement to œ in Fig. 6-62) varies from about 15 to 90° for changes in s from 
0.3 to 0.424. A wavelength (or frequency) change of +14 percent swings the beam through a scan angle 
of 75°. By switching the feed point to 3 and matched load to point 2 the beam can be placed in the right 
quadrant, increasing the total scan angle to 150°. Although this analysis is oversimplified it illustrates the basic 
relations. Comparing calculations with measurements indicates that the relative phase velocity p (= px = py) 
isa function of the frequency, as suggested by Fig. 6-63, and nota constant (= 1) as assumed above. A dditional 
measurements suggest further that px Æ py (Kraus-13). 

The experimentally determined “best” average value of s (=0.36A) corresponds to an average value for 
the long sides of Z = 2.75s ~ A. Thus, in practice the long sides of the meshes are ~À long, as envisioned in 
the initial design, but the short sides are less than 1/2. 

Considering the array as a transmission line, the extra path length 2/2 between radiating elements reduces 
the effective phase velocity (left to right) in the ratio s/[s + (A/2)]. Typically, Z = 2.75s so that the effective 
phase velocity is about 0.4c, making the grid a slow-wave structure. The average gain of a grid array as in 
Fig. 6-62 is about 17 dBi. 
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A microstrip version of the array is described by 
Conti (1). 

The Kraus grid array principle has been extended 
by Tiuri (1), Tallqvist and Urpo and by Tallqvist (1) to 
an array in which the meshes are divided into paral- 
lel matched chains, with a typical configuration as in 
Fig. 6-64. This Tiuri chain design is also well adapted 
to microstrip or printed circuit construction. The array 
shown has an endpoint input impedance of 50 Q for an 
impedance of 300 Q for the individual chains. The cur- 
rent attenuation from input to matched output is about 
10 dB, which is considered optimum. Higher attenua- 
tion reduces the gain due to the larger taper in current 
distribution while lower attenuation lowers the gain 
because more power is lostin the matched load. Average 
aperture efficiencies are typically about 50 percent. 

By bending the chain elements, Hendriksson (1), 
M arkus and Tiuri have developed a circularly polarized 
chain array. 


6-19c Grid Array with Broadside Beam 


By reducing the size of the grid array of Fig. 6-62 
to 4 x 21/2 wavelengths, Hildebrand and M cN amara 
found that the array provides a single broadside beam 
with 18.5 dBi gain (Hildebrand-1). The array which is 
shown in Fig. 3-13 is printed on a 4/4 thick plastic 
sheet mounted on a ground plane. It is fed very simply 
by a 50-Q coaxial cable at a central point. The entire 
array is encapsulated in hard plastic providing a durable 
flat-panel array which has found wide use. 


6-20 Adaptive Arrays and Smart 
Antennas 
The antenna elements and their transmission-line inter- 


connections discussed so far produce a beam or beams 
in predetermined directions. Thus, when receiving, 
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Figure 6-63 Beam angle ¢’ asa 
function of frequency expressed in terms of 
s/A. The dashed curves are calculated for 
different values of relative phase velocity p. 
The solid curve is measured, suggesting 
that p is a (weak) function of the frequency. 


these arrays look in a given direction regardless of whether any signals are arriving from that direction 
or not. However, by processing the signals from the individual elements, an array can become active and react 
intelligently to its environment, steering its beam toward a desired signal while simultaneously steering a null 
toward an undesired, interfering signal and thereby maximizing the signal-to-noise ratio of the desired signal. 


The term adaptive array is applied to this kind of antenna. 


Also, by suitable signal processing, performance may be further enhanced, giving simulated patterns? of 
higher resolution and lower side lobes. In addition, by appropriate sampling and digitizing the signals at the 


Simulated patterns are ones that exist only in the signal-processing domain. 
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ka= 


Figure 6-64 Frequency-scanning Tiuri chain array for feeding at one end (point 1) with 
matched load at point 2, or vice versa. With array mounted about 0.151 from a flat conducting 
ground plane, the impedance of a single chain is typically about 300 Q and the terminal 
impedance (at points 1 or 2) typically 50 Q. Polarization is horizontal. (After S. Tallqvist-1.) 


terminals of each element and processing them with a computer, a very intelligent or smart antenna can, in 
principle, be built. For a given number of elements, such an antenna’s capabilities are limited, mainly by the 
ingenuity of the programmer and the available computer power. Thus, for example, multiple beams may be 
simultaneously directed toward many signals arriving from different directions within the field of view of 
the antenna (ideally = 2x sr for a planar array). These antennas are sometimes called Digital Beam Forming 
(DBF) antennas (Steyskal-1). 

As a rudimentary example of an adaptive array, a simple 2-element system is shown in Fig. 6-65 with 2/2 
spacing between the elements at the signal frequency fs. Let each element be a 1/2 dipole seen end-on in 
Fig. 6-65 so that the patterns of the elements are uniform in the plane of the page. With elements operating 
in phase, the beam is broadside (up in the figure). 

Consider now the case of a signal at 30° from broadside as suggested in Fig. 6-65 so that the wave arriving 
at element 2 travels 4/4 farther than to element 1, thus retarding the phase of the signal by 90° at element 2. 
Each element is equipped with its own mixer, Voltage-Controlled Oscillator (VCO), intermediate frequency 
amplifier and phase detector. An oscillator at the intermediate frequency fo is connected to each phase detector 
as reference. The phase detector compares the phase of the downshifted signal with the phase of the reference 
oscillator and produces a voltage proportional to the phase difference. This voltage, in turn, advances or 
retards the phase of the VCO output so as to reduce the phase difference to zero (phase locking). The voltage 
for the V CO of element 1 would ideally be equal in magnitude but of opposite sign to the voltage for the V CO 
of element 2 so that the downshifted signals from both elements are locked in phase, making 


1 = $2 = po (1) 
where 


¢1 = phase of downshifted signal from element 1 
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Figure 6-65 Two-element adaptive array with signal-processing circuitry. 


¢2 = phase of downshifted signal from element 2 


oo = phase of reference oscillator 


With equal gain from both IF amplifiers the volt- 
ages Vı and V2 from both elements should be equal 
so that 


Vi 41 = V2 /%2 (2) 
making the voltage from the summing amplifier 
proportional to 2V; (=2V2) and maximizing the 
response of the array to the incoming signal by 
steering the beam onto the incoming signal. In our 
example, 45° phase corrections of opposite sign 
would be required by the VCOs (+ for element 1, 
— for element 2). 

In our rudimentary 2-element example, the beam 
will be in the 0° direction for a signal from the 0° 
direction and at 30° for a signal from that direction, 
as shown by the patterns in Fig. 6-66. If interfering 
signals are arriving from the 210 and 330° direc- 
tions when the main signal is at 30°, the nulls at 210 
and 330° will suppress the interference. However, 
an interfering signal at 150° would be at a pattern 
maximum, the same as the desired signal at 30°. 


Array 
elements 


180° 


Figure 6-66 Patterns of 2-element 
adaptive array for signals from 0 and 30° 
directions. For the 0° signal, nulls are at 90 
and 270° while for the 30° signal, nulls are at 
210 and 330°. These patterns are identical 
with those of Figs. 5-15 and 5-18. 


The McGraw-Hill Companies 


6-21 Long-Wire Antennas 227 


To provide more effective adaptation to its environment, an array with more elements and more sophisticated 

signal processing is required. For example, the main beam may be steered toward the desired signal by chang- 

ing the progressive phase difference between elements, while, independently, one or more nulls are steered 

toward interfering signals by modifying the array element amplitudes with digitally controlled attenuators. 
M any references on adaptive arrays are listed at the end of the chapter. 


6-21 Long-Wire Antennas 


M ost of the preceding parts of this chapter deal with arrays of individual, discrete elements (usually 4/2 long) 
interconnected by transmission lines. A linear wire antenna, many wavelengths long, may also be regarded 
as an array of 1/2 elements but connected in a continuous linear fashion with each element serving as both 
a radiator and a transmission line. The long-wire antennas discussed in this section are the V, rhombic and 
Beverage types. TheV antenna may be either unterminated (with standing wave) or terminated (with traveling 
wave). The rhombic and B everage antennas are almost always terminated (with traveling wave). 


6-21a V Antennas 


By assuming a sinusoidal (standing-wave) current distribution, the pattern of a long thin wire antenna can 
be calculated as described earlier (Carter-1, 2). A typical pattern is shown in Fig. 6-67a for a wire 2A long. 
The main lobes are at an angle 6 = 36° with respect to the wire. By arranging two such wires in a V with an 
included angle y = 72° asin Fig. 6-67b a bidirectional pattern can be obtained. This pattern is the sum of the 
patterns of the individual wires or legs. Although an included angle y = 26 results in the alignment of the 
major lobes at zero elevation angle (wires horizontal) and in free space, it is necessary to make y somewhat 
less than 28 in order to obtain alignment at elevation angles greater than zero (ARRL-1). This is because the 
space pattern of a single wire is conical, being obtained by revolving the pattern of Fig. 6-67a, for example, 
with the wire as the axis. 

If the legs of the thin-wireV antenna are terminated in their characteristic impedance, as in Fig. 6-67c, so 
that the wires carry only an outgoing traveling wave, the back-radiation is greatly reduced. The patterns of 
the individual wires can be calculated, assuming a single traveling wave as done earlier. 

A similar effect may be produced without terminations by the use of V conductors of considerable 
thickness. The reflected wave on such a conductor may be small compared to the outgoing wave, and a 
condition approaching that of a single traveling (outgoing) wave may result. For example, a V antenna 
consisting of two cylindrical conductors 1.254 long and 4/20 diameter with an included angle 6 = 90° has 
the highly unidirectional pattern of Fig. 6-67d (Dorne-1). 


6-21b Rhombic Antennas 


A rhombic antenna may be regarded as a double-V type. The wires at the end remote from the feed end are 
in close proximity, as in Fig. 6-68a. A terminating resistance, usually 600 to 800 , can be conveniently 
connected at this location so that there is substantially a single outgoing traveling wave on the wires. The 
length of each leg is L, and half of the included side angle is ¢. The calculated patterns of a terminated 
rhombic with legs 6à long are shown in Fig. 6-68b and c (Harper-1). The rhombic is assumed to be 1.14 
above a perfectly conducting ground, and œ = 70° (Bruce-1, Foster-1). 

In designing a rhombic antenna, the angle ¢, the leg length and the height above ground may be so chosen 
that (1) the maximum of the main lobe coincides with the desired elevation angle a (alignment design) or (2) 
the maximum relative field intensity £ for a constant antenna current is obtained at the desired elevation angle 
a (maximum E design) (Bruce-2). 
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B 
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Figure 6-67 (a) Calculated pattern of 24 wire with standing wave, (b) V antenna of two such 
wires, (c) terminated V antenna with legs 2A long and (d) V antenna of cylindrical conductors 
1.25, long with measured pattern. 


If the height above ground is less than that required for these designs, alignment may be obtained by 
increasing the leg length. If the height is maintained but the leg length is reduced, alignment may be obtained 
by changing the angle ¢. As a third possibility, if both the height and the leg length are reduced, the angle o 
can be changed to produce alignment. A ny of these 3 modifications results in a so-called compromise design 
having reduced gain. If moderate departures from optimum performance are acceptable, a rhombic antenna 
can be operated without adjustment over a frequency band of the order of 2 to 1. 

The pattern of a rhombic antenna may be calculated as the sum of the patterns of four tilted wires each 
with a single outgoing traveling wave. The effect of a perfectly conducting ground may be introduced by the 
method of images. For a horizontal rhombic of perfectly conducting wire above a perfectly conducting plane 
ground, Bruce (2), Beck and Lowry give the relative field intensity Æ in the vertical plane coincident with the 
rhombic axis? as a function of œ, @, L} and H, as 


1The radiation in this plane is horizontally polarized. However, in other planes the polarization is not, in general, horizontal. 
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ae (cos @)[sin(H, sin w)][sin(wL,)]? 


y 


where 


229 


(1) 


a = elevation angle with respect to ground 
o = half included side angle of rhombic antenna 
H, = H /à = height of rhombic antenna above ground 


L, = L/d = leg length 
H, = 27 Hy, = 20 (H /à) 
L, = 2r L} = 2n L/À 
y = (1 — sin ọ cosg) /2 
A uniform antenna current is assumed 
and mutual coupling is neglected. 
Following the procedure of Bruce, 
Beck and Lowry, the various parameters 
may be determined as follows (B ruce-2). 
For the maximum E condition, E is max- 
imized with respect to H}, that is, we 
make 
ðE 
a 
which yields 
cos(2x H, sina) = 0 
which is satisfied when 
27x Ay sina = n3 


wheren = 1,3,5,... 

For the lowest practical height, n = 1. 
Therefore, 

1 
* sina 

Equation (3) gives the height H, for the 
antenna. To find the leg length, Æ is max- 
imized with re- 
spect to L}, obtaining 
B 1 
~ 2(1 — sin ġ cosa) 


Ly 


Axis of 


> 2N rhombic 
T . ý: 
Terminating 
resistance 


(a) 
(2) 
Azimuthal pattern at a = 10° 
(b) 
Vertical pattern 
(c) 
(3) 
Figure 6-68 Terminated rhombic antenna (a) 
with azimuthal pattern (b) and vertical plane 
pattern (c) for a rhombic 6A long on each leg, 
@ = 70°, and ata height of 1.11 above a perfectly 
conducting ground. (After A. E. Harper-1.) 
(4) 


Finally, by maximizing Æ with respect to œ and introducing the condition of (4), 


¢=90°-a 
Substituting (5) back into (4) yields 
Ly = ! 
2 sin? a 
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Equations (3), (5) and (6) then give the height in wavelengths H,, the half-side angle @ and the leg length in 
wavelengths L,, for maximum E at the desired elevation angle œ. This is for a uniform antenna current. It 
does not follow that the field intensity at the desired elevation angle is amaximum for a given power input to 
the antenna. However, it is probably very close to this condition. It is also of interest that for the maximum 
E condition the maximum point of the main lobe of radiation is not, in general, aligned with the desired 
elevation angle. 

In the alignment design the maximum point of the main lobe of radiation is aligned with the desired 
elevation angle æ. For this condition, E£ at œ is slightly less than for the maximum E condition. Alignment is 
accomplished by maximizing Æ with respect to œ and introducing the condition of (3). This gives 

0.371 
~ L-singcosa 
Substituting (7) in (1) and maximizing the resulting relation for the field with respect to ø gives 
¢=90° —a (8) 
as before. Finally substituting (8) in (7) we obtain 

0.371 

sin? a 

Equations (3), (8) and (9) then give H}, œ and L, for alignment of the maximum point of the main lobe 
of radiation with the desired elevation angle œ. Only the length is different in the alignment design, being 
0.371/0.5 = 0.74 of the value for the maximum E design. 

The above design relations are summarized in Table 6-3 together with design formulas for 3 kinds of 
compromise designs. 

An end-to-end receiving array of a number of rhombics may be so connected as to provide an electrically 
controllable vertical plane pattern which can be adjusted to coincide with the optimum elevation angle of 
downcoming waves. This M ultiple U nit Steerable A ntenna, or MUSA, is a vertically steerable system of this 
kind for long-distance short-wave reception of horizontally polarized downcoming waves (Friis-1). 


Ly (7) 


Ly (9) 


6-21c Beverage Antennas 


The electric field of a wave traveling along a perfectly conducting surface is perpendicular to the surface as 
in Fig. 6-69a. However, if the surface is an imperfect conductor, such as the earth’s surface or ground, the 
electric field lines have a forward tilt near the surface as in Fig. 6-69b. Hence, the field at the surface has a 
vertical component £, and a horizontal component £x. The component Ex is associated with that part of 
the wave that enters the surface and is dissipated as heat. The £, component continues to travel along the 
surface. 

The fact that a horizontal component £x exists is applied in the wave antenna of Beverage (1), Rice and 
K ellogg for receiving vertically polarized waves. This antenna consists of along horizontal wire terminated in 
its characteristic impedance at the end toward the transmitting station as in Fig. 6-69c. The ground acts as the 
imperfect conductor. The emfs induced along the antenna by the Ex component, as the wave travels toward the 
receiver, all add up in the same phase at the receiver. Energy from a wave arriving from the opposite direction 
is largely absorbed in the termination. Hence, the antenna exhibits a directional pattern in the horizontal plane 
with maximum response in the direction of the termination (to the left in Fig. 6-69c). The Beverage antenna 
finds application as a receiving antenna in the low- and medium-frequency range. 


TA ctually the wave exhibits elliptical cross-field, i.e., the electric vector describes an ellipse whose plane is parallel to the direction of 
propagation. However, the axial ratio of this ellipse is usually very large. 
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Figure 6-69 (a) Wave front over a perfect conductor, (b) Wave front over imperfect 


conductor, (c) Beverage antenna. 


Table 6-3 Design formulas for terminated rhombic antennas 


Type of 
rhombic antenna Formulas 
; ; 1 
Maximum E at elevation angle a = — 
4sina 
¢=90°-a 
_ 05 
7 sing a 
Alignment of major lobe with elevation = Tina 
angle w oe 
¢=90°-—a 
_ 0.371 
~ sin? a 
Reduced height H’ o = 90° — a 
À ' ' tan[( L,) sin? 1 H! 
Compromise design for alignment at L= anile ea) sina] : A 
: sina 2xsinaw  tan(H’sina) 
elevation angle w 7 
H' H' 
where H; and H; = 2x 
1 À À 
Reduced length L’ H, = — 
4sina = 
L} — 0. 
Compromise design for alignment at o = arcsin [S| 
L}, Cosa 


elevation angle a 


Reduced height H’ and length Z’ 


Compromise design for alignment at 
elevation angle w 


where Li = L'/à 
Solve this equation for ¢: 

Hy 1 Ly 
singtanatan(H/sinw)  4ry — tan(wL!) 


1-si TE 
where y ne oO and Li =2n 7 


t After Bruce-2. 
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6-22 Curtain Arrays 


In short-wave communications the curtain type of array finds many applications. As an example, a curtain 
type is illustrated in Fig. 6-70 that consists of an array of 4/2 dipoles with a similar curtain at a distance 
of about 2/4 acting as a reflector (Bruckmann-1). If the array is large in terms of wavelengths, the reflector 
curtain is nearly equivalent to a large sheet reflector. See also the array of Fig. 15-15 (photograph). 

Several other examples of curtain arrays are the Bruce type (Bruce-1) of Fig. 6-70b, the Sterba curtain 
(Sterba-1) of Fig. 6-70c and the Chireix-M esny type (Chireix-1) of Fig. 6-70d. The arrows are located at or 
near current maxima and indicate the instantaneous current direction. The small dots indicate the locations of 
current minima. 


6-23 Location and Method of Feeding Antennas 


It is interesting to note the effect that the method and location of feeding has on the characteristics of an 
antenna. As illustrations, let us consider the following cases. 

If an antenna is fed with a balanced 2-wire line, equal out-of-phase currents must flow at the feed point. 
Thus, a square loop 1A in perimeter and fed at the bottom as in Fig. 6- 71a must have the current distribution 
indicated. The arrows indicate the instantaneous current directions and the dots the locations of current minima. 
The radiation normal to this loop is horizontally polarized. 

Consider now the situation shown in Fig. 6-71b. Here the loop is fed at the same location. However, the 
loop is continuous and is fed at a point by an unbalanced line. In this case, the antenna currents flowing to 
the feed point are equal and in phase, so that the current distribution on the antenna must be as indicated. The 
radiation normal to this loop is vertically polarized. 

The location at which an antenna is energized also may be important. For example, two 4/2 elements have 
in-phase currents when symmetrically fed as in Fig. 6-71c but out-of-phase currents when fed from one end 
as in Fig. 6-71d. For the currents to be in phase when the array is fed from one end requires that the line 
between the elements be transposed as in Fig. 6-71e. 


6-24 Folded Dipole Antennas 


A simple 4/2 dipole has a terminal resistance of about 70 Q so that an impedance transformer is required 
to match this antenna to a 2-wire line of 300 to 600 & characteristic impedance. However, the terminal 
resistance of the modified 1/2 dipole shown in Fig. 6-72 is nearly 300 2 so that it can be directly connected 
to a 2-wire line having a characteristic impedance of the same value. This “ultra close-spaced type of array” 
is called a folded dipole. M ore specifically the one in Fig. 6-72a is a 2-wire folded 4/2 dipole. The antenna 
consists of 2 closely spaced 2/2 elements connected together at the outer ends. The currents in the elements 
are substantially equal and in phase. 

Assuming that both conductors of the dipole have the same diameter, the approximate value of the terminal 
impedance may be deduced very simply as follows (K ing-1; Roberts-1). L et the emf V applied to the antenna 
terminals be divided between the 2 dipoles as in Fig. 6-72b. Then 


y 
I DZ + bZ (1) 


where 


Iı = current at terminals of dipole 1 
h = current at terminals of dipole 2 
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Figure 6-70 (a) Array of A/2 dipoles with reflectors, (b) symmetrical Bruce antenna, 
(c) Sterba curtain array and (d) Chireix-Mesny array. Arrows indicate instantaneous current 


directions and dots indicate current minimum points. 


Z11 = self-impedance of dipole 1 
Zı2 = mutual impedance of dipoles 1 and 2 


Since 71 = h, (1) becomes 


V =2h(Zu + Z12) 
Further, since the 2 dipoles are close together, usually d is of the order of 4/100, Zı2 ~ Z11. Thus, the 
terminal impedance Z of the antenna is given by 


(2) 


(3) 


y 
Z = — ~ 4Z11 
h 


Taking Z11 ~ 70 + j0 Q for a à/2 dipole, the terminal impedance of the 2-wire folded dipole becomes 


Z x~ 280 Q2 
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Figure 6-71 (a) Loop with 2-wire feed for horizontal polarization, (b) loop with 1-wire feed 
from coaxial line for vertical polarization, (c) center-fed broadside array of two 4/2 dipoles, 

(d) end-fed end-fire array of two 4/2 dipoles and (e) end-fed broadside array of two 4/2 dipoles. 
Arrows indicate instantaneous current directions and dots indicate current minimum points. 


Fora3-wirefolded à /2 dipole asin Fig. 6-72c theterminal resistance calculated in this way is9 x 70 = 630Q. 
In general, for afolded à /2 dipole of N wires, the terminal resistance is 70N2 Q. Equal currents in all wires are 


assumed. nN 

Several other types of folded-wire ~ 2 i 
antennas (K raus-14) are shown in Fig. 6- v 
73. The one at (a) is a 3-wire type which 2 l 
differs from the one in Fig. 6-72c in that ese 
there are no closed loops. The measured t Vou 
terminal resistance of this antennais about 2 
1200 Q. The antenna at (b) is a 4-wire (b) 
type with a measured terminal resistance 
of about 1400 Q. Thus far, all the folded 
dipoles discussed have been 1/2 types. 
The total current distribution for these 3-wire 
types is nearly sinusoidal, the same as folded 
for a simple 4/2 dipole. Folded dipoles dipole 


of length other than 4/2 are illustrated in (c) 

Fig. 6-73c and d. The oneat(c) isa2-wire ; f 

type 34/4 long and that at (d ) is a 4-wire Figure 6-72 Folded dipoles. 
type3 4/8 long. T he instantaneous current directions, the current distribution on the individual conductors and 
the total current distribution are also indicated. Half of the 2-wire 34/4 dipole can be operated with a ground 
plane as in Fig. 6-73, yielding the 34/8 stub antenna with total current distribution shown. The measured 
terminal resistance of the 2-wire 34/4 dipole is about 450 Q, of the 4-wire 34/8 dipole about 225 Q and of 
the 2-wire 34/8 stub antenna about 225 Q. 
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Figure 6-73 (a) Three-wire folded /2 dipole, (b) 4-wire folded 4/2 dipole, (c) 2-wire 34/4 


antenna, (d) 4-wire 34/8 antenna and (e) 2-wire 34/8 stub antenna. Arrows indicate 
instantaneous current directions and dots indicate current minimum points. (After Kraus-9.) 


An application of the 3-wire folded 2/2 dipole of Fig. 6-73a to aW8JK array with 4/5 spacing is shown 
in Fig. 6-74 (K raus-15). The impedance of each folded dipole in free space is about 1200 Q (resistive) but in 
the array is reduced to 300 @, which transforms via a 4/4 600-2 line to 1200 2. At the junction of the two 
transformers the impedance is half 1200 @, or 600 2, matching a 600-2 line to the transmitter or receiver. 
Thus, the W 8]K array is fed entirely by lines of constant impedance (600 2) with no resonant stubs or tuning 
adjustments required. 


6-25 Modifications of Folded Dipoles 


Consider a 2-wire folded dipole shown in Fig. 6-75a. The terminal resistance is approximately 300 Q. By 
modifying the dipole to the general form shown in Fig. 6-75b, a wide range of terminal resistances can 
be obtained, depending on the value of D. This arrangement is called a T-match antenna (K raus (16) and 
Sturgeon). Dimensions in wavelengths for providing an impedance match to a 600-Q line are shown in 
Fig. 6-75c. 

A 2-wire folded 4/2 dipole is also shown in Fig. 6-76a. The arrows indicate the instantaneous current 
direction and the small dots indicate the locations of current minima. By pulling the dipole wires apart at the 
center, the single-turn loop antenna of Fig. 6-76b is obtained. The length of each side is 1/4. The loop has a 
lower terminal resistance than the folded dipole. 

A 4-wire folded 4/2 dipole is shown in Fig. 6- 76c. This dipole is the same type as shown in Fig. 6-73b. It 
is, however, sketched in a different manner. By pulling this dipole apart at the center the 2-turn loop or quad 
antenna of Fig. 6-76d results. 
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Figure 6-74 W8JK array with 3-wire folded dipole elements fed by transmission lines of 
constant impedance. The dipoles are separated by wooden or plastic spreaders and supported 
by nylon rope. 


À 
À 2 
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| | Folded dipole | F match 
(a) (b) 


0.48A 
|-0.12a—| 
~0.0001 to 0.001A T match 
~0.01A 
600-0 line 


(c) 
Figure 6-75 Folded dipole and T-match antennas. 


The directivity of all the types shown in Fig. 6-76 is nearly the same as for a simple 4/2 dipole, although 
the types at (b) and (d ) are equivalent to 2 horizontal dipoles stacked ~0.18 giving a small increase. With 
the loop types vertical and the terminals at the lowest corner, the radiation normal to the plane of the loops is 
horizontally polarized. 
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Figure 6-76 (a) Two-wire folded dipole and (b) as modified to form single-turn loop, 
(c) Four-wire folded dipole and (d) as modified to form 2-turn loop. 
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6-3-3 


*6-3-4 


6-3-5 


*6-4-1 


*6-4-2 


6-4-3 


6-4-4 


*6-4-5 


6-4-6 


*6-4-7 


Electric dipole. (a) Two equal static electric charges of opposite sign separated by a distance L 
constitute a static electric dipole. Show that the electric potential at a distance r from such a dipole is given 


by OLcosé 

V= = 

Aner2 

where Q is the magnitude of each charge and @ is the angle between the radius r and the line joining the 
charges (axis of dipole). It is assumed that r is very large compared to L. (b) Find the vector value of 
the electric field Æ at a large distance from a static electric dipole by taking the gradient of the potential 


expression in part (a). 


Short dipole fields. A dipole antenna of length 5 cm is operated at a frequency of 100 MHz with 
terminal current J, = 120 mA.Attimer = 1 s, angle 0 = 45°, and distance r = 3 m, find (a) E,, (b) Eg, 
and (c) Hg. 


Short dipole far fields. For the dipole antenna of Prob. 6-3-2, ata distancer = 1 m, use the general 
expressions of Table 6-1 to find (a) Æ+, (b) Eg, and (c) Hg. Compare these results to those obtained using 
the far-field expressions of Table 6-1. 


Short dipole quasi-stationary fields. For the dipole antenna of Prob. 6-3-2, at a distance 
r = 100 m, use the general expressions of Table 6-1 to find (a) E,, (b) Eg, and (c) Hg. Compare these 
results to those obtained using the far-field expressions of Table 6-1. 


Short dipole fields. A twhatdistancefroma1-m dipole antenna operated at 15 M Hz arethe amplitudes 
of the fields Eg and Hg within 1 percent of their far-field values? 


Isotropic antenna. Radiation resistance. An omnidirectional (isotropic) antenna has a field 
pattern given by E = 10//r (V m~?), where J = terminal current (A) and r = distance (m). Find the 
radiation resistance. 


Short dipole power. (a) Find the power radiated by a 10-cm dipole antenna operated at 50 M Hz with 
an average current of 5 mA. (b) How much (average) current would be needed to radiate power of 1 W? 


Short dipole radiation resistance. (a) Find the radiation resistance of a 10-m dipole antenna 
operated at 500 kHz (assume Jay = 41). (b) How long must this antenna be for a radiation resistance of 
19? 


Short dipole. For a thin center-fed dipole 4/15 long find (a) directivity D, (b) gain G, (c) effective 
aperture Ae, (d) beam solid &4 and (e) radiation resistance R,. The antenna current tapers linearly from 
its value at the terminals to zero at its ends. The loss resistance is 1 Q. 


Conical pattern. An antenna has a conical field pattern with uniform field for zenith angles (6) from 
0 to 60° and zero field from 60 to 180°. Find exactly (a) the beam solid angle and (b) directivity. The pattern 
is independent of the azimuth angle (¢). 


Conical pattern. An antenna has a conical field pattern with uniform field for zenith angles (6) from 
0 to 45° and zero field from 45 to 180°. Find exactly (a) the beam solid angle, (b) directivity and (c) effective 
aperture. (d) Find the radiation resistance if the E = 5V m~! ata distance of 50 m for a terminal current 
I = 2A (rms). The pattern is independent of the azimuth angle (¢). 


Directional pattern in 6 and ¢. An antenna has a uniform field pattern for zenith angles (0) 
between 45 and 90° and for azimuth (#) angles between 0 and 120°. If E = 3V m~t at a distance of 500 m 


The McGraw-Hill Companies 


Problems 


*6-4-8 


*6-4-9 


6-4-10 


6-4-11 


*6-4-12 


6-5-1 


*6-6-1 


241 


from the antenna and the terminal current is 5 A, find the radiation resistance of the antenna. E = 0 except 
within the angles given above. 


Directional pattern in 6 and ¢. An antenna has a uniform field E = 2V m~? (rms) at a distance 
of 100 m for zenith angles between 30 and 60° and azimuth angles œ between 0 and 90° with E = 0 
elsewhere. The antenna terminal current is 3 A (rms). Find (a) directivity, (b) effective aperture and (c) 
radiation resistance. 


Directional pattern with back lobe. The field pattern of an antenna varies with zenith angle (0) 
as follows: En (= Enormalized) = 1 between 6 = 0° and 8 = 30° (main lobe), En = 0 between 0 = 30° 
and 6 = 90° and E, = 1/3 between 6 = 90° and 6 = 180° (back lobe). The pattern is independent of 
azimuth angle (#). (a) Find the exact directivity. (b) If the field equals 8 V m~] (rms) for @ = 0° ata 
distance of 200 m with a terminal current J = 4A (rms), find the radiation resistance. 


Short dipole. The radiated field of a short-dipole antenna with uniform current is given by 
|E| = 306 I(I/r)sinð, where 7 = length, Z = current, r = distance and 6 = pattern angle. Find 
the radiation resistance. 


Relation of radiation resistance to beam area. Show that the radiation resistance of an 
antenna is a function of its beam area Q4 as given by 
Sr2 


where 
S = Poynting vector at distance r in direction of pattern maximum 
I = terminal current. 


Radiation resistance. An antenna measured at a distance of 500 mis found to havea far-field pattern 
of |E| = Eo (sin 6)! with no o dependence. If Eo = 1V/mand J, = 650 mA, find the radiation resistance 
of this antenna. 


1, antenna with standing wave. Calculate the field pattern in the plane of the 14 antenna shown 
in Fig. P6-5-1. Assume that the current distribution on each wire is sinusoidal and that all currents are 
in-phase. Plot the pattern. 


/2 M 
Sa p-ar 
30° 30° 
ne Vz) 


Figure P6-5-1 1) antenna with standing wave. 


2/2 antenna. Assume that the current is of uniform magnitude and in-phase along the entire length of 
a 4/2 thin linear element. 
(a) Calculate and plot the pattern of the far field. 
(b) W hat is the radiation resistance? 
(c) Tabulate for comparison: 
1. Radiation resistance of part (b) above 
2. Radiation resistance at the current loop of aA/2 thin linear element with sinusoidal in-phase current 
distribution 
3. Radiation resistance of a 4/2 dipole calculated by means of the short dipole formula 
(d) Discuss the three results tabulated in part (c) and give reasons for the differences. 
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2. antenna. The instantaneous current distribution of a thin linear center-fed antenna 24 long is 
sinusoidal as shown in Fig. P6- 7-1. 

(a) Calculate and plot the pattern of the far field. 

(b) W hat is the radiation resistance referred to a current loop? 

(c) What is the radiation resistance at the transmission-line terminals as shown? 

(d) W hat is the radiation resistance 4/8 from a current loop? 


1/2 antennas in echelon. Calculate and plot the radiation-field pattern in the plane of two thin linear 
2/2 antennas with equal in-phase currents and the spacing relationship shown in Fig. P6-8-1. Assume 
sinusoidal current distributions. 


r a i 
Figure P6-7-1 2) antenna. 


È A/2 >| 
ee 


a/4 > à/2 -| 


Figure P6-8-1 4/2 antennas in echelon. 


1) and 10) antennas with traveling waves. (a) Calculate and plot the far-field pattern in the 
plane of a thin linear element 14 long, carrying a single uniform traveling wave for two cases of the relative 
phase velocity p = 1 and 0.5. (b) Repeat for the single case of an element 10A long and p = 1. 


Equivalence of pattern factors. Show that the field pattern of an ordinary end-fire array of a 
large number of collinear short dipoles as given by Eq. (5- 13-8), multiplied by the dipole pattern sin ¢, is 
equivalent to Eq. (6-9-5) for along linear conductor with traveling wave for p = 1. 

For computer programs, see A ppendix C. 


Two 4/2-element broadside array. (a) Calculate and plot the gain of a broadside array of 2 side- 
by-side 4/2 elements in free space as a function of the spacing d for values of d from 0 to 2A. Express the 
gain with respect to a single 4/2 element. Assume all elements are 100 percent efficient. (b) W hat spacing 
results in the largest gain? (c) Calculate and plot the radiation field patterns for 4/2 spacing. Show also the 
patterns of the à /2 reference antenna to the proper relative scale. 


Two /2-element end-fire array. A 2-element end-fire array in free space consists of 2 vertical 
side-by-side 2/2 elements with equal out-of-phase currents. At what angles in the horizontal plane is the 
gain equal to unity: (a) When the spacing is 4/2? (b) When the spacing is 1/4? 

Impedance and gain of 2-element array. Two thin center-fed 4/2 antennas are driven in phase 
opposition. A ssume that the current distributions are sinusoidal. If the antennas are parallel and spaced 0.2, 
(a) Calculate the mutual impedance of the antennas. (b) Calculate the gain of the array in free space over 
one of the antennas alone. 


Maximum gain of 2 in-phase half-wave antennas. W hat spacing of two in-phase side-by- 
side half-wave antennas produces the maximum gain? W hat is the gain in dBi? See Example 6-12.1. 
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Two-element VP array. Calculate and plot the field and phase patterns of the far field for an array of 
2 vertical side-by-side 2/2 elements in free space with 2/4 spacing when the elements are: (a) in phase and 
(b) 180° out of phase. For the in-phase case also include on the graph the patterns in both the yz or vertical 
plane and xy or horizontal plane of Fig. 6-21a. For the out-of phase case do the same for the pattern in both 
the xz or vertical plane and xy or horizontal plane of Fig. 6-26a. 


Two-element array with unequal currents. (a) Consider two 1/2 side-by-side vertical ele- 
ments spaced a distance d with currents related by 72 = al, /6. Develop the gain expression in a plane 
parallel to the elements and the gain normal to the elements, taking a vertical 4/2 element with the same 
power input as reference (0 < a < 1). Check that these reduce to (6-12-15) and (6-12-13) when a = 1. 
(b) Plot the field patterns in both planes and also show the field pattern of the reference antenna in proper 
relative proportion for the case where d = 4/4,a = 1/2 and ô = 120°. 


W8JK array. Calculate the vertical and horizontal plane free space field patterns of a W8)K antenna 
consisting of two horizontal out-of-phase 4/2 elements spaced 2/8. Assume a loss resistance of 1 Q and 
show the relative patterns of 1/2 reference antenna with the same power input. 


Impedance of D-T array. (a) Calculate the driving-point impedance at the center of each element 
of an in-phase broadside array of 6 side-by-side à /2 elements spaced à /2 apart. The currents have a Dolph- 
Tchebyscheff distribution such that the minor lobes have 1/5 the field intensity of the major lobe. (b) Design 


a feed system for the array. 

: , ; . o 
Triangle array. Three isotropic point sources of equal 
amplitude are arranged at the corners of an equilateral trian- A $ 
gle, as in Fig. P6-14-2. If all sources are in phase, determine 7 
and plot the far-field pattern. / 

À 
© pe 


Square array. Four isotropic point sources of equal ampli- ? Bi 

tude are arranged at the corners of a square, as in Fig. P6-14-3. | 

If the phases are as indicated by the arrows, determine and plot A $ 

the far-field patterns. 4 
Ja 
o> 4 ô 


Figure P6-14-3 Square array. 


Seven short dipoles. 4-dB angle. A linear broadside (in-phase) array of 7 short dipoles has a 
separation of 0.354 between dipoles. Find the angle from the maximum field for which the field is 4 dB (to 
nearest 0.1°). 


Square array. Four identical short dipoles (perpendicular to page) are arranged at the corners of a 
square 4/2 on a side. The upper left and lower right dipoles are in the same phase while the 2 dipoles at 
the other corners are in the opposite phase. If the direction to the right (x direction) corresponds to ¢ = 0°, 
find the angles ¢ for all maxima and minima of the field pattern in the plane of the page. 
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Collinear array of three )/2 dipoles. An antenna array consists of 3 in-phase collinear thin 2/2 
dipole antennas, each with sinusoidal current distribution and space 4/2 apart. The current in the center 
dipole is twice the current in the end dipoles (binomial array). (a) Calculate and plot the far-field pattern. 
(b) What is the HPBW ? (c) How does this HPBW value compare with the HPBW for a binomial array of 3 
isotropic point sources spaced 2/2 apart? 


Sixteen-source broadside array. A uniform linear array has 16 isotropic in-phase point sources 
with a spacing 4/2. Calculate exactly (a) the half-power beamwidth, (b) the level of the first side lobe, (c) 
the beam solid angle, (d ) the beam efficiency, (e) the directivity and (f) the effective aperture. 


Pencil-beam patterns. For symmetrical circular pencil-beam patterns (function only of @) show 
that the main beam solid angle 2q is given by 
1.13 64 for a Gaussian pattern 


0.998 045 for a (sin x)/x pattern 
1.008 44 for a Bessel pattern 


where Ofip is the half-power beam width. Also show that Qyy is given by 

1.036 64p yp for a (sin u)/u (Square aperture) pattern 

where u = x = y. Note that for a Gaussian pattern Op = 0.8824 50 Qy = QA. 
Sixteen-element and W8JK array gain equations. Confirm (6-14-6) and (6-15-11). 


Staked )/2 elements and W8JK array above ground. (a) Develop (6-15-12). (b) Calculate 
and plot from (6-15-12) the gain in field intensity for an array of 2 in-phase horizontal à /2 elements stacked 
4/2 apart (as in Fig. 6-50) over a 4/2 antenna in free space with the same power input as a function of h 
up to h = 1.51 for an elevation angle æ = 10°. Also calculate and plot for comparison on the same graph 
the gains at a = 10° for a 2-element horizontal W8JK antenna over a single horizontal 4/2 antenna as a 
function of the height above ground from h = 0 to h = 1.51. Note difference of these curves and those for 
a = 20° in Fig. 6-51. 

Two-tower BC array. A broadcast-station antenna array consists of two vertical 1/4 towers spaced 
24/4 apart. The currents are equal in magnitude and in phase quadrature. Assume a perfectly conducting 
ground and zero loss resistance. Calculate and plot the azimuthal field pattern in millivolts (rms) per meter 
at 1.6 km with 1 kW input for vertical elevation angle w = 0, 20, 40, 60 and 80°. The towers are series fed 
at the base. A ssume that the towers are infinitesimally thin. 


Two-tower BC array. Calculate and plot the relative field pattern in the vertical plane through the 
axis of the 2-tower broadcast array fulfilling the requirements of Prob. 5-11-2 if the towers are 4/4 high 
and are series fed at the base. Assume that the towers are infinitesimally thin and that the ground is perfectly 
conducting. 


Three-tower BC array. Calculate and plot the relative field pattern in the vertical plane though the 
axis of the 3-tower broadcast array fulfilling the requirements of Prob. 5-11-3 if the towers are 34/8 high 
and are series fed at the base. A ssume that the towers are infinitesimally thin and that the ground is perfectly 
conducting. 


BC array with null at « = 30°. Design a broad cast-station antenna array of 2 vertical base-fed 
towers 4/4 high and spaced 32/8 which produce a broad maximum of field intensity to the north in the 
horizontal plane and a null at an elevation angle a = 30° and azimuth angle œ = 135° measured ccw from 
north to reduce interference via ionospheric bounce. A ssume that the towers are infinitesimally thin, that the 
ground is perfectly conducting and that the base currents of the two towers are equal. Specify the orientation 
and phasing of the towers. Calculate and plot the azimuthal field pattern at œ = 10° and a = 30° and also 
the pattern in the vertical plane through ø = 135°. The suggested procedure is as follows. Solve (6- 16-4) 
for #’ at the null. Then set ¢ in the pattern factor in (6-12-13) equal to ø’ and solve for the value 6 which 
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6-21-8 
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makes the pattern factor zero. The relative field intensity at any angle (¢, œ) is then given by (6-12-14) 
where sin@ = cos ¢’ = cosa cos ¢ in the first pattern factor and @ = 90° — « in the second pattern factor. 


BC array with null to west at all a. Design a broadcast-station array of 2 vertical base-fed 
towers 4/4 high that produces a broad maximum of field intensity to the north in the horizontal plane and 
a null at all vertical angles to the west. Assume that the towers are infinitesimally thin and that the ground 
is perfectly conducting. Specify the spacing, orientation and phasing of the towers. Calculate and plot the 
azimuthal relative field pattern at elevation angles of œ = 0, 30 and 60°. 


Four-tower broadcast array. A broadcast array has 4 identical vertical towers arranged in an east- 
west line with a spacing d and progressive phase shift 5. Find (a) d and (b) 5 so that there is a maximum 
field at ¢ = 45° (northeast) and a null at ¢ = 90° (north). There can be other nulls and maxima, but no 
maximum can exceed the one at 45°. The distance d must be less than 4/2. 


Eight-source scanning array. A linear broadside array has 8 sources of equal amplitude and à /2 
spacing. Find the progressive phase shift required to swing the beam (a) 5°, (b) 10° and (c) 15° from the 
broadside direction. (d ) Find BWFN when all sources are in phase. 


A 24-dipole scanning array. A linear array consists of an in-line configuration of 24 2/2 dipoles 
spaced 2/2. The dipoles are fed with equal currents but with an arbitrary progressive phase shift 6 between 
dipoles. W hat value of 6 is required to put the main-lobe maximum (a) perpendicular to the line of the array 
(broadside condition), (b) 25° from broadside, (c) 50° from broadside and (d) 75° from broadside? (e) 
Calculate and plot the four field patterns in polar coordinates. (f ) Discuss the feasibility of this arrangement 
for a scanning array by changing feed-line lengths to change 6 or by keeping the array physically fixed but 
changing the frequency. W hat practical limits occur in both cases? 


Three-helix scanning array. Three 4-turn right-handed monofilar axial-mode helical antennas 
spaced 1.5, apart are arranged in a broadside array as in Fig. 6-60. The pitch angle a = 12.5° and the 
circumference C = å. (a) If the outer two helices rotate on their axes in opposite directions while the center 
helix is fixed, determine the angle ø of the main lobe with respect to the broadside direction and describe 
how ¢ varies as the helices rotate. (b) What is the maximum scan angle ¢? (c) W hat is the main-lobe H PBW 
as a function of ¢? 


Terminated V. Traveling wave. (a) Calculate and plot the far-field pattern of a terminated-V 
antenna with 5A legs and 45° included angle. (b) W hat is the HPBW? 


E-type rhombic. Design a maximum E-type rhombic antenna for an elevation angle æ = 17.5°. 
Alignment rhombic. Design an alignment-type rhombic antenna for an elevation angle œ = 17.5°. 


Compromise rhombic. Designacompromise-typerhombic antennafor an elevation anglea = 17.5° 
at a height above ground of à /2. 

Compromise rhombic. Design acompromise-typerhombic antenna for an elevation anglea = 17.5° 
with leg length of 32. 

Compromise rhombic. Design acompromise-typerhombic antennafor an elevation anglew = 17.5° 
at a height above ground of 4/2 and a leg length of 32. 


Rhombic patterns. Calculate the relative vertical plane patterns in the axial direction for the rhombics 
of Probs. 6-24-2, 6-24-3, 6-24-4, 6-24-5 and 6-24-6. Compare the patterns with the main lobes adjusted 
to the same maximum value. 


Rhombic equation. Derive (6-24-1) for the relative field intensity of a horizontal rhombic antenna 
above a perfectly conducting ground. 


Alignment rhombic equation. Verify (6- 24-3), (6-24-8) and (6-24-9) for the alignment design 
rhombic antenna. 


For computer programs, seeA ppendix C. 
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Chapter 7 


Loop, Slot and Horn, 


Antennas 

The topics in this chapter include: 
© The small loop © Impedance of slot antennas 
© Comparison of Small loop and short dipole Æ Slotted cylinder antennas 
© Patterns of loop antennas © Horn antennas (Fermat's Principle) 
© Radiation resistance and directivity of loops © Rectangular horns 
© Square loops © Conical and biconical horns 
M Loop efficiency, Q, bandwidth and SNR © Ridge horns 
Æ Slot antennas E Septum horns 
Æ Slot antenna patterns ™ Corrugated horns 
Slots and their complimentary forms (Babi- Œ Aperture matched horns 


net's Principle) 


7-1 Introduction 


This chapter deals with different types of antennas, which may either be used as elements in arrays, as feeds 
for corner reflectors, Parabolic reflectors or lens antennas or as self contained antennas in them selves. These 
include loop, slot and horn, Antennas. 


7-2 The Small Loop 


The field pattern of a small circular loop of radius a may be determined very simply by considering a square 
loop of the same area, that is, 


a = na? (1) 


where d = side length of square loop as shown in Fig. 7-1. 

It is assumed that the loop dimensions are small compared to the wavelength. It will be shown that the 
far-field patterns of circular and square loops of the same area are the same when the loops are small but 
different when they are large in terms of the wavelength. 

If the loop is oriented as in Fig. 7-2, its far electric field has only an Ey component.To find the far-field 
pattern in the yz plane, itis only necessary to consider two of the four small linear dipoles (2 and 4). A cross 
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section through the loop in the yz planeis presented in Fig. 7-3. 


2a je d = 
Since the individual small dipoles 2 and 4 are nondirectional f | | 
in the yz plane, the field pattern of the loop in this plane is I 
the same as that for two isotropic point sources as treated in I 
(a) (b) 


Sec. 5-9. Thus, 
Eg = —Egoe!¥? + Epo e)? (2) 
where Ego = electric field from individual dipole and 


Ja ond ing = ET 3) Figure 7-1 Circular loop (a) and 
À square loop (b) of equal area. 
It follows that 


Eg = —2 j Ego SİN (F sin 0) (4) 


The factor j in (4) indicates that the total field Ey is 
in phase quadrature with the field Ego of the individual 
dipole. This may be readily seen by a vector construction 
of the type of Fig. 5-15b of Chap. 5. Now if d <A, (4) 
can be written 


Eg = —jEgod- sino (5) 


The far field of the individual dipole was developed in 
Chap. 6, being given in Table 6-1. In developing the x 
dipole formula, the dipole was in the z direction, whereas 
in the present case it is in the x direction (see Figs. 7-2 
and 7-3). The angle @ in the dipole formula is measured 
from the dipole axis and is 90° in the present case. The angle @ in (5) is a different angle with respect to the 
dipole, being as shown in Figs. 7-2 and 7-3. Thus, we have for the far field Ego of the individual dipole 


Ego = de (6) il To distant 
rÀ , point 
where [7] is the retarded current on the dipole and o 


r is the distance from the dipole. Substituting (6) in 


(5) then gives Dipole 4 J 
5 


Figure 7-2 Relation of square loop to 
coordinates. 


60x[I]Ld, sin 0 M~~ a ——1 N Dipole 2 
a orn in 
However, the length L of the short dipole is the same Figure 7-3 Construction for finding far 


as d, that is, L = d. Noting also that d, = 2xd/À field of dipoles 2 and 4 of square loop. 
and that the area A of the loop is d?, (7) becomes 


2 . 
Small loop £4 = a FarE 4 field (8) 
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This is the instantaneous value of the Ey component of the far field of a small loop of area A. The peak value 
of the field is obtained by replacing [Z] by Zo, where Zo is the peak current in time on the loop. The other 
component of the far field of the loop is Hg, whichis obtained from (8) by dividing by the intrinsic impedance 
of the medium, in this case, free space. Thus, 


(9) 


7-3 Comparison of Far Fields of Small Loop and Short Dipole 


Itis of interest to compare the far-field expressions for a small loop with those for a short electric dipole. The 
comparison is made in Table 7-1. The presence of the operator j in the dipole expressions and its absence in 
the loop equations indicate that the fields of the electric dipole and of the loop are in time-phase quadrature, 
the current J being in the same phase in both the dipole and loop. This quadrature relationship is a fundamental 
difference between the fields of loops and dipoles. See Prob. 7-3-1. 

The formulas in Table 7-1 apply to a loop oriented as in Fig. 7-2 and a dipole oriented parallel to the 
polar or z axis. The formulas are exact only for vanishingly small loops and dipoles. H owever, they are good 
approximations for loops up to 4/10 in diameter and dipoles up to 2/10 long. 


7-4 The Loop Antenna. General Case 


The general case of a loop antenna with uniform, in- Polar 
. . r P i 

phase current will now be discussed. The size of the cA, ra ae axis 

loop is not restricted to a small value compared to dy=0 \ \y 


the wavelength as in the preceding sections but may ow 
assume any value. The method of treatment follows 
that given by Foster (1) and also Glinski (1) for small 
radii loops. To point P } 
Let the loop of radius a be located with its center pee 
at the origin of the coordinates as in Fig. 7-4. The 
current 7 is uniform and in phase around the loop. vá Loop 
Although this condition is readily obtained when the 
loop is small, it is not a natural condition for large y 
loops energized at a point. For loops with perimeters 
of about à /4 or larger, phase shifters of some type must 
be introduced at intervals around the periphery in order 
to approximate a uniform, in-phase currenton the loop. 
Assuming that the current is uniform and in phase, the 
far-field expressions will be derived with the aid of 
the vector potential of the electric current. The vector 
potential will first be developed for a pair of short, dia- 
metrically opposed electric dipoles of length a dø, as in Fig. 7-4. Then integrating over the loop, the total 
vector potential is obtained, and from this the far-field components are derived. 
Since the current is confined to the loop, the only component of the vector potential having a value is Ag. 
The other components are zero: Ag = A, = 0. The infinitesimal value at the point P of the ¢ component of 
A from two diametrically opposed infinitesimal dipoles is 


Figure 7-4 Loop of any radius a with 
relation to coordinates. 
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Table 7-1 Far fields of small electric dipoles and loops 


Field Electric dipole Loop 
j60x[I] sind L 120x2[1] sino A 
Electric Eo = j60z [7] sin Eg = m Ten 5 
# À r À 
A jU sino L x[I]sinð A 
Hg = a Ho = pan 
Magnetic $ z a A ; z2 


u dM 
4rr 


dAy = 


where dM is the current moment due to one pair 
of diametrically opposed infinitesimal dipoles of 
length, a dø. Inthed = 0 plane (Fig. 7-4) the 
component of the retarded current moment due 
to one dipole is 


[Z]a do coso (2) 


where [J] = Ip e/@l!—/0l and Jp is the peak 
current in time on the loop. o 
Figure 7-5 is a cross section through the loop 


in the xz plane of Fig. 7-4. Referring again to \ 2Bacos ¢ sin 6 = y 


Fig. 7-5, the resultant moment dM at a large é a b 
distance due to a pair of diametrically opposed s f |a 
dipoles is 26a cos ġ 
. Ww 
dM = 2j[I]a dg cos¢ sin 2 (3) Perimeter of loop 


where y = 26a cos ġ sin 0 radians 


Figure 7-5 Cross section in xz-plane 


Introducing this value for y into (3), we have through loop of Fig. 7-4. 


dM = 2 j[I]a cos ġ[sin (Ba cos ¢ sin d)| do (4) 
Now substituting (4) into (1) and integrating, 
$= julla f sin(Ba cos sin 0) cos ġ do (5) 
2nr Jo 
or 
Ag = in (Basin 0) (6) 


where Jı is a Bessel function of the first order and of argument (Ba sin @). The integration of (5) is performed 
on equivalent dipoles which are all situated at the origin but have different orientations with respect to ø. The 
retarded current [/] is referred to the origin and, hence, is constant in the integration. 
The far electric field of the loop has only a ø component given by 
Eg = —joAg (7) 


Substituting the value of Ay from (6) into (7) yields 
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HOLA + O64 sing) (8) 
2r Far 


fields 
OO mH 5 ee sin) (9) 
r 


This expression gives the instantaneous electric field at a large distance r from a loop of any radius a. The 
peak value of Ey is obtained by putting [7] = Jo, where Jp is the peak value (in time) of the current on the 
loop. The magnetic field Ho at a large distance is related to Ey by the intrinsic impedance of the medium, in 
this case, free space. Thus, 


Ball] 


Hə = 
9 2r 


Ji (Ba sin 0) (10) 
This expression gives the instantaneous magnetic field at a large distance r from a loop of any radius a. 


7-5 Far-Field Patterns of Circular Loop Antennas with Uniform Current 


The far-field patterns for a loop of any size are given by (7-4-9) and (7-4-10). For aloop of agiven size, Ba 
is constant and the shape of the far-field pattern is given as a function of 6 by 


(C sin 6) (1) 
where C, is the circumference of the loop in wavelengths. T hat is, 
27 
O = = = Ba (2) 


The value of sin @ as a function of 6 ranges in magnitude between zero and unity. When @ = 90°, the 
relative field is J1(C,), and as 6 decreases to zero, the values of the relative field vary in accordance with the 
Jı curve from J1(C,) to zero. This is illustrated by Fig. 7-6 in which a rectified first-order Bessel curve is 
shown as a function of C, sin 0. 


0.6 


0.5 


0.4 


0.3 


(Q, sin @)| 


= 0.2 


0.1 


0 


0 1 2 3 4 5 6 7 8 9 10 11 12 13 14 15 16 
C, sin 0 


Figure 7-6 Rectified first-order Bessel curve for patterns of loops. 
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EXAMPLE 7-5.1 Feed System for 1) Diameter Loop 
The patterns of Fig. 7-7 assume uniform in-phase currents. (a) Design a feed system that does this for a 
1A diameter loop and (b) for a 0.212A diameter loop. 


E Solution 

(a) The design of Fig. 7-8a provides in-phase currents with the amplitude variation of a rectified sine 
wave. All six 4/2 dipoles are fed at a common point. Although this system does not provide uniform 
current, it is a partial solution. 


8A 


Loop 


Loop 


1.74 dBi 


5.5 dBi 


5.8 dBi 


Figure 7-7 Far-field patterns of loops of 0.1, 1, 1.5, 5, and 8 à diameter in polar plot 
(above) and 3-D (below). Uniform in-phase currentis assumed on the loops. The directivity in 
dBi is given for each loop. 
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(b) The design of Fig. 7-8b provides in-phase currents having a constant amplitude with a + and — 25 
percent ripple. It is a better approximation to the complete requirement. A loop fed at one point, as in 
Fig. 7-9, will have in-phase essentially uniform current only for diameters of 0.14 or less. For larger 
loops, feed systems such as illustrated in Fig. 7-8a and b are required to approximate the desired 
condition. 


Current 


Current 


(a) (b) 


Figure 7-8 (a) Feed system for providing a 14 diameter loop with in-phase currents. 
(b) Feed system for providing a 0.2124 diameter loop with in-phase currents having a 
constant amplitude with a + and — 25 percent ripple. 


Figure 7-9 (a) Loop fed by twin-line. (b) grounded loop fed with coaxial cable. 
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7-6 The Small Loop as a Special Case 


The relations of (7-4-9) and (7-4-10) apply to loops of any size. It will now be shown that for the special 
case of asmall loop, these expressions reduce to the ones obtained previously. 
For small arguments of the first-order B essel function, the following approximate relation can be used: 


AG) = 5 (1) 


where x is any variable. When x = a the approximation of (1) is about 1 percent in error. The relation 
becomes exact as x approaches zero. Thus, if the perimeter of the loop is 4/3 or less (C, < 1), (1) may 
be applied to (7-4-9) and (7-4-10) with an error which is about 1 percent or less. Equations (7-4-9) and 
(7-4-10) then become 


60rBal/ Basing  120x?°[7]sin0 A (2) 
2r 7 r 2 Far 


BalI]pasind  x[I]sinð A fields 


4r r A2 


These far-field equations for a small loop are identical with those obtained in earlier sections (see 
Table 7-1). 


7-7 Radiation Resistance of Loops 


To find the radiation resistance of a loop antenna, the Poynting vector is integrated over a large sphere yielding 
the total power P radiated. This power is then equated to the square of the effective current on the loop times 
the radiation resistance R, (Foster-1). 
p 

P= SR (1) 
where Jo = peak current in time on the loop. The radiation resistance so obtained is the value which would 
appear at the loop terminals connected to the twin-line, as in Fig. 7-9a and coaxial line as in Fig. 7-9b. It 
is assumed that the current is uniform and in phase for any radius a, this condition being obtained by means 
of phase shifters, multiple feeds or other devices (see Fig. 7-8). The average Poynting vector of a far field is 
given by 

S, = }|H|? ReZ (2) 
where |H| is the absolute value of the magnetic field and Z is the intrinsic impedance of the medium, which 
in this case is free space. Substituting the absolute value of Hg from (7-4-10) for |A| in (2) yields 


2 
S, = er (Pato ega sin 0) (3) 


The total power radiated P is the integral of S, over a large sphere; that is, 


2x pr 
P =H S, ds = 15x (pai)? f f J? (Ba sin 0) sin 6 d8 db (4) 
0 0 


lFor small arguments, the Jı curve is nearly linear (see Fig. 7-6). The general relation for a Bessel function of any order n is Jn (x) = 
x” /n!2", where |x| <1. 
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or 
P = 307? (ba l0)? f J? (Ba sin 0) sin 6 do (5) 
0 


In the case of a loop that is small in terms of wavelengths, the approximation of (7-6-1) can be applied. 
Thus (5) reduces to 


P= spa f sin? 0 dé = 10n*p*a‘ I? (6) 
0 
Since the area A = a2, (6) becomes 
P = 10212 (7) 


Assuming no antenna losses, this power equals the power delivered to the loop terminals as given by (1). 
Therefore, 


I PEE 
Re > = 106*A4 1$ (8) 
and 
A\* i (9) 
Small AEE (3) ee Radiation 
sa or R & 31.200(4) (Q) aaa (10) 


This is the radiation resistance of a small single-turn loop antenna, circular or square, with uniform in-phase 
current. The relation is about 2 percentin error when the loop perimeter is 4/3.A circular loop of this perimeter 
has a diameter of about 4/10. Its radiation resistance by (10) is nearly 2.5 Q. 

The radiation resistance of a small loop consisting of one or more turns is given by (Alford-1), 


2 
Small loop R, = 31,200 (»5) (Q) Radiation resistance (10a) 


where n = number of turns 
Let us now proceed to find the radiation resistance of a circular loop of any radius a. To do this we must 
integrate (5). However, the integral of (5) may be reexpressed. Thus, in general (Watson-1), 


A i l 1 2x 
f JÈ sin) sind do = zf Jo(y) dy (11) 
0 X JO 


where y is any function 
Applying (11) to (5) we obtain 


2ßa 
P= 30n?paip | h (y) dy (12) 
0 
Equating (12) and (1) and putting Ba = C, yields 


2C, 
R, = 6072c, f J2(y)dy (Q) (13) 
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This is the radiation resistance as given by Foster for a single-turn circular loop with uniform in-phase current 
and of any circumference C}. 
W hen the loop is large (C), > 5), we can use the approximation 


2C, 
j! hO)dy x1 (14) 
0 
so that (13) reduces to 


Large loop _ a. 7 a Radiation 
C.>5 R, = 602°C, = 592C, = 37207 resistance (15) 
For a loop of 10 perimeter, the radiation resistance by (15) is nearly 6000 Q. 
For values of C, between } and 5 the integral in (13) can be evaluated using the transformation 
2C 20, 
[ hy) dy = [ Jo(y) dy — 2.4(2C3) (16) 


where the expressions on the right of (16) are tabulated functions (Lowan-1). 
For perimeters of over 54 (C, > 5) one can also use the asymptotic development, 


2x 1 T. x 11 x 
[ ho)dy=1- -+ [sn (20-7) + -3| (17) 


where x = Ba = Cj. 
For small values of x, one can use a series obtained by integrating the ascending power series for J2. Thus, 


2x F = i ae x6 8 a 
f ouae ( 5 t56 1080 31,680 =) 
When x = C, = 2 (perimeter of 2A), the result with four 
termsisabout2 percentin error. This same percentage error 10,000 7 
is obtained with one term when the perimeter is about 4/3. 3,000 : pice jee 
A graph showing the radiation resistance of single-turn ions Le 5920) 
loops with uniform current as a function of the circumfer- = | 
ence in wavelengths is presented in Fig. 7-10. The datafor = °° 
the curve are based on Foster’s formulas as given above. 2 100 
Curves for the approximate formulas of small and large 2 30 
loops are shown by the dashed lines. i 
R 3 
7-8 Directivity of Circular Loop Antennas a f 
with Uniform Current - 
The directivity D of an antenna is shown in the table at the jA 


end of Chap. 2 as the ratio of maximum radiation intensity 0 1 2 3 4 5 6 7 8 9 10 
to the average radiation intensity. The maximum radiation aaa 

intensity for a loop antenna is given by r? times (7-7-3). 
The average radiation intensity is given by (7-7-5) divided 
by 4x. Thus, the directivity of a loop is 


Figure 7-10 Radiation 
resistance of single-turn circular 
loop with uniform, in-phase current 
5 , as a function of the loop 

p= 2Ca] Jf (Cr sin O) |rnax (1) circumference in wavelengths, C,. 


RO bo) ay 
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This is Foster's expression for the directivity of a 
circular loop with uniform in-phase current of any 
circumference C}. The angle @ in (1) is the value for 
which the field is a maximum. 

For a small loop (Cà < 4), the directivity 
expression reduces to 


Directivity 


Small loop C} < 1/3 D = 3sin? 6 = 3 Directivity} (2) 


since the field is a maximum at 6 = 90°. The value 
of 3 is the same as for a short electric dipole. This 
is to be expected since the pattern of a short dipole is 


the same as for a small loop. 9°12 3-4 J 6 7 8 940 
For a large loop (C) > 5), (1) reduces to Loop circumference, C, 
D= 2C, J? (Cy sin@) (3) Figure 7-11 Directivity of circular loop 


antenna with uniform, in-phase current as 
a function of loop circumference in 
wavelengths, C,. (Foster-1) 


From Fig. 7-6 we note that for any loop with C, > 
1.84, the maximum value of Jı (C, sin @) is 0.582. 
Thus, the directivity expression of (3) for a large loop 
becomes 


Largeloop C, > 2 D=0.68C, Directivity (4) 


The directivity of a loop antenna as a function of the loop circumference C, is presented in Fig. 7-11. Curves 
based on the approximate relations of (2) and (4) for small and large loops are indicated by dashed lines. 


EXAMPLE 7-8.1 1/10 Diameter Loop 

Although small loops are commonly used for direction finding, they have the disadvantage that the two 
nulls of the pattern result in a 180° ambiguity. However, with a ground plane the ambiguity disappears. 
Thus, the 4/10 diameter loop of Fig. 7-12a spaced 1/10 from the ground plane has the field pattern of 
Fig. 7-12c provided the ground plane is big enough (~ A). 

(a) What is the directivity or gain of the loop alone assuming no losses? 

(b) W hat is the directivity or gain of the loop with ground plane assuming no losses? 


Ground 
Image plane 
= Field 
9 S © pattern 
pam- jnn 
Att 10 10 
19 |! 
Ee 
I 
“oO © 
Coax Side 
feed view Plan view 
(a) (b) (c) 


Figure 7-12 (a) 4/10 diameter loop spaced 4/10 from ground plane. (b) Feed arrangment 
(like that for loop of Fig. 7-8b). (c) Field in polar plot. 
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E Solution 
(a) For the loop alone we have from (2), D = 1.5 or 1.76 dBi. Ans. (a) 
(b) For the loop with ground plane we have from formula (1) of Table 9-1 that 
D = [2 VR, / (R, — Rm) Sin(2x/10)]° x 1.5 (5) 
where 


R, = self-resistance of loop, Q 
Rm = mutual resistance of the two loops, Q 


From (7-6-9), R, = 197C4 = 197(0.17)4 = 1.92 Q 
It may be shown that Rn = 1.60 Q 
Introducing these values in (1), we have 


D = [2,/1.92/(1.92 — 1.60) sin 36°]? x 1.5 = 8.3 x 1.5 = 12.45 or 11 dBi Ans. (b) 


EXAMPLE 7-8.2 ì/x Diameter Loop 

A loop with a diameter of à/x or circumference of 1 à is of particular interest. Figure 7-13 shows the 
loop at (a) with its square or quad antenna equivalent at (b) and its folded 2/2 dipole equivalent at (c). 
All of these antennas are close to resonance (reactance nearly zero) and have a radiation resistance R, 
of 200 to 300 &. Furthermore, when the loop is 4/10 from a ground plane its radiation resistance 
R, ~ 50 Q and its reactance R, ~ 0, making it easy to feed with 50-Q coaxial cable as in Fig. 7-14. 
Question: W hat is the directivity of this loop with ground plane? 

E Solution 

From formula (1) of Table 17-1 


SQUARE LOOP 


OR QUAD 
4l=C=A 
FOLDED A/2 DIPOLE 
L=/2 
2L=A I max 
|k L >| 
Imin limin 
R, = 300 Q 


D = 1.64 (2.15 dBi) 


R, = 200 Q R, = 200 Q 
D = 1.5 (1.76 dBi) D = 1.7 (2.3 dBi) 
(a) (b) (c) 


Figure 7-13 Loop at (a), quad at (b) and folded 4/2 dipole at (c) all with total conductor 
length of 11. 
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Ground plane 
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50 © @4 


Side view 
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Plan view 


Figure 7-14 1) circumference loop (diameter = 0.318 A) mounted A/10 from ground plane 


and fed by 50-Q coaxial cable. 


D = [2VR,-/(R, — Rm) Sin2x/10)]° x 1.5 


From (7-7-9), R, = 197 Q. 
It may be shown that Rm = 157 Q. 
Substituting these values in (10), we have 


D = (2,/197/40sin 36°)? x 1.5=10.2 or 10.1dBi. 


(6) 


Ans. 


Even though this 0.318 à diameter of loop has 1 dB less gain than the 0.1-A-diameter loop of E xam- 
ple 7-8.1, its much larger radiation resistance gives it a smaller Q, a broader bandwidth and less 
susceptibility to losses. 


7-9 Table of Loop Formulas 


The relations developed in the preceding sections are sum- 
marized in Table 7-2. The general and large loop formulas 
are based on Foster’s results. 


7-10 Square Loops* 


It was shown in Sec. 7-4 that the far-field patterns of square 
and circular loops of the same area are identical when the 
loops are small (A < 42/100).Asa generalization, we may 
say that the properties depend only on the area and that 
the shape of the loop has no effect when the loop is small. 
However, this is not the case when the loop is large. The 
pattern of a circular loop of any size is independent of the 
angle @ but is a function of 6 (see Fig. 7-2). On the other 
hand, the pattern of a large square loop is a function of both 
6 and ¢. Referring to Fig. 7-15, the pattern in a plane normal 


x 


Figure 7-15 Large square loop. 


*Loops of 1 circumference or perimeter and many shapes are the basic elements used by Ben M unk in Chap. 20 on Frequency-Selective 


Surfaces. 
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Table 7-2 Formulas for circular loops with uniform current 


General expression Small loop Large loop 
Quantity (any size loop) A<i7/100,C,<4 CG >5 
60x [7]C; J1 (C, sin 0 120r?[7]sinð A 
Far Ey gE SMA) se E Same as general 
r r 
I ino Ijsino A 
Far Ho HIG, A(O sino) oli A Same as general 
2r r 2 
2 
A 
Radiation 6072C, i J2(y) dy 31,200 (3) =197C; 3720 = 592C, 
resistance, Q 
NE 2C, J? (C sino 3 
Directivity cae Sal 4.25" = 0.680, 
Io Ja) ay a 


A =area of loop; C, = circumference of circular loop, wavelengths. 
The small loop formulas apply not only to circular loops but also to square loops of area A and in fact to small loops 
of any shape having an area A. The formula involving C} applies, of course, only to a circular loop. 


to the plane of the loop and parallel to two sides (1 and 3), as indicated by the line AA’, is simply the pattern 
of two point sources representing sides 2 and 4 of the loop. The pattern in a plane normal to the plane of the 
loop and passing through diagonal corners, as indicated by the line BB’, is different. The complete range in 
the pattern variation as a function of œ is contained in this 45° interval between AA’ and BB’ in Fig. 7-15. 

An additional difference of large circular and square loops is in the 6 patterns. For instance, Fig. 7-7 (5) 
shows the pattern as a function of @ for a circular loop 5A in diameter. By way of comparison, the pattern for 
a square loop of the same area is presented in Fig. 7-16. The square loop is 4.441 on a side. The pattern is 
in a plane perpendicular to the plane of the loop and parallel to the sides (plane contains AA’ in Fig. 7-15). 
Comparing Fig. 7-7 (54 loop) and Fig. 7-16 we note that the pattern lobes of the circular loop decrease in 
magnitude as @ approaches 90° while the lobes of the square loop are of equal magnitude. This illustrates 
the difference of the B essel function pattern of the circular loop and the trigonometric function pattern of the 
square loop. In the above discussion, uniform in-phase currents are assumed. 


7-11 Radiation Efficiency, Q, Bandwidth and Signal-to-Noise Ratio 


In Sec. 2-7 we noted that the gain G of an antenna with respect to an isotropic source is identical with the 
antenna’s directivity D provided no losses other than radiation are present. For the more general case we write 
as in (2-7-6) that 


G=kD (1) 


where k = efficiency factor (0 < k < 1), dimensionless 
For a lossless antenna, k = 1, but with ohmic losses k is less than 1. 
If an antenna has a radiation resistance R, and a loss resistance Rz, then its (radiation) efficiency factor 


R, 
ko (2) 
R, + RL 
and the gain 
R, 4 Aem 4 Aemk 
G= maem il (3) 


R-+Rp A 2 
For antennas which are small compared to the wavelength, the radiation resistance R, is small and, if 
ohmic losses Rz are significant, radiation efficiency is reduced. Thus, short dipoles and small loops may 
be inefficient radiators when losses are present. For example, when Rz = R, the radiation efficiency is 
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4 
aM 


Figure 7-16 Three-dimensional and polar plots of square loop with uniform, in-phase 
current. The loop is 4.44 4 on a side. Gain = 9.5 dBi. The polar plot is in a plane normal to the 
plane of the loop and through the line AA” of Fig. 7-15. 


50 percent; only half of the power input to the antenna is radiated, the other half being dissipated as heat in 
the antenna structure. 

An rf wave entering a conductor attenuates to 1/e of its surface value in a distance 5 given by 
(K raus-1), 


ô = ——— = depth of penetration (4) 


where 


f = frequency, Hz 
u = permeability of medium, H m7! 
o = conductivity of medium, om~! 


Itis assumed that o >> we. The induced current density in the conductor also attenuates in the same way. 
This means that the current density associated with a wave traveling along a conductor is greatest close to the 
surface, the so-called skin effect. The quantity ô is referred to as the 1/e depth of penetration. It follows that 
the rf resistance of a round wire or solid cylindrical conductor is equivalent to the dc resistance of a hollow 
tube of the same material of wall thickness ô. It is assumed that the wire or conductor diameter is much larger 
than 5. Thus, assuming that the perimeter or circumference Z is much smaller than the wavelength so that the 
current is essentially uniform around the loop, the ohmic (or loss resistance) of a small loop antenna is given 


by 
_ L _L /fpo 
AE ords dV no ae (5) 
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where 


5 
| 


= loop length (perimeter or circumference), m 
wire or conductor diameter, m 


From (7-7-9) the radiation resistance of a small loop is 


a 
II 


A 2 
R, ~ 31,200 (=) ~ 197C} (6) 


A = loop area (square or circular), m? 

C, = C/à, where C = circumference of circular loop 
Assuming that the loop’s inductive reactance is balanced by a capacitor, the terminal impedance will be 
resistive and equal to 


Rr = R, +R, (7) 
and the radiation efficiency, or ratio of power radiated to input power, will be 
1 


k= —____ 8 

1 F (RL/R;) l ) 

For a l-turn copper-conductor circular loop (perimeter L=C) in air (o =5.7 x10 0 m“, 

uo = 4r x 1077 H m7}), 
R 3430 

2L a (9) 

Rr C finiizd 


where 


C = circumference of loop, m 
fMHz = frequency, MHz 
d = wire (or conductor) diameter, m 


For small square loops of side length Z (L = 4/), we may take C = 3.5/. 


EXAMPLE 7-11.1 Find the radiation efficiency of a 1-m-diameter loop (C = x m) of 10-mm- 
diameter copper wire at (a) 1 MHz and (b) 10 MHz. 
E Solution 
(a) From (9), 
R; 3430 
R, w?x1x10-4 ~ ie 
and the radiation efficiency 
_ 1 
~ 1+411,000 
(b) At10 MHz we have 


k = 0.22 (or —6.6 dB) 


= 9 x 10™ (or —40.5 dB) 


k 
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The radiation efficiency as a function of frequency 0 
for a small single-turn copper loop in air is shown 
in Fig. 7-17. It is assumed that the loop is small 
compared to the wavelength (C < A) and that the 107 
wire or conductor diameter is small compared to the 
loop circumference (d « C). Dielectric losses are z 20 L 
neglected. iS 
In spite of the low efficiency of a small loop, there © 
are many applications where such loops are useful in = 30 F 
receiving applications provided the received signal- 2 
to-noise ratio is acceptable as discussed later in this © ae 
section [see (19)]. 2 
For loops with n turns, R, increases in proportion -§ 
to n? while Rz increases in proportion to n. Hence, $% 50+ 
for multiturn loops (9) becomes 5 
oO 
Ri _ 3430 (42) 60+ 
R, C3 fgpznd ac 
and the radiation efficiency & is increased by a factor 70 F 
which approaches n if R/R, is large. In (12) the 
effect of capacitance between turns has been neglected 80 | 
but if the turns are spaced sufficiently and are few in 0.1 1 10 
number, (12) can be a useful approximation. Frequency, MHz 


The radiation efficiency of a multiturn loop or coil : SN - 
antenna can be increased by introducing a ferrite rod Figure 7-17 Radiation efficiency 
into the coil as in Fig. 7-18. Here the coil (horizontal factor as a function of frequency for a- 
to receive vertical polarization) serves the function 1-m-diameter single-turn copper loop in 
of both an antenna and also (with a series capacitor) air (C = m, d = 10 mm). 
of the resonant circuit for the first (mixer) stage of a 


broadcast receiver (500 to 1600 kHz). hes 
The radiation resistance of a ferrite loaded loop or coil is given by 


AN? Ferrite 
R, = 31,200u2,n? (5) = 197u2,n?C} (Q) loaded (13) 
a loop 


Radiation 


resistance 


and the loss resistance (due to the ferrite rod) by 


1 
Rp = 2n fpe Enon (2) (14) 


where 


f =frequency, Hz 
Ler = effective relative permeability of ferrite rod, dimensionless 
ju. = real part of relative permeability of ferrite material, dimensionless 
ju’ =imaginary part of relative permeability of ferrite material, dimensionless 
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nturns 


Ferrite rod 


Magnetic , out 
field lines Mixer 


Figure 7-18 Ferrite rod antenna and associated tuned circuit of receiver front-end mixer stage. 


wo =4n x 10-7,H m? 
n = number of turns 
a = ferrite rod cross-sectional area, m? 
1 = length of ferrite rod, m 


Because of its open geometry (as contrasted to a closed core or ring) a ferrite rod with a relative permeability 
ur Will have a smaller effective relative permeability xe- (due to demagnetization effect). Typically for a rod 
with u, = 250 and a length-diameter ratio of 10, the effective relative permeability is about 50. 

The ohmic loss resistance Rz of the coil is as given by (5). The radiation efficiency factor for the ferrite 
rod coil antenna is then 


7 R, 7 1 
~ Re+RL+Rf  1+[(Rr +Rpf)/R] 
Dielectric loss is neglected. 

Knowing the total resistance (R, + Rz + Rp) of the ferrite rod antenna, one can calculate the Q and 


bandwidth of the tuned circuit of which itis a part. The Q (ratio of energy stored to energy lost per cycle) is 
given by 


k 


(15) 


Q= 2xfol _ f (16) 
R, + RL + Re AfHp 


where 
fo = center frequency, Hz 
L= hern?ano/l = inductance, H1 
A fap = bandwidth at half-power, Hz 


1D istinguish between L for inductance in (16) and Ł for length in (5). 
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EXAMPLE 7-11.2 The multiturn ferrite rod antenna of a broadcast receiver has 10 turns of 1-mm- 
diameter enameled copper wire wound on a ferrite rod 1 cm in diameter and 10 cm long. The ferrite rod 
ur = ul. — wy = 250 — 72.5. Take uer = 50. At 1 MHz find (a) the radiation efficiency, (b) the Q and 
(c) the half-power bandwidth. 


E Solution 


(a) From (13), R, = 1.91 x 1074 Q. From (14), Rp = 0.31 Q. From (4), 6 = 7 x 107° m. Thus, the ratio 
d/8 = 14.3 so wecan use (5) (times n), which makes Rz = 0.026 Q.Accordingly, (Rr +R f)/R, = 1790 
and k = 1/1790 = 5.6 x 10~*. (Dielectric losses are neglected.) 

(b) From (16), Q = 162. 

(c) From (16), Afiyp = 6.170 kHz. 


Although 6.17 kHz is adequate front-end selectivity for the 10-kHz channel spacing of the broadcast band, 
the low aperture efficiency of less than 0.06 percent makes it uncertain whether the sensitivity is adequate. To 
determine this, a calculation of the signal-to-noise ratio for a typical application is required. From the Friis 
transmission formula (2- 11-5), the power received from a transmitter of power P, at a distance r is 

P; Aet Aer 
r= (W) (17) 
where 


Aer = effective aperture of transmitting antenna, m? 
Aer = effective aperture of receiving antenna, m? 


For a small loop receiving antenna, D = 3 SO 


2 
fe mh (18) 
4r 
where k = radiation efficiency factor 


The signal-to-noise ratio (S/N ) is given by 


S 2 
Pe (dimensionless) aa 


Table 7-3 lists formulas for loops. 


7-12 Direction Finders 


Direction finding is one of the most challenging tasks in radio navigation of aircrafts and other space vehicles. 
A loop antenna in conjunction with a sense antenna is the most commonly used component employed for this 
purpose. Figure 7-19a illustrates a rectangular antenna of length ‘a’ and width ‘b’ which is mounted on a 
vertical plane to allow its rotation along the vertical axis. As shown in Fig. 7-19b, a vertically polarized wave 
coming from the east and making an angle ‘6’ with the plane of the loop is incident on the loop. This vertically 
polarized wave will induce voltages only in the vertical members of the loop. Though the magnitudes of the 
voltages in the two vertical arms will be e.£, where E is the r.m.s value of electric field intensity, their phases 
(shown in Fig. 7-19c) will differ by an angle 2¢. The voltage in arm AB (represented by OX ) shall lag the 
reference (i.e. the electric field at the center of the loop) by an angle œ and in arm CD (represented by OY ) 
shall lead it by that angle. The difference in path lengths being (b/2) cos@ the phase difference ¢ is given by 


2x 1 T 
$ = — 5b C050 = ~b COS0 (1) 
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Table 7-3 Radiation resistance, loss resistance and radiation efficiency of small loop antennas 
and also formulas for Q, bandwidth and signal-to-noise ratio? 


Reference 
Quantity Formula equation for units 
AN? 
Radiation resistance, R, = 31,200 (3) (Q) (7-11-6) 
single turn 
Radiation resistance, R, = 197C} (Q) (7-11-6) 
single turn 
Loss resistance, R; = r P g (2) (7-11-5) 
n-turn 
1 
Radiation efficiency, k = ———__ (7-11-8) 
n-turn 1+ (Ri/Rr) 
R 430 
RL/R, ratio, n-turn a 2 (7-11-9) 


ot 
copper conductor Rr C fiind 
n 
Loss resistance, n-turn Ry = 27 fher EE uon? S (Q) (7-11-14) 
ferrite rod antenna H 
1 


Radiation efficiency, k= mee (7-11-15) 

n-turn ferrite rod +R: + Ri Re 
antenna 
2x foL 

= — Hine 7-11-16 

g Q R, + RL +Rf ( ) 

Bandwidth hez £ (7-11-16) 
S P, P, Aet Aer 


Signal-to-noise ratio 


= N IAk Afap (7-11-17) and (7-11-19) 


Ë L in third row for loss resistance is perimeter length, whereas L in eighth row for Q is inductance 


[see (7-11-16)]. 


i 


Figure 7-19 A loop antenna as a direction finder. 
If the field at the center of the loop is E(t) = /2E cos(wr), the voltages induced in AB (e1) and CD (e2) 
are given as 
e1 = V2aE coS[wt — (b/d) COS 6] (2a) 


e2 = V2aE coS[wt + (b/d) coso] (2b) 
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The resultant voltage ez in the loop is 
eL = e] — e2 = V2aE[{C0S wt — (b/d) COS O} — {COS wt + (b/A) coso} 
= 2/2aE sin{(b/d) cos 6] sin(wt) (3) 
This voltage is represented by the phasor XY in Fig. 7-19c. The voltage ez is in phase quadrature with the 
reference electric field and its magnitude depends on @. Itis zero when 6 = x/2 or 32/2. 
Forb <A: Sin[(bw/A) = (b/d) 
eL = V2E(2m/A)ab cos6 Sin(wt) = Ez coso sin(wt) (4) 
where, 
Ey = V2E(2x/A)ab (5) 


In view of (4), the output amplitude is proportional to cos 6. The polar diagram of the loop antenna is 
shown in Fig. 7-19d. In view of this “figure of eight”, zeros or nulls occur when the plane of the loop is 
perpendicular to the direction of the arrival of the wave, i.e., parallel to the wave front. Examination of (5) 
reveals that the output voltage Ez is proportional to the area of the loop and its phase reverses when the loop 
passes through a null, i.e., if in the “figure of eight”, the field of one lobe is leading the reference by z/2, in 
the other lobe it will be lagging by the same angle. Further, if the loop contains N turns, 


Er = V2NE(2n/d)ab (6) 


The above conclusion is also true for the loops of other shapes (e.g., triangular or circular) because all 
such loops may be considered to be composed of infinite number of elementary rectangular loops with their 
outputs proportional to the loop area. 

The directional property of a loop antenna, shown in Fig. 7-19c, can be used for direction finding but 
with ambiguity at nulls. This ambiguity can be resolved by using a sense antenna in conjunction with the 
loop antenna. The sense antenna or a vertical radiator is non-directional in the vertical plane, with an output 
voltage given by 


ey = kc0S(wt) (7) 


where & is the ratio of amplitudes of sense antenna output to the maximum loop antenna output. The two 
voltages ez, and e, are in phase quadrature. If the phase of one of them is changed by 90° and the two voltages 
are then added, sense finding is possible because the voltage from the loop will add or subtract from that of 
the sense antenna. This addition or subtraction will depend on the direction of arrival of the wave. If the phase 
of the loop output is changed by 90° making it 


ei, = COSO COS(wr) (8) 
the sum of the two voltages is the input to the receiver and is given as 

E; = kcoSwt + coS6 cos(wt) = (k + COSA) COS wt (9) 

|E:il = k + 1for 0 = 0 and |£;| = k —1for@ = 90° (10) 


The polar diagram of the combined antenna can be obtained by plotting |£;|. The resulting plots are shown 
in Fig. 7-20 for different values of k. ideally, k should be unity, which gives a cardioid pattern. The correct 
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direction of the wave and its reciprocal are clearly distinguishable in the combined output. For direction 
finding, the steps adopted are as follows: 

With the sense antenna kept in a disconnected position, the following steps are carried out. 

(i) The loop is first turned to give minimum signal and its angular position is noted. 

(ii) Next, the loop is turned to give the maximum signal at around 90° and its exact position is again noted. 

(iii) The sense antenna is now connected. 

If the orientation of the loop is in the correct direction, the signal will increase and if its orientation is 
incorrect, a decrease in the signal will be observed. 


(a) k>1 (b)k<1 (c)k=1 


Figure 7-20 Radiation patterns of loop antenna, sense antenna and their combinations. 


7-13 Slot Antennas 


Slot antennas are useful in many applications, especially where low-profile or flush mountings are required 
as, for example, on high-speed aircraft. A ny slot has its complementary form in wires or strips, so that pattern 
and impedance data of these forms can be used to predict the patterns and impedances of the corresponding 
slots. The discussion is based largely on a generalization and extension of Babinet’s (Ba-bi-nay’s) principle 
by Henry Booker (1). 

The antenna shown in Fig. 7-21a, consisting of two resonant à /4 stubs connected to a 2-wire transmission 
line, is an inefficient radiator. The long wires are closely spaced (w <A) and carry currents of opposite phase 
so that their fields tend to cancel. The end wires carry currents in the same phase, but they are too short to 
radiate efficiently. Hence, enormous currents may be required to radiate appreciable amounts of power. 

The antenna in Fig. 7-21b, on the other hand, is a very efficient radiator. In this arrangement a A /2 slot is 
cut in a flat metal sheet. Although the width of the slot is small (w <A), the currents are not confined to the 
edges of the slot but spread out over the sheet. This is a simple type of slot antenna. Radiation occurs equally 
from both sides of the sheet. If the slot is horizontal, as shown, the radiation normal to the sheet is vertically 
polarized. 

A slot antenna may be conveniently energized with a coaxial transmission line as in Fig. 7-22a. The outer 
conductor of the cable is bonded to the metal sheet. Since the terminal resistance at the center of a resonant 
4/2 slot in a large sheet is about 500 & and the characteristic impedance of coaxial transmission lines is 
usually much less, an off-center feed such as shown in Fig. 7-22b may be used to provide a better impedance 
match. For a 50-Q coaxial cable the distance s should be about 2/20. Slot antennas fed by a coaxial line 
in this manner are illustrated in Fig. 7-22c and d. The radiation normal to the sheet with the horizontal slot 
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Metal sheet 
Slot 
à/4 stubs < antenna 

eA peA À À 

oe, eee 

Ww WwW 

F F 

(a) (b) 


Figure 7-21 Whereas the stubs of (a) are a poor radiator, the slot of (b) is a good, efficient 
radiator because the currents can spread out on the metal sheet. 


À 
À — — | 
e] G 2 
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a | 
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À A sE 
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antenna 


(c) (d) 
Figure 7-22 Slotantennas fed by coaxial transmission lines. 


(Fig. 7-22c) is vertically polarized while radiation normal to the sheet with the vertical slot (Fig. 7-22d) is 
horizontally polarized. The slot may be 1/2 long, as shown, or more. 
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A flat sheet with a 2/2 slot radiates equally on both sides of the sheet. However, if the sheet is very large 
(ideally infinite) and boxed in as in Fig. 7-23a, radiation occurs only from one side. If the depth d of the box 
is appropriate (d ~ 4/4 for a thin slot), no appreciable shunt susceptance appears across the terminals. With 
such a zero susceptance box, the terminal impedance of the resonant 2/2 slot is nonreactive and approximately 
twice its value without the box, or about 1000 Q. 


(a) 


Figure 7-23 Boxed-in slot antenna (a) and application to provide flush radiator (b). 


The boxed-in slot antenna might be applied even at relatively long wavelengths by using the ground as the 
flat conducting sheet and excavating a trench 4/2 long by 4/4 deep as suggested in Fig. 7-23b. The absence 
of any structure above ground level might make this type of antenna attractive, for example, in applications 
near airports. To improve the ground conductivity, the walls of the trench and the ground surrounding the slot 
can be covered with copper sheet or screen. Radiation is maximum in all directions at right angles to the slot 
and is zero along the ground in the directions of the ends of the slot, as suggested in Fig. 7- 3b. The radiation 
along the ground is vertically polarized. 

Radiation from only one side of a large flat sheet may also be achieved by a slot fed with a waveguide 
as in Fig. 7-24a. With transmission in the guide in the TEi9 mode, the direction of the electric field E is 
as shown. The width Z of the guide must be more than 2/2 to transmit energy, but it should be less than 
14 to suppress higher-order transmission modes. With the slot horizontal, as shown, the radiation normal to 
the sheet is vertically polarized. The slot opening constitutes an abrupt termination to the waveguide. It has 
been found that the resulting impedance mismatch is least over a wide frequency band if the ratio L/w is less 
than 3. 

A compact wideband method for feeding a boxed-in slotis illustrated in Fig. 7-24b.In this T-fed 
arrangement the bar compensates the impedance characteristics so as to provide a V SWR on a50- feed line 
of less than 2 over a frequency range of nearly 2 to 1. The ratio L/w of the length to width of the slot is about 
3 (Dorne-1). 

Dispensing with the flat sheet altogether, an array of slots may be cut in the waveguide as in Fig. 7-25 so 
as to produce a directional radiation pattern (Watson-1). With transmission in the guide in the TEi9 mode, 
the instantaneous direction of the electric field E inside the guide is as indicated by the dashed arrows. By 
cutting inclined slots as shown at intervals of A,» /2 (where A, is the wavelength in the guide), the slots are 
energized in phase and produce a directional pattern with maximum radiation broadside to the guide. If the 
guide is horizontal and E inside the guide is vertical, the radiated field is horizontally polarized as suggested 
in Fig. 7-25. 
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Front view 


(a) (b) 


Figure 7-24 Waveguide-fed slot (a) and T-fed slot (b). 


Figure 7-25 Broadside array of slots in waveguide. 


7-14 Patterns of Slot Antennas in Flat Sheets. Edge Diffraction 


Consider the horizontal 4/2 slot antenna of width w ina perfectly conducting flat sheet of infinite extent, as in 
Fig. 7-26a. The sheet is energized at the terminals F F . It has been postulated by B ooker (1) that the radiation 
pattern of the slot is the same as that of the complementary horizontal 1/2 dipole consisting of a perfectly 
conducting flat strip of width w and energized at the terminals FF, as indicated in Fig. 7-26b, but with two 
differences. T hese are (1) that the electric and magnetic fields are interchanged and (2) that the component of 
the electric field of the slot normal to the sheet is discontinuous from one side of the sheet to the other, the 
direction of the field reversing. The tangential component of the magnetic field is, likewise, discontinuous. 
The patterns of the 4/2 slot and the complementary dipole are compared in Fig. 7-27. The infinite flat 
sheet is coincident with the xz plane, and the long dimension of the slot is in the x direction (Fig. 7-27a). 
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Figure 7-27 Radiation-field patterns of slot in an infinite sheet (a) and of complementary 
dipole antenna (b). The patterns have the same shape but with E and H interchanged. 


The complementary dipole is coincident with the x axis (Fig. 7-27b). The radiation-field patterns have the 
same doughnut shape, as indicated, but the directions of E and H are interchanged. The solid arrows indicate 
the direction of the electric field E and the dashed arrows the direction of the magnetic field H. 

If the xy plane is horizontal and the z axis vertical asin Fig. 7-27a, the radiation from the horizontal slot 
is vertically polarized everywhere in the xy plane. Turning the slot to a vertical position (coincident with the 
z axis) rotates the radiation pattern through 90° to the position shown in Fig. 7-28. The radiation in this case 
is everywhere horizontally polarized; i.e., the electric field has only an Eg component. If the slot is very thin 
(w <A) and 4/2 long (L = 4/2), the variation of Eg as a function of @ is given by 


cos[(z/2) cos 0] (1) 
sind 
Assuming that the sheet is perfectly conducting and infinite in extent, the magnitude of the field component 
Eg remains constant as a function of @ for any value of 6. Thus, 


Eg ($) = constant (2) 
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Consider now the situation where the slot is cut 
in a sheet of finite extent as suggested by the dashed 
lines in Fig. 7-28. This change produces relatively 
little effect on the Ey (0) pattern given by (1). How- 
ever, there must be a drastic change in the Ey(@) 
pattern since in the x direction, for example, the 
fields radiated from the two sides of the sheet are 
equal in magnitude but opposite in phase so that 
they cancel. Hence, there is a null in all directions 
in the plane of the sheet. For a sheet of given length 
L inthe x direction, the field pattern in the xy plane 
might then be as indicated by the solid curve in 
Fig. 7-29a. The dashed curve is for an infinite sheet 
(L = oo). If one side of the slot is boxed in, there 
is radiation in the plane of the sheet as suggested 
by the pattern in Fig. 7-29b.1 With a finite sheet 
the pattern usually exhibits a scalloped or undulat- 
ing characteristic, as suggested in Fig. 7-29. As 
the length L of the sheet is increased, the pattern 
undulations become more numerous but the magni- 
tude of the undulations decreases, so that for a very 
large sheet the pattern conforms closely to a circular 
shape. M easured patterns illustrating this effect are 
shown in Fig. 7-30 for 3 values of L.A method due 
to Andrew Alford for locating the angular positions 
of the maxima and minimais described by Dorne(1) 
and Lazarus. In this method the assumption is made 
that the far field is produced by three sources (see 
Fig. 7-31), one(1) atthe slot of strength 1 sin wr and 
two (2 and 3) at the edges of the sheet (edge diffrac- 
tion effect) with a strength ksin(wt — 5), where 
k <1and ô gives the phase difference of the edge 
sources with respect to the source (1) at the slot. At 
the point P ata large distance in the direction ¢, the 
relative field intensity is then 
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Slot in sheet 
*Zplane 


Figure 7-28 Radiation pattern of vertical 
Slot in an infinite flat sheet. 


TF |v Sheet |.“ Sheet 


(b) 


Figure 7-29 Solid curves show patterns in 
xy plane of Fig. 7-26 for slot in finite sheet of 
length L. Slot is open on both sides in (a) and 
closed on left side in (b). Dashed curves show 
pattern for infinite sheet. All patterns idealized. 


E = Sin wt + ksin(æwt — ô —e)+ksin(at — ô + £) (3) 


where e = (x /A)L coso 
By trigonometric expansion and rearrangement, 


E = (1 + 2k cos ô cos £) sin wt — (2k sin ô cos £) COS wt (4) 


and the modulus of E is 


|E| = /(1 + 2k cos ô cose)? + (2k sind cose)? 


(5) 


Ta ccording to H. G. Booker (1), the energy density in the ø = 0 or 180° directions is i that for an infinite sheet, or the field intensity is 


0.707 that for an infinite sheet. 
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xX 5.3r 


Figure 7-30 Measured ¢-plane patterns of 4/2 boxed-in slot antennas in finite sheets of 
three lengths L = 0.5, 2.75 and 5.34. The width of the slots is 0.14. (After Dorne (1) and Lazarus). 


Squaring and neglecting terms with k2, since k < 1, (5) reduces to 


|E| = v1 + 4k cos ô cose (6) 
2 
The maximum and minimum values of |E] as a function of € Eg 
occur when e = nz, so that 
e= T Lcosġ = nx (7) L 
where n is an integer. Thus | 
Slot 
coso = a and o= arccos” (8) 
L L 
The values of @ for maxima and minima in the œ pattern are y 
given by (8). These locations are independent of k and 6. If cos ô 3 


is positive, then the maxima correspond to even values of n and 
the minima to odd values of n. To pont R 


7-15 Babinet’s Principle and Complementary 


Antennas Figure 7-31 Construction for 
locating maxima and minima of 


By means of Babinet’s (Ba-bi-nay’s) principle many of the ġ pattern for slot in a finite sheet. 


problems of slot antennas can be reduced to situations involv- 
ing complementary linear antennas for which solutions have 
already been obtained. In optics B abinet’s principle (B orn-1) may 
be stated as follows: 

The field at any point behind a plane having a screen, if added to the field at the same point when the 
complementary screen is substituted, is equal to the field when no screen is present. 

The principle may be illustrated by considering an example with 3 cases. Let a source and 2 imaginary 
planes, plane of screens A and plane of observation B, be arranged as in Fig. 7-32. As Case 1, let a perfectly 
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A B 
Plane of 
Plane of Screens | observation 


e- 


Shadow Case 1 


Case 2 
Source 
e Case 3 
Source 
Zz 
No screen 
y 
x 


Figure 7-32 |llustration of Babinet’s principle. 


absorbing screen be placed in plane A. Then in plane B there is a region of shadow as indicated. Let the field 
behind this screen be some function fı of x, y and z. Thus, 


Fs = fix, y, z) (1) 
As Case 2 let the first screen be replaced by its complementary screen and the field behind it be given by 

Fes = f2(x, y, 2) (2) 
As Case 3 with no screen present the field is 

Fo = f3(x, y, z) (3) 


Then Babinet’s principle asserts that at the same point x1, y1, z1, 
F, + Fes = Fo (4) 
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The source may be a point as in the above 
example or a distribution of sources. The prin- 
ciple applies not only to points in the plane of 
observation B as suggested in Fig. 7-32 but 
also to any point behind screen A. Although 
the principle is obvious enough for the sim- Sourc 
ple shadow case above, it also applies where 
diffraction is considered. 

Babinet’s principle has been extended and Shes 
generalized by Booker (1) to takeinto account i 
the vector nature of the electromagnetic field. 
In this extension it is assumed that the screen | fez 

= 


Slot 


y 


NG Case 1 


is plane, perfectly conducting and infinites- 
imally thin. Furthermore, if one screen is 


perfectly conducting (s = oo), the com- Strip Case 2 
plementary screen must have infinite perme- , 

ability (u = o0). Thus, if one screen is 4 Strip 

a perfect conductor of electricity, the com- SN ~ SO 
plementary screen is a perfect “conductor” 

of magnetism. No infinitely permeable mate- SN 

rial exists, but the equivalent effect may be ZN KE Case 3 
obtained by making both the original and com- : ; f o. 
plementary screens of perfectly conducting Figure 7-33 Illustration of Babinet’s principle 
material and interchanging electric and mag- applied to a slot in an infinite metal sheet and the 
netic quantities everywhere. The only perfect complementary metal strip. 


conductors are superconductors which soon may be available at ordinary temperatures for antenna applica- 
tions. However, many metals, such as silver and copper, have such high conductivity that we may assume the 
conductivity is infinite with a negligible error in most applications. 

As an illustration of Booker’s extension of B abinet’s principle, consider the cases in Fig. 7-33. The source 
in all cases is a short dipole, theoretically an infinitesimal dipole. In Case 1 the dipole is horizontal and the 
original screen is an infinite, perfectly conducting, plane, infinitesimally thin sheet with a vertical slot cut 
out as indicated. At a point P behind the screen the field is £1. In Case 2 the original screen is replaced 
by the complementary screen consisting of a perfectly conducting, plane, infinitesimally thin strip of the 
same dimensions as the slot in the original screen. In addition, the dipole source is turned vertical so as to 
interchange E and H. At the same point P behind the screen the field is £2. As an alternative situation for 
Case 2 the dipole source is horizontal and the strip is also turned horizontal. Finally, in Case 3 no screen is 
present and the field at point P is Eo. Then, by Babinet’s principle, 


E1 + E? = Ep (5) 
or 

Ey Ez 

un $ 


B abinet’s principle may also be applied to points in front of the screens. In the situation of Case 1 (Fig. 7-33) a 
large amount of energy may be transmitted through the slot so that the field £1 may be about equal to the field 
Eo with no intermediate screen (Case 3). In such a situation the complementary dipole acts like a reflector 
and E? is very small. (See Chap. 13 on frequency-sensitive surfaces.) Since a metal sheet with a 4/2 slot or, 
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in general, an orifice of at least 1A perimeter may transmit considerable energy, slots or orifices of this size 
should be assiduously avoided in sheet reflectors such as described in Chap. 9 when E is not parallel to the slot. 


7-16 The Impedance of Complementary Screens 


In this section B abinet’s principle is applied with the aid of a transmission-line analogy to finding the relation 
between the surface impedance Z1 of a screen and the surface impedance Z2 of the complementary metal 
screen (B ooker-1). 

Consider the infinite transmission line shown in Fig. 7-34a of characteristic impedance Zo or characteristic 
admittance Yo = 1/Zo. Let a shunt admittance Yı be placed across the line. An incident wave traveling to the 
right of voltage V; is partly reflected at Yı as a wave of voltage V, and partly transmitted beyond Y; as a wave 
of voltage V;. The voltages are measured across the line. 

This situation is analogous to a plane wave of field intensity Æ; incident normally on a plane screen of 
infinite extent with a surface admittance, or admittance per square, of Yı; that is, the admittance measured 
between the opposite edges of any square section of the sheet as in Fig. 7-34c is Y1. Neglecting the impedance 
of the leads the admittance 


I 
y= 7 (U per square) (1) 
Vi Ve Ve 
a P 
Yo Yo «— Transmission line 
is analogous 
(a) 
i 
Ei E, | E 
— 
Incident 
plane |—> ae : 
Wave infinite screen in path 
=g Yı (b) of plane wave 
Infinite 


1 screen 
1 


Zero el ©! 


impedance Yı Measurement of screen 
straps © v admittance 


(c) 


Figure 7-34 Shunt admittance across transmission line (a) is analogous to infinite screen in 
path of plane wave (b). Method of measuring surface admittance of screen is suggested in (c). 
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The value of Y is the same for any square section of the sheet. Thus, the section may be 1 cm square or 
1 meter square. Hence, (1) has the dimensions of admittance rather than of admittance per length squared 
and is called a surface admittance, or admittance per square. The field intensities of the waves reflected and 
transmitted normally to the screen are £, and £,. Let the medium surrounding the screen be free space. It has 
a characteristic admittance Yo which is a pure conductance Go. Thus, 


1 1 


M= "7 an 


=Go (©) (2) 


The ratio of the magnetic to the electric field intensity of any plane traveling wave in free space has this value. 
Hence, 


0 E, EE (U) (3) 
where H;, H, and H, are the magnetic field intensities of the incident, reflected and transmitted waves 
respectively. 

The transmission coefficient for voltage t, of the transmission line (Fig. 7-34a) is (Schelkunoff-1): 


V — 2% 
V; 2%+N1 


Ty = 


(4) 


By analogy the transmission coefficient for the electric field (Fig. 7-34b) is 


E, 2Yo 


E 2n)+Y (5) 


TE = 


If now the original screen is replaced by its complementary screen with an admittance per square of Y2, the 
new transmission coefficient is the ratio of the new transmitted field £’ to the incident field. Thus, 


pe. E; 2Yo 
"2 = nT m+n A 
Applying Babinet’s principle, we have from (7-14-5) that 
E, El 
p E ee | 7 
E; E; (7) 
or 
TE +tp=l (8) 
Therefore, 
2Y; 2Y 
0 0 (9) 


=1 
2% + Yı + 2Yo + Y2 
and we obtain B ooker’s result that 


Y1¥2 = 4Y (10) 
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Since Yı = 1/Z1, Y2 = 1/Z2 and Yọ = 1/Zo, 


2 


Z Z 
ZZ = F or VZZ= S (11) 


Thus, the geometric mean of the impedances of the two 
screens equals the intrinsic impedance of the surrounding 
medium. Since, for free space, Zp = 376.7 Q, 
_ 35,476 
l= 7 


Screen 1 (strips) Screen 2 (slots) 


(82) (12) 


If screen 1 is an infinite grating of narrow parallel metal m 
strips as in Fig. 7-35a, then the complementary screen (a) (b) 
(screen 2) is an infinite grating of narrow slots as shown 
in Fig. 7-35b. Suppose that a low-frequency plane wave is 
incident normally on screen 1 with the electric field parallel 
to the strips. Then the grating acts as a perfectly reflecting 
screen and zero field penetrates to the rear. Thus Z; = 0 
and, from (12), Z2 = oo, so that the complementary screen of slots (screen 2) offers no impediment to the 
passage of the wave. If the frequency is increased sufficiently, screen 1 begins to transmit part of the incident 
wave. If at the frequency Fo screen 1 has a surface impedance Z; = j188 Q per square, the impedance Z2 
of screen 2 is — 7188 Q per square, so that both screens transmit equally well. If screen 1 becomes more 
transparent (Z1 larger) as the frequency is further increased, screen 2 will become more opaque (Z2 smaller). 
At any frequency the sum of the fields transmitted through screen 1 and through screen 2 is a constant and 
equal to the field without any screen present. 


Figure 7-35 Screen of parallel 
strips (a) and complementary screen of 
slots (b). 


7-17 The Impedance of Slot Antennas 


In this section a relation is developed for the impedance Z, of aslot antenna in terms of the impedance Z, of 
the complementary dipole antenna (B ooker-1). Knowing Za for the dipole, the impedance Z, of the slot can 
then be determined. 

Consider the slot antenna shown in Fig. 7-36a and the 
complementary dipole antenna shown in Fig. 7-36b. The 
terminals of each antenna are indicated by FF, and it is 
assumed that they are separated by an infinitesimal dis- wW 
tance. It is assumed that the dipole and slot are cut from 
an infinitesimally thin, plane, perfectly conducting sheet. : Ye 

2 


nm 
O 
N 


Let a generator be connected to the terminals of the slot. 
The driving-point impedance Z, at the terminals is the ratio 
of the terminal voltage V, to the terminal current /,. Let E, 
and H, be the electric and magnetic fields of the slot at any 
point P. Then the voltage V, at the terminals F F of theslotis Complementary 
given by the line integral of E, over the path C1 (Fig. 7- 36a) dipole 
as Cı approaches zero. Thus, (a) (b) 


V; = dim, E, -dl (1) Figure 7-36 Slot antenna (a) and 
* ci complementary dipole antenna (b). 
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where dl = infinitesimal vector element of length dl along the contour or path C1 
The current Z, at the terminals of the slot is 


I; =2 lim H, -dl (2) 
C20 C2 


The path C2 is just outside the metal sheet and parallel to its surface. The factor 2 enters because only i of 
the closed line integral is taken, the line integral over the other side of the sheet being equal by symmetry. 

Turning our attention to the complementary dipole antenna, let a generator be connected to the terminals 
of the dipole. The driving-point impedance Z, at the terminals is the ratio of the terminal voltage Vg to the 
terminal current 74. Let Eg and Hy be the electric and magnetic fields of the dipole at any point P. Then the 
voltage at the dipole terminals is 


Va = lim E,- dl (3) 
C20 C2 


and the current is 


Ig = 2 lim H; -dl (4) 
Cı—>0 Cı 
However, 
lim E; -dl= Zo lim H, - dl (5) 
C20 Co C20 C2 
and 
Il « 
lim H, -dl= — lim E, -dl (6) 
C10 C1 Zo C10 Ci 


where Zo is the intrinsic impedance of the surrounding medium. Substituting (3) and (2) in (5) yields 
yas, (7) 


Substituting (4) and (1) in (6) gives 


V; = 5 fa (8) 


Multiplying (7) and (8) we have 


V, Va Ze 
d _ “0 (9) 
Is Ig 4 
or 
zê 25 
ZiZa = — r Zs = — 10 
d 4 0 4z, (10) 
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Thus, we obtain Booker’s result that the terminal impedance Z, of a slot antenna is equal to i of the 
square of the intrinsic impedance of the surrounding medium divided by the terminal impedance Z4 of the 
complementary dipole antenna. For free space Zo = 376.7 Q, so! 


Slot-dipole impedances Zs (11) 


The impedance of the slot is proportional to the admittance of the dipole, or vice versa. Since, in general, Zg 
may be complex, we may write 
35,476 35,476 ; 
= 5 =] 2 (Ra jXa) (13) 
Ra + jXa Ri + X3 
where Ry and X4 are the resistive and reactive components of the dipole terminal impedance Z4. Thus, if the 
dipole antenna is inductive, the slot is capacitive, and vice versa. Lengthening a A/2 dipole makes it more 
inductive, but lengthening a 4/2 slot makes it more capacitive. 
Let us now consider some numerical examples, proceeding from known dipole types to the complementary 
slot types. 


Ss 


EXAMPLE 7-17.1 Thin 1/2 Dipole 
The impedance of an infinitesimally thin 4/2 antenna (L = 0.54 and L/D = oo) is 73 + j42.5 Q (see 
Chap. 11). Therefore, the terminal impedance of an infinitesimally thin 4/2 slot antenna (Z = 0.54 and 
L/w = oo) is 

35,476 
~ 734+ 742.5 


See Fig. 7-37a. 


= 363 — j211 Q (14) 


1 


EXAMPLE 7-17.2 Resonant 1/2 Dipole 
As more practical example, a cylindrical antenna with a length-diameter ratio of 100 (L/D = 100) is 
resonant when the length is about 0.4754 (L = 0.475A). The terminal impedance is resistive and equal 
to about 67 Q. The terminal resistance of the complementary slot antenna is then 
m 35,476 
1= -67 

See Fig. 7-37b. 

The complementary slot has a length L = 0.4751, the same as for the dipole, but the width of the slot 
should be twice the diameter of the cylindrical dipole. A flat strip of width w is equivalent to a cylindrical 
conductor of diameter D provided that w = 2D. Thus, in this example, the width of the complementary 
slot is 


= 530+ j0 2 (15) 


lf the intrinsic impedance Zo of free space were unknown, (11) provides a means of determining it by measurements of the impedance 
Zs of a slot antenna and the impedance Zg of the complementary dipole antenna. The impedance Zo is twice the geometric means of 
Zs and Zg or 


Zo =2V/ZsZa 
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2L = 2x 0.475A 
=2D= = x 0.011 1 
w 100 100 0.0 (16) 


EXAMPLE 7-17.3 Fullwave Dipole 

Asathird example, a cylindrical dipole with an L/D ratio of 28 and length of about 0.925, has a terminal 
resistance of about 710+ j0 2. The terminal resistance of the complementary slot is then about 50+ j0 Q 
so that an impedance match will be provided to a 50 Q coaxial line. See Fig. 7-37c. 


A/2 dipole A/2 slot 


os oo = 


plo 


Z= 73 + j42.5 0 


z=33 -jaio “7° 


Resonant à/2 dipole Resonant A/2 slot 


[ri = 0.475 —] —L = 0.475A 


ak Z—530 1100 ya D00 


Full à slot 
Full A dipole 


t+ = 0.925. | |__— = 0.925 


D = 35 ~ 0.033 
Z=710 + joo 


Z=50 +j0 Q W=2D~0.066A 


(c) 
Figure 7-37 Comparison of impedances of cylindrical dipole antennas with 
complementary slot antennas. The slot in (c) matches directly to the 50 Q coaxial line. 


If the slots in these examples are enclosed on one side of the sheet with a box of such size that zero 
susceptance is shunted across the slot terminals, due to the box, the impedances are doubled. 

The bandwidth or selectivity characteristics of a slot antenna are the same as for the complementary dipole. 
Thus, widening a slot (smaller L/w ratio) increases the bandwidth of the slot antenna, the same as increasing 
the thickness of a dipole antenna (smaller L/D ratio) increases its bandwidth. 

The above discussion of this section applies to slots in sheets of infinite extent. If the sheet is finite, the 
impedance values are substantially the same provided that the edge of the sheet is at least a wavelength from 
the slot. However, the measured slot impedance is sensitive to the nature of the terminal connections. 


7-18 Slotted Cylinder Antennas 


A slotted sheet antenna is shown in Fig. 7-38a (Alford-2, 3; J ordan-1; Sinclair-1). By bending the sheet into 
a U-shape asin (b) and finally into a cylinder as in (c), we arrive at a slotted cylinder antenna. The impedance 
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of the path around the circumference of the cylinder may be sufficiently low so that most of the current tends 
to flow in horizontal loops around the cylinder as suggested. If the diameter D of the cylinder is a sufficiently 
small fraction of a wavelength, say, less than 1/8, the vertical slotted cylinder radiates a horizontally polarized 
field with a pattern in the horizontal plane which is nearly circular. A s the diameter of the cylinder is increased, 
the pattern in the horizontal plane tends to become more unidirectional with the maximum radiation from the 
side of the cylinder with the slot. For resonance, the length Z of the slot is greater than 4/2. This may be 
explained as follows. Referring to Fig. 7-39a, the 2-wire transmission line is resonant when it is A/2 long. 
However, if this line is loaded with a series of loops of diameter D as at (b), the phase velocity of wave 
transmission on the line can be increased, so that the resonant frequency is raised. With a sufficient number 
of shunt loops the arrangement of (b) becomes equivalent to a slotted cylinder of diameter D. Typical slotted 
cylinder dimensions for resonance are D = 0.1254, L = 0.75 and the slot width about 0.021. 

This type of antenna, pioneered by Andrew Alford, has found considerable application for television 
broadcasting of a horizontally polarized wave with an omnidirectional or circular pattern in the horizontal 
plane. Vertical-plane directivity may be increased by using stacked collinear slots in along vertical cylinder. 


Slotted sheet Curved sheet Cylinder 


a 


(a) 


This line This loop-loaded 
radiates line is a good 
poorly radiator 
À 
2 
= a 
(a) (b) 


Figure 7-39 Slotted cylinder as a loop-loaded transmission line. 
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RECTANGULAR HORNS CIRCULAR HORNS 


Horn 
Waveguide CS 
O 
ee 


Throat 


(a) Exponentially tapered pyramidal (€) Exponentially tapered 


ze 
(b) Sectoral H-plane (f) Conical 


(C) Sectoral E-plane (g) TEM biconical 
l 


(d) Pyramidal (h) TE ; biconical 


Figure 7-40 Types of rectangular and circular horn antennas. Arrows indicate E-field 
directions. 


7-19 Horn Antennas 


A horn antenna may be regarded as a flared-out (or opened-out) waveguide. The function of the horn is to 
produce a uniform phase front with a larger aperture than that of the waveguide and hence greater directivity. 
Horn antennas are not new. J agadis C handra B ose constructed a pyramidal horn in 1897. 

Several types of horn antennas are illustrated in Fig. 7-40. Those in the left column are rectangular horns. 
All are energized from rectangular waveguides. Those in the right column are circular types. To minimize 
reflections of the guided wave, the transition region or horn between the waveguide at the throat and free 
space at the aperture could be given a gradual exponential taper as in Fig. 7-40a or e. However, it is the 
general practice to make horns with straight flares as suggested by the other types in Fig. 7-40.1 The types in 
Fig. 7-40b and c are sectoral horns. T hey are rectangular types with a flare in only one dimension. Assuming 
that the rectangular waveguide is energized with a TEi9 mode wave electric field (E in the y direction), the 
horn in Fig. 7-40b is flared out in a plane perpendicular to E. This is the plane of the magnetic field H. Hence, 


1H orns with a straight flare tend to have a constant phase center while those with a taper do not. 
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this type of horn is called a sectoral horn flared in the H plane or simply an H -plane sectoral horn. The horn 
in Fig. 7-40c is flared out in the plane of the electric field E, and, hence, is called an E-plane sectoral horn. 
A rectangular horn with flare in both planes, as in Fig. 7-40d, is called a pyramidal horn. With a TE1ọ wave 
in the waveguide the magnitude of the electric field is quite uniform in the y direction across the apertures 
of the horns of Fig. 7-40b, c and d but tapers to zero in the x direction across the apertures. This variation 
is suggested by the arrows at the apertures in Fig. 7-40b, c and d. The arrows indicate the direction of the 
electric field E, and their length gives an approximate indication of the magnitude of the field intensity. For 
small flare angles the field variation across the aperture of the rectangular horns is similar to the sinusoidal 
distribution of the TE19 mode across the waveguide. 

The horn shown in Fig. 7-40f is a conical type. When excited with a circular guide carrying a TE11 mode 
wave, the electric field distribution at the aperture is as shown by the arrows. The horns in Fig. 7-40g and h 
are biconical types. The one in Fig. 7-40g is excited in the TEM mode by a vertical radiator while the one 
in Fig. 7-40h is excited in the TE9; mode by a small horizontal loop antenna. These biconical horns are 
nondirectional in the horizontal plane. The biconical horn of Fig. 7-40g is like the one shown in Fig. 2-20c. 

Neglecting edge effects, the radiation pattern of ahorn antenna can be determined if the aperture dimensions 
and aperture field distribution are known. For a given aperture the directivity is maximum for a uniform 
distribution. Variations in the magnitude or phase of the field across the aperture decrease the directivity. 
Since the H-plane sectoral horn (Fig. 7-40b) has a field distribution over the x dimension which tapers to 
zero at the edges of the aperture, one would expect a pattern in the xz plane relatively free of minor lobes as 
compared to the yz plane pattern of an E-plane sectoral horn (Fig. 7-40c) for which the magnitude of E is 
quite constant over the y dimension of the aperture. This is borne out experimentally. 

The principle of equality of path length (Fermat's principle) is applicable to the horn design but with a 
different emphasis. Instead of requiring a constant phase across the horn mouth, the requirement is relaxed to 
one where the phase may deviate, but by less than a specified amount 5, equal to the path length difference 
between a ray traveling along the side and along the axis of the horn. 


From Fig. 7-41, 
cos $ = a5 (1) 
sing = aan (2) 
tan” = = (3) 
where 


0 = flare angle (6g for E plane,@y for H plane), deg 
a = aperture (ag for E plane, ay forH plane), m 

L = horn length, m 

5 = path length difference, m 


From the geometry we have also that 
2 


L= 5 (5 <L) (4) 
and 
6 = tant 205-1? (5) 


2L L+6 


The McGraw-Hill Companies 


7-19 Horn Antennas 285 


Horn mouth 


Rectangular 
waveguide 


Plane of 
horn mouth 


Figure 7-41 (a) Pyramidal horn antenna. (b) Cross section with dimensions used in analysis. 
The diagram can be for either E-plane or H-plane cross sections. For the £ plane the flare angle 
is Og and aperture ag. For the H plane the flare angle is 6, and the aperture ay. See Fig. 7-42. 


In the £ plane of the horn, ô is usually held to 0.252 or less. However, in the H plane, 6 can be larger, or 
about 0.41, since E goes to zero at the horn edges (boundary condition, Æ; = 0 satisfied). 

To obtain as uniform an aperture distribution as possible, a very long horn with a small flare angle is 
required. However, from the standpoint of practical convenience the horn should be as short as possible. An 
optimum horn is between these extremes and has the minimum beamwidth without excessive side-lobe level 
(or most gain) for a given length. 

If ô is a sufficiently small fraction of a wavelength, the field has nearly uniform phase over the entire 
aperture. For a constant length L, the directivity of the horn increases (beamwidth decreases) as the aperture 
a and flare angle @ are increased. H owever, if the aperture and flare angle become so large that ô is equivalent 
to 180 electrical degrees, the field at the edge of the aperture is in phase opposition to the field on the axis. For 
all but very large flare angles the ratio L/(L + 8) is so nearly unity that the effect of the additional path length 
6 on the distribution of the field magnitude can be neglected. However, when 6 = 180°, the phase reversal at 
the edges of the aperture reduces the directivity (increases side lobes). It follows that the maximum directivity 
occurs at the largest flare angle for which 6 does not exceed a certain value (59). Thus, from (1) the optimum 
horn dimensions can be related by 


ôo = ———~— — L = optimum ô (6) 
of Optimum horn cos(0/2) 
dimensions _ 69 cos(@/2) 


= T—cos@/D = optimum length (7) 
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It turns out that the value of 59 must usually be in the range of 0.1 to 0.4 free-space wavelength.’ Suppose 
that for an optimum horn 59 = 0.25 and that the axial length L = 10a. Then from (5), @ = 25°. This flare 
angle then results in the maximum directivity for a 10 horn. 

The path length, or 6 effect, discussed above is an inherent 
limitation of all horn antennas of the conventional type. The rela- 
tions of (1) through (7) can be applied to all the horns of Fig. 7-40 
to determine the optimum dimensions. However, the appropri- 
ate value of 59 may differ as discussed in the following sections. 
Another limitation of horn antennas is that for the most uniform 
aperture illumination higher modes of transmission in the horn 
must be suppressed. It follows that the width of the waveguide at 
the throat of the horn must be between à /2 and 1A, or if the excita- 
tion system is symmetrical, so that even modes are not energized, 
the width must be between 2/2 and 34/2. 


7-20 The Rectangular Horn Antenna? a © 
OE k \eu L -o ay 


Provided that the aperture in both planes of a rectangular horn J 
exceeds 1, the pattern in one plane is substantially independent i 2 
of the aperture in the other plane. Hence, in general, the H-plane mon i | 
pattern of an H-plane sectoral horn is the same as the H-plane 
pattern of a pyramidal horn with the same H-plane cross section. (b) 
Likewise, the Z-plane pattern of an E-plane sectoral horn is the 
same as the E-plane pattern of a pyramidal horn with the same 
E-plane cross section. Referring to Fig. 7-42, the total flare angle 
in the £ plane is ôg and the total flare angle in the H plane is 8y. The axial length of the horn from throat to 
aperture is L and the radial length is R. Patterns measured by Donald Rhodes (1) are shown in Fig. 7-43. In 
(a) the patterns in the £ plane and H plane are compared as a function of R. Both sets are for a flare angle 
of 20°. The E-plane patterns have minor lobes whereas the H-plane patterns have practically none. In (b) 
measured patterns for horns with R = 8a are compared as a function of flare angle. In the upper row E-plane 
patterns are given as a function of the E-plane flare angle 6; and in the lower row H-plane patterns are shown 
as a function of the H-plane flare angle 6;,. For a flare angle 0g = 50° the E-plane pattern is split, whereas 
for 04 = 50° the H-plane pattern is not. This is because a given phase shift at the aperture in the £-plane horn 
has more effect on the pattern than the same phase shift in the H-plane horn. In the H-plane horn the field goes 
to zero at the edges of the aperture, so the phase near the edge is relatively less important. Accordingly, we 
should expect the value of ôo for the H plane to be larger than for the £ plane. This is illustrated in Fig. 7-44 
and discussed in the next paragraph. 

From Rhodes’s experimental patterns, optimum dimensions were selected for both £- and H-plane flare 
as a function of flare angle and horn length L. These optimum dimensions are indicated by the solid lines in 
Fig. 7-44. The corresponding half-power beamwidths and apertures in wavelengths are also indicated. The 


Figure 7-42 E-plane and 
H-plane cross sections. 


TAt a given frequency the wavelength in the horn A; is always equal to or greater than the free-space wavelength A. Since Ap depends 
on the horn dimensions, it is more convenient to express 5g in free-space wavelengths a. 


21n the lens-compensated type of horn antenna (see Fig. 10-18b and Fig. 7-52) the velocity of the wave is increased near the edge of 
the horn with respect to the velocity at the axis in order to equalize the phase over the aperture. 


3B arrow (1, 2), Chu (1), Terman (1), Risser (1), Stavis (1). 


The McGraw-Hill Companies 


7-20 The Rectangular Horn Antenna 287 
R=1) R= 2) R=4\ R= 8) R= 16) 
Og = 20° È i | E-plane 
> (a) 
R=1) R= 2) R=4r R= 8) R= 16) 
Oy = 20° È | H-plane 


Oe=5° Of=10°  ðp=20  ðp=30 ðp=40° 6-=50° 


t- 


> > (b) 


O4=5° y= 10" y= 20° y= 30", = 40" 


öy 


Figure 7-43 Measured E- and H -plane field patterns of rectangular horns as a function of 
flare angle and horn length. (After Rhodes-1.) 


H-plane 


dashed curves show the calculated dimensions for a path length 59 = 0.254 and 59 = 0.4. The value of 
0.25, gives a curve close to the experimental curve for E-plane flare, while the value of 0.44 gives a curve 
close to the experimental one for H-plane flare over a considerable range of horn length. Thus, the tolerance 
in path length is greater for H-plane flare than for E-plane flare, as indicated above. 

Suppose we wish to construct an optimum horn with length L = 104. From Fig. 7-44 we note that for this 
length the HPBW (E plane) = 11° and the HPBW (H plane) = 13°, the £-plane aperture ag = 4.54 and the 
H-plane aperture ay = 5.8. Thus, although the E-plane aperture is not so large as the H-plane aperture, 
the beamwidth is less (but minor lobes larger) because the E-plane aperture distribution is more uniform. For 
horn operation over a frequency band it is desirable to determine the optimum dimensions for the highest 
frequency to be used, since 6 as measured in wavelengths is largest at this highest frequency. 

The directivity (or gain, assuming no loss) of a horn antenna can be expressed in terms of its effective 
aperture. Thus, 


A4mAe ÅTEapAp 


Da =a (1) 
where 

Ae = effective aperture, m? 

Ap = physical aperture, m? 


Eap = aperture efficiency = Ae/Ap 
wavelength, m 


> 
Il 


The McGraw-Hill Companies 


288 Chapter 7 Loop, Slotand Horn, Antennas 


~ 3 Ta 
50 =} ap oS 4 PSC] 15° H-plane 
4 o ~ x 
i 1B RCS a 13° 

E a% w | 5 12° Half-power 
> 30 13 4s beam widths 
5 z 
U pro 12 7 | 
© 25 > 
a 11 NS oy 
D 3 ` 8 ~ 
2 90° E-plane Ran ee > 7 ayy 
9 Sa S Apertures 
5 Äj <— in 
TE ä 9° Sy 

15 Ñ N wavelengths 

Half-power aE 
beam widths 
10° 
2 3 4 5 6 7 8 910 12 14 161820 25 30 


Horn length, L, 


Figure 7-44 Experimentally determined optimum dimensions for rectangular horn antennas. 
Solid curves give relation of flare angle 6¢ in E plane and flare angle 6 in H plane to horn length 
(see Fig. 7-42). The corresponding half-power beamwidths and apertures in wavelengths are 
indicated along the curves. Dashed curves show calculated dimensions for 59 = 0.25 and 0.41. 


For arectangular horn A, = agay and for a conical horn A, = zr, wherer = aperture radius. It is assumed 
that ag, ay Orr are all at least 14. Taking £ap ~ 0.6, (1) becomes 


7.5A 
Dx (2) 
z 7.5A 
D ~ 101og ( =r) (dBi) (3) 
For a pyramidal (rectangular) horn (3) can also be expressed as 
D ~ 10log(7.5ag,.an3) (4) 
where 


ag, = E-plane aperture in à 
ay) = H-plane aperture in à 


EXAMPLE 7-20.1 (a) Determine the length L, H-plane aperture and flare angles 0g and 8y (in 
the E and H planes, respectively) of a pyramidal horn as in Fig. 7-40d for which the E-plane aperture 
ag = 101. The horn is fed by a rectangular waveguide with TE19 mode. Let ô = 0.24 in the £ plane and 
0.375 in the H plane. (b) What are the beamwidths? (c) W hat is the directivity? 


E Solution 
Taking 5 = 4/5 in the E plane, we have from (7-19-4) that the required horn length 
2 
ae yy (5) 


8 8/5 
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and from (7-19-5) that the flare angle in the £ plane 
— tan? © = 2tan-2 22 = 91° 
Oe = 2tan TAE 2 tan 5 = 9.1 (6) 
Taking 5 = 34/8 in the H plane we have from (7-19-5) that the flare angle in the H plane 
ıı L 1 62.5 o 
aeo ag a a e 7) 
and from (7-19-5) that the H-plane aperture 
ay = 2L tan u = 2 x 62.5. tan 6.26° = 13.7A (8) 
From Table 7-4, 
HPBW (E plane) = 26 = alt = 5.6° (9a) 
QE, 10 
HPBW (H plane) = ll = o = 4.9° (9b) 
4H 13.7 
From (3), 
7.5Ap l 
D ~ 10log -2 = 10log(7.5 x 10 x 13.7) = 30.1 dBi (10) 


The 5 values used in this example are conservative. 
For an optimum horn, the 6 values are larger, result- 
ing in a considerably shorter horn but at the expense 
of slightly less gain (because fields are less uniform 
across the aperture of an optimum horn). 

Figure 7-45a shows the optimum dimensions for 
pyramidal (rectangular) horns versus gain (or directivit 
y, if no loss) (Schrank-1). For a given desired gain, the 
graph gives the dimensions for the length L}, E-plane 
aperture ag, and H-plane aperture ay,, all in wave- 
lengths. For a given length, the graph also gives the 
appropriate apertures and the gain. The dimensions are 
close to optimum. Such dimensions are only of impor- 
tance on large horns (many wavelengths long) where 
it is desired that the length be a minimum. For small 
(short) horns, optimization is usually unwarranted. 


7-21 Beamwidth Comparison 


It is interesting to compare the beamwidth between 
first nulls and between half-power points for uni- 
formly illuminated rectangular and circular apertures 


Ly, Qe, Or apa 


1.5 i>i i j jii 
14 15 16 17 18 19 20 21 22 23 24 
Gain, dBi 


Figure 7-45a Dimensions of rectangular 
(pyramidal) horns (in wavelengths) versus 
directivity (or gain, if no loss). Thus, noting 
the dashed lines, a gain of 19 dBi requires 

a horn length L, = 4.25, an H -plane 
aperture ay, = 3.7 and an E -plane aperture 
ag, = 2.9. These are inside dimensions. It is 
assumed that ô (E plane) = 0.254 and 6 (H 
plane) = 0.44, making the dimensions close 
to optimum. It is also assumed that eap = 0.6. 
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obtained in previous chapters with those for optimum rectangular horn antennas (sectoral or pyramidal). This 
is donein Table 7-4. In general, the relations apply to apertures that are at least several wavelengths long. The 
beamwidths between nulls for the horns are calculated and the half- power beamwidths areempirical (Stavis-1). 


7-22 Conical Horn antennas 


The conical horn (Fig. 7-40f) can be directly 
excited from a circular waveguide. Dimen- 
sions can be determined from (7-19-5), (7- 
19-6) and (7-19-7) by taking 59 = 0.32A 
(Southworth-1; King-1). For optimum coni- 
cal horns King gives half-power beamwidths 
of 60/ag, in the E plane and 70/ap, in the 
H plane. Those are about 6 percent more than 
the values for a rectangular horn as given in 
Table 7-4. 

Thebiconical horns (Fig. 7-40g and h) have 
patterns that are nondirectional in the horizon- 
tal plane (axis of horns vertical). These horns 
may be regarded as modified pyramidal horns 
with a 360° flare angle in the horizontal plane. 
The optimum vertical-plane flare angleis about 
thesameas for a sectoral horn of thesamecross 
section excited in the same mode. 


= I od 


1.5 | | | | | | J | 

14 15 16 17 18 19 20 21 22 23 24 

Gain, dBi 

Figure 7-45b Dimensions of conical horn (in 
wavelengths) versus directivity (or gain, if no loss). 
Thus,noting the dashed lines, a gain of 20 dBi 
requires a horn length L, = 6.0 and a diameter 
D, = 4.3. These (inside) dimensions are close to 
optimum. 


Figure 7-40b shows optimum dimensions for conical horns versus directivity (or gain if no loss) as adapted 
from King. For a given desired gain, the graph gives the length L, and diameter D,, or for a given length, the 


graph gives the appropriate aperture and gain. 


7-23 Ridge Horns 


A central ridge loads a waveguide and increases its useful bandwidth by lowering the cutoff frequency of the 
dominant mode (Cohn-1; Chen-1). A rectangular guide with single ridge is shown in Fig. 7-46a and with a 


Table 7-4 
Beamwidth, deg 
Between Between 
Type of aperture first nulls half-power points 
; ts Se 115 51 
Uniformly illuminated rectangular aperture a I 
or linear array = = 
: ar ase , 140 58 
Uniformly illuminated circular aperture =— — 
D, D, 
Optimum E -plane rectangular horn TE = 
AE AEL 
i 172 67 
Optimum H -plane rectangular horn — — 
AH} AH) 


L} = length of rectangular aperture or linear array in free-space wavelengths 
D, = diameter of circular aperture in free-space wavelengths 

ae a = aperture in E plane in free-space wavelengths 

aH à = aperture in H plane in free-space wavelengths 
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double ridge in Fig. 7-46b. A very thin ridge or fin 
is also effectivein producing the loading of a central 


Fin 

J 
ridge. It may consist of a metal-clad ceramic sheet Diode 
which facilitates the installation of shunt circuit 


elements as suggested in Fig. 7-46c (M eier-1). Single Double Fin line with 
Of course, the cutoff frequency can be lowered ridge ridge diode 
by placing dielectric material in the waveguide, but (a) (b) (c) 
this does not increase the bandwidth and it may . ; ; 
increase losses. Figure 7-46 Single- and double-ridge 
By continuing a double-ridge structure from a rectangular waveguide and fin-line with diode. 


waveguide into a pyramidal horn as suggested in Fig. 7-47, the useful bandwidth of the horn can be increased 
manyfold (Walton-1). A quadruple-ridge horn connected to a dual-fed quadruple-ridge square waveguide can 
provide dual orthogonal linear polarizations over bandwidths of more than 6 to 1. 


7-24 Septum Horns 


Although the electric field in the H plane of 


a pyramidal horn tends to zero at the edges, j 
resulting in a tapered distribution and reduced i N 
side lobes, the electric field in the £ plane may 


be close to uniform in amplitude to the edges, (a) (b) 
resulting in significant side lobes. By introduc- 
ing septum plates bonded to the horn walls, a 
stepped-amplitude distribution can be achieved 
in the Æ plane with a reduction in E£-plane side 
lobes. Typically, the first side lobes of a uniform amplitude distribution are down about 13 dB. With a 2-septum 
horn Peace (1) and Swartz were able to achieve a side-lobe level more than 30 dB down, which is lower than 
the side-lobe level in the H plane. 

A cosine field distribution is approximated with 1: 2 : 1 stepped amplitude distribution with apertures also 
in the ratio 1: 2: 1 as suggested in Fig. 7-48. To achieve this distribution the septums must be appropriately 
spaced at the throat of the horn. 


Figure 7-47 Double-ridge or vivaldi horn 
with coaxial feed. The view at (a) is a cross 
section at the feed point. 


Top F ; 
h Cosine 
aperture 4 \ distribution 
„— Central 
aperture 


[S] 
= 


Septum plates 


Bottom 
aperture 


— 


-— 
E at horn 

mouth 

Figure 7-48 Two-septum horn with 1:2:1 stepped amplitude distribution in field intensity at 
mouth of horn (approximating a cosine distribution). 
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Figure 7-49 Stacked septum horns with E -plane metal-plate lenses for feeding 110-m Ohio 
State University radio telescope. The aperture height (= 4h in Fig. 7-32) is 3 m. 


Figure 7-49 shows a stepped-amplitude septum horn with metal-plate lens for feeding “Big Ear,” the Ohio 
State U niversity 110-m radio telescope. The dual-feed stacked twin horn with metal-plate E-plane lens, as in 
Fig. 7-48, provides a compact arrangement i the length of asingle horn. This twin horn is one of a pair used 
for radio astronomy observations at 1 to 2 GHz (Nash-1, 2; K raus-1). Both the aperture and field distributions 


have the ratios 1: 2:1 (binomial series ratio). 


7-25 Corrugated Horns 


Corrugated horns can provide reduced edge diffraction, improved pattern symmetry and reduced cross- 


polarization (less E field in the H plane). 

Corrugations on the horn walls acting as 4/4 chokes are 
used to reduce E to very low values at all horn edges for all 
polarizations. These prevent waves from diffracting around 
the edges of the horn (or surface currents flowing around 
the edge and over the outside) (K ay-1). 

Consider the corrugations of width w and depth d shown 
in Fig. 7-50.A square cross section (w by w), as indicated 
in the figure, constitutes the open end of a short-circuited 
field-cell transmission line of length d with a characteristic 
impedance Z = 377. The reactance at the open end is 
given approximately by 


X ~ 377 tan (4) (Q) (1) 


where d = depth, a 


ml 


NNN 


Figure 7-50 Corrugations of 
width w and depth d. 
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/4 corrugations detach n/4 
wave from horn walls 


Waveguide \/2 Brass n/4 a = 
cylinder 
: j th || Corrugation 
0.8r Guide Transition 1.4) aa Horn | 3.5\ 
= J | L J Brass ridges 
k 4.5) >| 
We 

A/2 corrugations keep wave 

bound as though to a I 6.4 A 


conducting surface 


Figure 7-51 Cross section of circular waveguide-fed corrugated horn with corrugated 
transition. Corrugations with depth of à/2 at waveguide act like a conducting surface while 
corrugations with 4/4 depth in horn present a high impedance. (After Chu-1.) 


The reactance for any square area of the corrugations (such as 3w x 3w) is also as given by (1).Thus, 
this is the surface reactance in ohms per square. It is assumed that the corrugations are air-filled and that the 
wall thickness is small enough to be neglected. 

When d = 4/4, X becomes infinite, while when d = 2/2, X = 0 and, assuming no radiation or loss, 
R = Oand, hence, Z = 0. 

As an example, a circular waveguide-fed { 
corrugated horn with a corrugated transition is 
shown in Fig. 7-51. In the transition section 
the corrugation depth changes from 2/2, where 
the corrugations act like a conducting surface, 
to 4/4, where the corrugations present a high 7 
impedance. The corrugation spacing or width l 
w = 4/10. The corrugations are air-filled. This i 

I 
i 
I 
I 


b= 0.378 (~32] 


1.842) > 


corrugated horn was developed by Chu et al. (1) 
for feeding a 7-m millimeter-wave reflector 
antenna of the Bell Telephone L aboratories. 

A simpler feed with choke corrugations was 
developed for deep dishes with F/D ratios 


N 
> 


A 


= 


w=0.222 “E d, = 0.208) (= /5) 

of less than 0.35 by Wohlleben, Mattes and (~n/5) Wh dp = 0.197) (= 0/5) 
Lochner (1) for use on the Bonn 100-m radiote- wt d, 

lescope. It consists of a circular waveguide a 

equipped with a disk (or flange) projecting 1A | 7 ee 

beyond the guide and 4 chokes 2/5 deep as t= 0.042) (= 0/25) 

shown in Fig. 7-52. The location of the disk 

with chokes 34/8 behind the waveguide open- Figure 7-52 Cross section of circular 
ing gives a broad 130° 10-dB beamwidth with waveguide with flange and 4 chokes for 

a steep edge taper. This results in high aperture wide-beamwidth high-efficiency feed of low 


efficiency. F /D parabolic reflectors. (After Wohlleben-1.) 
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7-26 Aperture-Matched Horn r j 
urved 
By attaching a smooth curved (or rolled) edge 
surface section to the outside of the section 


aperture edge of a horn, Burnside 
(1) and Chuang have achieved a sig- 
nificant improvement in the pattern, 
impedance and bandwidth characteris- 
tics. This arrangement, shown in Fig. 7- 
53 is an attractive alternative to a corru- 


gated horn. The shape of the rolled edge , , , 
is not critical but its radius of curvature Figure 7-53 Cross section of Burnside and 


should be at least 4/4. Chuang's aperture-matched horn. The radius of 
curvature r of the rolled edge should be atleast 4/4. 
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Problems 


7-3-1 Loop and dipole for circular polarization. |f a short electric dipole antenna is mounted inside 
a small loop antenna (on polar axis, Fig. 7-3) and both dipole and loop are fed in phase with equal power, 
show that the radiation is everywhere circularly polarized with a pattern as in Fig. 7-7 for the 0.1 A diameter 
loop. 


7-5-1 The 31/4 diameter loop. Calculate and plot the far-field pattern normal to the plane of a circular 
loop 34/4 in diameter with a uniform in-phase current distribution. 


*7-7-1 Radiation resistance of loop. W hat is the radiation resistance of the loop of Prob. 7-5-1? 


7-7-2 Small-loop resistance. (a) U sing a Poynting vector integration, show that the radiation resistance 
of a small loop is equal to 32024(A/a2)2 @ where A = area of loop (m2). (b) Show that the effective 
aperture of an isotropic antenna equals A? /4zr. 


7-8-1 The 1/10 diameter loop. W hat is the maximum effective aperture of a thin loop antenna 0.1 A in 
diameter with a uniform in-phase current distribution? 


7-9-1 Pattern, radiation resistance and directivity of loops. A circular loop antenna with 
uniform in-phase current has a diameter d. W hat is (a) the far-field pattern (calculate and plot), (b) the 
radiation resistance and (c) the directivity for each of three cases where (1) d = 4/4, (2) d = 1.54 and 
(3) d = 8)? 


*7-9-2 Circular loop. A circular loop antenna with uniform in-phase current has a diameter d. Find (a) the 
far-field pattern (calculate and plot), (b) the radiation resistance and (c) the directivity for the following 
three cases: (1) d = 4/3, (2) d = 0.75A and (3) d = 2h. 


*7-10-1 The 1 ) square loop. Calculate and plot the far-field pattern in a plane normal to the plane of a 
square loop and parallel to one side. The loop is 1 à on a side. Assume uniform in-phase currents. 


7-10-2 Small square loop. Resolving the small square loop with uniform current into four short dipoles, 
show that the far-field pattern in the plane of the loop is a circle. 
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7-11-1 


7-13-1 


*7-17-1 


*7-17-2 


7-17-3 


*7-20-1 


7-20-2 


7-20-3 


7-20-4 


7-20-5 


Chapter 7 Loop, Slot and Horn, Antennas 


Direction-finding antenna for 2 m. An amateur radio operator would like to join some fellow 
hams for a direction-finding hunt with the transmitter operating at 146 M Hz with a bandwidth of 0.1 MHz. 
The transmitting antenna will be a half-wave dipole with only 10 W of power. (a) Design a loop antenna 
for the amateur to use to find the transmitter. N ote that direction finding is based on minimizing the signal 
in the antennas null and that a loop needs to be small in circumference to have a null on axis. How close 
to the transmitter will he have to be before he can detect it, assuming he needs a 10 dB SNR? (b) With 
this in mind, what is the main drawback of using a loop or similar antenna for direction finding? (See 
Prob, 20- 9-3.) 

For computer programs, see A ppendix C. 


Two 1/2 slots. Two 1/2-slot antennas are arranged end-to-end in a large conducting sheet with a 
spacing of 14 between centers. If the slots are fed with equal in-phase voltages, calculate and plot the 
far-field pattern in the 2 principal planes. N ote that the H plane coincides with the line of the slots. 


Boxed-slot impedance. W hat is the terminal impedance of a slot antenna boxed to radiate only in 
one half-space whose complementary dipole antenna has a driving-point impedance of Z = 150 + j0 Q? 
The box adds no shunt susceptance across the terminals. 


Boxed slot. The complementary dipole of a slot antenna has a terminal impedance Z = 90 + j10 Q. 
If the slot antenna is boxed so that it radiates only in one half-space, what is the terminal impedance of the 
slot antenna? The box adds no shunt susceptance at the terminals. 


Open-slot impedance. W hat dimensions are required of a slot antenna in order that its terminal 
impedance be 75 + j0 82? Theslot is open on both sides. 


Optimum horn gain. W hat is the approximate maximum power gain of an optimum horn antenna 
with a square aperture 9A on a side? 


Horn pattern. (a) Calculate and plot the E-plane pattern of the horn of Prob. 7-20-1, assuming 
uniform illumination over the aperture. 
(b) W hat is the half-power beamwidth and the angle between first nulls? 


Rectangular horn antenna. W hat is the required aperture area for an optimum rectangular horn 
antenna operating at 2 GHz with 12 dBi gain? 


Conical horn antenna. W hat is the required diameter of a conical horn antenna operating at 2 GHz 
with a 12 dBi gain? 


Pyramidal horn. (a) Determine the length L, aperture aj, and half-angles in Æ and H planes for 
a pyramidal electromagnetic horn for which the aperture ag = 8A. The horn is fed with a rectangular 
waveguide with TE19 mode. Take 5 = 4/10 in the E plane and 5 = 4/4 in the H plane. 

(b) W hat are the HPBW sin both Æ and H planes? 

(c) W hat is the directivity? 

(d) W hat is the aperture efficiency? 


For computer programs, see A ppendix C. 
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e 
Helical Antennas 

Topics in this chapter include: 
Æ The helical beam antenna story © The axial-mode helix as a periodic structure 
E Helical geometry © Theaxial-modehelix as a phase and frequency 
© Helical antenna design shifter 
© Helix without ground plane M™ The axial-mode helix as a Polarizer and 
© Dipole arrays with parasitic elements parasitic elementin 7 applications 
© TheYagi-Uda array story Æ The axial-mode helix as a parabolic dish feed 
© Yagi-Uda array theory E Array of 2 to 96 helices 
© Axial mode patterns and phase velocity © The axial-mode helix on dielectric cylinder 
© The square helix © Conical taper and flat spiral terminations 
E Axial ratios Æ  Bifilar, Quadrifilar, 4-lobed and normal modes 
© Mutual impedances © Genetic algorithm 5-segment helix 
© Wide band properties 


8-1 Introduction 


This chapter deals with difference aspects of helical antenna including its types, basic properties, geometry 
influencing these properties, and different modes of operations. The use of axial mode helix as a frequency 
shifter, polarizer, and parasitic element is studied for number of applications. Its use as a feed antenna and 
in arrays is also explored. Finally the bifilar, Quadrifilar, four lobed and normal modes of helix operation are 
described. 


8-2 The Helical Beam Antenna! Story by John Kraus 


In 1946, a few months after joining the faculty at Ohio State U niversity, | attended an afternoon lecture on 
traveling-wave tubes by a famous scientist who was visiting the campus. In these tubes an electron beam is 
fired down the inside of a long wire helix for amplification of waves traveling along the helix. The helix is 
only a small fraction of a wavelength in diameter and acts as a guiding structure. A fter the lecture! asked the 


1A Iso called the “axial-mode helical antenna.” The normal, bifilar, quadrifilar, four lobed and other modes and other modes are discussed 
later, in this chapter. 
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Figure 8-1 The first helical-beam antenna (1946). When I rotated the hand-held dipole 
probe, there was no change in response, indicating circular polarization. 


visitor if he thought a helix could be used as an antenna. “No,” he replied, “I’ve tried it and it doesn’t work.” 
The finality of his answer set me thinking. If the helix were larger in diameter than in a traveling-wave tube, 
| felt that it would have to radiate in some way, but how, | did not know. | determined to find out. 

That evening in the basement of my home! wound a seven-turn helical coil of wire 1 à in circumference 
and fed it via coaxial line and ground plane from my 12-cm oscillator (Fig. 8-1). | was thrilled to find that it 
produced a sharp beam of circularly polarized radiation off its open end. 


Bearing with 


rotatable Rotatable ground plane 
feed-through Ea with helix 
coaxial line 
| \ \ \ \ \ \ \ 
i 7 i i 7 \ 
To- ~<— PHT STE i \ \ \ y ` ; 
oscillator 3 3 | i i \ 
\ ha’ 
Z H field line 
Movable loop 
(current probe) 
High-impedance 
line 
To current 
measuring 
device 


Figure 8-2 Helix-and-ground-plane mounted to rotate on the helix axis for current 
distribution measurements along the helical conductor using a loop probe. These were 
important for determining the phase velocity along the helix. (After Kraus (2) and Williamson.) 
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Next | wound other helices with larger 5 - 
and smaller diameters, noting littlechange = 4L oie Openend => 
in behavior. Adding more turns, how- $L 
ever, resulted in sharper beams. Although 2 , (a) 
my invention/discovery had come quickly, # i 
| realized then that much work would ® l i ' 
be required to understand this remark- 0 1 2 3 4 
able antenna. Actually it took years of Distarice along helix in: wavelengths, Ap 
extensive measurements and calculations. _ ° a=12,n=7,C,=107  Openend—> 
My first publication entitled “The Heli- 3 47 
cal Beam Antenna” appeared in the A pril 3 3f (b) 
1947 issue of Electronics. | followed with 2 2} 
many articles, afew withstudentstowhom £ 1+ 
| had assigned studies of specific proper- 
Fe antenna (K raus- 1, 5; G lasser-1; Distance along helix in wavelengths, A, 

The steps taken to unravel the mystery _ j Decay Resolution into outgoing and reflected waves 
of the helix went something like this. The S $ at launch 
i : 3 3b To wave . i ; 
input impedance was measured and found © Uniform outgoing T; traveling wave (c) 
to be essentially resistive and constantover = 27 => Decay on 
a wide bandwidth. This suggested thatthe 2 1} Uniform reflected T} traveling wave “ection 
helix behaved like a terminated (matched) = 
transmission line. This was hard to under- Distanceialong:helix 
stand because the open end of the helix was Figure 8-3 Typical measured current distribution 
completely unterminated. New insights (a) ata frequency below the axial mode of operation 
came when we measured the current dis- and (b) ata frequency near the center of the axial- 
tribution along the helix. This we did by mode region. (c) resolution of currents into outgoing 
rotating a helix and its ground plane while and reflected waves. (After Kraus (2) and Williamson.) 


holding a small loop (current probe) under 

the helical conductor (Fig. 8-2). Ata low frequency (helix circumference about à /2) there was an almost pure 
standing wave (VSWR — oo) all along the helix (outgoing and reflected waves nearly equal) (Fig. 8-3a), but 
as the frequency increased, the distribution changed dramatically. For ahelix circumference of about 1 à three 
regions appeared: near the input end the current decayed exponentially, near the open end there was a standing 
wave over a short distance, while between the ends there was a relatively uniform current amplitude (small 
VSWR) which extended over most of the helix (Fig. 8-3b). The decay at the input end could be understood 
as a transition between a helix-to-ground-plane mode and a pure helix mode. The reflection of the outgoing 
wave at the open end also decayed exponentially to a much smaller reflected wave, leaving the outgoing wave 
dominant over most of the helix (VSWR small). The small VSWR ripple was sufficient, however, to measure 
the relative phase velocity (= 4;,/49) along the helix, which was useful for an understanding of the radiation 
patterns. The current distribution resolved into outgoing and reflected waves is shown in Fig. 8- 3c (K raus (2) 
and Williamson). 

Our extensive pattern measurements showed that the end-fire beam mode persists over a frequency range 
of about 2 to 1 centered on the frequency for which the circumference is 1 à. Thus, the diameter | had chosen 
for the first helix | tried was optimum! 

Although the helix is continuous, it can also be regarded as a periodic structure. Thus, assuming that an 
n-turn helix is an end-fire array of n sources, | calculated the pattern using the formula (5-13-9) for the 
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ordinary end-fire condition. Surprisingly, the 
measured helix patterns were much sharper. 
Could the helix be operating in the increased- 
directivity condition? | calculated patterns for 
this condition using the formula (5-13-14) and 
obtained good agreement with the measured 
patterns. Furthermore, this condition persisted 
over a wide bandwidth, indicating that the 
phase velocity on the helix changes by just 
the right amount to maintain the increased- 
directivity condition. The phase velocity mea- 
surements we had made also confirmed this. 
Thus, the helix locks onto the increased- 
directivity condition and automatically stays 
locked over the full bandwidth. 

Not only does the helix have a nearly uni- 
form resistive input over a wide bandwidth 
but it also operates as a “supergain” end-fire 
array over the same bandwidth! F urthermore, 
it is noncritical with respect to conductor size 
and turn spacing. It is also easy to use in 
arrays because of almost negligible mutual 
impedance. 

The helix immediately found wide appli- 
cation. | employed itin an array of 96 11-turn 
helices in a radio telescope | designed and 
built with my students in 1951 (Fig. 8-4). 
Operating at frequencies of 200 to 300 M Hz, 
the array measured 50 m in length and had 
a gain of 35 dB. With it we produced some 
of the first and most extensive maps of the 
radio sky (Kraus-6). Others employed the 
helix over awide range of frequencies, some 
at frequencies as low as 10 MHz. 

Following Sputnik the helical antenna 
became the workhorse of space communi- 
cations for telephone, television and data, 
being employed both on satellites and 
at ground stations. Many U.S. satellites, 
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Figure 8-4 Radio telescope at the Ohio State 
University Radio Observatory with array of 96 11-turn 
monofilar axial-mode helical antennas mounted on a 
tiltable ground plane 50 m long. This array was used 
to make some of the first and most extensive maps 


of the radio sky. 


Apogee 
rocket motor S-band 
antenna 


Three 
nickel-cadmium 


Thruster module 
Attitude control 


swivel 360° in 
12 hours for 
tracking sun 


Helix array “ 
antenna 


including its weather satellites, Comsat, Figure 8-5 GPS or Global-Position Satellite with array 
Fleetsatcom (Fig. 8-6), GOES (global envi- Of 12 helical antennas. Twenty four of these satellites are 


ronmental satellites), Leasat, GPS (Global 


in elliptical orbits around the earth. From them one can 


Position Satellites) (Fig. 8-5), Westar and determine one’s absolute position anywhere on the earth 


tracking and data-relay satellites, all have 
helical antennas, the latter with arrays of 30. 
Russian satellites also have helical antennas, 


(latitude, longitude and altitude), and at any time and in 
any weather, to a precision of a few centimeters and 
relative position to a few millimeters. 


8-2 The Helical Beam Antenna Story 301 


each of the Ekran class satellites being equipped with an array of 96 helicals. The helical antenna has been 
carried to the M oon and M ars (Fig. 8-7). It is also on many other probes of planets and comets, being used 
alone, in arrays or as feeds for parabolic reflectors, its circular polarization, high gain and simplicity making 
it especially attractive for space applications. 

Thisshort account provides a brief introduction to the helix in which some of the experimental and analytical 
steps taken to understand its behavior are outlined. Specifically, the helix can be described as a monofilar 
(one-wire) axial-mode helical antenna. 


Figure 8-6 Fleetsatcom geostationary relay satellite with monofilar axial-mode helical 
antennas for transmission and reception with one as the feed for a dish. These satellites provide 
global communications for the U.S. government. (Courtesy TRW Corp., King-1.) 


14 more detailed personal account of his early work on the helical antenna is given by J ohn K raus in “Big Ear 11,” 1995, Cygnus-Quasar 
Books. 
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f= 
wt 


e E 


. 
Na 
Figure 8-7 Helical beam antenna placed on the Fra Mauro highlands of the moon by the 


Apollo 14 astronauts Alan Shepard, J r., and Edgar Mitchell for radioing information back to 
earth about conditions there. The helix wire is wound on a thin plastic tube. 
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The helix is a basic three-dimensional geometric form. Surface of imaginary 
A helical wireon auniform cylinder becomes a straight helix cylinder d 

j j j J- Dg. n 
wire when unwound by rolling the cylinder on a flat i NNS E SNN 
surface. Viewed end-on, a helix projects as a cir- D Helix 
cle. Thus, a helix combines the geometric forms of a | o 6 0) axis 
straight line, a circle and a cylinder. In addition a helix = — — |_s—| o | ~~ / _ 


has handedness; it can be either left- or right-handed. 
The following symbols are used to describe a helix 
(Fig. 8-8). 
D = diameter of helix (center to center) 
= circumference of helix = 7D 
= Spacing between turns (center to center) 
pitch angle = arctan $/mD 
= length of 1 turn 
= number of turns 
= axial length=nS 
d = diameter of helix conductor 


Ber DMR UA 
ll 


The diameter D and circumference C refer to the imaginary 
cylinder whose surface passes through the centerline of the 
helix conductor. A subscript à signifies that the dimension is 
measured in free-space wavelengths. For example, D, is the 
helix diameter in free-space wavelengths. 

If 1 turn of a circular helix is unrolled on a flat plane, the 
relation between the spacing S, circumference C, turn length 
Land pitch angle « is as illustrated by the triangle in Fig. 8-9. 

The dimensions of a helix are conveniently represented by a 
diameter-spacing chart or, asin Fig. 8-10, by a circumference- 
spacing chart. On this chart the dimensions of a helix may be 
expressed either in rectangular coordinates by the spacing S, 
and circumference C, or in polar coordinates by the length of 
1 turn L, and the pitch angle œ. When the spacing is zero, 
a =Q and the helix becomes a loop. On the other hand, when 


Figure 8-8 Helix and its dimensions. 


Figure 8-9 Relation between 
circumference, spacing, turn length 
and pitch angle of a helix. 


the diameter is zero, œ = 90° and the helix becomes a linear conductor. Thus, in Fig. 8-10 the ordinate axis 
represents loops while the abscissa axis represents linear conductors. The entire area between the two axes 


represents the general case of the helix. 


Suppose that we have a 1-turn helix with a turn length of 1 à (Ly, = 1). When a = 0, the helix is a loop of 
1 à circumference or of diameter equal to 1 4/7. As the pitch angle œ increases, the circumference decreases 
and the dimensions of the helix move along the L, = 1 curve in Fig. 8-10 until, when a = 90°, the “helix” 


is a straight conductor 1 à long. 


The helix dimensions for various operational modes are indicated in Fig. 8-10. Reference to these will be 


made as we proceed through the chapter. 
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THE HELIX CHART 
BOUNDED BY LOOPS AND LINEAR CONDUCTORS 


Pitch angle, a 


g 45° 
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0 2 4 6 8 1.0 1.2 1.4 1.6 1.8 2.0 
Spacing in wavelengths, S) 


Figure 8-10 Helix chart showing the location of different modes of operation as a function 
of the helix dimensions (diameter, spacing and pitch angle). As a function of frequency the helix 
moves along a line of constant pitch angle. Along the vertical axis the helices become loops 
and along the horizontal axis they become linear conductors. The 4-lobed, quadrifilar, bifilar and 
normal modes are discussed in Chap. 9, Partll. PointC is a bifilar mode location (see Sec. 8-25). 
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8-4 The Helix Modes 


The modes of helix can be described in the following two ways: 


8-4a Transmission (T) Mode 


It describes the manner in which the electromagnetic wave propagates along an infinite helix as though the 
helix constitutes an infinite transmission line or waveguide. A variety of different transmission modes are 
shown in Fig. 8-11. The parameters used in this figure have been defined in connection with the helical 
geometry (8-3). In view of the mode order, To is the lowest mode wherein the charges are separated by 
several turns. 7) is a higher mode than 7 and the charges are separated by only one turn. The modes 7), 
T3,etc., are still higher modes. In T2, charges change their polarity twice in one turn or are separated by 90°, 
in 73 by 60° and in T by z/m degrees where m is the order of the mode. The charge distribution for some 
of the higher modes is also shown in Fig. 8-11. 


8-4b Radiation (R) Mode 


It describes the general form of the far field pattern of a finite helical antenna. Though there is a possibility of 
many R modes, but the following two modes have higher significance. 

1. Normal or omni mode of radiation is denoted by Ro in which the radiation beam is perpendicular to the 
helix axis. 

2. Axial or beam mode of radiation is denoted by Rı in whsich the radiation beam is parallel to the helix 
axis. 


E - Transverse 
C= 


+ + + 
+ + 
= + = 
T; mode Tz mode T; mode 
180° 90° 60° 


separation between + and — polarities 
along the circumference on each turn of helix 
Mode Tn is higher then T,,_; where m = 1, 2, 3, ... 


(c) 
Figure 8-11 
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Direction of 
Max Radiation 
Direction of 
Helix Max Radiation Helix > D 
Ground Plane Ground Plane 
C= Ger 
Coaxial Cable Coaxial Cable 0<a<90° 0<a<90° 
(a) Ro mode (b) Ry mode (c) To Ry mode (d) T; Ry mode 
Figure 8-12 


Both of these modes are shown in Fig. 8-12 (a and b). Asillustrated in Fig. 8-12 (c and d) both transmission 
and radiation modes may also be specified. 


8-5 Practical Design Considerations for the Monofilar Axial-Mode Helical 
Antenna 


Before analyzing the many facets of the antenna individually, an overall picture will be given by describing 
the performance of some practical designs. 

The monofilar axial-mode helical antenna is very noncritical and one of the easiest of all antennas to build. 
Nevertheless, attention to details can maximize its performance. 

The important parameters are: 


Beamwidth 
Gain 
Impedance 
4. Axial ratio 


all ee 


Gain and beamwidth, which are interdependent [G«(1/HPBW2)], and the other parameters are all 
functions of the number of turns, the turn spacing (or pitch angle) and the frequency. For a given number of 
turns the behavior of the beamwidth, gain, impedance and axial ratio determines the useful bandwidth. The 
nominal center frequency of this bandwidth corresponds to a helix circumference of about 1 A (C, =1). For 
a given bandwidth to be completely useful, all 4 parameters must be satisfactory over the entire bandwidth. 

The parameters are also functions of the ground plane size and shape, the helical conductor diameter, the 
helix support structure and the feed arrangement. The ground plane may be flat (either circular or square) with 
a diameter or side dimension of at least 34/4 or the ground plane (launching structure) may be cup-shaped 
forming a shallow cavity (Fig. 8-13) or replaced by loops (Sec. 8-4). 

A two-turn flush-mounted design described by Bystrom (1) and Bernsten for aircraft applications is shown 
in Fig. 8-13c. These authors found that two turns are required to obtain satisfactory pattern and impedance 
characteristics but that no significant improvement is obtained with a deeper cavity and a larger number of 
turns since the size of the aperture opening remains the same (like an open-ended cylindrical waveguide). 

Thedeep conical arrangement of Fig. 8- 13d is effectivein reducing the side- and back-lobe radiation [Carver 
(1-2)]. Launching a wave on the helix may also be done without a ground plane using loops (Sec. 8-4) or to 
produce a back fire beam for a dish feed as in Fig. 8-6. 

Conductor size is not critical (Tice-1) and may range from 0.005 à or less to 0.05 à or more (Fig. 8-14). 
The helix may be supported by a few radial insulators mounted on an axial dielectric or metal rod or tube 
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for 
<— match 
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Figure 8-13 (a) Monofilar axial-mode helical antenna on flat ground plane and (b) in shallow 
cupped ground plane (see also Fig. 8-18c). (c) General-purpose flush-mounted two-turn 
monofilar axial-mode helical antenna with taper feed for matching to a 50-Q coaxial line (after 
Bystrom (1) and Bernsten) (see also Fig. 8- 18a and b). (d) Deep conical ground-plane 
enclosure for reducing side and back lobes. (After K. R. Carver (1, 2 )). 


Figure 8-14 Peripherally fed monofilar axial-mode helical antennas with helix conductors of 
0.055, 0.017 and 0.0042 à diameter at center frequency of 400 MHz for determining effect of 
conductor diameter on helix performance. Only minor differences were measured. (After 
T.E.Tice (1) and J . D. Kraus.) The 0.055 à diameter tubing (4.1 cm diameter) is about the 
largest size which could be bent to the radius of 11 cm (=A/2z). 
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whose diameter is a few hundredths of a wavelength, by one 
or more longitudinal dielectric rods mounted peripherally 
(secured directly to the helical conductor) or by a thin-wall 
dielectric tube on which the helix is wound. With the latter 
arrangement the operating bandwidth is shifted to lower fre- 
quencies so that for a given frequency the antenna is smaller. 
Several of these mounting arrangements are illustrated in 
Fig. 8-15. 

The helix may be fed axially, peripherally or from any 
convenient location on the ground-plane launching structure 
with the inner conductor of the coaxial line connected to the 
helix and the outer conductor bonded to the ground plane. 

With axial feed the terminal impedance (resistive) is given 
within 20 percent by 


R=140C, (Q) (1) 
while with peripheral feed Baker (1) gives its value within 
10 percent as 


150 
R = —— (2) (2) 
LON 
These relations have the restrictions that 0.8 < C, < 
1.2,12° <a < 14° andn > 4. 
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Figure 8-15 Monofilar axial-mode 
helical antenna supported by axial 
metal or dielectric rod (or tube) with 
radial insulators (a), by four peripheral 
dielectric rods secured to the helix (b) 
and by a dielectric tube on which the 
helix is wound (c). 


With a suitable matching section the terminal impedance (resistive) can be made any desired value from 
less than 50 Q to more than 150 2. Thus, by bringing the last ł-turn of the helix parallel to the ground plane 
in a gradual manner, a tapered transition between the 140- or 150-Q helix impedance and a 50-Q coaxial 


Helix 
ena Flattened ; ; 
tubing Dielectric 
sheet 
fa xo Ground (a) 
plane 
50-0, coaxial 
N connector 
Detailed cross section through 
AA as seen from right 
Dielectric Flattened 
sheet m tubing 
AR 
CII CLL AO (b) 
mr ~~~ Ground 
plane 
50-2 coaxial 
connector 


Figure 8-16 (a) Gradually tapered transition from helix to coaxial line with detailed cross 


section at (b). 
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Figure 8-16 (c) Typical peripherally fed monofilar axial-mode helical antenna with cupped 
ground plane matched to a 50-2 coaxial transmission line as in Fig. 8-16a and b. The turn 
spacing S = 0.225 à and the circumference C = a at the center frequency. The relative phase 
velocity p changes automatically by just the right amount to lock onto end-fire (¢ = 0°) with 
supergain over a frequency range of about one octave. Typical dimensions of the cupped 
ground plane are a = 0.75 à and b = a/2 at the center frequency. 


line can be readily accomplished. This can be done with either axially or peripherally fed helices but is more 
convenient with a peripheral feed. Details of a suitable arrangement are shown in Fig. 8-16a and b. 

As the helix tubing is brought close to the ground plane, it is gradually flattened until it is completely flat 
at the termination, where it is spaced from the ground plane by a dielectric sheet (or slab). The appropriate 
height A (or thickness of the sheet) is given by 


"= Ta ° 


where 


w = width of conductor at termination 

height of conductor above ground plane (or thickness of dielectric sheet) in same units as w 
e = relative permittivity of dielectric sheet 

characteristic impedance of dielectric sheet 


> 
II 


Zo = 


EXAMPLE 8-5.1 |f the flattened tubing width is 5 mm, find the required thickness of a polystyrene 
sheet (e, = 2.7) for matching to a 50-Q coaxial transmission line. 


E Solution 


From (3), 


h= à = 1.9 mm 


[377/(/2.7 x 50)] — 2 


A typical peripherally fed monofilar axial-mode helical antenna with cup ground-plane launcher matched 
to a 50-Q line, as in Fig. 8-16a and b, is shown in Fig. 8-16c with dimensions given in wavelengths at 
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Figure 8-17 Dielectric-member-supported monofilar axial-mode helical antenna with flat 
circular ground plane. The pitch angle is 12.5°. The axial feed is directly from a 150-Q coaxial 
cable (no matching section required). The conductor tubing is 0.02 à in diameter. Note that the 
open grid of the ground plane has both circular and radial conductors. Both are essential. (Built 
by Kraus.) 


the center frequency for which C} = 1. Support may be an axial rod with radial insulators or one or more 
peripheral rods (Fig. 8-15a and b). 

A monofilar axial- mode helical antenna with flat circular ground plane and supported by dielectric members 
is shown in Fig. 8-17 and one with cupped ground plane supported by a dielectric cylinder is illustrated in 
Fig. 8-18. 

Measured patterns of a 6-turn helix as a function of frequency are presented in Fig. 8-19 and patterns at 
the center frequency (C, = 1) as a function of length (number of turns) are shown in Fig. 8-20. 

Based on alarge number of such pattern measurements K raus made during 1948 and 1949, the beamwidths 
were found to be given by the following quasi-empirical relations. 


52 


Cai vns 


11 
BWEN (beamwidth between first nulls) ~ 2 (5) 
Cy nS) 


HPBW (half-power beamwidth) ~ (4) 


The HPBW as given by (4) is shown graphically in Fig. 8-21. Dividing the square of (4) into the number of 
square degrees in a sphere (41,253) yields an approximate directivity relation:! 


D ~ 15C2nS, (6) 


llt is assumed that the patterns of both field components are of the same shape and are figures-of-revolution around the helix axis. 
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Figure 8-18 Thin-wall plastic-cylinder-supported 65-turn monofilar axial-mode helical 
antenna with solid metal cupped ground plane. Feeding is via a matching transition from a 50-Q 
cable connected through a fitting mounted on the back of the cup ground plane ata point 
between the plastic cylinder and the lip of the cup. The helix is a flat metal strip bonded to the 
plastic cylinder. The strip width is 0.03 A (equivalent to a 0.015 à diameter round conductor). 
The pitch angle is 12.8°. Built by the author for UHF TV band operation with VSWR < 2 from 
channel 25 to 83 (524 to 890 MHz) and less than 1.2 from channel 27 to 75 (548 to 842 MHz). 


C, = .66 G, =.73 C, =.85 C,=.97 C, =1.09 C, = 1.22 C, = 1.35 
275 MHz 300 MHz 350 MHz 400MHz 450 MHz 500 MHz 560 MHz 
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LA 
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Figure 8-19 Measured field patterns of monofilar axial-mode helical antenna of 6 turns and 
14° pitch angle. Patterns are characteristic of the axial mode of radiation over a range of 
circumferences from about 0.73 to 1.22 à. Both the circumference and the frequency (in 
megahertz) are indicated. The solid patterns are for the horizontally polarized field component 
(E) and the dashed for the vertically polarized (Eg). Both are adjusted to the same maximum. 
(After Kraus.) 
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Figure 8-20 Effect of number of turns on measured field patterns. Helices have 12.2° pitch 
angle and 2, 4, 6, 8, 10 turns. Patterns shown are average of measured Eg and Eg patterns. 
(After Kraus.) 


This calculation disregards the effect of minor lobes and the details of the pattern shape. A more realistic 
relation is 


Directivity D~12C?2nS, (7) 


Restrictions are that (4) to (7) apply only for 0.8 < C, < 1.15, 12° < œ < 14° andn > 3. 

The measured gains of King (1) and Wong for 12.8° monofilar axial-mode helical antennas are presented 
in Fig. 8-22 as a function of helix length (LZ, = nS,) and frequency. Although higher gains are obtained by 
an increased number of turns, the bandwidth tends to become smaller. Highest gains occur at 10 to 20 percent 
above the center frequency for which C} = 1. Although the gains in Fig. 8-22 tend to be less than calculated 
from (7), they were measured on helices with 0.084 diameter axial metal tubes. 

Although pitch angles as small as 2°, as noted by M acL ean (1) and K ouyournjian, and as large as 25°, as 
noted by K raus, can be used, angles of 12° to 14° (corresponding to turn spacings of 0.21 to 0.25 at C} =1) 
are optimum. King and Wong found that on helices with metal axial tubes, smaller pitch angles (near 12°) 
resulted in a slightly higher (1 dB) gain but a narrower bandwidth than larger angles (near 14°). 

Turning to other parameters, the pattern, axial ratio and impedance (VSWR) performance as a function of 
frequency for a 6-turn, 14° pitch angle monofilar axial-mode helical antenna are summarized in Fig. 8-23. 
This is the same antenna for which the patterns are shown in Fig. 8-19. The half-power beamwidth is taken 
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Figure 8-21 Half-power beamwidth of monofilar axial-mode helical antenna as a function of 
the axial length and circumference in free-space wavelengths and also as a function of the 
number of turns for C} = 1.0 and « = 12.5° (lower scale). (After Kraus.) 


between half-power points regardless of whether these occur on the major lobe or on minor lobes. This def- 
inition is arbitrary but is convenient to take into account a splitting up of the pattern into many lobes of large 
amplitude at frequencies outside the beam mode. B eamwidths of 180° or more are arbitrarily plotted as 180°. 
The axial ratio is the value measured in the direction of the helix axis. The standing-wave ratio is the value 
measured on a 53-Q coaxial line. A transformer section 4/2 long at the center frequency is located at the 
helix terminals to transform the terminal resistance of approximately 130 to 53 &. Considered altogether, 
these pattern, polarization and impedance characteristics represent remarkably good performance over a wide 
frequency range for a circularly polarized beam antenna. 

The onset of the axial mode at a relative frequency of about 0.7 is very evident with axial-mode operation, 
extending from this frequency over at least an octave for VSWR and axial ratio and almost an octave for 
pattern. 
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Figure 8-22 Measured (dashed) gain curves of monofilar axial-mode helical antennas as a 
function of relative frequency for different numbers of turns for a pitch angle of a = 12.8°. (After 
H. E. King (2) and J . L. Wong.) Calculated (solid) gain curves are also shown for different 


numbers of turns. 
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Figure 8-23 Summary of measured performance of 6-turn, 14° monofilar axial-mode helical 
antenna. The curves show the HP BW for both field components, the axial ratio and the VSWR 
on a 53-Q line as a function of the relative frequency (or circumference C,). Trends of (relative) 
resistance R and reactance X are shown in the VSWR inset. Note the relatively constant R and 
small X for C} > 0.7. (After Kraus.) 


where n = number of turns 


EXAMPLE 8-5.2 16-Turn Helical Beam Antenna 
A 16-turn helical beam antenna (Fig. 8-24) has a circumference of à, and turn spacing of 1/4. What is 
(a) HPBW, (b) axial ratio, (c) gain and (d) power pattern? 


E Solution 
The helix can be represented by an end-fire array of point sources spaced 2/4 with one source for each 
turn. For an ordinary end-fire array the phasing between sources is —90° and the fields from all sources add 
in-phase on axis. The helical beam antenna or axial-mode helix, however, “self-programs” the phasing to 
ô = —101.25° and the fields do NOT add in-phase BUT the beam is sharper and the GAIN IS HIGHER. 
Furthermore, this improvement is maintained over an almost 2-to-1 bandwidth. 

(a) From (8-3-4) HPBW = 26° Ans. 

b) From (8-3-8), AR = 33/32 = 1.03 or only 3 percent from perfect circular polarization. 


( 
(c) Gain = 15.4 dBi from pattern integration. 
(d) The pattern is shown in Fig. 8-24. 


Figure 8-24 16-turn helical beam antenna and its power pattern. 


The McGraw-Hill Companies 


316 Chapter 8 Helical Antennas 


EXAMPLE 8-5.3 Design of Quad-Helix Earth Station Antenna 
Figure 8-25 shows an array of four right-handed axial-mode helical antennas for communication with 
satellites. Since the fields hug the helixes, there is minimal coupling or “cross talk” between adjacent 
helixes and the terminal impedance of each helix is approximately 50 Q in the array, the same as when 
used alone. 

Determine (a) the best spacing based on the effective apertures of the helixes, (b) the directivity of the 
array, and (c) connections for feeding all helixes equally and in phase. 


E Solution 
The directivity of an axial-mode helix with circumference equal to à at the center frequency is 
approximately 


D= 12n S; 


where n = number of turns and S, = spacing between turns in wavelengths. 
For each helix in the array, n = 10 and S, = 0.236. Thus, 


D = 12 x 10 x 0.236 = 28.3 
The effective aperture of each helix is then 
2 
AR 


° An 4r 


This is the area of a square equal to 2.25 = 1.5 à on a side. Therefore, a spacing between helixes of 
1.5 à is appropriate. For a smaller spacing, the effective apertures of adjacent helixes overlap, decreasing 
the gain. A larger spacing does not increase the total aperture or the gain and may introduce grating lobes. 
Ans. (a) 


= 2.2522 


50-Q cable from 


flat-strip 
line 


50 © 


Strip line on dielectric 
substrate on back side of 
ground plane supporting 
helix array 


(b) 
Figure 8-25 (a) Earth station with quad-helix array. (b) Strip-line feed. 
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At 1.5 à spacing the four helixes have a total effective aperture of 2.25 x 4 = 91? for an array 


directivity of 


An A, 


= 113 (20.5 dBi) Ans.(b) 


A strip-line feed system is shown in Fig. 8-25b, which has 50- to 200-2 tapered transitions joined to match 
a 50-2 line. The tapered transitions have wide bandwidths which preserve the wide 2-to-1 bandwidth of 
Ans. (c) 


the helixes. 


8-6 Helical Beam Antenna With Loops Replacing the Ground Plane 


Although the helical beam antenna or axial-mode helix is conveniently fed with a ground plane, it may be fed 
by two loops (replacing the ground plane) as shown in Fig. 8-26 (K raus-7). 
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Figure 8-26 Ten-turn axial-mode helix with two loops instead of ground plane. Loop 1 is at 
the feed point (see inset). Loop 2 is 4/3 to A/2 from the feed point. 


8-7 Dipole Arrays with Parasitic Elements 


In all of the arrays we have considered earlier, except 
for the loop reflector with the helix antenna of Sec. 8-4, 
all elements were driven, that is, supplied with power 
by means of a transmission line. Antennas can also be 
constructed with “parasitic elements” in which cur- 
rents are induced by the fields from a driven element. 
Such elements have no transmission line connection. 

Although the helix can be used as a parasitic ele- 
ment (Sec. 10-9), this section discusses dipoles as the 
parasitic elements. 

Let us consider the case of an array in free space 
consisting of one driven 4/2 dipole element (ele 
ment 1) and one parasitic element (element 2), as 
in Fig. 8-27. The procedure follows that used by 


= 
d 

À 

ae P 

=e 2 


Z Parasitic element 
Driven 
element acos b i 


d 


Figure 8-27 Array with one driven 
dipole element and one parasitic element. 
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Brown (1). Suppose that both elements are vertical so that the azimuth angle ¢ is as indicated. The circuit 


relations for the elements are 


Y= hZu + RZ 
0 = hZz + Z2 


From (2) the current in element 2 is 


Z12 p 2 fT Z12 
h = h = lh / T T 
Z22 Zal e Zn 


Z12 


nano? /e 


where € = w + tm — 72, in which 


or 


X12 
Tm = arctan — 
Ri2 


X 
t2 = arctan 2 
R22 


where 


Rı2 + j X12 = Z12 = mutual impedance of elements 1 and 2, Q 
R72 + j X22 = Zn = self-impedance of the parasitic element, Q 


The electric field intensity at a large distance from the array as a function of ¢ is 


E$) =k(h + h fd, cos) 


2 
where d, = Bd = Za 


Substituting (4) for 72 in (5), 


E(¢) = en(1+ | 5 Zita cosg) 


Solving (1) and (2) for the driving-point impedance Z1 of the driven element, we get 


Zh Z| Z2tm 


Z1=Zi1 = 7 


11 
Z22 |Z22| / T2 


The real part of Z1 is 


2 


Z 
Ri = Ri - an COS(2Tm — T2) 
Z22 


A dding a term for the effective loss resistance, if any is present, we have 


2 
— |Z 2t, — 
Rı = Rii + Rit Do COS(2Tm — T2) 


(3) 


(4) 


(7) 


(8) 


(9) 
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For a power input P to the driven element, 


h= (10) 
VR Any Re + Rit - Zh a COS(2Tm — 12) 


and PE ia (10) for 7 in (6) yields the electric field intensity at a large distance from the array as a 
function of @. Thus, 


Bo) =K,| 5 A (1+ É /E+d, cosg) (11) 


Riu + Riz — |Z /Z22|COS(2tm — 12) 
For a power input P to a single vertical 4/2 element the electric field intensity at the same distance is 


|) P -1 
Ew ($) = kh =k Roo £ Ro (V m~) (12) 


where 


Roo = self-resistance of single à/2 element, Q 
Roz = loss resistance of single 4/2 element, Q 


The gain in field intensity (as a function of ¢) of the array with respect to a single 4/2 antenna with the same 
power input is the ratio of (11) to (12). Since Roo = R11 and letting Roz = Riz, we have 


A Ri + Rit Z12 
: - Z6 +d, cosg) 

COl aw | (a g std cose Ba 
If Z22 is made very large by detuning the parasitic element (i.e., by making X22 large), (13) reduces to unity, 
that is to say, the field of the array becomes the same as the single à /2 dipole comparison antenna. 

By means of a relation equivalent to (13), Brown (1) analyzed arrays with a single parasitic element for 
various values of parasitic element reactance (X22) and was the first to point out that spacings of less than 
4/4 were desirable. 

The magnitude of the current in the parasitic element and 
its phase relation to the current in the driven element depends 
on its tuning. The parasitic element may have a fixed length of 
2/2, the tuning being accomplished by inserting a lumped reac- MOTO 
tance in series with the antenna at its center point. A Iternatively, radiation 
the parasitic element may be continuous and the tuning accom- 
plished by adjusting the length. This method is often simpler in f 
practice butis more difficult of analysis. When the à /2 parasitic Reflector Driven Director 
element is inductive (longer than its resonant length) it acts esment 
as a reflector. When itis capacitive (shorter than its resonant 
length) it acts as a director.! 

Arrays may be constructed with both a reflector and a director. A three-element array of this type is shown 
in Fig. 8-28, one parasitic element acting as a reflector and the other as a director. The analysis for the 
three-element array is more complex than for the two-element type treated above. 


Figure 8-28 Three-element array. 


1From Fig. 12-5, we note that the reactance of a thin linear element varies rapidly as a function of frequency when its length is about 
4/2, going from positive (inductive) reactance through zero reactance (resonance) to negative (capacitive) reactance values as the length 
is reduced. 
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Experimentally measured field patterns of a horizontal three-element array situated 1 à above a square 
horizontal ground plane about 13 à on a side are presented in Fig. 8-29. The element lengths and spacings 
are as indicated. The gain at = 15° for this array at a height of 1 à is about 5 dB with respect to a single 
2/2 dipole antenna at the same height.! The vertical plane pattern is shown in Fig. 8-29a. It is interesting 
to note that because of the finite size of the ground plane there is radiation at negative elevation angles. This 
phenomenon is characteristic of antennas with finite ground planes, the radiation at negative angles being 
largely the result of currents on the edges of the ground plane or beneath it. The azimuthal patterns at elevation 
angles w = 10, 15 and 20° are shown in Fig. 8-29b.A parasitic array of this type with closely spaced elements 
has a small driving-point radiation resistance and a relatively narrow bandwidth. 


a = 90° 


Side view 


Relative field intensity 
for ġ = 0° 


Driven 
element 
Reflector | Director 


Plan view 


(b) 


Figure 8-29 Measured vertical plane pattern (a) and horizontal plane patterns (b) at three 
elevation angles for a three-element array located 1 à above a large ground plane. (Patterns by 
D. C. Cleckner, Ohio State University.) 


8-8 The Yagi-Uda Array Story 


Shintaro U da, an assistant professor at Tohoku U niversity, had not turned 30 when he conducted experiments 
on the use of parasitic reflector and director elements in 1926. This led to his publication of a series of 11 
articles (from M arch 1926 to J uly 1929) in the J ournal of the Institute of Electrical Engineers of J apan titled 


1N ote that itis necessary to specify both the height and elevation angle at which the comparison is made. In comparing one antenna with 
another, the gain as a function of elevation angle at a given height (or as a function of height at a given elevation angle) may, in general, 
range from zero to infinity. 
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Figure 8-30 Shintaro Uda's experimental antenna with 1 reflector and 7 directors on the roof 
of his laboratory at Tohoku University for vertically polarized transmission tests during 1927 and 
1928 over land and sea paths up to 135 km using a wavelength 4 = 4.4 m. The horizontal 
wooden boom supporting the array elements is 15 m long. 


“On the Wireless Beam of Short Electric Waves.” (Uda-1). He measured patterns and gains with a single 
parasitic reflector, a single parasitic director and with a reflector and as many as 30 directors. One of his 
many experimental arrays is shown in Fig. 8-30. He found the highest gain with the reflector about 1/2 
in length and spaced about 2/4 from the driven element, while the best director lengths were about 
10 percent less than 4/2 with optimum spacings about 4/3. Even though many patterns were measured in the 
near field, these lengths and spacings agree remarkably well with optimum values determined since then by 
further experimental and computer techniques. A fter George H. Brown demonstrated the advantages of close 
spacing, the reflector-to-driven-element spacings were reduced. 

Hidetsugu Yagi, professor of electrical 
engineering at Tohoku University and 10 
years Uda’s senior, presented a paper with 
U daatthe Imperial A cademy on the “Projec- 
tor of the Sharpest B eam of Electric Waves” | 
in 1926, and in the same year they both pre- 
sented a paper before the Third Pan-Pacific 
Congress in Tokyo titled “On the Feasibility | 
of Power Transmission by Electric Waves.” 


| 1.5A >| 
1=0.4754 0.464 0.44A 0.44A 0.43A 0.40A 


0.25A 0.31 0.31A 0.31A 0.31A 


The narrow beams of short waves produced Reflector Driven D 

by the guiding action of the multidirector element 

periodic structure, which they called a“wave Figure 8-31 Modern-version 

canal,” had encouraged them to suggest 6-elementYagi-U da antenna with 

using it for short-wave power transmission, dimensions. It has a maximum directivity 
an idea now being considered for beaming of about 12 dBi atthe center of a 

solar power to the earth from a space station bandwidth of 10 percent at half-power. 


or from earth to a satellite. 

Itis reported that Professor Y agi had received a substantial grant from Sendai businessman Saito Zenuemon 
which supported the antenna research done by Uda with Y agi’s collaboration. Then in 1928 Y agi toured the 
United States presenting talks before Institute of Radio Engineers sections in New York, Washington and 
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Hartford, and in the same year Y agi published his now famous article on “Beam Transmission of Ultra Short 
Waves” in the Proceedings of the IRE (Yagi-1). Although Yagi noted that U da had already published 9 papers 
on the antenna and acknowledged that U da’s ingenuity was mainly responsible for its successful development, 
the antenna soon came to be called “a Yagi.” In deference to Uda’s contributions, we refer to the array as a 
Yagi-U da antenna, a practice now becoming common. U da has summarized his researches on the antenna in 
two data-packed books (U da-2, 3). 

A typical modern-version 6-elementY agi-U da antenna is shown in Fig. 8-31. It consists of a driven element 
(folded à /2 dipole) fed by a 300-2 2-wire transmission line (twin line), a reflector and 4 directors. Dimensions 
(lengths and spacings) are indicated on the figure. The antenna provides a gain of about 10 dBi (maximum) 
with a bandwidth at half-power of 10 percent. By adjusting lengths and spacings appropriately (tweeking), 
the dimensions can be optimized, producing an increase in gain of another decibel (Chen-1, 2; Viezbicke-1). 
However, the dimensions are critical. 

The inherently narrow bandwidth of the Y agi-U da antenna can be broadened to 1.5 to 1 by lengthening 
the reflector to improve operation at low frequencies and shortening the directors to improve high-frequency 
operation. However, this is accomplished at a sacrifice in gain of as much as 5 dB. 


EXAMPLE 8-8.1 Yagi-Uda 1.5 ) Array 
For the 1.5 à array of Fig. 8-31, what is (a) HPBW, (b) axial ratio, (c) gain and (d) the pattern? 


E Solution 

(a) HPBW = 44° in plane of elements, HPBW = 64° in plane perpendicular to elements (from pattern). 
(b) AR = infinite (pure linear polarization). 

(c) Gain = 9.4 dBi by pattern integration. 
( 


d) Pattern is shown in Fig. 8-32. 


Figure 8-32 Power pattern of the Yagi-Uda array of Fig. 8-31. The narrower pattern is in 
the plane of the elements. 


The polyrod antenna, as shown in Fig. 3-9, is another type of end-fire antenna. It may be regarded as an 
extended lens and is discussed in Chap. 10 with lens antennas. 
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8-9 Axial-Mode Patterns and the Phase Velocity of Wave Propagation on 
Monofilar Helices (Kraus-4) 


As a first approximation, a monofilar (single conductor) helical antenna radiating in the axial mode may be 
assumed to have a single traveling wave of uniform amplitude along its conductor. B y the principle of pattern 
multiplication, the far-field pattern of a helix is the product of the pattern for 1 turn and the pattern for an array 
of n isotropic point sources as in Fig. 8-33. The number n equals the number of turns. The spacing S between 
sources is equal to the turn spacing. When the helix is long (say, nS, > 1), the array pattern is much sharper 
than the single-turn pattern and hence largely 


determines the shape of the total far-field pat- a 
tern. Hence, the approximate far-field pattern of 

along helix is given by the array pattern. A ssum- Leg $ i 
ing now thatthe far-field variation is given by the TE ° Helix 


e e : 
array pattern or factor and that the phase differ- ee i 


ence between sources of the array is equal to the 
phase shift over 1 turn length L, for a single 
traveling wave, itis possible to obtain a simple, 
approximate expression for the phase velocity required to produce axial-mode radiation. This value of phase 
velocity is then used in pattern calculations. 

The array pattern or array factor E for an array of n isotropic point sources arranged as in Fig. 8-33 is 
given by (5- 13-8). Thus, 


Figure 8-33 Array of isotropic sources, each 
source representing 1 turn of the helix. 


_ sin(ny/2) (1) 
~ sin(y/2) 
where n = number of sources and 
wv = S-coso +ô (2) 


where S, = 27 S/A 
In the present case, (2) becomes 


w=2n (s: coso — =) (3) 


where p = v/c = relative phase velocity of wave propagation along the helical conductor, v being the phase 
velocity along the helical conductor and c being the velocity of light in free space. 

If the fields from all sources are in phase at a point on the helix axis (¢ = 0), the radiation will be in the 
axial mode. For the fields to be in phase (ordinary end-fire condition) requires that 


y = —2rm (4) 


where m = 0,1, 2,3,.... 

The minus sign in (4) results from the fact that the phase of source 2 is retarded by 2x L, /p with respect 
to source 1. Source 3 is similarly retarded with respect to source 2, etc. 

Now putting @ = 0 and equating (3) and (4), we have 


When m = 1 and p = 1, we have the relation 
I,-S=1 or L-S=ì (6) 
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This is an approximate relation between the turn length and spacing required for a helix radiating in the axial 
mode. Since for a helix L? = z? D? + S?, (6) can be rewritten as 


v25, +1 
D; = a or Cy, = V25,+1 (7) 


Equation (7) is shown graphically by the curve marked C, = v25, +1 in Fig. 8-10. The curve defines 
approximately the upper limit of the axial- or beam-mode region. 

When m = 1, (5) is appropriate for a helix operating in the first-order (71) transmission mode. When 
m = 2, (5) is appropriate for the 7 transmission mode, etc. A curve for m = 2 is shown in Fig. 8-10 by 
the line marked C) = 2./S) + I. Hence, m corresponds to the order of the transmission mode on a helix 
radiating a maximum field in the axial direction. The case of particular interest here is where m = 1. 

The case where m = 0 does not represent a realizable condition, unless p exceeds unity, since when m = 0 
and p=1in(5) we have L=S. This is the condition for an end-fire array of isotropic sources excited by a 
straight wire connecting them (œ = 90°). However, the field in the axial direction of a straight wire is zero so 
that there can be no axial mode of radiation in this case. 

Returning now to a consideration of the case where m = 1 and solving (5) for p, we have 


— Li 
a S,+1 (8) 
From the triangle of Fig. 8-9, (8) can also be expressed as 


1 
~ sina + [(coSa)/Cy] 


P (9) 
Equation (9) gives the required variation in the relative phase velocity p as a function of the circumference 
C, for in-phase fields in the axial direction. The variation for helices of different pitch angles is illustrated 
in Fig. 8-34. These curves indicate that when a helix is radiating in the axial mode G <0 < 3) the value 
of p may be considerably less than unity. This is borne out by direct measurements of the phase velocity. 
In fact, the observed phase velocity is found to be slightly less than called for by (8) or (9). Calculating the 


Light in free space ~ as 


6 7 8 9 1.0 1.4 1.2 1.3 1.4 15 
Circumference, C) 


Figure 8-34 Relative phase velocity p for different pitch angles as a function of the helix 
circumference C, for the condition of in-phase fields in the axial direction. 
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array pattern for a 7-turn helix using values of p from (8) and (9) yields patterns much broader than observed. 
The p value of (8) or (9) corresponds to the ordinary end-fire condition discussed in Chap. 6. If the increased 
directivity condition of Hansen and Woodyard is presumed to exist, (4) becomes 


= -(2am + z) (10) 
n 
Now equating (10) and (3), putting œ = 0 and solving for p we have 
L 
p * (11) 


~ S$, +m + (1/2n) 
For the case of interest m = 1 and 
Ly 


= 12 
P= 3. +12n+D/2n] ae 
For large values of n, (12) reduces to (8). Equation (12) can also be expressed as! 
1 
p (13) 


~ sina +[(2n + 1)/2n][(cosa)/C,] 
Using p as obtained from (12) or (13) to calculate the array factor yields patterns in good agreement with 
measured patterns. The p value from (12) or (13) also is in closer agreement with measured values of the 
relative phase velocity. Hence, it appears that the increased directivity condition is approximated as a natural 
condition on helices radiating in the axial mode.” 

Another method of finding the relative phase velocity p on helical antennas radiating in the axial modeis 
by measuring the angle øo at which the first minimum or null occurs in the far-field pattern. T his corresponds 
to the first null in the array factor, which is at wo (see Fig. 5-34). Then in this case (4) becomes 


Y = -Qam + yo) (14) 
Now equating (14) and (3) and putting m = 1 and solving for p, we have 
Ly 


= 1 
p S, COS po + 1 + (Y0/27) (15) 


Three relations for the relative phase velocity p have been discussed for helices radiating in the axial mode 
with transmission in the 7; mode. These are given by (9), (13) and (15). 

A fourth relation for p appropriate to the 7; and higher-order transmission modes on infinite helices has been 
obtained by Bagby (1) by applying boundary conditions approximating a helical conductor to a solution of the 
general wave equation expressed in a new coordinate system he called “helicoidal cylindrical coordinates.” 
Bagby’s solution is obtained by applying boundary conditions to the two points c and d in Fig. 8-35. His 
value of the relative phase velocity is given by 


Ch 
mcosa+hRsina 


where 
mJ? (kR) 


(17) 
Jin—-VKR) Jm41(kR) 


hR = tan a 


llt is to be noted that, as n becomes large, this relation (13) for increased directivity reduces to (9). 


2T he axial mode region is shown by the shaded (7, R1) area in Fig. 8-10. Helices with dimensions in this region radiate in the axial 
mode, and (9), or more properly (13), applies. Outside this region these equations generally do not apply. 
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where 


m = order of transmission mode (= 1, 2, 3,...) 


(m # 0) 
R = radius of helix cylinder 


kR = (C2 — (hR)? 


h = constant 
J = Bessel function of argument k R 


The variation of p as a function of C, for a 13° 
helix as calculated by (16) and (17) for the case m = 1 
is illustrated by the curve Aj in Fig. 8-36. A curve for 
the 71 transmission mode (m = 1) as calculated for the 
in-phase condition from (9) is shown by B1. A curve 
for the increased directivity condition on a 13°, 7-turn 
helix, with m = 1, is presented by C1. 

Curves for the 72 transmission mode for each of 
the three cases considered above are also presented in 
Fig. 8-36. In addition, a curve of the measured rela- 
tive phase velocity on a 13°, 7-turn helix is shown for 
circumferences between about 0.4 and 1.5 à. It is to 
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Figure 8-35 Helix showing points c 
and d atthe conductor surface. 


al . Aialmodei z] Note the abrupt 
ae En k radiation 271 drop in velocity 
0 at the onset of 
1.0 -na the axial mode 
0.9 | Velocity of light (arrow). 
ay 0.8 

i 
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| 
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Helix circumference = C, = 27R/A 


Figure 8-36 Relative phase velocity p as a function of the helix circumference C, for 

13° helices. The solid curve is measured on a 13°, 7-turn helix. Curves A, and A; are as 
calculated by Bagby for Tı and T2 transmission modes on an infinite 13° helix. Curves Bı and 
B2 are calculated for in-phase fields and curves Cı and C2 for increased directivity for Tı and T2 
transmission modes. Curve D is from data by Chu and J ackson as calculated for the 


To transmission mode. (After Kraus.) 
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be noted that in the circumference range where the helix is radiating in the axial mode 3 < Ca < D, the 
increased directivity curve, of the three calculated curves, lies closest to the measured curve.! The measured 
curve gives the value of the total or resultant phase velocity owing to all modes present (To, 71, etc.) as aver- 
aged over the region of the helix between the third and sixth turns from the feed end. The vertical lines indicate 
the spread, if any, in values observed at one frequency. In general, each transmission mode propagates with 
a different velocity so that when waves of more than one transmission mode are present the resultant phase 
velocity becomes a function of position along the helix and may vary over a considerable range of values 
[M arsh (1)]. When 3 <C, < 3 the phase velocity as measured in the region between the third and sixth turns 
corresponds closely to that of the 7; transmission mode. The To mode is also present on the helix but is only 
important near the ends. When the circumference C, < A the To mode may be obtained almost alone over 
the entire helix and the measured phase velocity approaches that for a pure Tọ mode indicated by curve D in 
Fig. 8-36, based on data given by Chu (1) and J ackson. This curve indicates that at small circumferences the 
relative velocity of a pure Tọ mode wave attains values considerably greater than that of light in free space. 
AtC, = A curve D has decreased to a value of nearly unity, and if no higher-order transmission mode were 
permissible, the phase velocity would approach that of light for large circumferences. However, higher-order 
modes occur, and, when C, exceeds about 3 the resultant velocity drops abruptly, as shown by the measured 
curve in Fig. 8-36. This change corresponds to a transition from the To to the 7; transmission mode. For a 
circumference in the transition region, such as 0.7 à, both To and 7; modes are of about equal importance. 

W hen C, is about 3 or somewhat more, the measured phase velocity approaches a value associated with 
the Tı mode. A s C, increases further, the relative phase velocity increases in an approximately linear fashion, 
agreeing most closely with the theoretical curve for the increased directivity condition (curve C1). When C, 
reaches about $ a still higher order transmission mode (72) appears to become partially effective, causing 
further dips in the measured curve. However, the radiation may no longer be in the axial mode. 

The formulas given for helical antennas operating in the first-order transmission mode (m = 1) are 
summarized in Table 8-1. 


Table 8-1 Relative phase velocities for first-order transmission mode on helical antennas 


Condition Relative phase velocity 
. a m Ly 1 
In-phase fields (ordinary end-fire) P= sa = se RCIA 
i seated Li 
Increased directivi =— ^ 
Y P = S34 [2n + 1)/2] 


1 
~ sina + [(2n + 1)/2a][(cosæ)/C,] 


À ; L 
From first null of measured field pattern p= 2 
S COS Ho + (Yo/2x) +1 
Helicoidal cylindrical coordinate p= = ES 
solution cosa + hR SIN a 


where hR is as given by (17) 


As mentioned above, the approximate far-field pattern of a monofilar helix radiating in the axial mode is 
given by the array factor for n isotropic point sources, each source replacing a single turn of the helix (see 
Fig. 8-33). 


1T he increased directivity curve is the only curve calculated for a helix of 7 turns. The in-phase field curve refers to no specific length 
while Bagby’s curve is for an infinite helix. 
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The normalized array factor is 


an T sin(ny/2) 
TEA sin(y/2) 


where y = 2r [S coso — (Li/p)] 

The normalizing factor is sin(z/2n) instead of 1/n since the increased directivity end-fire condition is 
assumed to exist (See Sec. 5-13, Case 3). For a given helix, S, and L, are known and p can be calculated 
from (12) or (13), y is then obtained as a function of ø. From (18), these values of y give the field pattern. 

As an illustration, the calculated array factor patterns for a 7-turn, 12° helix with C, = 0.95 are shown 
in Fig. 8-37 for p values corresponding to increased directivity and also in-phase fields and for p = 1, 0.9 
and 0.725. A measured curve (average of Eg and Eg) is shown for comparison. It is apparent that the pattern 
calculated for the increased-directivity condition (p = 0.76) agrees most closely with the measured pattern. 
The measured pattern was taken on a helix mounted on a ground plane 0.88 A in diameter. The calculated 
patterns neglect the effect of a ground plane. This effect is small if the back lobe is small compared to the 
front lobe, as itis for p = 0.802 and p = 0.76. 

The sensitivity of the pattern to the phase velocity is very apparent from Fig. 8-37. In particular, we note 
that as little as a 5 percent difference in phase velocity from that required for the increased directivity condition 
(p = 0.76) produces marked changes as shown by the patterns for p = 0.802 (5 percent high) and p = 0.725 
(5 percent low). 


(18) 


_ Measured 
p= 1.00 (average of 
Eg and Eg) 
p=0.76 
Increased 
directivity 
condition) 
p= 0.90 
5 percent 5 percent 
more than less than 
0.76 0.76 
p = 0.802 
(In-phase a=12° = 
fields n=7 Grane 
condition) Q = 0.95 


Figure 8-37 Array factor patterns for 12°, 7-turn helix with C, = 0.95. Patterns are shown for 
p = 1, 0.9, 0.802 (in-phase fields or ordinary end-fire condition), 0.76 (increased directivity) and 
0.725. A measured curve is also presented. All patterns are adjusted to the same maximum. 
The sensitivity of the pattern to phase velocity is evident. A change of as little as 5 percent 
produces a drastic change in pattern, as may be noted by comparing the pattern for p = 0.802 
(5 percent high) and the one for p = 0.725 (5 percent low) with the one for p = 0.76 which 
matches the measured pattern. 
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8-10 Monofilar Axial-Mode Single-Turn Patterns of Square Helix 


In this section expressions will be developed for the far-field patterns from a single turn of a monofilar helix 
radiating in the axial mode. It is assumed that the single turn has a uniform traveling wave along its entire 
length. The product of the single-turn pattern and the array factor then gives the total helix pattern. 

A circular helix may be treated approximately by assuming that itis of square cross section. The total 
field from a single turn is then the resultant of the fields of four short, linear antennas as shown in Fig. 8-38a. 
A helix of square cross section can, of course, be treated exactly by this method. M easurements indicate that 
the difference between helices of circular and square cross section is small. 


To point P 


To point P 


(a) (b) 
Figure 8-38 Square helix used in calculating single-turn pattern. 


Referring to Fig. 8-39, the far electric field components, Egr and Eor, in the xz plane will be calculated 
as a function of ¢ for a single-turn helix. 

L et the area of the square helix be equal to that of the circular 
helix so that 


=? (1) 


where g is as shown in Fig. 8- 38a. 

The far magnetic field for a linear element with a 
uniform traveling wave is given by (6-9-5). Multiplying 
(6-9-5) by the intrinsic impedance Z of free space, putting 
y = 3B2/2)+a4+¢,t = 0and b = g/cosa, we obtain the . ; 
expression for the @ component Eg: of the far field in the xz Figure 8-39 Field components 
plane due to element 1 of the square helix as follows: with relation to single-turn helix. 


siny . Or] 
Eg, = k—— sin BA -2 - BA) 2 
oa =k (-— (2) 
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where 
IppZ 
k = 
27r 
A =1- pcosy 
_ _ 
~ 2pecosa 


The expressions for Ey2, Eg3, etc., due to elements 2, 3 and 4 of the square turn are obtained in a similar 
way. Since the elements are all dissimilar sources, the total ¢ component, Egr, from a single square turn is 
obtained by adding the fields from the four elements at each angle œ for which the total field is calculated. 
The sum of the fields from the four elements is then 


siny 
Egr = ka sin BA /(-84- 2n) 


Cc 
sin BA” sina sin Lo ow {Scos 
+k y 27 Al BA" +e n f 4 gsind—n)| 
siny’ , L Scos , 
+k ra sina /| BA’ =e 5 * + gsind—n)| 
sin BA” sinasing 3Lw æ (3ScoSd 
k BA" 3 
į a /| eral oe ny (3) 
where 
3x , T j , 
= z tat, y= 7 atg, y” = arccos(sin œ cos) 


A =1-pcosy, A’ =1- pcosy’, A” =1— pcosy” 
W hen a helix of circular cross section is being calculated, L = x D/coSa in (3), while for a helix of square 
cross section L = 4b. 
If the contributions of elements 2 and 4 are neglected, which is a good approximation when both a and @ 
are small, the expression for Ew is considerably simplified. M aking this approximation, letting k = 1 and 
rı = constant, we obtain 


siny 
Egr = —- sin BA /(—BA 
p=- ZBA) 
siny’ , ; 
+ sin BA' /[-BA! — 2/TB + (S c05 + /xD, Sin g)] (4) 
Equation (4) applies specifically to helices of circular cross section, so that B in (4) is 
D 3/2 
= (5) 
pcosa 


Equation (4) gives the approximate pattern of the œ component of the far field in the xz planefrom asingle-turn 
helix of circular cross section. 

In the case of the @ component of the far field in the xz plane, only elements 2 and 4 of the square turn 
contribute. Putting k = 1, the magnitude of the approximate @ pattern of the far field of a single-turn helix of 
circular cross section can be shown to be 
sin y” sin BA” cosa 


A" (1 — sin? a cos? g)!/2 


|Eor| =2 sin [æ (Sacos — VTD, sing) — 2/7 B] (6) 
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where B is as given by (5) and y” and A” $=0 $=0 
are as in (3). 

Asan example, the Egr and Egr patterns 
for a single-turn 12° helix with C, = 1.07 
have been calculated and are presented in 
Fig. 8-40. Although the two patterns are of 
different form, both are broad in the axial 
direction (6 = 0). 

The individual Eg patterns of elements 
1 and 3 of the single turn are as suggested Esr A 
in Fig. 8-41. One lobe of each pattern is 


nearly in the axial direction, the tilt angle a 

t being nearly equal to the pitch angle a. Figure 8-40 Calculated patterns for 
The individual patterns add to give the Egr Er and Eoy fields of single turn of a 12° 
pattern for the single turn as shown (see also helix. 

Fig. 8-40). 


8-11 Complete Axial-Mode Patterns of Monofilar Helices 


By the principle of pattern multiplication, 
the total far-field pattern of a helix radi- Q 


Total pattern 
of one turn 
Egr 


ating in the axial mode is the product of 
the single-turn pattern and the array factor 
E. Thus, the total @ component Ey of the 
distant electric field of a helix of circular 
cross section is the product of (8-9-4) and 
(8-8-18) or 


Eg = EgrE (1) 


The total 6 component Eg is the product of 
(8-9-6) and (8-8-18) or 


Eg = Eor E (2) 


As examples, the approximate Ey and 
Eg patterns, as calculated by the above Wave 
procedure, for a 12°, 7-turn uniform helix direction 
of circular cross section with C, = 1.07 
are presented in Fig. 8-42 at (a) and (c). Helix 
The helix is shown at (e), with Eg in the axis 
plane of the page and Eg normal to the 
page. The array factor is shown at (b). 
The single-turn patterns are as presented 
in Fig. 8-40. The value of p used in these 
calculations is approximately that for the 
increased directivity condition. The prod- 
uct of the single-turn patterns (Fig. 8-40) 


Figure 8-41 Individual Ey patterns of elements 
1 and 3 and total pattern of single turn, Eyr. The 
single turn is shown in plan view (in the xz plane of 
Fig. 8-38). The single turn and coordinate axes 
have been rotated around the y axis so that the z 
direction (@ = 0) is toward the top of the page. 
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Array 
factor 
E 
Calculated pore 
Ey 
(a) (b) 
$ 
Helix 
a = 12° 
Measured n=7 Measured 
Eg C, =1.07 E, 
(f) 


Figure 8-42 Comparison of complete calculated patterns (product of single-turn pattern and 
array factor) with measured patterns for a 12°, 7-turn helix with C, = 1.07 radiating in the axial 
mode. Agreement is satisfactory. 


~ 
D 
— 


(d) 


and the array factor pattern at (b) yields the total patterns at (a) and (c). The agreement with the measured 
patterns shown at (d ) and (f ) is satisfactory. 

Comparing the patterns of Figs. 8-40 and 8-42, itis to be noted that the array factor is much sharper than 
the single-turn patterns. Thus, the total Ey and Eg patterns (a) and (c) (Fig. 8-42) are nearly the same, in spite 
of the difference in the single-turn patterns. Furthermore, the main lobes of the Ey and Eg patterns are very 
similar to the array factor pattern. For long helices (say, nS, > 1) itis, therefore, apparent that a calculation 
of only the array factor suffices for an approximate pattern of any field component of the helix. Ordinarily the 
single-turn pattern need not be calculated except for short helices. 

The far-field patterns of a helix radiating in the axial mode can, thus, be calculated to a good approximation 
from a Knowledge of the dimensions of the helix and the wavelength. The value of the relative phase velocity 
used in the calculations may be computed for the increased-directivity condition from the helix dimensions 
and number of turns. 

The effect of the ground plane on the axial-mode patterns is small if there are at least a few turns, since the 
returning wave on the helix and also the back lobe of the outgoing wave are both small. Hence, the effect of 
the ground plane may be neglected unless the helix is very short (7S, < 3). 

The approximate pattern of an axial-mode helix can be calculated very simply, while including the 
approximate effect of the single-turn pattern, by assuming that the single-turn pattern is given by cos ø. Then 
the normalized total radiation pattern is expressed by 
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» tx 90° sin(ny/2) 
E= (sin Fete cose (3) 
where n = number of turns and 
w = 360°[S,(1 — coso) + (1/2n)] (4) 


The value of w in (4) is for the increased-directivity condition 
and is obtained by substituting (8-8-12) in (8-8-3) and simplify- 
ing. The first factor in (3) is a normalizing factor, i.e., makes the 
maximum value of £ unity. 


8-12 Axial Ratio and Conditions for Circular 
Polarization of Monofilar Axial-Mode 
Helical Antennas 


Figure 8-43 Field components 
as viewed from the helix axis. 


In this section the axial ratio in the direction of the helix axis will 
be determined, and also the conditions necessary for circular 
polarization in this direction will be analyzed. 

Consider the helix shown in Fig. 8-43. Let us calculate the 
electric field components Ey and Eg, as shown, at a large dis- 
tance from the helix in the z direction. The helix is assumed to Felix conductor 
have a single uniform traveling wave as indicated. The relative 
phase velocity is p. The diameter of the helix is D and the spac- 


ing between turns is S. U nrolling the helix in the xz plane, the 4 

relations are as shown in Fig. 8-44. The helix as viewed from Toz 

a point on the z axis is as indicated in Fig. 8-45. The angle £ is 

measured from the xz plane. The coordinates of a point Q on Figure 8-44 Geometry for 

the helix can be specified as r, £, z. The point Q is at a distance calculating fields in the z direction. 


L from the terminal point T as measured along the helix. From 
the geometry of Figs. 8-44 and 8-45, we can write 


h = Ising 
Zp—h => zp —1sina 
S ré (1) 
a = arctan — = arccos — 
aD l 
r = l cosa 
where z, is the distance from the origin to the distant point P. 5 
At the point P the component Ey of the electric field for a helix 
of an integral number of turns n is Figure 8-45 Helix of 


Fig. 8-43 as viewed from the 


2rn i 
, Lsin l fy ; 
Eg = £o | sin exp] jo( oe = ) lee (2) positive z axis. 
0 c c pe 


where Eo is a constant involving the current magnitude on the helix. 


1F or a general discussion of elliptical and circular polarization see Secs. 2-15, 2-16 and 2-17; also see K raus (6), Chap. 5. 
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From (1) the last two terms of the exponent in (2) may be rewritten. Thus, 


Lsi l 1 
sina _ré (ena ) _ rég (3) 
C pe c p COS & c 
where 
1 
q = tana — ——__— (4) 
pcosa 


W hen a = 0, the helix becomes a loop and q = —1/p. The relation being obtained is, thus, a general one, 
applying not only to helices but also to loops as a special case. Equation (2) now reduces to 


2mn 
Eg = Ep e? @' Psp) I singe! dé (5) 
0 
where quantities independent of € have been taken outside the integral and where 
w 2x 
Pem 
and 
, 1 
k= 6ra =L( sna- =) (6) 
p 
On integration (5) becomes 
Ei i2xnk 
Eg = =~ (e17 —1 7 
$= i” ) (7) 


where Ey = Ep ef Pz») 
In a similar way we have for the @ component Ea of the electric field at the point P, 


2an lsi l 
Eg = Fo f cosg exp] jo(1 P h ale ) Jee (8) 
0 c c pe 
M aking the same substitutions as in (2), we obtain from (8) 
= JEik jamnk _ 
Eg = k2 = 1 1) (9) 
The condition for circular polarization in the direction of the z axisis 
Eg 
— = +j 10 
Es j (10) 
The ratio of (7) to (9) gives 
= EAE (11) 
Eo jk k 


Accordingly, for circular polarization in the axial direction of a helix of an integral number of turns, k must 
equal +1. 

Equation (11) indicates that Ey and Eg are in time-phase quadrature. Therefore, the axial ratio AR is given 
by the magnitude of (11) or 


sal aA 
|Eol | jk 


1 
=7 (12) 


AR 


The McGraw-Hill Companies 


8-12 Axial Ratio and Conditions for Circular Polarization 335 


The axial ratio will be restricted here to values between unity and infinity. Hence, if (12) is less than unity, its 
reciprocal is taken. 
Substituting the value of k from (6) into (12) yields 
1 


~ Jensina — (1/p)]| 


L,(sina - 3) (14) 
P 


Either (13) or (14) is used so that 1 < AR < œ. 

From (13) and (14), it appears that the axial ratio can be calculated from the turn length L, and pitch 
angle a of the helix, and the relative phase velocity p. If we introduce the value of p for the condition of 
in-phase fields (see Table 8-1), itis found that AR = 1. In other words, the in-phase field condition is also 
the condition for circular polarization in the axial direction. 

This may also be shown by noting that (11) satisfies the condition for circular polarization when k = —1, 


AR (13) 
or 


AR= 


or 
, 1 
t,(sina- =) =-1 (15) 
P 
Solving (15) for p, we obtain 
Li 
= 16 
PS (16) 


which is identical with the relation for in-phase fields (ordinary end-fire condition). 

Our previous discussion on phase velocity indicated that p followed more closely the relation for increased 
directivity than the relation for in-phase fields. Thus, introducing p in (14) for the condition of increased 
directivity, we obtain 


2n+1 


AR (on axis) = (17) 


where n is the number of turns of the helix. If n is large the axial ratio approaches unity and the polarization 
is nearly circular. 

W hen J ohn K raus first derived (17) in 1947, it came as a pleasant surprise to him that the axial ratio could 
be given by such a simple expression. 

Asan example, let us consider the axial ratio in the direction of the helix axis for a 13°, 7-turn helix. The 
axial ratio is unity if the relative velocity for the condition of in-phase fields is used. By (17) the axial ratio 
for the condition of increased directivity is 15/14 = 1.07. This axial ratio is independent of the frequency 
or circumference C, as shown by the dashed line in Fig. 8-46. In this figure, the axial ratio is presented as a 
function of the helix circumference C, in free-space wavelengths. 

If the axial ratio is calculated from (13) or (14), using the measured value of p shown in Fig. 8-46, an 
axial ratio variation is obtained as indicated by the solid curve in Fig. 8-46. This type of axial ratio versus 
circumference curve is typical of ones measured on helical beam antennas. Usually, however, the measured 
axial ratio increases more sharply as C, decreases to values less than about - This difference results from the 
fact that the calculation of axial ratio by (13) or (14) neglects the effect of the back wave on the helix. Thisis 


lwith circularly polarized feed an AR = 1 can be obtained on the axis for a helix of any length according to R. G. Vaughan (1) and 
J.B. Andersen. They also deduce the axial ratio as a function of the off-axis angle. 
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usually small when the helix is radiating in the axial mode but at lower frequencies or smaller circumferences 
(Cy < 3) the back wave is important. The back wave on the helix produces a wave reflected from the ground 
plane having the opposite direction of field rotation to that produced by the outgoing traveling wave on the 
helix. This causes the axial ratio to increase more rapidly than indicated in Fig. 8-46. 

The foregoing discussion applies to helices of an integral number of turns. Let us now consider a long 
helix where the number of turns may assume nonintegral values. Hence, the length of the helical conductor 
will be specified as & instead of 27rn. It is further assumed that k is nearly unity. Thus, (5) becomes 


Fi f j+ i(k-1 
iS eh RTDE _ pik-DE dE (18) 
0=7 h ( ) 
Since k ~ —1,k + 1 œ 0, and it follows that 
ei EtDE ~ 14 jk+D (19) 


Now integrating (18) and introducing the condition that k is nearly equal to —1 and the approximation of (19), 
we have 


E jik-D& _ 
Ey = (a : ) (20) 


2 k-1 
Similarly the @ component Eg of the electric field is 
eik-Da _ J 


k-1 e 


Ei(. 
Eo = tz; (sa + 
J 
W hen the helix is very long 
> 1 


3.0 


2.5 


2.0 


Axial ratio 


Axial mode 


of radiation 


] i i ] i 
4 5 6 7 8 9 10 11 1.2 1.3 1.4 1.5 
Helix circumference, C, 


Figure 8-46 Axial ratio as a function of helix circumference C, for a 13°, 7-turn monofilar 
axial-mode helical antenna. The dashed curve is from (17). (After Kraus.) 
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and (20) and (21) reduce to 


E E 
Ep = js and = Ey = = (22) 
Taking the ratio of Eg to Eg, 
Eg 
Pasi 2 
p (23) 


which fulfills the condition for circular polarization. 
Still another condition resulting in circular polarization is obtained when (k +1)& = 27m, where m is an 
integer. This condition is satisfied when either the positive or negative sign in k + 1 is chosen but not for both. 
To summarize, the important conditions for circular polarization are as follows: 


1. The radiation in the axial direction from a helical antenna of any pitch angle and of an integral 
number of 1 or more turns will be circularly polarized if k = —1 (in-phase fields or ordinary end-fire 
condition). 

2. The radiation in the axial direction from a helical antenna of any pitch angle and a large number of 
turns, which are not necessarily an integral number, is nearly circularly polarized if k is nearly —1. 


8-13 Wideband Characteristics of Monofilar Helical Antennas Radiating in the 
Axial Mode 


The helical beam antenna! has inherent broadband properties, possessing desirable pattern, impedance and 
polarization characteristics over arelativel y wide frequency range. Thenatural adjustment of the phase velocity 
so that the fields from each turn add nearly in phase in the axial direction accounts for the persistence of the 
axial mode of radiation over a nearly 2 to 1 range in frequency. If the phase velocity were constant as a 
function of frequency, the axial-mode patterns would be obtained only over a narrow frequency range. The 
terminal impedance is relatively constant over the same frequency range because of the large attenuation of 
the wave reflected from the open end of the helix. The polarization is nearly circular over the same range in 
frequency because the condition of fields in phase is also the condition for circular polarization. 

As shown in Fig. 8-47a, the dimensions of a helix in free-space wavelengths move along a constant pitch- 
angle line as a function of frequency. If F, is the lower frequency limit of the axial mode of radiation and Fz 
the upper frequency limit of this mode, then the range in dimensions for a 10° helix would be as suggested 
by the heavy line on the diameter-spacing chart of Fig. 8-47a. The center frequency Fo is arbitrarily defined 
as Fo = (Fi + F))/2. 

The properties of a helical beam antenna are a function of the pitch angle. The angle resulting ina maximum 
frequency range F? — F; of the axial mode of radiation is said to be an “optimum” pitch angle. To determine an 
optimum angle, the pattern, impedance and polarization characteristics of helical antennas may be compared 
on a diameter-spacing chart as in Fig. 8-47b. The three contours indicate the region of satisfactory pattern, 
impedance and polarization values as determined by measurements on helices of various pitch angle as a 
function of frequency. The axial length of the helices tested is about 1.6 à at the center frequency. The 
pattern contour in Fig. 8-47b indicates the approximate region of satisfactory patterns. A satisfactory pattern 
is considered to be one with a major lobe in the axial direction and with relatively small minor lobes. Inside 
the pattern contour, the patterns are of this form and have half-power beamwidths of less than 60° and as small 
as 30°. Inside the impedance contour in Fig. 8- 45b the terminal impedance is relatively constant and is nearly 


10r monofilar axial-mode helical antenna. 


The McGraw-Hill Companies 


338 Chapter 8 Helical Antennas 
0.4 
a=10 
0.3 
a 
a 5 
3 © 
T E 0.2 
5 a 
a Constant pitch-angle line 
0.1 
| | 
Spacing, S, 0.1 0.2 0.3 0.4 0.5 
Spacing, S, 
(a) (b) 


Figure 8-47 Diameter-spacing charts for monofilar helices with measured performance 
contours (b) for the axial mode of radiation. 


a pure resistance of 100 to 150 Q. Inside the axial ratio contour, the axial ratio in the direction of the helix 
axis is less than 1.25. Note that all contours lie below the line for which D, = /2S, + 1/z. This line may be 
regarded as an upper limit for the beam mode. It is apparent that the frequency range Fz — Fy is small if the 
pitch angle is either too small or too large. A pitch angle of about 12 or 14° would appear to be “optimum” for 
helices about 1.6 a long at the center frequency. Since the properties of the helix change slowly in the vicinity 
of the optimum angle, there is nothing critical about this value. The contours are arbitrary but are suitable for 
a general-purpose beam antenna of moderate directivity. The exact values of the frequency limits, F1 and Fo, 
are also arbitrary but are relatively well defined by the close bunching of the contours near the frequency limits. 

Based on the above conclusions, John K raus constructed a 14°, 6-turn helix in 1948 and measured its 
properties. The helix has a diameter of 0.31 à at the center frequency (400 MHz). The diameter of the 
conductor is about 0.02 2. Conductor diameters of 0.005 to 0.05 à can be used with little difference in the 
properties of this helix in the frequency range of the beam mode (K raus-5). 

The measured patterns between 275 and 560 M Hz are presented in Fig. 8-19. Itis apparent that the patterns 
are satisfactory over a frequency range from 300 M Hz (C, = 0.73) to 500 MHz (C, = 1.22). 

A summary of the characteristics of this antenna are given in Fig. 8-23 in which the half- power beamwidth, 
axial ratio and standing-wave ratio are shown as a function of the helix circumference. 


8-14 Table of Pattern, Beamwidth, Gain, Impedance and Axial Ratio Formulas 


Expressions developed in the preceding sections for calculating the pattern, beamwidth, directivity, terminal 
resistance and axial ratio for axial-mode helical antennas are summarized in Table 8-2. These relations apply 
to helices for 12° < œ < 15°, ; <C, < 3 andn > 3 or to the more specific restrictions listed in the footnote 
to the table. 


8-15 Radiation from Linear Periodic Structures with Traveling Waves with 
Particular Reference to the Helix as a Periodic Structure Antenna 


Radiation from continuous linear antennas carrying a traveling wave was discussed in Sec. 6-9. Although 
the helical beam antenna consists of a continuous conductor carrying a traveling wave, it is also a periodic 
structure with period equal to the turn spacing as considered in Sec. 8-9. 
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Table 8-2 Formulas for monofilar axial-mode helical antennas 


ie (sin =) sin(ny/2) eee 


Pattern n sin(v/2) 
where w = 360° [sia — cos) + x | 
52° 

Beamwidth (half-power) HPBW = 

See restrictions Cavnsy 
Beamwidth (first nulls) BWFN = 115 

See restrictions Cavnsy 
Directivity (or gaint) D=12C3nS, 

See restrictions 
Terminal resistance R=140C,Q (axial feed) 

See restrictions R=150//C, 2 (peripheral feed) 
Axial ratio (on axis) R= et (increased directivity) 


2n 


f . ; ; 1 i 
Axial ratio (on axis) AR= La(sin a — =) (p unrestricted) 
p 


number of turns of helix 


C, = circumference in free-space wavelengths 
S, = Spacing between turns in free-space wavelengths 
L} = turn length in free-space wavelengths 

a = pitch angle 

p = relative phase velocity 

œ = angle with respect to helix axis 


Restriction for beamwidth and directivity: 0.8 < C} < 1.15; 12° <a <14°;n>3. 
Restriction for terminal resistance: 0.8 < C} < 1.2; 12° <a <14°;n>4. 
t Assuming no losses. 


N ow let us develop the periodic structure approach in a more general way which illustrates the relation of 
helical antennas to other periodic-structure (dipole) antennas.? 
A linear array of n isotropic point sources of 
equal amplitude and spacing is shown in Fig. 8-48 
representing a linear periodic structure carrying a 
traveling wave. As discussed previously the phase 
difference of the fields from adjacent sources as 
observed at a distance point is given by 


To distant 
point 


27 Bound or 
y = — Scos o — ô (1) guided wave 
Xo —> ; 
Array axis 
where © o ooo o.. = 
. 1 2 3 4 — n (¢ = 0) 
S = spacing between sources, m Velocity, v 
Ao = free-space wavelength, m f , , , , 
$ = angle between array axis and direction of Figure 8-48 Linear array of n isotropic point 
distant point, rad or deg sources of equal amplitude and spacing, S, 
ô = phase difference of source 2 with respect representing a linear periodic structure carrying 
to source 1, 3 with respect to 2, etc., a traveling wave. 
rad or deg 


1A Ithough the helix is a periodic structure, itis continuous. The dipole arrays are discontinuous. 
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We assume that the array is fed by a wave traveling along it from left to right via a guiding structure which 
may, for example, be an open-wire transmission line, a waveguide or a helix.1 The phase constant of the 
traveling wave is given by 


fe" (rad m» = U (deg m~*) (2) 
à0p Aop 
where 
Ao = free-space wavelength, m 


p = v/c = relative phase velocity, dimensionless 
v = wave velocity, m s71 
c = velocity of light, m s~ 


1 


The phase difference between sources is given by 


j= on g (rad) = sil S (deg) (3) 
hop Aop 


where S = spacing between sources, m 
In general, for the fields from the n sources to be in-phase at a distant point requires that 
wv =2nm (rad or deg) (4) 


where m = mode number = 0, +1, +2, etc. 
Introducing (3) and (4) into (1) yields 


2 2 
2am = Z Scos- <% sS (5) 
ho hop 
or 
2am = BoS cosd — BS (6) 


2 
where Bo = = = phase constant of free-space wave, rad m~t 
For mode number m = 0, the phase difference of the fields from adjacent sources at a distant point is zero; 
for m = 1, the phase difference is 27; for m = 2, the phase difference is 47; etc. 


2 i 
p= < = phase constant of guided wave, rad m~? 


foS = electrical distance between sources for a free-space wave, rad 
BS = electrical distance between sources for the guided wave, rad 
foS cos@ = electrical distance between sources for a free-space wave in direction 
of distant point 
From (6) we have 
2m 


5 (7) 


Po Cosp = B+ 


or 


B 2m 1 m 
coso = —+ = 


Bo m pe 3n (8) 


We assume a uniform traveling wave. Although such a wave is approximated with a monofilar axial-mode helix, it is not necessarily 
realized with the dipole arrays presented in this section without the addition of suitable impedance matching networks (not shown). See 
Sec. 6-19 on Phased Arrays and Sec. 11-22 on Leaky Wave Antennas. 
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Let us now consider several examples. 


EXAMPLE 8-15.1 Mode Number m = 0 
For different relative phase velocities p, the beam angles @, as given by (8), are as tabulated: 


Beam 
Relative phase velocity, p cosd ¢ direction 
1(v=c) 1 0° End-fire 
oo 0 90° Broadside 
—1 (v = c with wave right-to-left) —1 180° Back-fire 
<1 >1 Imaginary No beam 


For the last entry (p < 1), œ is imaginary. This implies that all of the wave energy is bound to the array 
(guided along it) and that there is no radiation (no beam). 


E Summary 

For p values from +1 to +00 and —co to —1, the beam swings from end-fire (p = 0°) through broadside 
(¢ = 90°) to back-fire (œ = 180°). For p values between —1 and +1 (—1 < p < 1) ¢ is imaginary (no 
radiation). We note that these results are independent of the spacing S. 


EXAMPLE 8-15.2 Mode Number m = —1. Relative phase velocity p = 1(v= c) 
Fields from adjacent sources have 2x (= 360°) phase difference at a distant point in the direction of the 
beam maximum. For different spacings S, the beam angles ¢, as given by (8), are as tabulated: 


Beam 
Spacing S cos¢d ¢ direction 
ho 0 90° Broadside? 
ho/2 —1 180° Back-fire* 


t For this case, there are also equal beams end-fire (p = 0°) and back-fire (@ = 180°). 
+ For this case, there is an equal end-fire lobe (¢ = 0°). 
E Summary 
For spacings between A9/2 and Ao the beam swings between 90 and 180°. Larger spacings are required 
to swing the beam to angles less than 90° but other lobes also appear. 


EXAMPLE 8-15.3 Mode Number m = —1. Relative phase velocity p = 1 (slow 
wave) 


For different spacings S, the beam angles ¢, as given by (8), are as tabulated: 


Spacing S cos¢ ¢ Beam direction 

Xo 1 0°,90°,180° End-fire, broadside 
and backfire 

Ao/2 0 90° Broadside 

Ao/3 -1 180° Back-fire 


E Summary 
For spacings between Ao/3 and Ao the beam swings from back-fire (180°) through broadside (90°) to 


end-fire (0°), but for S = Ao broadside and back-fire lobes also appear. For spacings greater than Ao or 
less than 49/3, œ is imaginary (no beam). 
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EXAMPLE 8-15.4 Mode Number m = —1. Relative phase velocity p = 1 (slow 
wave) 
For different spacings S, the beam angles ¢, as given by (8), are as tabulated: 


Beam 
Spacing S cos¢d ¢ direction 
20/4 1 0° =End-fire 
à0/5 0 90° Broadside 
à0/6 —1 180° Back-fire 


E Solution 


For spacings between A /4 and Ag /6 the beam swings from end-fire, through broadside to back-fire. For 
spacings less than Ao/6 or more than Ag/4, @ is imaginary (no beam). 


The results of Examples 2, 3 and 4 are shown graphically in Fig. 8-49. 

Another way of analyzing an array, and periodic structures in general, is to plot the electrical spacing Bo S 
of the free-space wave (as ordinate) versus the electrical spacing 6S of the guided wave traveling along the 
array (as abscissa). Dividing both coordinates by 27, we obtain S/Ao as ordinate and S/(pao) = S/A as 
abscissa (where A = pAo = wavelength on the array). This type of S-S diagram! is presented in Fig. 8-50, 
illustrating the three arrays of Examples 2, 3 and 4 (shown also in the S-@ diagram of Fig. 8-49). 

For a relative phase velocity p = 1, S/A = S/Ao, and the array operates along the p = 1 line (at 45° to 
the axes). Back-fire occurs at $/A9 = ; and broadside at S/o = 1 (Example 8- 15.2). 


For arelative phase velocity p = 5 the array operates along the p = 7 line with back-fire at S/o = i, 


1.0 


o 
œ 


Example 
7-14.2 


o 
D 
T 


Spacing in free-space wavelengths, S/Àg 
Oo 
a 
T 


0° 30° 60° 90° 120° 150° 180° 
End- Broad- Back- 
fire side fire 


Beam angle, ¢ 


Figure 8-49 Relation of spacing and beam angle for linear arrays with traveling waves of 
relative phase velocities p = 1, i and F (Examples 8-15.2, 8-15.3, and 8-15.4) all with mode 
number m = —1. 


1Some authors use k for Bo and refer to the graph as a k-8 diagram, also called a Brillouin diagram after Leon Brillouin. 
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Array chart showing regions for broad-side, end-fire and back-fire operation with excursion 
distances for monofilar, bifilar, quadrifilar, octafilar, axial-mode helices and for log periodics 


p=-2 pre p=2 
Spacing in 
free-space 
Backward wavelengths Forward 
2 | Sho 
p=-1 p=1 
ay 
Ò 
y 
S 
Broad side 
(m = —1) 
pS 41 
ak A 
ios Ae 
Backward O 
angle-fire K p 
pZ AJA 
ZA pZ 4/5 
Z> = T6 
Ex.47.0% & Turns aN 
Monofilar axial-mode helix YX 
Ex. 9 L 


—1.5 —1 —0.5 1 1.5 2 
Spacing in array wavelengths, S/A For helix, this = C,/cosa 


Figure 8-50 S — S diagram for linear traveling-wave antennas showing regions of operation 
for different types of arrays including Examples 8-15.2 through 8-15.9. Note that for a helix, S/A 
here corresponds to the turn length L}. 


broadside at S/Ao = and end-fire at S/ào = 1 at right edge of diagram (Example 8-15.3). 

For a relative phase velocity p = i, the array operates along the p = i line with back-fire at S/Ag = i 
broadside at S/A9 = £ and end-fire at S/A9 = 4 (Example 8-15.4). For a higher mode number m = —2, the 
array again produces beams swinging from back-fire at S/A9 = h, through broadside at S/o = 2 to end-fire 
at S/ào = + (off diagram at right). 

L et us consider several more examples of traveling-wave periodic-structure arrays. On an S-S diagram each 
type of array occupies a unique location or niche which is characteristic of the antenna’s behavior. Differences 
between arrays are clearly evident from their locations on the diagram. 


EXAMPLE 8-15.5 Scanning Array of Dipoles with S = ìo at Center Frequency 

(Fig. 8-51) 

Beam scanning is by shifting frequency. Physical element spacing is constant. A rray is fed from the left 

end with a two-wire transmission line (p = 1). The mode number m = —1, so (8) becomes 
1 1 1 

S/o SA 


coso = : (9) 


At the center frequency S = Ao and from (9) cos@ = 0 and œ = 90° (beam broadside). Halving the 
frequency makes S = Ag/2 and @ = 180° (beam back-fire). Doubling the frequency makes S$ = 249 and 
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= 60° (only 30° beyond broadside). To swing the beam further toward end-fire requires a further 
increase in frequency. The position of this scanning array is shown in Fig. 8-50 (line labeled E xamples 
2 and 5). It is to be noted that there are other lobes present not given by (9). 


Dipoles 


Example 8—15.5 


Figure 8-51 Scanning array of dipoles with S = Ao at center frequency, relative phase 
velocity p = 1 (v = c) and mode number m = —1. The beam angle ¢ (with respect to 
dipole 1) is outward from the page. (Example 8-15.5.) 


EXAMPLE 8-15.6 Scanning Array of Alternately Reversed Dipoles with 

S = ioj2 at Center Frequency (Fig. 8-52) 

Beam scanning is by shifting frequency. Physical element spacing is constant. A rray is fed from the left 
end with a two-wire transmission line (p = 1). The mode number m = -4, so (8) becomes 


I 
~ 2S/do 
At the center frequency S = Ag/2 and from (10) cos@ = 0 and @ = 90° (beam broadside). Halving 


the frequency makes S= 0/4 and ¢ =180° (beam back-fire). Doubling the frequency makes S = Ao, 
swinging the beam to ¢ = 60°. The position of this scanning array is shown in Fig. 8-50. 


cos¢=1 (10) 


Dipoles 


Example 8-15.6 


Figure 8-52 Scanning array of alternately reversed dipoles with S = Ao/2 at center 
frequency, relative phase velocity p = 1 and mode number m = —}.The beam angle ¢ (with 
respect to dipole 1) is outward from the page. (Example 8-15.6.) 


EXAMPLE 8-15.7 Scanning Array of Dipoles with S = ì0/2 at Center Frequency 
with slow Wave (p = 3) (Fig. 8-53) 

Beam scanning is by shifting frequency. Physical element spacing is constant. Array is fed from the left 
end by a two-wire transmission line with line length 2S between dipoles so that p = i. The mode number 
m = —1, so (8) becomes 
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coso = 2 : (10) 
7 S/o 


Example 8-15.7 


Figure 8-53 Scanning array of dipoles with S = 4/2 at center frequency, relative phase 
velocity p = j (slow wave) and mode number m = —1. (Example 8-15.7.) 


At the center frequency S = Ag/2 and from (11) @ = 90° (beam broadside). Reducing the frequency so 
S = à0/3 makes ¢ = 180° (beam back-fire). Doubling the frequency makes S = Ag and @ = 0° (beam 
end-fire). The position of this scanning array is shown in Fig. 8-50 (line labeled Examples 3 and 7). 


EXAMPLE 8-15.8 Scanning Array of Alternately Reversed Dipoles with 
S = ì0/4at Center Frequency with Slow Wave (p = 3) (Fig. 8-52) 
Beam scanning is by shifting frequency. Physical element spacing is constant. Array is fed from the left 
end by atwo-wire transmission line with line length 2,5 between dipoles so that p = z The mode number 
m = —4, so (8) becomes 

1 


25S/à0 ue) 


coso = 2 — 


Example 8-15.8 


Figure 8-54 Scanning array of alternately reversed dipoles with S = 19/4 at center 
frequency, relative phase velocity p = 5 (slow wave) and mode number m = -i, (Example 
8-15.8.) 


Atthe center frequency S = 49/4 and from (12) ¢ = 90° (beam broadside). Decreasing the frequency to 
i makes S = A9/6 and ¢ = 180° (beam back-fire). Doubling the frequency makes S = Ag/2 and ¢ = 0° 
(beam end-fire). The position of this scanning array is also shown in Fig. 8-50. 
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Now let us consider the monofilar helical antenna in comparison to the above examples of other periodic 
structure arrays with traveling waves. 


EXAMPLE 8-15.9 Monofilar Axial-Mode Helical Antenna with Turn-Spacing 
S = ìg4 and Circumference C = ìo at Center Frequency (Fig. 8-55) 

As discussed in Sec. 8-3, the monofilar axial-mode helical antenna operates in the increased-directivity 
condition resulting in a supergain end-fire beam (@ = 0°). The mode number m = —1 and from (5) we 
have for @ = 0° that 


T any 2x S 
no do p 


21 (12) 


where 
n = number of turns 
p = (v/c) sina = relative phase velocity of wave in direction of helix axis (not along the helical 
conductor as in Sec. 8-3) 
a = pitch angle 
Rearranging (13) we obtain 
1 


P= ope (13) 
2n  S/do 
For large n, 
1 
p (14) 


~ 14+[1/(S/A0)] 
Thus, end-fire (p = 0°) with S = Aog/4 requires that p = 0.20. If the frequency decreases so that 
S = Ao/5 (a 25 percent change in frequency) we have from (5) that 
1 4 

p S/o 0.20 
making ¢ = 90° (beam broadside). H owever, with frequency change the beam does not swing broadside 
but remains locked on end-fire (@ = 0°) because the phase velocity changes automatically by just the 
right amount to not only compensate for the frequency change but also to provide increased directivity 
and supergain. This is one of the very remarkable properties of the monofilar axial-mode helical antenna. 


5=0 (15) 


coso = 


Coaxial k direction 
line S ($ = 0°) 


|_— Ground plane 
Beam 


[b] Example 8-15.9 


Figure 8-55 Monofilar axial-mode helical antenna which locks on end-fire (¢@ = 0°) with 
increased directivity over more than an octave frequency range by an automatic shift in 
relative phase velocity p (see Fig. 8-50). The mode number m = —1. 
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The increased-directivity condition involves not only n. However, for large n the difference in p for 
the two end-fire conditions is small. Thus, for large n we find from (15) that p values range from about 
0.25 for S = Ao/3 through 0.20 for S = 49/4 to 0.167 for S = 49/5, locking the beam on end-fire with 
supergain over a frequency range of about 2 to 1, whichis in marked contrast to the beam-swinging of the 
scanning arrays discussed above. The position of the monofilar helical antenna over a 2 to 1 frequency 
range is shown in Fig. 8-50 for n = 4, 8 and 16 turns. For very large n, the position moves along the 
end-fire line which intersects S/A = 1 on the S/Ag = 0 axis. We note that while other arrays move 
along constant p lines as the frequency changes, the monofilar axial-mode helical antenna moves along 
a constant beam-angle (end-fire) line, cutting across lines of constant p value. 

Another remarkable property and great advantage of the monofilar helical antenna is that the input 
impedance is an almost constant resistance over an octave bandwidth, the resistance being easily set at 
any convenient value from 50 to 150 Q. This is in contrast to the large impedance fluctuations of the 
above dipole arrays with change in frequency. 


8-16 Arrays of Monofilar Axial-Mode Helical Antennas 


With arrays of monofilar axial-mode helical antennas the designer must strike a balance between the number 
and length of helices needed to achieve a desired gain. The choice is between more lower-gain antennas and 
fewer higher-gain antennas appropriately spaced. A s an illustration consider the following problem. 


EXAMPLE 8-16.1 Design a circularly polarized antenna using one or more end-fire elements to 
produce a gain of 24 dB for operation at a given wavelength A. 


E Solution 

The highest end-fire gain is obtained with the increased-directivity condition which is automatic with 
monofilar axial-mode helical antennas. From (8-3-7) for a = 12.7° and C, = 1.05, the required length 
of a single helix is 


252 
12 x 1.052 
requiring an 80-turn helix (Fig. 8-56a). 

A more compact configuration results if four 20-turn helices are used in a broadside array. A ssuming 
uniform aperture distribution, the effective aperture of each helix is 

DA? 6322 2 
sr r = 5.04 (2) 
Assuming a square aperture, the side length is 2.244 (= v5.0). With each helix placed at the center of 
its aperture area, the spacing between helices is 2.242 (Fig. 8-56b). 

A third configuration results if nine 9-turn helices are used in a broadside array (Fig. 8-56c). 

A fourth possible configuration results if sixteen 5-turn helices are used in a broadside array with a 
spacing of 1.12 à between helices (Fig. 8- 56d). 

W hich of the above configurations should be used? The decision will depend on considerations of 
support structure and feed connections. The single helix has a single feed point and a small ground plane 
butis very long. The other configurations have larger ground planes but are more compact. The 4- and 16- 
helix configurations have the advantage that the helices can be fed by a symmetrical corporate structure. 
Also the 16-helix configuration can be operated as a phased array. 


L=nS= 19). (1) 
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Figure 8-56 Single monofilar axial-mode helix with 80 turns (a) compared with an array of 
four 20-turn helices (b), an array of nine 9-turn helices (c) and sixteen 5-turn helices (d ) for 
worked example. All have 24 dB gain. Note also that the product of the number of helices 
and number of turns for each array equals 80 (+1). See Sec. 5-24. 


With the multiple-helix arrays the mutual impedance of adjacent helices is a consideration. Figure 8-57 
shows the resistive and reactive components of the mutual impedance of a pair of same-handed 8-turn monofilar 
axial-mode helical antennas as a function of the separation distance in wavelengths (C, = 1,@ = 12°) 
as measured by Blasi (1). At spacings of a wavelength or more, as is typical in helix arrays, the mutual 
impedance is only afew percent or less of the helix self-impedance (140 Q resistive). Thus, in designing the 
feed connections for a helix array the effect of mutual impedance can often be neglected without significant 
consequences. As examples, let us consider the feed systems for two helix arrays, one with 4 helices and the 
other with 96 helices. 


8-16a Array of Four Monofilar Axial-Mode Helical Antennas 

This array, shown in Fig. 8-58a, built by J ohn K raus in 1947, has four 6-turn, 14° pitch angle helices mounted 
with 1.5 à spacing on a 2.5 x 2.5 A square ground plane (K raus-3). The helices are fed axially through 
an insulated fitting in the ground plane. Each feed point is connected on the back side of the ground plane 
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Figure 8-57 Resistive (R) and reactive (X ) components of the mutual impedance of a pair of 
same-handed 8-turn monofilar axial-mode helical antennas of 12° pitch angle as a function of 
the separation distance (center-to-center) in wavelengths. Helix circumference C, = 1. 
Conductor diameter is 0.016 à. Self-impedance Z11 ~ 140 + j0 Q. (After E. A. Blasi-1.) 


to a junction point at the center of the ground plane. Each conductor acts as a single-wire versus ground- 
plane transmission line with a spacing between wire and ground plane which tapers gradually so that the 
approximately 140 Q at each helix is transformed to 200 Q at the junction. The four 200-Q lines in parallel 
yield 50 Q at the junction which is fed through an insulated connector to a 50-& coaxial fitting on the front 
(helix) side of the ground plane. Since the taper sections are about 1 à long, the arrangement provides a low 
VSWR on the 50-2 line connected to the junction over a wide bandwidth. Beamwicth, axial ratio and VSWR 
performance of the array are presented in Fig. 8-58b. The array gain at the center frequency (800 M Hz) is 
about 18.5 dB and at 1000 M Hz about 21.5 dB. Compare with the quad-helix array of Fig. 8-56. 


8-16b Array of 96 Monofilar Axial-Mode Helical Antennas 


This array, shown in Fig. 8-4, which J ohn K raus (8) designed and constructed in 1951, has 96 11-turn 12.5° 
pitch angle helices mounted on a tiltable flat ground plane 40 à long by 5 à wide for operation at a center 
frequency of 250 MHz. Each helix is fed by a 150-Q coaxial cable. Equal-length cables from each helix of 
one bay or group of 12 helices are connected in parallel to one end of a 2 A long tapered transition section 
which transforms the 12.5-Q (=150/12) resistive impedance to 50 Q. Equal-length 50-Q coaxial cables 
then connect the transition section of each bay to a central location resulting in a uniform in-phase aperture 
distribution with low VSWR over a wide bandwidth. The array produces a gain of about 35 dB at the center 
frequency of 250 MHz (A = 1.2 m) and increased gain at higher frequencies. At 250 MHz the beam is 
fan-shaped with half-power beamwidths of 1 by 8°. 


8-17 The Monofilar Axial-Mode Helix as a Parasitic Element and Polarizer 
(see Fig. 8-59) 
8-17a _ Helix-helix (Fig. 8-59a) 


If the conductor of a 6-turn monofilar axial-mode helical antenna is cut at the end of the second turn, the 
antenna continues to operate with the first 2 turns launching the wave and the remaining 4 turns acting as a 
parasitic director. 


8-17b Polyrod-helix (Fig. 8-59b) 


By slipping a parasitic helix of several turns over a linearly polarized polyrod antenna, it becomes a circularly 
polarized antenna. 
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Figure 8-58 (a) Constructional details for broadside array of four 6-turn, 14° monofilar 
axial-mode helical antennas. Dimensions are in wavelengths at the center frequency. 

(b) Measured performance of 4-helix array of (a) showing beamwidths, axial ratio and VSWR on 
a 53-Q line as a function of frequency. (After Kraus-3.) 
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Figure 8-59 The monofilar axial-mode helical antenna in seven applications as a polarizer 
parasitic element. 


8-17c Horn-helix (Fig. 8-59c) 


By placing a parasitic helix of several turns in the throat of a linearly polarized pyramidal horn antenna without 
touching the horn walls, the horn radiation becomes circularly polarized. 


8-17d Corner-helix (Fig. 8-59d) 
A parasitic helix in front of a corner-reflector antenna results in a circularly polarized antenna. 
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8-17e The 2-wire-line-helix (Fig. 8-59e) 
If a parasitic helix of many turns is slipped over a 2-wire transmission line without touching it (helix diameter 


slightly greater than line spacing), it is reported that the combination becomes a linearly polarized end-fire 
antenna with E parallel to the plane of the 2-wire line [Broussaud-1]. 


8-17f Helix-helix (Fig. 8-59f ) 

If a parasitic helix is wound between the turns of a driven monofi- 
lar axial-mode helical antenna without touching it (diameters Trans- 
the same), Nakano et al. report that the combination gives an mitter 
increased gain of about 1 dB without an increase in the axial 
length of the antenna. The increased gain occurs for helices of 
any number of turns between 8 and 20. The parasitic helix may 
be regarded as a director for the driven helix [Nakano-1, 2]. 


Figure 8-60 The monofilar 
axial-mode helical antenna as a 


8-17g Helix lens (Fig. 8-579) phase-shifting device. 


A monofilar axial-mode helical antenna (or, for that matter, any end-fire antenna) acts as a lens. An array of 
parasitic helices of appropriate length arranged in a broadside configuration can operate as a large aperture-lens 
antenna. 


8-18 The Monofilar Axial-Mode Helical Antenna as a Phase and Frequency 
Shifter 


The monofilar axial-mode helical antenna is a simple, beau- 
tiful device for changing phase or frequency. Thus, if the 30° i 30° 
monofilar axial-mode helical antenna in Fig. 8-60 is trans- \ / 
mitting at a frequency F, rotating the helix on its axis by 
90° will advance the phase of the radiated wave by 90° (or 
retard it, depending on the direction of rotation). Rotating 
the helix continuously f times per second results in radi- 
ation at a frequency F + f depending on the direction of 
rotation (see also Sec. 8-24). Stationary 

As an application, consider the 3-helix lobe-sweeping O 
antenna of Fig. 8-61.All helices are of the same hand. By 


Swept lobe 


rotating helix 1 clockwise and helix 3 counterclockwise with 1 
helix 2 at the center stationary, a continuously swept lobe 

is obtained as suggested in the figure. In operation a small 

lobe appears about 30° to the left, then grows in amplitude 

while sweeping to the right, reaching a maximum at 0° (at 

right angles to the array). Sweeping further to the right, the 

lobe decreases to a small amplitude at an angle of about 30° 

and simultaneously a small lobe appears at 30° to the left 

and the process is repeated, giving a continuously sweeping Figure 8-61 Array of 3 right-handed 
lobe (left to right) which crosses the 0° direction n times monofilar axial-mode helical antennas with 
per minute for a helix rotation speed of n revolutions per outer 2 rotating in opposite directions to 
minute. By using more helices, the beamwidth of the swept produce a continuously sweeping lobe. 
lobe can be made arbitrarily small. 
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John K raus (9) and Richard M cFarland (2) operated this 3-helix lobe-sweeping array in 1957 for observing 
radio emissions from the planet J upiter at frequencies of 25 to 35 M Hz. Each helix had 3 turns and was 3 min 
diameter. The sweeping lobe allowed one to identify celestial objects moving at sidereal or near-sidereal rates 
and distinguish them from terrestrial or near-earth objects. See Fig. 6-60 for a photograph of the helix array. 

Another application of phase-shifting with a helix is discussed in the next section in connection with helices 
for linear polarization. 


8-19 Linear Polarization with Monofilar Axial-Mode Helical Antennas 


If two monofilar axial-mode helical antennas are mounted side by side and fed equal power, the radiation on 
axis will be linearly polarized provided the helices are of opposite hand but otherwise identical (Fig. 8-62a). 
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Figure 8-62 (a) Arrangement for producing left circular polarization (LCP), right circular 
polarization (RCP) or any plane of linear polarization (LP). (b) Two helices of opposite hand in 
series for producing linear polarization (LP). 
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With switch 1 right, switch 2 left and switch 3 up, polarization is linear. Rotating one of the helices on its 
axis 90° rotates the plane of linear polarization by 45°. Rotating one helix through 180° rotates the plane of 
linear polarization 90°. With switches 1 and 3 left, asin the figure, the polarization is LCP (left-handed circular 
polarization). With switches 2 and 3 right, the polarization is RCP (right-handed circular polarization). Thus, 


the two helices can provide either left or right circular polarization or any plane of linear polarization. 
Another method of obtaining linear polarization is to connect a left- and a right-handed helix in series as 


in Fig. 8-62b. 


A third method has already been discussed in Fig. 8-59e (2-wire-line-helix). 
Elliptical polarization approaching linear polarization can be obtained by flattening a helix so that its cross 


section is elliptical instead of circular. 


8-20 Monofilar Axial-Mode Helical Antennas as Feeds 


Figure 8-63 shows a driven helix feeding an 


array of crossed dipoles acting as directors for 
producing circular polarization. Although this 
arrangement has less gain and bandwidth than a 
full helix of the same length the crossed dipoles 
may be simpler to support than along helix. The 
feed connections for the helix are also simpler 
than for a pair of crossed Yagi-Uda antennas, 
which require equal power with voltages in 


phase quadrature. 


AAA 


Crossed 
directors 


Driven 
helix 


Figure 8-63 Monofilar axial-mode helical 
antenna as feed for an end-fire array of crossed 
dipoles. 


Helices are useful as feed elements for parabolic dish antennas. An example constructed by J ohnson and 
Cotton (1) is shown in Fig. 8-64 in which a 3.5-turn monofilar axial-mode helix operates in the back-fire 
mode as a high-power unpressurized (200 kW) circularly polarized feed element for a parabolic dish reflector. 


Without a ground plane the helix naturally 


radiates in the backward axial direction. 
Another example of a back-fire helix feed 
is shown in Fig. 8-6 (King-1). A monofi- 
lar back-fire helical antenna was also con- 
structed by Patton (1) for comparison with 
bifilar back-fire helical antennas. 

Short monofilar axial-mode end-fire 
helices of afew turns with cupped ground 
plane are also useful as feeds for parabolic 
dish reflectors for producing sharp beams 
of circularly polarized radiation. Short 
conical helices (a constant, D and S 
increasing) are also useful because of 
their broad patterns for short focal-length 
dishes (see the helix in Fig. 8-67). 

For dish feeds covering a frequency 
range greater than provided by a single 
helix, two or more helices can be mounted 
coaxially inside each other with phase 
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Figure 8-64 Short back-fire monofilar axial-mode 
helix as high-power (200 kW) circularly polarized feed 
for a parabolic dish antenna. (After R. C.J ohnson (1) 
and R. B. Cotton.) 
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centers coincident as shown in Fig. 8-65. This combination is superior to a log-periodic antenna as the 
feed since the phase center of a log-periodic antenna moves with frequency, resulting in defocusing of the 
parabolic reflector system. 
Holland (1) has built a feed of this type with a larger L-band helix 

helix for the L band and a smaller helix for the S band. 
The number of turns required for the helix feed antennas 
depends on the beamwidth desired. For the pattern to be 
10 dB down at the edge of the parabolic dish reflector, the 
required number of turns is approximately given by 


nx 2209 (1) S-band helix 
P? Sh 

where 

$ = 10dB beamwidth Figure 8-65 Coaxially mounted 

S, = turn spacing in wavelengths peripherally fed monofilar axial-mode helical 
Thus, if S, = 0.21 (w = 12°) and the required value of antennas of same hand as parabolic dish 
= 115° we have from (1) that n = 3. feeds with same stationary phase centers for 

To reduce mutual coupling of the helices, Holland COVering a 5 to 1 frequency range. (After 


placed the peripheral feed points of the two helices on J: Holland-1.) 
Opposite sides of the axis, as suggested in Fig. 8-65, obtaining 2-port fixed-phase-center operation over a5 
to 1 bandwidth. 


8-21 Tapered and Other Forms of Axial-Mode Helical Antennas 


In this section a number of variants of the uniform (constant diameter, constant pitch) monofilar axial-mode 
helical antenna are discussed. Some of these forms are shown in Figs. 8-66, 8-67 and 8-68 which are 
reproduced here without changes from the first edition of Antennas (1950). In Fig. 8-66 we recognize in (a) 
a uniform helix with ground plane and in (c) a uniform helix without ground plane (the same configuration as 
in Fig. 8-64 for a back-fire feed). The double winding in (i) is similar to the one of Nakano (1) (Fig. 8-59f) 
except that both windings in (i) are driven while in Nakano one is parasitic. 

Figure 8-67 shows 9 forms of tapered monofilar axial-mode helical antennas grouped into 3 classes: 
(1) pitch angle œ constant but turn spacing S and diameter D variable, (2)diameter D constant but pitch angle 
a and turn spacing S variable and (3) turn spacing S constant but pitch angle œ and diameter D variable. 
M any of these forms have been investigated— the class (2) form by Day (1). 

Day measured patterns of monofilar axial-mode helical antennas of 6 turns with the diameter constant but 
a increasing or decreasing (D constant but œ and S variable as in Fig. 8-67d, e and f or the middle row of 
Fig. 8-67). The helix conductor diameter was 0.024. Pitch angles were varied on a given helix from 1 to 
20°, 5 to 17° or 9 to 15°, both increasing and decreasing. These were compared with a constant pitch angle 
of 12.5° at helix circumferences C, of 0.6, 0.8, 1.0, 1.2 and 1.4— a total of 35 cases. For pitch angle tapers 
between 5 and 17° and 0.8 < C, < 1.2, the pattern variations are minor. However, at C, = 1.2 and with the 
pitch angle decreasing from 17° at the feed end to 5° at the open end, the gain is 1 dB more than for C, = 1.2 
and æ = 12.5° (constant pitch). This is a significant improvement since the highest gain for a uniform 6-turn 
helix occurs when « is approximately 12.5° and the circumference C, approximately 1.2. Thus, the center 
helix (D constant, œ and S decreasing), of the 9 shown in Fig. 8-67 (i.e., Fig. 8-67e), is a useful variant of 
the uniform helix. 

The conical helix in Fig. 8-67a for which œ is constant and D (or C) and S are increasing has been 
investigated by Chatterjee (1), Nakano (3), Mikawa and Yamauchi and others. With small pitch angles 
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Figure 8-66 Axial-mode helices showing various constructional and feed arrangements. 
(After Kraus.) 
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Figure 8-67 Types of tapered monofilar axial-mode helical antennas. (After Kraus-1.) 


Chatterjee found that very broad patterns can be obtained over a 5 to 1 bandwidth. A ccording to Nakano (3), 
M ikama and Y amauchi, the currents involved are those of the attenuating wave-launching region close to the 
feed point (see Fig. 8-3 and c). 

Additional tapered types are shown in Fig. 8-68. The one at (a) has a tapered and uniform section but 
reversed in order from the uniform-to-taper type of Wong (1) and K ing and others. The other designs shown in 
Fig. 8-68 involve variation in the diameter of the helical conductor d or the width w of a flat strip conductor. 
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Figure 8-68 Types of tapered monofilar axial-mode helical antennas including ones in which 
conductor size is tapered. (After Kraus.) 


Thus, there are 4 quantities which can be varied, Pattern 
a, D,S and d (or w). Since the characteris- maximum 
tics of the monofilar axial-mode helical antenna 
are relatively insensitive to moderate changes 
in dimensions, the effect of moderate depar- 
tures from uniformity is, in general, not large. 
However, some changes may produce signifi- 
cant increases in gain, as discussed above, and 
significant decreases in axial ratio and V SWR. 


8-22 Multifilar Axial-Mode Helical 
Antennas 


Four wires, each à/2 long and forming }- 
turn of a helix as in Fig. 8-69, produce a 
cardioid-shaped back-fire circularly polarized 
pattern (HPBW ~ 120°) when the two pairs 
are fed in phase quadrature. This coil described 
by Kilgus(1) hastwo 3-turn bifilar helices or one 
5-turn quadrifilar helix. The antenna is resonant 


and the bandwidth is narrow (about 4 percent). Figure 8-69 Resonant narrowband back-fire 
The 4 wires can also be 4/4 or à long. For these quadrifilar coil for very broad circularly polarized 
lengths the lower ends are open-circuited instead pattern. (After C. C. Kilgus-1.) Wires are situated 
of short-circuited as for the 4/2 wires of Fig. in space as though wrapped around a cylinder 


8-69. Each bifilar helix can be balun-fed at the as suggested in the figure. 
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top from a coaxial line extending to the top along the central axis. By increasing the number of turns K ilgus 
(2) reports that shaped-conical patterns can be obtained which may be more useful for some applications than 
a cardioid (heart-shaped) pattern. 

A bifilar helix end-fed by a balanced 2-wire transmission line produces a back-fire beam when operated 
above the cutoff frequency of the principal mode of the helical waveguide. The maximum directivity of this 
coil described by Patton (1) occurs slightly above the cutoff frequency. The pattern broadens with increasing 
frequency and at pitch angles of about 45° the back-fire beam splits and scans toward side-fire. 

Below the cutoff frequency, thereis a standing-wave current distribution along the helical conductor. A bove 
cutoff, the standing wave gives way to a gradually decaying traveling wave. With a further increase in frequency 
the rate of decay increases and a low-level standing wave appears, indicating the existence of a higher-order 
helical waveguide mode. This establishes the upper frequency limit of the bifilar helix back-fire radiation. 

Quadrifilar and octofilar axial-mode forward end-fire circularly polarized helical antennas using large pitch 
angles (30 to 60°) have been investigated by Gerst (1) and Worden and Adams et al. (1). 


8-23 Monofilar and Multifilar Normal-Mode Helical Antennas 


The previous sections deal with axial-mode helical antennas with maximum radiation in the direction of the 
helix axis. The radiation may be (forward) end-fire or back-fire. In this section the normal mode of radiation 
is discussed, normal being used in the sense of perpendicular to or at right angles to the helix axis. This 
radiation with its maximum normal to the helix axis may also be described as side-fire or broadside. 

W hen the helix circumference is approximately a wavelength the axial mode of radiation is dominant, but 
when the circumference is much smaller the normal mode is dominant. Figure 8-70a and c shows helices 
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Figure 8-70 Field patterns of axial, 4-lobed and normal radiation modes of helical antennas 
with relative size indicated. 
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Figure 8-71 Dimensions for helix, loop and dipole. 


radiating in both modes while Fig. 8-70b shows a 4-lobed mode helix of Chireix with the relative sizes for 
producing the modes being indicated. 

N ow let us examine the requirements for normal-mode radiation in more detail. Consider a helix oriented 
with axis coincident with the polar or z axis as in Fig. 8-71a. If the dimensions are small (nL <A), the 
maximum radiation is in the xy plane for a helix oriented as in Fig. 8-71a, with zero field in the z direction. 

When the pitch angle is zero, the helix becomes a loop as in 
Fig. 8-71b. When the pitch angle is 90°, the helix straightens out Baa 
into a linear antenna as in Fig. 8- 71c, the loop and straight antenna 
being limiting cases of the helix. 

The far field of the helix may be described by two components 
of the electric field, Ey and Eg, as shown in Fig. 8- 71a. Let us now 
develop expressions for the far-field patterns of these components 
for a small short helix. The development is facilitated by assuming 
that the helix consists of anumber of small loops and short dipoles 
connected in series as in Fig. 8- 72a. The diameter D of the loops (a 
is the same as the helix diameter, and the length of the dipoles S is 
the same as the spacing between turns of the helix. Provided that 
the helix is small, the modified form of Fig. 8-72a is equivalent to 
the true helix of Fig. 8- 71a. The current is assumed to be uniform 
in magnitude and in phase over the entire length of the helix. Since the helix is small, the far-field pattern is 
independent of the number of turns. Hence, it suffices to calculate the far-field patterns of a single small loop 
and one short dipole as illustrated in Fig. 8- 72b. 

The far field of the small loop has only an Ey component. Its value is given in Table 7-1 as 


ae 120x?[I]sino A 
rr F 
where the area of the loop A = x D? /4 
The far field of the short dipole has only an Eg component. Its value is given in the same table as 
607[7] sind S 
aa ae | 
where S has been substituted for L as the length of the dipole. 


Is 
D 
k> 
g 
) (b) 
Figure 8-72 Modified helix for 
normal-mode calculations. 


(1) 


Eo = (2) 
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Comparing (1) and (2), the j operator in (2) and its absence in (1) indicates that Ey and Ep» are in phase 
quadrature. The ratio of the magnitudes of (1) and (2) then gives the axial ratio of the polarization ellipse of 
the far field. Hence, dividing the magnitude of (2) by (1) we obtain for the axial ratio: 
| Eo| Sr 25À 2S), 


AR = = = = 
|Eọ| 2wA x?D? C? 


(3) 


Three special cases of the polarization ellipse are of interest. (1) When Eg = 0, the axial ratio is infinite 
and the polarization ellipse is a vertical line indicating linear vertical polarization. The helix in this case is 
a vertical dipole. (2) When Eg = 0, the axial ratio is zero! and the polarization ellipse is a horizontal line 
indicating linear horizontal polarization. The helix in this case is a horizontal loop. (3) The third special case 
of interest occurs when | E| =|£¢|. For this case the axial ratio is unity and the polarization ellipse is a circle, 
indicating circular polarization. Thus, setting (3) equal to unity yields 


mD=VJ2SK or Cy=V2S, (4) 

This relation was first obtained by Wheeler (1) in an equiva- Field pattern 
lent form. The radiation is circularly polarized in all directions 
in space but with zero field on axis (z direction, Fig. 8-71a). 
A monofilar normal-mode helix or Wheeler coil fulfilling con- 
dition (4) is shown in Fig. 8-73. It is a resonant, narrowband D, = 
antenna. [= 0.045 >| 

We have considered three special cases of the polarization Cy = 0.14 
ellipse involving linear and circular polarization. In the general oe 
case, the radiation is elliptically polarized. Therefore, the radia- ewlreileed Ẹ S = 0.01 
tion from a helix of constant turn-length changes progressively 
through the following forms as the pitch angle is varied. W hen Figure 8-73 Resonant 
a =0, we have a loop (Fig. 8-71b) and the polarization is linear narrowband circularly polarized 
and horizontal. As œ increases, let us consider the helix dimen- monofilar normal-mode of Wheeler. 
sions as we move along a constant L, line (circle with center Pattern is that of a short dipole. 


at origin, Fig. 8-10). As œ increases from zero, the polarization 
becomes elliptical with the major axis of the polarization ellipse horizontal. W hen w reaches a value such that 
C, = /25S, the polarization is circular. With the aid of Fig. 8-9, this value of œ is given by 


-14+,/1+1? Ši 


à 


Asa increases still further, the polarization again becomes elliptical but with the major axis of the polarization 
ellipse vertical. Finally, when reaches 90°, we have a dipole (Fig. 8-71c) and the polarization is linear and 
vertical. W heeler’s relation for circular polarization from a helix radiating in the normal mode as given by (4) 
or (5) is shown in Fig. 8-10 by the curve marked C} = v25}. 

In the preceding discussion on the normal mode of radiation, the assumption is made that the current is 
uniform in magnitude and in phase over the entire length of the helix. This condition could be approximated 
if the helix is very small (nL <A) and is end-loaded. However, the bandwidth of such a small helix is very 
narrow, and the radiation efficiency is low. The bandwidth and radiation efficiency could be increased by 


a = arcsin 


1The axial ratio is here allowed to range from 0 to oo, instead of from 1 to oo as customarily, in order to distinguish between linear 
vertical and linear horizontal polarization. 
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increasing the size of the helix, but to approximate the uniform, in-phase current distribution requires that 
some type of phase shifter be placed at intervals along the helix. This may be inconvenient or impractical. 
Hence, the production of the normal mode of radiation from a helix has practical limitations. 

Anantenna having four slanting dipoles that is suggestive of a fractional-turn quadrifilar helix radiating in 
the normal mode had been built by Brown (2) and Woodward (see Fig. 20-19 f). Their arrangement is based 
on a design described by Lindenblad (1). 


Resonant monofilar normal-mode helical antennas are useful as D, = 0.013 
short, essentially vertically polarized, radiators. Referring to A 
Fig. 8-74, the helix mounted on a ground plane with axis vertical acts 4 


as a resonant narrowband substitute for a à /4 vertical stub or monopole 
above aground plane. The helix in Fig. 8- 74 is 0.06 Ain height or about 
ł-height of a à/4 stub. From (3) the axial ratio of the helix is given by 
28, 2x 0.01 
= T= =125 6 
c? — (0.042 © 
with the major axis of the polarization ellipse vertical. The polarization 
is, thus, essentially linear and vertical with an omnidirectional pattern 
in the horizontal plane (plane of ground plane). The radiation resistance —4 
is nearly the same as for a short monopole of height A, above the ground 
plane where ha = nS}, which from (2-10-9) or (6-4-11) (for a short Figure 8-74 Short resonant 


AR 


Coaxial line 


dipole) is given by narrowband monofilar 
2 normal-mode helical antenna 
R=}x 790( =) h2 (Q) (7) mounted over a ground plane as 
lo substitute for a 4/4 stub. 


Assuming a sinusoidal current distribution (maximum current at ground plane, zero at open end), 
2 
R; = 395 x (<) x 0.06? = 0.62 (8) 
T 


This is the radiation resistance between the base of the helix and ground. Connection to a coaxial line would 
require an impedance transformer, but with the shunt feed of Fig. 8-74 the helix can be matched directly to a 
coaxial line by adjusting the tap point on the helix. With such a small radiation resistance, any loss resistance 
can reduce efficiency. The advantage of the helix over a straight stub or monopole is that its inductance can 
resonate the antenna. 

A center-fed monofilar helix (a = 30°) with S, = 1, L} = 2 and C, = /3 has a 4-lobed pattern, 1 lobe 
each way on axis and 2 lobes normal to the axis. Its location is indicated on the m = 1 line of Fig. 8-10 
where the L, = 2 and œ = 30° lines intersect, for which also C, = 1.73 and S, = 1 (Chireix design, see 
also Fig. 8-70b). 

Patton (1) has demonstrated that a bifilar helix end-fed by a balanced 2-wire transmission line can produce 
circularly polarized omnidirectional side-fire radiation when pitch angles of about 45° are used. 

Some other monofilar and multifilar normal mode (side-fire) helices for omnidirectional FM and TV 
broadcasting are described by King (3) and Wong and by DuH amel (1). 


8-24 Axial-Mode Helix Terminations 


A dielectric tube supporting a helical conductor may significantly affect performance. The magnitude of the 
effect depends on the dielectric’s properties and its geometry, especially the thickness of the tubing wall. 
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For a peripherally fed helix supported on a polyvinyl chloride (PVC) tube with s, =2.70, Baker (1), using 
the VSWR as a criterion, found that the relative frequency for the onset of the axial mode shifted from 0.72 
without the tube to 0.625 with the tube for a ratio of 1.15. Thus, the effective relative permittivity eer (with 
tube) = 1.32 (= 1.152), making the terminal resistance at the center frequency 130 Q (=150/,/1.32). A 
precision matching section designed by Baker converts this to 50 Q with measured VSWR < 1.2 (p, < 
—20 dB) over a1.7 to 1 bandwidth. The helix wire is wound in a groove of half the wall thickness machined 
with a computer-controlled lathe. All dimensions of the helix, matching section and supporting structure are 
specified in Baker's design. 

Several arrangements have been proposed to reduce the axial ratio and V SWR to even lower values. These 
includea conical end-taper section by Wong (1) and King, Donn (1), Angelakor (3) and K ajfez and] amwal (1) 
and Vakil, and a flat spiral termination by Baker (1). The flat spiral adds no axial length to the helix. The 
reflection coefficient (or VSWR) as measured by Baker for a 10-turn peripherally fed monofilar axial-mode 
helical antenna with and without the spiral termination is presented in Fig. 8-75. The improvement occurs at 
relative frequencies above 1.1 which, however, is a region where the gain is decreasing. 


Without spiral 


S 41.3 
pa i 
5 —20 
2 dq. 
= | g 
3 ^ Al = 
O Ml o 
Ez l 
8 -30 it i 
? 2 ee 
(g) 
u 
v 
—40 1.02 


| | | | | 
0.7 0.8 0.9 1.0 1.1 1.2 1.3 1.4 


Relative frequency 
(or circumference, C,) 


50 


Figure 8-75 Reflection coefficient and VSWR for an impedance-matched peripherally fed 
10-turn, 13.8° monofilar axial-mode helical antenna as a function of relative frequency (or 
circumference C,) without spiral termination (solid) and with it (dashed). (After D. E. Baker-1.) 


8-25 Antenna Rotation Experiments 


Consider the radio circuit shown in Fig. 8-76a in which both the transmitting and receiving antennas are 
linearly polarized. If either of the antennas is rotated about its axis at a frequency f (r/s), the received signal 
is amplitude modulated at this frequency. The direction of rotation is immaterial. 
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Receiver 


_ Antenna 
axis 
aT) Es ZL 
(b) 


Figure 8-76 Arrangements for antenna rotation experiments. (a) Antenna rotation produces 
amplitude modulation. (b) Rotating the monofilar axial-mode helix increases or decreases the 
signal frequency by the rotation rate. 


Consider next the radio circuit shown in Fig. 8-76b in which one antenna is circularly polarized and the 
other is linearly polarized. If one of the antennas is rotated about its axis at a frequency f (r/s), the received 
signal is shifted to F + f, where F is the transmitter frequency. This experiment may also be conducted with 
2 circularly polarized antennas of the same type. The frequency f is added or subtracted from F depending 
on the direction of antenna rotation relative to the rotation direction of E (or hand of circular polarization). 


8-26 Bifilar and Quadrifilar Axial-Mode Helices [eo plane 


Intertwining two 13° pitch-angle helices fed in phase opposition, 

as in Fig. 8-77, results in an improved pattern (smaller minor N 
lobes) according to Holtum (1). Intertwining four helices fed in 

progressive phase-quadrature steps results in an approximation to LW 


a continuous helical current sheet with reduced bandwidth due to line 
the feed network. These helices operate with the reduced phase 
velocity of the monofilar helix in region A of Fig. 8-10. 

A bifilar helix with large (68°) pitch angle and small diameter 
(<0.1 à) hasa pattern thatscansin angleas a function of frequency 
[Zimmerman (1), Nakano (3)]. The phase velocity v = c. See 
point C of Fig. 8-10. 


Figure 8-77 Intertwined 
axial-mode helices fed in phase 
opposition from a twin line. 


8-27 Genetic Algorithm Five-Segment Helix Versus Circular Helix 


Using agenetic algorithm, Altshuler (1) has designed an antenna intended for use as the vehicular terminal of 
an LEO or MEO satellite link. It is a wire with five straight segments of irregular length bent in the form of a 
14-turn helix. It has a circumference of ~ and a turn spacing of ~0.5 à. Its position on the chart of Fig. 8-10 
is shown by the point G. It closely resembles the 1 turn “curl antenna” of Nakano (5). See Fig. 20-47-1. 
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An antenna of Altshuler’s dimensions has been measured and compared with measurements for a regular 
circular 15-turn helix of the same circumference and length. The results are shown in Fig. 8- 78 with patterns 
in decibels above isotropic (dBi) and polarization in inverse axial ratio (IAR =1/AR). 

The 5-segment helix is 0.51AR right-circularly polarized (RCP) on axis (0°) with a gain of 2 dBi changing 
to linear polarization (LP) at —75° and 50° and then to left-circular polarization (LCP) of 0.4 IAR at the 
ground plane (+90°). 
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Figure 8-78 Patterns in decibels above isotropic (dBi) of 5-segment helix (a) and of circular 
helix (b) flanked at left and right by the inverse of the axial ratio (IAR = 1/AR). At 1.0 the field is 
100 percent circularly polarized while at 0.0 itis linearly polarized. Measurements were made at 
1575 MHz on a 1.1 A square ground plane. (Measurements by Kevin Sickles at the 
ElectroScience Laboratory of the Ohio State University.) 
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The circular helix is 0.84 IAR RCP on axis with a gain of 7.5 dBi changing to 0.25 IAR RCP at —90°, 
LP at 70° and 0.4 IAR LCP at 90°. Comparing the two antennas, it is apparent that the 5-segment helix 
approximates a circular helix. In this case, the circular helix has more gain on axis (7.5 dBi vs. 2.0 dBi), more 
RCP purity on axis (0.84 vs. 0.5) and a wider RCP angle of 160° vs. 120°. 

The genetic-algorithm helix has more gain at large angles away from the axis but with impure polarization. 
Trends are similar for other cuts through the pattern. The 5-segment helix measurements are similar to 
Altschuler’s when one takes into account that his measurements were made with an RCP horn antenna and 
the field was not resolved into right- and left-handed components as done above. 
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Problems 

8-5-1 A 10-turn helix. A right-handed monofilar helical antenna has 10 turns, 100 mm diameter and 70 mm 
turn spacing. The frequency is 1 GHz. (a) Whatis the H PB W ? (b) What is the gain? (c) Whatis the polarization 
state? (d) Repeat the problem for a frequency of 300 M Hz. 

8-5-2 A 30-turn helix. A right-handed monofilar axial-mode helical antenna has 30 turns, 1/3 diameter and 
2/5 turn spacing. Find (a) HPBW, (b) gain and (c) polarization state. 

8-5-3 Helices, left and right. Two monofilar axial-mode helical antennas are mounted side by side with 
axes parallel (in the x direction). The antennas are identical except that one is wound left-handed and the 
other right-handed. W hat is the polarization state in the x direction if the two antennas are fed (a) in phase 
and (b) in opposite phase? 

*8-5-4 Axial-mode helical antenna. Design aright circularly polarized (RCP) axial-mode helical antenna 
with 17 dBi gain for operation at 1600 MHz with turn spacing A/z. Find (a) number of turns, (b) turn 
diameter, and (c) axial ratio. 

*8-7-1 Yagi-Uda antenna. Design a Yagi-Uda six-element antenna for operation at 500 MHz with a folded 
dipole feed. W hat are the lengths of (a) reflector element, (b) driven element, and (c) four-director element? 
W hat is the spacing (d) between reflector and driven element and (e) between director elements? W hat is ( f ) 
frequency bandwidth (upper and lower frequencies) and (g) gain? 

For computer programs, see A ppendix C. 
See Table 8-2, p. 385, for a summary of important formulas for axial-mode helical antennas. 

*8-9-1 An 8-turn helix. A monofilar helical antenna has œ = 12°,n = 8, D = 225 mm. (a) What is p at 
400 MHz for (1) in-phase fields and (2) increased directivity? (b) Calculate and plot the field patterns for 
p = 1.0, 0.9, and 0.5 and also for p equal to the value for in-phase fields and increased directivity. Assume 
each turn is an isotropic point source. (c) Repeat (b) assuming each turn has a cosine pattern. 

8-10-1 A 6-turn helix. A monofilar axial-mode helical antenna has 6 turns, 231 mm diameter and 181 mm turn 
spacing. Neglect the effect of the ground plane. Assume that the relative phase velocity p along the helical 
conductor satisfies the increased-directivity condition. Calculate and plot the following patterns as a function 
of (0 to 360°) in the 6 = 90° plane at 400 M Hz. Use the square helix approximation. (a) Egr for a single 
turn and Eg for the entire helix. (b) Repeat (a) neglecting the contribution of sides 2 and 4 of the square turn. 
(c) Eor for a single turn and Eg for the entire helix. 

*8-12-1  Normal-mode helix. (a) Whatis the approximate relation required 
between the diameter D and height H of an antenna having the configu- 
ration shown in Fig. P8- 11-1, in order to obtain a circularly polarized far 
field at all points at which the field is not zero? The loop is circular and g 
is horizontal, and the linear conductor of length H is vertical. A ssume D 
and H are small compared to the wavelength, and assume the current is of 
uniform magnitude and in phase over the system. (b) W hat is the pattern Figure P8-1 2-1 
of the far circularly polarized field? Normal mode helix. 
8-16-1 Design of quad-helix earth station antenna. An array of four right-handed axial-mode helical 


antennas, shown in Fig. 8-56, can be used for communications with satellites. Determine (a) the best spacing 
based on the effective apertures of the helices, (b) the directivity of the array. A ssume the number of turns is 
20 and the spacing between turns is 0.25 À. 


For computer programs, see A ppendix C. 
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Chapter 9 


Reflector Antennas 


Topics in this chapter include: 


E  Flat-sheet reflectors © Parabolic reflectors 
E Corner reflectors Æ Patterns of large circular apertures 
Æ Passive corner reflectors 


9-1 Introduction 


Reflectors are widely used to modify the radiation pattern of a radiating element. For example, the backward 
radiation from an antenna may be eliminated with a plane sheet reflector of large enough dimensions. In 
the more general case, a beam of predetermined characteristics may be produced by means of a large, 
suitably shaped, and illuminated reflector surface. The characteristics of antennas with sheet reflectors or 
their equivalent are considered in this chapter. 

Several reflector types are illustrated in Fig. 9-1. The arrangement in Fig. 9-1a has a large, flat sheet 
reflector near a linear dipole antenna to reduce the backward radiation (to the left in the figure). With small 
spacings between the antenna and sheet this arrangement also yields a substantial gain in the forward radiation. 
The desirable properties of the sheet reflector may be largely preserved with the reflector reduced in size as 
in Fig. 9-1b and even in the limiting case of Fig. 9-1c. Here the sheet has degenerated into a thin reflector 
element. W hereas the properties of the large sheet are relatively insensitive to small frequency changes, the 
thin reflector element is highly sensitive to frequency changes. The case of a 4/2 antenna with parasitic 
reflector element was treated in Sec. 8-6. 

With two flat sheets intersecting at an angle aw (<180°) as in Fig. 9-1d, a sharper radiation pattern than 
from a flat sheet reflector (w = 180°) can be obtained. This arrangement, called an active corner reflector 
antenna, is most practical where apertures of 1 or 24 are of convenient size. A corner reflector without an 
exciting antenna can be used as a passive reflector or target for radar waves. In this application the aperture 
may be many wavelengths, and the corner angle is always 90°. Reflectors with this angle have the property 
that an incident wave is reflected back toward its source as in Fig. 9-1e, the corner acting as a retroreflector. 

When itis feasible to build antennas with apertures of many wavelengths, parabolic reflectors can be used 
to provide highly directional antennas. A parabolic reflector antenna is shown in Fig. 9-1f. The parabola 
reflects the waves originating from a source at the focus into a parallel beam, the parabola transforming the 
curved wave front from the feed antenna at the focus into a plane wave front. M any other shapes of reflectors 
can be employed for special applications. For instance, with an antenna at one focus, the elliptical reflector 


368 
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Figure 9-1 Reflectors of various shapes. 
(Fig. 9-1g) produces a diverging beam with all reflected waves passing through the second focus of the ellipse. 
Examples of reflectors of other shapes are the hyperbolic (Stavis-1) and the circular reflectors (A shmead-1) 


shown in Figs. 9-1h and i. 
The plane sheet reflector, the corner reflector, the parabolic reflector and other reflectors are discussed 


in more detail in the following sections. Feed systems, aperture blockage, aperture efficiency, diffraction, 
surface irregularities and frequency-selective surfaces are considered in later chapters. 


9-2 Flat Sheet Reflectors 

The problem of an antenna at a distance S$ from a perfectly conducting plane sheet reflector of infinite extent 
is readily handled by the method of images (Brown-1). In this method the reflector is replaced by an image 
of the antenna at a distance 25 from the antenna, as in Fig. 9-2. This situation is identical with a horizontal 
antenna above ground. If the antenna is a 4/2 dipole this in turn reduces to the problem of the W 8] K antenna 
discussed in Sec. 6-8. Assuming zero reflector losses, the gain in field intensity of a /2 dipole antenna at a 
distance S$ from an infinite plane reflector is 


| RutRke 
Gro) =2 heheh a so) (1) 


where S, = 27 S/d. 
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The gain in (1) is expressed relative to a A/2 antenna in free space with the Flat sheet 
same power input. The field patterns of 4/2 antennas at distances S$ = 2/4, 1/8 reflector 


and 2/16 from the flat sheet reflector are shown in Fig. 9-3. These patterns are 
calculated from (1) for the case where Rz = 0. 

The gain as a function of the spacing S is presented in Fig. 9-4 for assumed 
antenna loss resistances Rz = 0, 1 and 5 Q. These curves are calculated from (1) 
for @ = 0. Itis apparent that very small spacings can be used effectively provided "Mage < ae 
that losses are small. However, the bandwidth is narrow for small spacings. With 
wide spacings the gain is less, but the bandwidth is larger. Assuming an antenna 
loss resistance of 1 Q, a spacing of 0.125, yields the maximum gain. 

A large flat sheet reflector can convert a bidirectional antenna array into a 
unidirectional system. An example is shown in Fig. 9-5a. Here a broadside array 
of 16 in-phase à /2 elements spaced à /2 apartis backed up by a large sheet reflector 
so thata unidirectional beam is produced. The feed system for the array isindicated, 
equal in-phase voltages being applied at the 2 pairs of terminals F- F. If the edges Figure 9-2 
of the sheet extend some distance beyond the array, the assumption that the flat Antenna with flat 
sheet is infinite in extent is a good first approximation. The choice of the spacing S sheet reflector. 
between the array and the sheet usually involves a compromise between gain and 
bandwidth. If a spacing of 4/8 is used, the radiation resistance of the elements of a large array remains about 
the same as with no reflector present (W heeler-1). This spacing also has the advantage over wider spacings of 
reduced interaction between elements. On the other hand, a spacing such as 4/4 provides a greater bandwidth, 
and the precise value of S is less critical in its effect on the element impedance. 


i Gain in 
field intensity 


à/2 antenna 
in free space 


A ae 


4 


Flat sheet 
reflector 


F ai i 


16 


co|> 


Figure 9-3 Field patterns of a 1/2 antenna at spacings of }, 3 and 4a from an infinite flat 
sheet reflector. Patterns give gain in field intensity over a 4/2 antenna in free space with same 
power input. For 4/8 spacing, the gain is 2.2 (=6.7 dB = 8.9 dBi). 
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Figure 9-4 Gain in field intensity of 1/2 dipole antenna at distance S from flat sheet reflector. 
Gain is relative to 4/2 dipole antenna in free space with the same power input. Gain in dBi is 
also shown. Gain is in direction ¢ = 0 and is shown for assumed loss resistances R, = 0.1 

and 5 Q. 


Flat sheet 
reflector 
Back curtain ~<— Front 
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either way 
(b) 


To transmitter 


Figure 9-5 (a) Array of 16 4/2 dipoles with flat-sheet reflector (billboard antenna). 
(b) Flat-sheet reflector replaced by a back curtain of 16 4/2 dipoles for reduced wind resistance. 
Also by reversing the transmission lines at A, the beam direction can be reversed. 
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M any shortwave broadcast stations operating at 15 to 50 m wavelengths and beaming worldwide use large 
curtain arrays; as in Fig. 9-5b, supported by tall towers. The array in Fig. 9-5b has a gain of about 17 dBi. 
Adding another set of curtain arrays (both front and back) alongside the array of Fig. 9-5b for a total of 
64 dipoles increases the gain to about 20 dBi. Doubling again to 128 dipoles, the gain is about 23 dBi and 
doubling again to 256 the gain is about 26 dBi. Doubling once more to 512 dipoles the gain is about 29 dBi. 


EXAMPLE 9-2.1 Short-Wave Station with 512 1/2-Dipole Array 
This large array is equal in size to 16 of the arrays of Fig. 9-5b placed side-by-side. 


(a) If the station transmitter delivers 25,000 W to the 512-dipole array what is the effective radiated power 
(ERP)? 

(b) What is the field strength at a distance of 7500 km assuming that the signal is trapped between the 
ionosphere at a height of 250 km and the earth? 


E Solution 
(a) antilog 2.9 = 794 


794 x 25,000 = 19.9MW Ans. (a) 
(b) ERP /22rh = 19.9 x 10°/277.5 x 10° x 250 x 103 = 1.68 x 10-® W/m? 


E=,/WZ/m2= v1.68 x 10-6 x 377 =25 mV /m, avery strong signal. Ans. (b) 


W hen the reflecting sheet is reduced in size, the analysis is less simple. The situation is shown in Fig. 9- 6a. 
There are 3 principal angular regions: 


Region 1 (above or in front of the sheet). In this region the radiated field is given by the resultant of the 
direct field of the dipole and the reflected field from the sheet. 


Region 2 (above and below at the sides of the sheet). In this region there is only the direct field from the 
dipole. This region is in the shadow of the reflected field. 


Region 3 (below or behind the sheet). In this region the sheet acts as a shield, producing a full shadow (no 
direct or reflected fields, only diffracted fields). 


If the sheet is 1 or 2A in width and the dipole is close to it, image theory accounts adequately for the 
radiation pattern in region 1. In region 2, the distant field is dominated by the direct ray from the dipole. 
In the full shadow behind the sheet (region 3) the Geometrical Theory of Diffraction (GTD) must be used. 
The pattern in this region is effectively that of 2 weak line sources, one along each edge. The fields in the 3 
regions are shown in Fig. 9- 6b for the case of the sheet width dimension D = 2.25 and the dipole spacing 
d = 31/8. It is assumed that the sheet is very long perpendicular to the page (>> D). 

Narrower reflecting sheets result in more radiation into region 3 but this diffracted radiation can be 
minimized by using a rolled edge (radius of curvature >A /4) and absorbing material, as suggested in Fig. 9-6c. 


1Diffraction is also discussed in Secs. 5-21 and 7-13. For more details on the principles of physical and geometrical diffraction theories 
see K raus-1. 
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Figure 9-6 (a) Dipole antenna with 2.25, flat sheet reflector with 3 regions of radiation 
according to geometric optics. (b) Field pattern of dipole and sheet reflector according to 
geometric optics (heavy solid line) and according to geometric theory of diffraction (dotted line). 
The solid circle indicates the field from the dipole alone (in free space) and the dashed line 


gives the pattern for dipole with an infinite sheet reflector. (c) Modification of edges of sheet to 
reduce diffracted back-side radiation (in region 3). 
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9-3 Corner Reflectors 
9-3a Introduction by John Kraus 


In 1938 while analyzing the radiation from a dipole parallel to and closely spaced from a flat reflecting sheet, 
| realized that when the sheet is replaced by its image, the dipole and its image form a W8JK array. When 
the flat sheet (180° included angle) is folded into a square (90°) corner the theory calls for 3 images, and 
my calculations showed correspondingly higher gain. Thus, the corner reflector developed as an extension 
of my analysis of the W 8J K array. | immediately constructed several corner reflectors to obtain experimental 
confirmation. | tried parallel-wire grid reflectors, modifying both the spacing and length of the reflector wires 
to determine the limiting dimensions required. Figure 9-7 shows a 90° corner for 4 = 1 m operation | built 
in 1938 with patterns measured by rotating the antenna on a turntable. 

The following discussion is based mainly on my articles in the Proceedings of the I.R.E., in Radio and a 
patent filed for me by the Radio Corporation of America (RCA) (K raus-2, 3, 4). 


Figure 9-7 90-degree or square-corner reflector on turntable for measurements atà = 1 m 
outside my home in 1939. The reflector is made of copper window screen. The screen reflector 
is 70 cm square. 
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9-3b Corner Reflector Design 


Two flat reflecting sheets intersecting at an angle or corner as in Fig. 9-8 form an effective directional antenna. 
When the corner angle a = 90°, the sheets intersect at right angles, forming a square-corner reflector. Corner 
angles both greater or less than 90° can be used Corner 

although there are practical disadvantages to angles reflector 


much less than 90°. A corner reflector with a = Transmission Driven 
180° is equivalent to a flat sheet reflector and may be ing aes 
considered as a limiting case of the corner reflector. DB "Boa 
This case has been treated in Sec. 9-2. Apex ~<J 


Assuming perfectly conducting reflecting sheets 
of infinite extent, the method of images can be 
applied to analyze the corner reflector antenna for 
angles æ = 180°/n, where n is any positive integer. 
This method of handling corners is well known in electrostatics (J eans-1). Corner angles of 180° (flat sheet), 
90°, 60°, etc., can be treated in this way. Corner reflectors of intermediate angle cannot be determined by this 
method but can be interpolated approximately from the others. 


Figure 9-8 Corner reflector antenna. 


In the analysis of the 90° corner reflector 5 Corner reflector 
there are 3 image elements, 2, 3 and 4, located ‘NG = 
as shown in Fig. 9-9a. The driven antenna 1 + i To point P 


and the 3 images have currents of equal mag- S 
nitude. The phase of the currents in 1 and 4 is joes 
1 


the same. The phase of the currents in 2 and 3 


is the same but 180° out of phase with respect F4 > element 
to the currents in 1 and 4. All elements are 7 | 
assumed to be 4/2 long. á 3 
At the point P at a large distance D from (a) (b) 


the antenna, the field intensity is Figure 9-9 Square-corner reflector with 


E(o) = 2kh|[cos(S, coso) images used in analysis (a) and 4-lobed 
— cos(S, sin 6) ]| (1) pattern of driven element and images (b). 


where 
l =current in each element 
S, =spacing of each element from the corner, rad 
=27 (S/d) 
k =constant involving the distance D, etc. 
For arbitrary corner angles, analysis involves integrations of cylindrical functions which can be approxi- 


mated by infinite sums as shown by K lopfenstein (1). The emf Vj at the terminals at the center of the driven 
element is 


YW = hZu + Riz + hZy -2hnZy2 (2) 
where 


Z11 = self-impedance of driven element 
Ri = equivalent loss resistance of driven element 
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Z12 = mutual impedance of elements 1 and 2 
Z14 = mutual impedance of elements 1 and 4 


Similar expressions can be written for the emf’s at the terminals of each of the images. Then if P is the power 
delivered to the driven element (power to each image element is also P), we have from symmetry that 


fee = (3) 
Ri + Riz + Rig — 2R12 
Substituting (3) in (1) yields 


P : 
E(¢) = 2 Rit Rua 2Rp |[cos(S, cos) — cos(S, sing)] (4) 


The field intensity at the point P at a distance D from the driven 4/2 element with the reflector removed is 


a —= — (5) 
a E Rit + Rit 


where k = the same constant as in (1) and (4) 

This is the relation for field intensity of a 1/2 dipole antenna in free space with a power input P and 
provides a convenient reference for the corner reflector antenna. Thus, dividing (4) by (5), we obtain the gain 
in field intensity of a square-corner reflector antenna over a single 4/2 antenna in free space with the same 
power input, or 


E@) 


Se S ae 


Rut Rit 
al T Ri | Ri IRG |[Cos(S, cos p) — cos(S, sin b)] (6) 
where the expression in brackets is the pattern factor and the expression included under the radical sign is the 
coupling factor. The pattern shape is a function of both the angle @ and the antenna-to-corner spacing S. The 
pattern calculated by (6) has 4 lobes as shown in Fig. 9-9b. However, only one of the lobes is real. 
Expressions for the gain in field intensity of 
corner reflectors with corner angles of 60°, 45°, 
etc., can be obtained in a similar manner. The 
driven element is a 4/2 dipole. For the 60° cor- 
ner the analysis requires a total of 6 elements, 
1 actual antenna and 5 images as in Fig. 9-10. 
Gain-pattern expressions for corner reflectors of 
90 and 60° are listed in Table 9-1. The expres- 
sion for a 180° “corner” or flat sheet is also 
included. 
In the formulas of Table 9-1 itis assumed that Figure 9-10 A 60° corner reflector with images 
the reflector sheets are perfectly conducting and used in analysis. 
of infinite extent. Curves of gain versus spacing 
calculated from these relations are presented in Fig. 9-11. The gain given is in the direction ¢ = 0. Two 
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Figure 9-11 Gain of corner reflector antennas over a 4/2 dipole antenna in free space with 
the same power input as a function of the antenna-to-corner spacing. Gain is in the direction 
¢@ = 0 and is shown for zero loss resistance (solid curves) and for an assumed loss resistance 


of 1 Q (Ra = 1 2) (dashed curves). (After Kraus.) 


curves are shown for each corner angle. The solid curve in each case is computed for zero losses (Riz = 0), 
while the dashed curve is for an assumed loss resistance Riz, = 1 Q. It is apparent that for efficient operation 
too small a spacing should be avoided. A small spacing is also objectionable because of narrow bandwidth. 
On the other hand, too large a spacing results in less gain. 

The calculated pattern of a 90° corner reflector with antenna-to-corner spacing S = 0.5A is shown in 
Fig. 9-12a. The gain is nearly 10 dB over a reference 4/2 antenna or 12 dBi. This pattern is typical if the 
spacing S is not too large. If S exceeds a certain value, a multilobed pattern may be obtained. For example, 
a square-corner reflector with S = 1.04 has a 2-lobed pattern as in Fig. 9-12b. If the spacing is increased to 
1.5, the pattern shown in Fig. 9-12c is obtained with the major lobe in the @ = 0 direction but with minor 
lobes present. This pattern may be considered as belonging to a higher-order radiation mode of the antenna. 
The gain over a single 4/2 dipole antenna is 12.9 dB (~15 dBi). 

Restricting patterns to the lower-order radiation mode (no minor lobes), it is generally desirable that S lie 


between the following limits: 


1Displacing the driven dipole from the bisector of the corner angle shifts (squints) the beam direction to the other side of the bisector 
(see Prob. 9- 3-13). 


The McGraw-Hill Companies 


378 Chapter9 Reflector Antennas 


D = 12 dBi 
30° 


10° 


al 


in in field intensity 


1.50 


D = 15 dBi 


Figure 9-12 Calculated patterns of square-corner reflector antennas with antenna-to-corner 
spacings of (a) 0.54, (b) 1.04 and (c) 1.54. Patterns give gain relative to the 1/2 dipole antenna 
in free space with the same power input. 


Table 9-1 Gain-pattern formulas for corner reflector antennas 


Number of 
Corner elements in Gain in field intensity over 1/2 antenna in free space 
angle, deg analysis with same power input 
/ Rut Ri i 
180 2 2, | ———_——__ sin(S, cos 
Ri + Rin — R2 : 9) 
Rut Riz . 
90 4 2,/ cos(S, coso) — cos(S, sin d)] 
Ri + Rip + Rig — 2Ri2 I ? oul 
60 6 2 / Ri + Rip 
Rit + Rit +2R14 — 2Ri2 — R16 


x [{sin(S;. cos ø) — sin[ S, cos(60° — #)] — sin[ S, cos(60° + 6)]} 
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i a o a l 
Corner angle, « Corner-to-dipole spacing, S 


90° 0.25—0.7A 
180° (flat sheet) 0.1—0.3A 


The terminal resistance Ry of the driven antenna is obtained by dividing (2) by 41 and taking the real parts of 
the impedances. Thus, 


Rr = Riu + Riz + Rig — 2R12 (7) 


If Riz = 0, the terminal resistance is all radiation resistance. The variation of the terminal radiation 
resistance of the driven element is presented in Fig. 9-13a as a function of the spacing S for corner angles 
a = 180, 90 and 60°. We note that for œ = 90° and S = 0.354, the resistance of the driven 2/2 dipole is the 
same as for a 4/2 dipole in free space. 

In the above analysis it is assumed that the reflectors are perfectly conducting and of infinite extent, with 
the exception that the gains with a finitely conducting reflector may be approximated with a proper choice 


150 
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Figure 9-13a Radiation resistance of driven 4/2 dipole antenna as a function of the 
dipole-to-corner spacing for 60°, 90° and 180° corner reflectors (after Kraus). Note the 
convenient 50-Q radiation resistance for the 90° corner with dipole-to-corner spacing of 0.3 A 
(large dot). 
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of Riz. The analysis provides a good first approximation to the gain-pattern characteristics of actual corner 
reflectors with finite sides provided that the sides are not too small. Neglecting edge effects, a suitable value 
for the length of sides may be arrived at by the following line of reasoning. A n essential region of the reflector 
is that near the point at which a wave from the driven antenna is reflected parallel to the axis. For example, 
this is the point A of the square-corner reflector of Fig. 9-13b. This point is at a distance of 1.415 from the 
corner C, where S is the antenna-to-corner spacing. If the reflector ends at the point B at a distance L = 2S 
from the corner, as in Fig. 9-13b, the reflector extends approximately 0.6.5 beyond A. With the reflector 
ending at B, itis to be noted that the only waves reflected from infinite sides, but not from finite sides, are 
those radiated in the sectors n. Furthermore, these waves are reflected with infinite sides into a direction that 
is at a considerable angle ø with respect to the axis. Hence, the absence of the reflector beyond B should 
not have a large effect. It should also have relatively little effect on the driving-point impedance. The most 
noticeable effect with finite sides is that the measured pattern is appreciably broader than that calculated for 
infinite sides and a null does not occur at @ = 45° but at a somewhat larger angle. If this is not objectionable, 
a side length of twice the antenna-to-corner spacing (L = 2S) is a practical minimum value for square-corner 
reflectors.+ 

Although the gain of a corner reflector with 
infinite sides can be increased by reducing the cor- 
ner angle, it does not follow that the gain of a 
corner reflector with finite sides of fixed length 
will increase as the corner angle is decreased. To 
maintain a given efficiency with a smaller cor- 
ner angle requires that S be increased. Also on a 
60° reflector, for example, the point at which a 
wave is reflected parallel to the axis is at a dis- 
tance of 1.73S from the corner as compared to 
1.41S for the square-corner type. Hence, to real- 
ize the increase in gain requires that the length of 
the reflector sides be much larger than for a square- 
corner reflector designed for the same frequency. 
Usually this is a practical disadvantage in view 
of the relatively small increase to be expected in 
gain. 

To reduce the wind resistance offered by a solid 
reflector, a grid of parallel wires or conductors can 
be used as in Fig. 9-14. The supporting member 
joining the midpoints of the reflector conductors . , 
may beeither a conductor or an insulator. In general Figure 9-13b Square-corner reflector with 
the spacing s between reflector conductors should sides of length L equal to twice the 
be equal to or less than 4/8. With a à/2 driven antenna-to-corner spacing S. 
element the length R of the reflector conductors should be equal to or greater than 0.74. If the length R is 
reduced to values of less than 0.64, radiation to the sides and rear tends to increase and the gain decreases. 
When R is decreased to as little as 0.3, the strongest radiation is no longer forward and the “reflector” acts 
as a director. 


1See App. C for UTD code. 
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9-3 Corner Reflectors 


The square-corner reflector is a simple, practical, 
inherently wideband antenna producing substantial gains 
(11 to 14 dBi). Typical design data for a 90° (square) 
corner reflector with bow-tie dipole for wideband (2 to 1 
frequency range) operation are given in Table 9-2. 

The driven element is a 45° Brown-Woodward (bow- 
tie) dipole (see Fig. 9-8-3) bent at 90° as suggested in 
Fig. 9-14, so that its flat sides are parallel to the reflec- 
tor. The dipole can be fed by a 300- or 400-2 twin line 
with low VSWR over the 2 to 1 frequency range. None 
of the corner reflector dimensions are critical. A mod- 
erate increase or decrease in the reflector dimensions L 
and R from the values in Table 9-2 results in only small 
changes in gain. Thus, a 10 percent increase in L and 
R can increase the gain by a decibel or less while a 10 
percent decrease in L and R can decrease the gain by 
a decibel or more. Also the (center-to-center) spacing s 
between reflector rods can be increased with only a small 
gain reduction. However, an increase in the rod diameter 
d can compensate for the larger spacing, keeping the gain 
essentially constant (Wong-1). 
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Driven 
element 


Be 
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Figure 9-14 Square-corner (grid) reflector 
with bow-tie dipole for wideband operation 
(see Table 9-2). 


For operation at a single frequency the dimensions for f1, f2 or f3 may be used depending on the gain 
desired. However, for fı or fọ values of S, L, R and/, f3 values may be used for s and d, resulting in fewer 


reflector elements. 
The corner reflector is often used as a gain standard. 


The composite or hybrid corner-reflector-Y agi-U da antenna of Fig. 9-16 is a popular design for the U.S. 
UHF TV band. The lengths and spacings of the directors are appropriate for the high-frequency end of the 


Table 9-2 Design data for wideband 90° corner reflector with bow-tie dipole (see Figs. 9-14 


and 9-15) 


Dipole-to-corner spacing, S = 4/4 at lowest frequency 
Length of reflector, L = 34/4 at lowest frequency 
Reflector rod length, R = 44/5 at lowest frequency 
Reflector rod spacing, s = 4/8 at highest frequency 
Reflector rod diameter, d = 1/50 at highest frequency 
Bow-tie dipole length, / = 44/5 at mid frequency 


Lowest Mid Highest 

frequency frequency frequency 

fi f2 f3 Units 
Dipole-to-corner spacing, S 0.27 0.40 0.54 À 
Length of reflector, L 0.75 1.13 1.50 à 
Reflector rod length, R 0.81 1.20 1.62 à 
Reflector rod spacing, s 0.061 0.092 0.122 à 
Reflector rod diameter, d 0.01 0.015 0.02 À 
Bow-tie dipole length, / 0.53 0.80 1.06 A 
Gain 11.0 13.0 14.0 dBi 
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band. With fewer reflector elements the corner 
reflector is still effective at the low and mid- 
frequencies while with more director elements the 
Y agi-U da array is effective at the high frequencies 
resulting in a gain of 7 to 8 dBi over a bandwidth 
of nearly 2-to-1. This is adequate for the UHF 
band. Although less than the gain of a full-element 
corner reflector antenna, the hybrid has less wind 
resistance. 

Compare with the wide-bandwidth corner 
reflector of Fig. 9-14 and also the Yagi-U da- 
corner-log-periodic (Y UCOLP) array described in 
Sec. 9-8. 

If a3-dimensional square corner (see Fig. 9-17) 
is driven by a A/2 to 34/4 monopole spaced 0.92 
from the corner with d = 2A, a beam is obtained 
in a direction making approximately equal angles 
with the 3 coordinate axes, and Inagaki (1) reports a 
gain of 17 dBi with higher gains for smaller corner 
angles. By placing a cylindrical surface of con- 
stant radius from the apex of a corner reflector, 
Elkamchouchi (1) reports improved performance. 

To distinguish the corner reflector with dipole 
(driven element) discussed in this section from cor- 
ners without dipoles (or monopoles), the ones with 
the driven element may be called active corners and 
the others passive (retro) corners. W hile the active 
corners may have any included angle, with 90° Figure 9-15 Square-corner grid-reflector 
the most common, the passive corners are always bow-tie dipole antenna used by the million for 
square (90°). These corners are discussed further UHF TV reception. It has an 11 to 14 dBi gain 
in the next section. over a 2-to-1 bandwidth. 


9-4 Passive (Retro) Corner Reflector 


A passive (retro) corner consisting of 2 flat reflecting sheets is shown in Fig. 9-1e. 

With 3 mutually perpendicular reflecting sheets, asin Fig. 9-17, each sheet extending a distance d (= x1 = 
yı = z1) from the origin, we have a cluster of eight 3-dimensional square-corner retroreflectors. Each 
square corner occupies one octant (47/8 sr = x/2 sr = 5157 square deg). Any ray or wave incident 
within this solid angle is reflected back in the same direction, as suggested in the figure. Together the 
cluster of 8 square corners form a retroreflector for waves from any direction within a full sphere solid 
angle (= 4x sr = 41,253 square deg) with the equivalent (normal incidence) flat-sheet reflecting area being 
a function of the angle of incidence. Its maximum value is 3d? except that in the 6 directions, exactly on 
the 3 axes (x, y and z), the area is 4d?. J ust off these directions the area approaches zero. 

The enhanced reflection of radar signals from such passive corner clusters makes them useful for many 
applications. For example, small water-craft commonly carry one (usually with reflecting surfaces of wire 
mesh) on a tall mast to make the craft’s presence more visible on radar screens. To be most effective, the 
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Figure 9-16 Square-corner-Yagi-Uda Figure 9-17 Retroreflector of 8 


hybrid antenna. It has an average square corners for reflecting back 
directivity of about 8 dBi over a 2 to 1 waves from any direction. Path of ray 
bandwidth. returning via triple bounce is shown. 


reflector dimensions should be many A and the periphery of the mesh hole <à /2. The surface should also 
be flat to better than 1/16 and, to increase the probability that the radar echo will be noticed, the reflector 
can be rotated to avoid a persistent null condition. 

Truncating the sides of the reflecting sheets along the diagonal lines (dashed lines in Fig. 9-17 results in 8 
truncated corners, each bounded by an equilateral triangle (included angle 60°) with an aperture area of ae. 
If the surface of a sphere is divided into triangles (in the manner of a Buckminster Fuller geodesic dome) and 
a truncated corner inserted in each triangular area, it is possible to array dozens of corner reflectors over the 
sphere and obtain a more uniform echo area as a function of angle of incidence over 4x sr, but at the expense 
of a smaller maximum value. 

Retroreflectors can also be constructed in other ways. Thus, a Luneburg lens (Sec. 10-10) with a reflecting 
cap over, say z sr, acts as arretroreflector over this angle. The Van Atta array (Sec. 19-12) is another example. 


9-5 The Parabola-General Properties 


Suppose that we have a point source and that we wish to produce a plane-wave front over a large aperture by 
means of a sheet reflector. Referring to Fig. 9- 18a, itis then required that the distance from the source to the 
plane-wave front via path 1 and 2 be equal or? 


2L = R(1+ cose) (1) 
and 
2L 
R = — 2 
1+cosé (2) 


This is the equation for the required surface contour. It is the equation of a parabola with the focus at F. 


1This is an application of the principle of equality of path length (Fermat's principle) to the special case where all paths are in the same 
medium. For the more general situation involving more than one medium see Chap. 10. 
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Parabola B’ A’ 


F Axis 


N 
Plane 
wavefront 


Sheet Directrix 


BA 


reflector 
Aperture 
plane 
(a) (b) (c) 
Figure 9-18 Parabolic reflectors. 
Referring to Fig. 9- 18b, the parabolic curve may Cylindrical 
be defined as follows. The distance from any point parabola Paraboloid 
P on a parabolic curve to a fixed point F, called 
the focus, is equal to the perpendicular distance to a Line Poihi 
fixed line called the directrix. Thus, in Fig. 9-18b, ee aa 
PF = PQ. Referring now to Fig. 9-18c, let AA’ 
be a line normal to the axis at an arbitrary dis- 
tance QS from the directrix. Since PS = QS — PQ 
and PF = PQ, it follows that the distance Aperture Aperture 
from the focus to S is (a) (b) 
PF +PS=PF +QS—PQ=QS (3) Figure 9-19 Line source and cylindrical 


parabolic reflector (a) and point source and 


Thus, a property of a parabolic reflector is that all paraboloidal reflector (b). 


waves from an isotropic source at the focus that are 
reflected from the parabola arrive at a line AA’ with equal phase. The “image” of the focus is the directrix, 
and the reflected field along the line AA’ appears as though it originated at the directrix as a plane wave. The 
plane BB’ (Fig. 9-18c) at which a reflector is cut off is called the aperture plane. 

A cylindrical parabola converts a cylindrical wave radiated by an in-phase line source at the focus, as in 
Fig. 9-19a, into a plane wave at the aperture, or a paraboloid-of-revolution converts a spherical wave from 
an isotropic source at the focus, as in Fig. 9-18b, into a uniform plane wave at the aperture. Confining our 
attention to a single ray or wave path, the paraboloid has the property of directing or collimating radiation 
from the focus into a beam parallel to the axis (see Fig. 9-19). 


9-6 A Comparison Between Parabolic and Corner Reflectors 


Referring to Fig. 9-20 any radiation from the primary source or feed antenna at the focus of the parabola 
which is not directed into the parabola is not collimated but is radiated by direct paths over a large solid 
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angle. This is not only inefficient but the distributed radiation can degrade the pattern of the radiation from the 
parabola. Thus, itis essential that a parabolic reflector have a directional feed which radiates all or most 
of the energy into the parabola. A corner reflector, on the other hand, does not require a directional feed 
since the direct and reflected waves are properly combined (image theory). F urthermore, a corner reflector 
has no specific focal point. 

Practical aperture dimensions for a square-corner reflector are 
1 to 2a. For larger apertures parabolic reflectors should be used, 
and for a large parabola of many à aperture, a practical choice for 
the feed can be a corner reflector with a corner angle of 90 to 180° 
depending on the F/D ratio of the parabola (see Sec. 9-7). Corner 
angles of about 120° have the advantage that the beamwidths are 


approximately equal in both principal planes. i : 4 
-A 


Cylindrical 
parabola 


Square 
corner 
reflector 


Linear antenna 


Although the corner reflector differs in principle from the 
parabolic reflector, there are situations in which the two may be 
nearly equivalent. This may be illustrated with the aid of Fig. 9-20. 
Let a linear antenna be located at the focus F of a cylindrical 
parabolic reflector, and let this arrangement be compared with a 
square-corner reflector of the same aperture and with an antenna- 
to-corner spacing AF. The parabolic and corner reflectors are 
superimposed for comparison in Fig. 9-20. A wave radiated in the 
positive y direction from F is reflected at 0 by the corner reflector 


Axis 


and at 0” by the cylindrical parabolic reflector. Hence, this wave Figure 9-20 Cylindrical 
travels a shorter distance in the corner reflector by an amount 00’. parabolic reflector compared 
If AF = 21, the electrical length of 00’, is about 180° so that a with square-corner reflector. 


marked difference would be expected in the field patterns of the 

two reflectors. However, if AF = 0.354 the electrical length of 00’ is only about 30°, and this will cause only 
a slight difference in the field patterns. It follows thatif AF is small in terms of the wavelength the exact shape 
of the reflector is not of great importance. The practical advantage of the corner reflector is the simplicity and 
ease of construction of the flat sides. 


9-7 The Paraboloidal Reflector 


The surface generated by the revolution of a parabola around its axis is called a paraboloid or a parabola of 
revolution (Friis-1, Silver-1, Cutler-1, Slater-1). If an isotropic source is placed at the focus of a paraboloidal 
reflector as in Fig. 9- 21a, the portion A of the source radiation thatis intercepted by the paraboloid is reflected 
as a plane wave of circular cross section provided that the reflector surface deviates from a true parabolic 
surface by no more than a small fraction of a wavelength. 

If the distance L between the focus and vertex of the paraboloid is an even number of 2/4, the direct 
radiation in the axial direction from the source will be in opposite phase and will tend to cancel the central 
region of the reflected wave. However, if 


jee (1) 


where n = 1, 3,5,..., the direct radiation in the axial direction from the source will be in the same phase 
and will tend to reinforce the central region of the reflected wave. 
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Direct radiation from the source can be eliminated by means of a directional source or primary antenna? as 
in Fig. 9-21b and c. A primary antenna with the idealized hemispherical pattern shown in Fig. 9-21b (solid 
curve) results in a wave of uniform phase over the reflector aperture. However, the amplitude is tapered as 
indicated. To obtain a more uniform aperture field distribution or illumination, itis necessary to make 61 small, 
as suggested in Fig. 9-21c by increasing the focal length ZL while keeping the reflector diameter D constant. 
If the source pattern is uniform between - 
the angles +6, (solid curve), the aper- \ 
ture illumination is more nearly uniform \ 
(solid curve) but not entirely so. The path D Secondary pattern 

Ge 


length from F to the edges (at Pı and P2) Axis <5; 
is greater than from F to V (at the ver- 


tex). A Ithough ray paths via the edges (at || ` Isotropic source pattern 
Pı and P») and via the vertex V are of I | (primary pattern) 
equal total length to the plane wave front i ! 
(see Fig. 9-18a), giving phase equality, mM (a) 

4 


there is more path length to the edgesina 
spherical (1/7) attenuating wave. Thus, 


the field at the edges is weaker, as will | Tapered illumination 
be calculated. To make the field com- D 
pletely uniform across the aperture would 


require a feed pattern with inverse taper. F 

A typical pattern for a directional 
source as indicated by the dashed curve | 
in Fig. 9-21c (left) gives a more tapered 


Primary Relative 


aperture distribution as shown by the pattern field intensity 
dashed curve in Fig. 9-21c (right). The 
greater amount of taper with resultant P} SEE atinada 
reduction in edge illumination may be Psi ae dashed primary pattern 
desirable in order to reduce the minor- `~ 
lobe level, this being achieved, however, Io. {> Nearly uniform illumination 
at some sacrifice in directivity. with: solid primary pattern 
The arrangement of Fig. 9-21b illus- a Primary 
trates the case of a small focal ratio. The _-7 patterns 
arrangement in Fig. 9-21c illustrates the +1 M > 
case of a larger ratio. 2 (c) ae 
Suitable directional patterns may be 
obtained with various types of primary Figure 9-21 Parabolic reflectors of different focal 
antennas. As examples, a à/2 antenna lengths (L) and with sources of different patterns. 


with a small ground plane is shown in 
Fig. 9-22a and a small horn antenna in 
Fig. 9-22b. 


lt is convenient to refer to the pattern of the source or primary antenna as the primary pattern and the pattern of the entire antenna as 
the secondary pattern. 


2T hat is, by increasing the ratio of L to D. This ratio is called the F ratio, the F/D ratio or the focal ratio (= L/D = FV/D). 
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Figure 9-22 Full parabolic reflectors (a and b) and partial reflector with offset feed (c). 


Axis Axis 
X 
Line source Point source 
at focus at focus 
(a) (b) 


Figure 9-23 Cross sections of cylindrical parabola (a) and of paraboloid-of-revolution (b). 


The presence of the primary antenna in the path of the reflected wave, as in the above examples, has 2 
principal disadvantages. These are, first, that waves reflected from the parabola back to the primary antenna 
produce interaction and mismatching.! Second, the primary antenna acts as an obstruction, blocking out the 
central portion of the aperture and increasing the minor lobes. To avoid both effects, a portion of the paraboloid 
can be used and the primary antenna displaced as in Fig. 9-22c. This is called an offset feed. 

Let us next develop an expression for the field distribution across the aperture of a parabolic reflector. Since 
the development is simpler for a cylindrical parabola, this case is treated first, as an introduction to the case 
for a paraboloid. Consider a cylindrical parabolic reflector with line source as in Fig. 9-23a. The line source 
is isotropic in a plane perpendicular to its axis (plane of page). For a unit distance in the z direction (normal 
to page in Fig. 9-23a) the power P in a strip of width dy is 

P = dy Sy (2) 


where S, =the power density at y, W m~? 


lThis may be greatly reduced by using a circularly polarized primary antenna, such as an axial-mode helix. If the primary antenna 
radiation is right-circularly polarized, the wave reflected from the parabola is mostly left-circularly polarized and the primary antenna is 
insensitive to this polarization. 


The McGraw-Hill Companies 


388 Chapter9 Reflector Antennas 


However, we also have that 


P=d6U' (3) 
where U’ =the power per unit angle per unit length in the z direction 
Thus, 
Sydy = U'd@ (4) 
and 
Sy 1 5) 
U' — (d/d@)(Rsin@) 
where 
2L 
R = —__ 6 
1+ cosé (6) 
This yields 
1+ coso 
, = —— U" 7 
S= U (7) 


The ratio of the power density Sẹ at 6 to the power density So at 6 = 0 is then given by the ratio of (7) when 
6 = 8 to (7) when 8 = 0, or 

So 1+cosé 

ee 8 

s 5 (8) 
The field-intensity ratio in the aperture plane is equal to the square root of the power ratio or 


Eo _ /1+cosé 
Eo E 2 (9) 


where Eọ/ Eo is the relative field intensity at a distance y from the axis as given by y = R sin 8. 
Turning now to the case of a paraboloid-of-revolution with an isotropic point source as in Fig. 9-23 the 
total power P through the annular section of radius o and width dp is 


P = 2p dp Sp (10) 


where S, = the power density at a distance p from the axis, W m~? 
This power must be equal to the power radiated by the isotropic source over the solid angle 2x sin 8 dé. 
Thus, 


P = 2x sin d0 U (11) 
where U =the radiation intensity, W sr—1 
Then 
pdp Sọ = sindo U (12) 
or 
Sp = sind (13) 
U p(dp/de) 


2L sing 


where p = RSIN@ = Fetoeg 
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This yields 
(1 + coso)? 


The ratio of the power density Sẹ at the angle 6 to the power density So at = 0 is then 
So _ (1+cos¢)? 


15 
So 4 (15) 
The field-intensity ratio in the aperture plane is equal to the square root of the power ratio or 

Eg 1+ cosé 

Ae ca 16 

Eo 2 (16) 


where Eg /£o is the relative field intensity at a radius p from the axis as given by p = R sin 0. 


9-8 Patterns of Large Circular Apertures with Uniform Illumination 


The radiation from a large paraboloid with Uniform 

uniformly illuminated aperture is essentially plane 

equivalent to that from a circular aperture of wag 

the same diameter D in an infinite metal plate Uniform Uniform 


with a uniform plane wave incident on the 
plate as in Fig. 9-24. The radiation-field pat- 
tern for such a uniformly illuminated aperture 
can be calculated (Slater-2, Silver-1) by apply- 
ing Huygens’ principle in a similar way to that 
for a rectangular aperture in Chap. 6. The nor- 
malized field pattern E(#) as a function of ¢ 
and D is 


|a illumination L- illumination 


rae = 
=] 


— > > 
Relative field Relative field 
intensity > intensity 


2a Jil(rD/d) sing] a parepen Infinite sheet 
xD sing 


where (a) (b) 


D = diameter of aperture, m Figure 9-24 Large paraboloid with uniformly 
~ i illuminated aperture (a) and equivalent uniformly 
= free-space wavelength,m illuminated aperture of same diameter D in infinite 
= angle with respect to the normal to flat sheet (b). 
the aperture (Fig. 9-24) 
Jı = first-order B essel function 


E(¢$) = 


S > 


The angles ¢o to the first nulls of the radiation pattern are given by 
TD sin fo = 3.83 (2) 
since J1(x) = 0 when x = 3.83. Thus, 


| 3.83A - 1.22A 
po = arcsin = arcsin 
aD 
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W hen œo is very small (aperture large) 


_ 1.22 
go S D, 


where D, = D/à = diameter of aperture, à 
The beamwidth between first nulls istwicethis. Hence for large circular apertures, the beamwidth between 
first nulls 


70 
(rad) = Dy (deg) (4) 


BwEN = 2 (deg) (5) 
D, 
By way of comparison, the beamwidth between first nulls for a large uniformly illuminated rectangular 


aperture or a long linear array is 
11 
BwFN = 1} (deg) (6) 
Li 


where L, = length of aperture, a 
The beamwidth between half-power points for a large circular aperture is (Silver-1) 


58 
HPBW = PA (deg) (7) 
The directivity D of a large uniformly illuminated aperture is given by 
area 


For a circular aperture 


zD? 
where D, =the diameter of the aperture, à 
The power gain G of a circular aperture over a à/2 dipole antenna is 


G = 6D? (10) 


For example, an antenna with a uniformly illuminated circular aperture 10A in diameter has a gain of 600 or 
nearly 28 dB with respect to a /2 dipole antenna (~ 30 dBi). 
For a square aperture, the directivity is 


L2 

D = 41-5 = 12,617 (11) 
and the power gain over a 4/2 dipole is 

G=7.7L2 (12) 


where L, = the length of a side, à 

For example, an antenna with a square aperture 10 on a side has a gain of 770 or nearly 29 dB over a à/2 
dipole (=31 dBi). 

The above directivity and gain relations are for uniformly illuminated apertures at least several wavelengths 
across. If the illumination is tapered, the directivity and gain are less. 

The patterns for a square aperture 10A on a side and for a circular aperture 10, in diameter are compared in 
Fig. 9-25. In both cases the field is assumed to be uniform in both magnitude and phase across the aperture. 
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Figure 9-25 Relative radiation patterns of circular aperture of diameter D = 10A and of 
square aperture of side length L = 10d. 


The patterns are given as a function of œ in the xy plane. The patterns in the xz plane are identical to those 
in the xy plane. Although the beamwidth for the circular aperture is greater than for the square aperture, the 
side-lobe level for the circular aperture is smaller. A similar effect could be produced with the square aperture 
by tapering the illumination. 

Beamwidths, directivities and gains are summarized in Table 9-3. Beamwidths are compared with horn 
antennas in Table 7-4. 


9-9 Reflector Types (summarized) 


Figure 9-26 illustrates different types of reflectors. M any of the aspects of some of these reflectors were 
illustrated earlier in Figs. 9-18 to 9-23. This section contains some of the related information (Skolnik) in a 
summarized form. 


(a) (b) (c) (d) (e) 
Figure 9-26 (a) Cylindrical parabola (b) Parabolic reflector (c) Truncated paraboloid 
(d) Short cylinder with plates (pill box antenna) (e) Cheese antenna. 
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Table 9-3 Beamwicths, directivities and gains of circular and rectangular apertures with uniform 
aperture distributions? 


Aperture 
Circular Rectangular 
Half-power beamwidth 38 >l 
D Li 
Beamwidth between first nulls 140 = 
D, Ly 
Directivity (gain over isotropic source) 9.9D? 12.6L, L; 
Gain over 4/2 dipole 6D? 7.7L, Li, 


where 
D, = diameter, à 
L, = side length, à 
L‘, = length of other side (if aperture is square, L} = L1) 


t Apertures are assumed to be large compared to à. With tapered distributions beamwidths are larger, and directivities, 
gains and minor lobes are less. 


Figure 9- 26(a) represents a parabolic cylinder, which is generated by moving the parabolic contour parallel 
to itself. It provides a rectangular mouth and has a line instead of a point as the focus. This may illuminated by 
aline source / a collinear array of dipoles directing their radiation towards the cylindrical surface / a broadside 
array of slots or by a thin pillbox (cheese antenna). This configuration can be used to generate fan beam 
(required in search radars) with large (8:1) aspect ratio. 

Figure 9-26(b) represents a conventional and most commonly used paraboloidal reflector. It is fed by 
a point source-normally, a wave-guide horn. It generates a pencil beam. The paraboloidal reflector has a 
3-dimensional curved surface generated by rotating a parabola about its own axis. 

Figure 9-26(c) represents reflectors that are unsymmetrical sections cut from a parabolic surface. These 
also be employed to generate fan beams in azimuth or elevation depending on the location of asymmetry. 

Figure 9-26(d) represents a cylinder that is shortin axial direction and provided with conducting end plates. 
Itis also sometimes called pillbox. It can be fed simply by a probe or by extending the inner conductor of a 
coaxial cable to the space between plates. It can also be fed by a wave-guide horn or by a waveguide itself. Two 
of these feed methods are illustrated in the figure. This type of antenna can be used to generate a fan beam. 

Figure 9-26(e) illustrates a cheese antenna, which is a combination of a 
pillbox and a parabolic cylinder. 

Another version in this class of reflectors includes, a parabolic torus, which 
is generated by moving the parabolic contour over an arc of a circle whose 
center is an axis of parabola. It is normally illuminated by a moving feed. It is 
used in surveillance (search) radars whose scan angle is less than 120°. 

Features of different type of reflectors are summarized below. Some of these 
are further elaborated in Section 16-4 dealing with the design aspects of large 
aperture antennas. 


`, 
D 
Primary, 
tead s ; 
pattern y 
4 
Feed 


horn Shaped 
subratisotor 


Main 
reflector 


9-9a Paraboloidal Reflectors (Figure 9-27) 
(a) Itis the conventional and most commonly used reflector 
(b) It generates a pencil beam required in tracking radars and in point-to- 


point communication Figure 9-27 Geometry 
(c) Itbears various names such as parabolic dish/dish reflector/microwave for shaped reflectors. 


dish/parabolic reflector or simply a dish antenna 
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9-9b 


(a) 
(b) 


(c) 


(h) 
(i) 


Spherical Reflector 


Wider scanning angle than a paraboloid because of symmetry 

Simple spherical reflector does not produce an equiphase radiation pattern (plane wave) and the 

pattern is generally poor 

Contains surface aberrations resulting in degraded pattern. These aberrations can be minimized either 

by: 

(i) employing areflector of sufficiently large radius so that a portion of sphere can be approximated 
to a paraboloid 


(ii) compensating aberrations with special feeds or correcting lenses 
(iii) | approximating a sphere by a stepped paraboloid 


Cassegrain Antenna (Figure 9-28) 


Widely used in telescope design and monopulse tracking 
Permits reduction in axial dimensions of antenna 
Permits greater flexibility in design of feed system and eliminates the need for long transmission 
lines 
Larger the sub-reflector, nearer it will be to the main reflector and shorter will be the axial dimension 
of antenna assembly 
Larger the sub-reflector-larger the aperture blocking. Also, smaller the sub-reflector, lesser is the 
aperture blocking. But since it has to be farther from the main reflector, a compromise in size and 
distance of a sub-reflector is to be made 
Losses in the transmission line can degrade the receiver sensitivity 
To reduce aperture blocking, the sub reflector can be made of horizontal grating of wires. Such a 
sub-reflector is called a transreflector 

Main Parabolic 


reflector with 


P: i f sgl r 
arabolic ff polarization twistors 


reflector 


Vertically 
Vert. Pol Polarized 
wave (VPW) 


Virtual 
Focal point c=-Jj.----------> 
Az Hor. Pol 
wave 
(HPW) 


Real Focal 
point F' 


Hyperbolic 
subreflector 

(or transreflector) 
with polairzation 
dependent surface 


Feed Hyperbolic 
Morn subreflector 


(a) (b) 
Figure 9-28 Cassegrain antenna. 


A transreflector passes the vertically polarized wave with negligible attenuation and reflects 
horizontally polarized wave radiated by the feed 

The main parabolic reflector is often coated with polarization twisters, also called (twist reflectors). 
A twist reflector is equivalent to a quarter-wave plate which produces a 90° rotation of plane of 
polarization 


The McGraw Hill Companies 


394 Chapter9 Reflector Antennas 


(j) Horizontally polarized waves reflected by a sub-reflector are rotated by twist reflectors at the surface 
of the main dish, are thus transformed into vertically polarized wave and pass through a sub-reflector 
with negligible attenuation 


9-9d F/D Ratio of Parabolic Reflectors 


Some observations about f/D ratio of parabolic reflectors based on electrical and mechanical considerations 
are summarized as follows: 


(a) For deep-dish reflectors, f/D ratio is small and for shallow-dish reflectors it has to be large 
(b) Shallow dishes are mechanically easier to support and move 

(c) Feed has to be farther from the reflector 

(d) Farther feed results in narrow primary pattern 

(e) Feed has to be larger also, 

(f) f/D ranges from 0.3-0.5 in general and 0.5-1.0 for mono-pulse tracking radar antennas 


9-9e Reflector Surfaces 
The reflector surfaces may be made of 


(a) solid sheets which are heavy, have more wind pressure, costly 
(b) wire screens 

(c) metal grating 

(d) perforated metal 

(e) expanded metal sheets (aluminum more popular) 


Advantages of reflector surfaces listed at (b) to (e): 


(a) Light-weight 

(b) Low wind pressure 

(c) Low cost 

(d) Easy to fabricate and assemble 

(e) Ability to conform to different shapes 


Reflector surfaces listed at (b) to (e) above also have some negative aspects. T hese include 


(a) Permit energy leak 

(b) Resultin back lobe and side lobes 

(c) As relative intensity of side lobe (mainly of that adjacent to the main beam) increases, efficiency 
decreases 


The ice deposition on the surface of a parabolic reflector falling into the category of (b) to (e) results in the 
alteration of mechanical and electrical properties. Some of these effects are listed below. 
A-Mechanical Effects 


(a) Weight of antenna increases, thus more stronger support structure is needed 
(b) Thereis more wind pressure due to reduction in porosity of the structure 
(c) Mechanical movement of antenna becomes difficult 


B-Electrical Effects 


(a) Iceis seen by electromagnetic wave as a dielectric, thus reflection properties get altered 
(b) Dueto reduction in porosity the total reflecting surface increases 
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9-10 Feed Methods for Parabolic Reflectors 


The concept of primary and secondary radiation patterns has already been introduced earlier. The locations of 
feed have been illustrated in Figs. 9-21 and 9-22. In this section some of the salient features of different types 
of feed vis-a-vis their shapes and locations are summarized. Feeds to the parabolic reflectors may include 


9-10a Dipoles 


9-10b Dipoles with Parasitic Reflectors (Figure 9-29(a)) 
These parasitic reflectors may be of the following types: 


(a) 
(b) 
(c) 
(d) 


Another dipole 
A plane sheet 
Half cylinder 
A hemisphere 


Disadvantages of the above feeds 


(a) 
(b) 
(c) 


Radiates along length only 

Poor polarization characteristics 

Part of radiation is perpendicular to primary pattern which causes cross polarization and hence 
reduction of gain 


9-10c Open-Ended Waveguide Better phase characteristics 


M ore energy directed in forward direction 

Circular paraboloid fed by circular waveguide in TE11mode 

TE10 mode of rectangular waveguide does not give circular symmetry of radiation pattern, since 
dimensions in E and H plane and hence current distributions (in planes) are different 

Rectangular waveguide feed is good for generating fan beam 


9-10d Waveguide Horns (Figure 9-29 (b-e)) 


M ore directivity 

Acts as point source with large reflectors 

For uniform radiation pattern across parabolic aperture only a small angular portion of the pattern 
should be used 


Parabola Parabola 


Parabola 


Parabola 
Half Parabola 


Dipole =, -—4____. 


moro errr rene ey—“sif/-===Tw | += === == === === 


Parasitic Parasitic 
Reflector Reflector \ << E o apa 
(a) Rear feed using (b) Rear feed (c) Front feed (d) Offset feed 
half wave dipole using horn using horn using horn 


Figure 9-29 Different feed methods for parabolic reflectors. 
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(d) Theratio f/D should be large for uniform illumination 

(e) A part of energy radiated by feed and not intercepted by the paraboloid amounts to loss. This loss or 
spillover results in lowering the overall efficiency and defeats the purpose of uniform illumination 

(f) Iftheratio f/D is increased further, spillover is less, intercepted energy increases and thus efficiency 
increases. B ut since illumination is more tapered, the aperture efficiency decreases 


As illustrated by Fig. 9-26, the parabolic reflectors can be fed in different ways. These methods include 
rear feed; front feed and offset feed. The salient features of thee feeds are discussed below. 


9-10e Rear Feed (Figure 9-29 (b)) 


(a) Transmission lineis notin center and this results in an asymmetrical pattern 

(b) In case transmission line is in center as in case of dual aperture feed waveguide is in the center of 
dish and energy is made to bend 180° at the end of waveguide by a properly designed reflecting plate 

(c) Itforms a compact system 

(d) Minimum length of transmission line is required resulting in less line loss 


9-10f Front Feed (Figure 9-29 (c)) 


(a) Obstructs aperture 

(b) Impedance mismatch in feed results 

(c) Reflections from dish cause standing waves in transmission line which again cause impedance 
mismatch and degrade performance of transmitter 

(d) By using impedance matching and apex matching plates mismatch can be reduced, results in lower 
gain 


9-10g Offset Feed (Figure 9-29 (d)) 


(a) Only half of the parabola is used 

(b) Normally hog horn is employed in place of conventional pyramidal horn 
(c) No aperture blocking 

(d) Noimpedance mismatch 

(e) Seriously affects performance 

(f) More difficult to scan 
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Problems 


9-2-1 


9-2-2 


9-2-3 
9-3-1 


9-3-2 


9-3-3 


*9-3-4 


9-3-5 


Flat sheet reflector. Calculate and plot the radiation pattern of a 4/2 dipole antenna spaced 0.15A 
from an infinite flat sheet for assumed antenna loss resistance Rz, = 0 and 5 Q. Express the patterns in gain 
over a 4/2 dipole antenna in free space with the same power input (and zero loss resistance). 


Diffraction by ground plane. Using the UTD program calculate the field pattern for a 1/2 dipole 
2/4 above a 1A square flat-sheet reflector. Obtain the pattern in all 3 regions of Fig. 9-6. (a) How many 
dB down is the maximum field in region 2 from the maximum in region 1? (b) How many dB down is the 
maximum in region 3 from the maximum in region 1? 


Diffraction by a larger ground plane. Repeat Prob. 9-2-2 for a ground plane 2A square. 


Square-corner reflector. A square-corner reflector has a driven 4/2 dipole antenna space 4/2 from 
the corner. Assume perfectly conducting sheet reflectors of infinite extent (ideal reflector). Calculate and plot 
the radiation pattern in a plane at right angles to the driven element. 


Square-corner reflector. (a) Show thatthe relative field pattern in the plane of the driven à /2 element 
of a square-corner reflector is given by 


E=11 siana cos(90° cos 8) 

= [1 — cos(S; sin aa 
where @ is the angle with respect to the element axis. Assume that the corner-reflector sheets are perfectly 
conducting and of infinite extent. 
(b) Calculate and plot the field pattern in the plane of the driven element for a spacing of 4/2 to the corner. 
Compare with the pattern at right angles (Prob. 9-3-1). 


Square-corner reflector. Calculate and plot the pattern of an ideal square-corner reflector with 4/2 
driven antenna spaced 4/2 from the corner but with the antenna displaced 20° from the bisector of the corner 
angle. The pattern to be calculated is in a plane perpendicular to the antenna and to the reflecting sides. 


Square-corner reflector. (a) Calculate and plot the pattern of a 90° corner reflector with a thin 
center-fed 4/2 driven antenna spaced 0.35” from the corner. Assume that the corner reflector is of infinite 
extent. 

(b) Calculate the radiation resistance of the driven antenna. 

(c) Calculate the gain of the antenna and corner reflector over the antenna alone. Assume that losses are 
negligible. 


Square-corner reflector versus array of its image elements. Assume that the corner 
reflector of Prob. 9-3-4 is removed and that in its place the three images used in the analysis are present 
physically, resulting in 4-element driven array. 

(a) Calculate and plot the pattern of this array. 

(b) Calculate the radiation resistance at the center of one of the antennas. 

(c) Calculate the gain of the array over one of the antennas alone. 
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*9-3-6 


9-3-7 


9-3-8 


9-3-9 


9-3-10 


9-3-11 


9-3-12 


9-3-13 


9-7-1 


*9-7-2 
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Square-corner reflector array. Four 90° 
corner-reflector antennas are arranged in line as a 
broadside array. The corner edges are parallel and 
side-by-side as in Fig. P9- 3-6. The spacing between 
corners is 14. The driven antenna in each corner is a 
4/2 element spaced 0.4 from the corner. All anten- 
nas are energized in phase and have equal current 
amplitude. A ssuming that the properties of each cor- 
ner are the same as if its sides were of infinite extent, 
what is (a) the gain of the array over a single 4/2 
antenna and (b) the half-power beamwidth in the H 
plane? 


HA Driven 
elements 


Je | 


Figure P9-3-6 Square- 

corner reflector array. 
Corner reflector. )/4 to the driven element. A square-corner reflector has a spacing of 1/4 
between the driven 4/2 element and the corner. Show that the directivity D = 12.8 dBi. 


Corner reflector. )/2 to the driven element. A square-corner reflector has a driven à /2 element 
2/2 from the corner. 

(a) Calculate and plot the far-field pattern in both principal planes. 

(b) What are the HPBWs in the two principal planes? 

(c) What is the terminal impedance of the driven element? 

(d) Calculate the directivity in two ways: (1) from impedances of driven and image dipoles and (2) from 
HPBWs, and compare. Assume perfectly conducting sheet reflectors of infinite extent. 


Corner reflector with bow-tie dipole. A 90-degree corner reflector with 0.754 bow-tie dipole 
as in Fig. 9-15 has 20 reflector rods 1.24 long spaced 0.14. (a) Draw the field pattern and (b) calculate the 
directivity. 

Power received by corner reflector. Find the maximum power delivered to a 50-& matched load 
by al uV m~! field from a U.S. channel 36 (602-608 M Hz) station into a 90° corner reflector with 11 dBi 
gain. 

Optimum antenna height under multipath conditions. A U.S. channel 44 (650-656 M Hz) 
station transmits a horizontally polarized signal from a 300-m tower. What is the optimum height for a 
horizontally polarized corner reflector antenna to receive the station at a distance of 10 km? Assume flat, 
perfectly conducting ground. 


Trihedral square-corner reflector antenna. Three flat mutually perpendicular conducting 
sheets intersecting at a point make atrihedral square-corner reflector like one of the corners of Fig. 9-17. If a 
4/4 stub monopole is place at a distance S from the corner find: (a) the value of S which provides a match to 
a 50-Q coaxial feed line and (b) the directivity of the antenna. A ssume infinite perfectly conducting sheets. 


Square-corner monopulse radar antenna. Design a square-corner reflector antenna with 2 
off-axis feeds to operate as a monopulse radar. See footnote preceding Equation (9-3-7). 


Paraboloidal reflector. Calculate and plot the radiation patterns of a paraboloidal reflector with 
uniformly illuminated aperture when the diameter is 84 and when the diameter is 164. 


Parabolic reflector with missing sector. A circular parabolic dish antenna has an effective 
aperture of 100 m2. If one 30° sector of the parabola is removed, find the new effective aperture. The rest of 
the antenna, including the feed, is unchanged. 


For computer programs, see A ppendix C. 
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Lens Antennas 


Topics in this chapter include: 


Reflector lens antennas 


Dielectric lens antennas 

Fermat's principle 

Artificial dielectric lens antennas 
E-plane metal-plate lens antennas 
Tolerances on lens antennas 
H-plane metal-plate lens antennas 


Polyrod antennas 

M ultiple-helix lens antennas 
Luneberg lens antennas 
The Einstein gravity lens 


10-1 Introduction 


Lens antennas may be divided into two distinct types: (1) delay lenses, in which the electrical path length is 
increased by the lens medium, and (2) fast lenses, in which the electrical path length is decreased by the lens 
medium. In delay lenses the wave is retarded by the lens medium. Dielectric lenses and H-plane metal-plate 
lenses are of the delay type. £-plane metal-plate lenses are of the fast type. The actions of a dielectric lens 
and an £-plane metal-plate lens are compared in Fig. 10-1. 

The dielectric lenses may be divided into two groups: 


1. Lenses constructed of nonmetallic dielectrics, such as lucite or polystyrene 
2. Lenses constructed of metallic or artificial dielectrics 


These types are considered in the next two sections (10-2 and 10-3). E-plane metal-plate lenses are discussed 
in Sec. 10-4, tolerances in Sec. 10-5 and the H-plane metal-platelensin Sec. 10-6.A reflector lensis presented 
in Sec. 10-7. 

All lens antennas of the delay type may be regarded basically as end-fire antennas with the polyrod and 
monofilar axial-mode helical antennas as rudimentary forms as suggested in Fig. 10-2. Likewise, the director 
structure of a many-element Y agi-U da antenna is a rudimentary lens. Polyrods are covered in Sec.10-8, 
monofilar axial-mode helical antennas and Y agi-U da antennas having already been discussed in Chap. 8. 
Lenses of multiple helices are also described in Sec. 10-9. The last section of this chapter (10-10) discusses 
two spherically symmetric lenses of special type, the Luneburg and Einstein lenses, the latter utilizing a large 
mass as the focusing device. 

At millimeter wavelengths low-loss dielectric lens antennas are competitive in weight and performance 
with reflector antennas (Goldsmith-1, 2, 3). 
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Dielectric lens 


Plane 
wave 
Source front : . 
or ; ) )) PA Dielectric 
primary (delay) lens 
antenna 
Wave fronts 


Wave 
retarded 


(a) 


E-plane metal-plate lens 


Plane 
5 wave 
ource front 
or ‘ ) ) PA Metal-plate 
primary (fast) lens 
antenna 
Wave fronts 


Wave 
accelerated 


(b) 


Figure 10-1 Comparison of dielectric (delay) lens and E-plane metal-plate (fast) lens actions. 


10-2 Nonmetallic Dielectric Lens Antennas. Fermat’s Principle (Equality of 
Path Length) 


This typeis similar to the optical lens (Risser-1). It may be designed by the ray analysis methods of geometrical 
optics. As an example, let us determine the shape of the plano-convex lens of Fig. 10-1a for transforming 
the spherical wave front from an isotropic point source or primary antenna into a plane wave front. The 
field over the plane surface can be made everywhere in phase by shaping the lens so that all paths from the 
source to the plane are of equal electrical length. This is the principle of equality of electrical (or optical) 
path length (Fermat's principle). Thus, in Fig. 10-3, the electrical length of the path OPP’ must equal the 
electrical length of the path OQQ’Q”, or more simply OP must equal OQ’. LetOQ = L and OP =R, and let 
the medium surrounding the lens be air or vacuum. Then 


R L Rcosé—L 
=—+ (1) 
Xo Xo Àd 
where 


ào = wavelength in free space (air or vacuum) 


Aa = wavelength in the lens 


Ta wave front is defined as a surface on all points of which the field is in the same phase, i.e., a phase front. 
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Figure 10-2 Three forms of basic lens antennas. 
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Multiplying (1) by Ao, 


R=L-+n(Rc0S6 — L) (2) 
where n = Ag/Ag = index of refraction. 
In general, 
Xo fro vo / PE Source or 
n= = = = (3) primary > 
Ad fha Ud MOED antenna 
where 
f = frequency, Hz O 
vo = velocity in free space, ms! 
1 


vq = velocity in dielectric, ms~ 
u = permeability of the dielectric medium, Hm~! 
€ = permittivity of thedielectric medium, Fm} 

uo = permeability of freespace = 4r x 1077, Hm} 


eo = permittivity of freespace = 8.85 x 10°%,Fm-! Figure 10-3 Path lengths in 
However, dielectric lens. 


H = HOHr (4) 


The McGraw Hill Companies 


402 Chapter10 Lens Antennas 
and 
E = £0; (5) 
where 


Æ = relative permeability of dielectric medium 
Ho 


= 
II 


Er = = = relative permittivity of dielectric medium 
£0 


Thus, from (3), 
n = y HrEr (6) 
For nonmagnetic materials u, is very nearly unity so that 


n= /é, 


The index of refraction of dielectric substances is always greater than unity. For vacuum, s, = 1 by definition. 
For air at atmospheric pressure, £, = 1.0006, butin most applications it is sufficiently accurate to take ce, = 1 
for air. The relative permittivity (or dielectric constant), index of refraction and power factor for a number of 
lens materials are listed in Table 10-1 in order of increasing e,. Although the permittivity of materials may 
vary with frequency (e, for water is 81 at radio frequencies and about 1.8 at optical frequencies), the table 
values are appropriate at radio wavelengths down to the order of 1cm. The power factor is also a function of 
frequency. The values listed merely indicate the order of magnitude at radio frequencies. 


Table 10-1 Permittivity and power factor of materials 


Relative Index of Power 
Material permittivity < refraction n factor? 
Paraffin 2.1 1.4 0.0003 
Polyethylene 2.2 15 0.0003 
Lucite or Plexiglas (methacrylic resin) 2.6 1.6 0.01 
Polystyrene 2.5 1.6 0.0004 
Flint glass 7 2.5 0.004 
Polyglas (TiO2 or titanate fillers) 4-16t 2-4 0.003 
Rutile (TiO2) 85- 170+ 9-13 0.0006 


t Depends on composition. 
+ Depends on orientation of crystal with respect to field. 
$ Equals cosine of angle between conduction and total currents. 


Returning now to Eq. (2) and solving for R, we have 
(n—1)L 
R = —— 7 
ncosé — 1 (7) 


This equation gives the required shape of the lens. It is the equation of a hyperbola. Referring to Fig. 10-3, 
the distance L is the focal length of the lens.? The asymptotes of the hyperbola are at an angle 6o with respect 
to the axis. The angle 69 may be determined from (7) by letting R = oo. Thus, 


1 
6) = arccos— (8) 
n 


1The F number of a lens is the ratio of the focal distance to the diameter A of the lens aperture. Thus, F = L/A. 
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The point O is at one focus of the hyperbola. The other focus is at O’. For a point source at the focus, the 
3-dimensional lens surface is a spherical hyperbola obtained by rotating the hyperbola on its axis. For an 
in-phase line source normal to the page (Fig. 10-3) as the primary antenna, the lens surface is a cylindrical 
hyperbola obtained by translating the hyperbola parallel to the line source. 

Although Eq. (7) for the lens surface was derived without using Snell’s laws of refraction,! these laws are 
satisfied by the lens boundary as given by (7). 

The plane wave emerging from the right side of the lens produces a secondary pattern with maximum 
radiation in the direction of the axis. The shape of the secondary pattern is a function of both the aperture A 
and the type of illumination. This aperture-pattern relation has been discussed in previous chapters. 

For anisotropic point-source primary antenna and a given 
focal distance L, the field at the edge of the lens (9 = 01) is 


_ 
less than at the center (9 = 0), the effects of reflections at the > 
lens surfaces and losses in the lens material being neglected. Aho \ 
The variation of field intensity in the aperture plane of the K 


spherical lens can be determined by calculating the power per 
unit area passing through an annular section of the aperture as 
a function of the radius p (Risser-1). Referring to Fig. 10-4, 
the total power P through the annular section of radius p and 
width dp is given by 


P = 2mp dp Sp (9) 


where S, = power density or Poynting vector (power per unit area) at radius p 
This power must be equal to that radiated by the isotropic source over the solid angle 2x sin 0 d0. Thus, 


P=2zsin6dé U (10) 


where U = radiation intensity of the isotropic source (power per unit solid angle) 
Equating (9) and (10), 


Figure 10-4 Annular zone. 


p dp Sp = SİN 0 d9 U (11) 
and 

Sp = sind (12) 

U p(dp/dé) 
However, p = R sin 0, and introducing the value of R from (7), 

(ncos@ — 1)? 
= 13 
Sp (n — 1)2(n — cos 0) L? ie! 


The ratio of the power density Sg at the angle 6 to the power density So at the axis (0 = 0) is given by the 
ratio of (13) when @ = 9, to (13) when 0 = 0. Thus, 
So (ncosé@ — 1)? 


So (n — 1)?(n — cos0) (14) 


ISnell’s laws of refraction are (1) that the incident ray, the refracted ray and the normal to the surface lie in a plane and (2) that the ratio 
of the sine of the angle of incidence to the sine of the angle of refraction equals a constant for any two media. If the medium of the 
incident wave is air, the constant is the index of refraction n of the medium with the refracted ray. Thus, sin æ/sin 8 = n, where a is the 
angle between the incident ray in air and the normal to the surface and £ is the angle between the refracted ray in the dielectric medium 
and the normal to the surface. 
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In the aperture plane the field-intensity ratio is equal to the square root of (10), or! 


E S, 1 coso — 1)3 
0 _ | Se _ (n ) (15a) 
Eo So n—1 n — COSO 


The ratio Eg / Ep is the relative field intensity at a radius p given by p = R sin 8. For n = 1.5, 
Eo 
0 


= 0.7 at @ = 20° 


and 


zi = 0.14 at 6 = 40° 
Eo 
Hence, for nearly uniform aperture illumination an angle 6; to the edge of the lens even less than 20° is 
essential unless the pattern of the primary antenna is an inverted type, i.e., one with less intensity in the axial 
direction (9 = 0) than in directions off the axis. 

Instead of uniform aperture illumination, a tapered illumination may be desired in order to suppress minor 
lobes. Thus, in the above example with 6; = 40°, the field at the edge of the lens is 0.14 its value at the center. 
The disadvantage of this method of producing a taper is that the lens is bulky (Fig. 10-5a). An alternative 
arrangement, shown in Fig. 10-5b, has a lens of smaller 6; value with the desired taper obtained with a 
directional primary antenna at a larger focal distance (relative to the aperture). The lens in this case is less 
bulky, but the focal distance is larger (F number = L/A larger). 

For compactness and mechanical lightness it would be desirable to combine the short focal distance of 
the lens at (a) with the light weight of the lens at (b). This combination may be largely achieved with the 
short focal distance zoned lens of Fig. 10-5c. The weight of this lens is reduced by the removal of sections 
or zones, the geometry of the zones being such that the lens performance is substantially unaffected at the 
design frequency. Whereas the unzoned lens is not frequency sensitive, the zoned lens is, and this may be a 
disadvantage. The thickness z of azone step is such that the electrical length of z in the dielectric is an integral 
number of wavelengths longer (usually unity) than the electrical length of z in air. Thus, for a 1A difference, 


~ 221 (16) 

àd =o 

or 

Ao 
= 17 
z= a1 (17) 

For a dielectric with index of refraction n = 1.5, 
z = 20 


that is, each zone step is twice the free-space wavelength. Since n = Ag/Aq, 
z= 3ha 


1 Equation (15a) is for a spherical lens. Attenuation in the lens is neglected. For a cylindrical lens the field-intensity ratio is 
Eo _ ncos@—1 (15b) 
Eo J/(n—1)(™—0S6) 


where Eg /Epọ is the relative field intensity at a distance y from the axis given by y = R sin 8. 
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Short-focus lens 


Isotropic 
primary 
antenna 7 d 
apere 
(a) illumination 
Directional 
primary antenna 5 
1 
ii Long-focus lens 
< L > 
(b) 


—/. 
xO 
Primary 
antenna 


Zoned lens 


Zoned lens 


(c) 
Figure 10-5 Short-focus lens (a), long-focus lens (b) and zoned lens (c). 


Thus, in this case, the electrical length of z in the dielectric is 3, while the electrical length of z in air is 2 
(see Fig. 10-5c). 

In lens antennas the primary antenna does not interfere with the plane wave leaving the aperture as it does 
in a symmetrical parabolic reflector antenna (with prime focus feed) (see Chap. 9). However, the energy 
reflected from the lens surfaces may be sufficient to cause a mismatch of the primary antenna to its feed line 
or guide. In the lens of Fig. 10-6a reflections from the convex surface of the lens do not return to the source 
except from points at or near the axis. This is not serious, but the wave reflected internally from the plane 
lens surface is refocused at the primary antenna and may be disturbing. In this case, the wave is reflected at 
normal incidence, and the reflection coefficient is 


Zo- zZ 
where Z0+Z 
Zo = intrinsic impedance of freespace = y uo/£o 
Z = intrinsic impedance of dielectric lens material = y u/e 
Thus, 
= (Zo/Z)-1 n-1 (19) 


~ (Zo/Z)+1 n+l1 
where n = the index of refraction of the dielectric lens material 
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Lens axis 
\ 


p> Primary 
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<—— 


D guide ane hee antenna 
A 
(a) (b) 


Figure 10-6 Reflected waves entering primary antenna (a) and refocused to one side of 
primary antenna (b). 


Primary 
antenna 


Forn = 1.5, o = 0.2, while for n = 4, p = 0.6. Hence, for a small reflection a low index of refraction is 
desirable. The reflection can also be minimized by other methods. For example, a à/4 plate can be applied to 
the plane lens surface with the refractive index of the plate made equal to ./n, where n is the refractive index of 
the lens proper.! A nother method is to tilt the lens slightly as indicated in Fig. 10-6b so that the reflected wave 
refocuses to one side of the primary antenna. Even though the lens is tilted, the antenna beam remains on axis. 


10-3 Artificial Dielectric Lens Antennas 


Instead of using ordinary, nonmetallic dielectrics for the lens, 
Kock (1) has demonstrated that artificial or metallic dielectrics 
can be substituted, generally with a saving in weight. Whereas 
the ordinary dielectric consists of molecular particles of micro- 
scopic size, the artificial dielectric consists of discrete metal 
particles of macroscopic size. The size of the metal particles N 
should be small compared to the design wavelength to avoid Plane 
resonance effects. It is found that this requirement is satis- wane 
fied if the maximum particle dimension (parallel to the electric 
field) is less than à /4. A second requirementis that the spacing 
between the particles be less than a to avoid diffraction effects. 

The particles may be metal spheres, disks, strips or rods. 
For example, a plano-convex lens constructed of metal spheres is illustrated in Fig. 10-7. The spheres are 
arranged in a 3-dimensional array or lattice structure. Such an arrangement simulates the crystalline lattice 
of an ordinary dielectric substance but on a much larger scale. The radio waves from the source or primary 
antenna cause oscillating currents to flow on the spheres. The spheres are, thus, analogous to the oscillating 
molecular dipoles of an ordinary dielectric. 

An artificial dielectric lens can be designed in the same manner as an ordinary dielectric lens (Sec. 10-2). 
To do this, it is necessary to know the effective index of refraction of the artificial dielectric. This can be 
measured experimentally with a slab of the material, or it can be calculated approximately by the following 
method of analysis. M etal disks or strips are generally preferable to spheres because they are lighter in weight. 
The strips may be continuous in a direction perpendicular to the electric field as indicated in Fig. 10-8. Since, 
however, the sphere is more readily analyzed, the method will be illustrated for the case of the sphere. 


Figure 10-7 Artificial dielectric lens 
of metal spheres. 


lin general the refractive index of a 1/4 matching plate between two media should be equal to the geometric mean of the indices of the 
two media. This is equivalent to saying that the intrinsic impedance Zp of the plate material is made equal to the geometric mean of the 
intrinsic impedances Z1 and Z? of the two media. Thus, Zp = /Z 1 Z2. 
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Let an uncharged conducting sphere be placed 
in an electric field E as in Fig. 10-9a. The field 
induces positive and negative charges as indicated. 
Ata distance the effect of these charges may be rep- 
resented by point charges +q and —q separated by 
adistance/ asin Fig. 10-9b. Such aconfiguration is 
an electric dipole of dipole moment ql. Ata distance 
r >> l the potential due to the dipole is given by 


1cosé 
=- () 


~ Aseor 


The polarization P of the artificial dielectric is 
given by 


where 


N = number of spheres per cubic meter 
I = vector of length Z joining the charges q 


The electric displacement D, the electric field intensity E and the polarization P are related by 


D=cE=«E+P 


where eo = dielectric constant of free space 


Cross section of lens 


Strips 


(a) 


407 


> s\— 


Convex side of lens 


Figure 10-8 Artificial dielectric lens of flat 


metal strips of width w. 


Thus, the effective dielectric constant e of the artificial dielectric medium is 


yee aN 
e€ = 60+ g = £0 E 


(4) 


Hence, if the number of spheres per unit volume and the dipole moment of one sphere per unit applied field 
are known, the effective dielectric constant can be determined. Let us now determine the dipole moment per 


unit applied field. 


(a) 


(b) 
Figure 10-9 Charged sphere and equivalent dipole. 
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We have E = —VV. Then ina uniform field the potential 
p 
v=- E cos0 dr = —Er coso (5) 
0 


where @ is the angle between the radius vector and the field (see Fig. 10-9b). The potential Vo outside the 
sphere placed in an originally uniform field is the sum of (1) and (5), or 


1cosé 
a (6) 


Vo = —Er cos 0 + 
An egr 


At the sphere (radius a) (6) becomes! 


ql coso 


0 = —Eacosé + 5 


4r ega 


and solving for q1 /E we obtain 


l 
T = 4r ega? (7) 


Introducing this value for the dipole moment per unit applied field in (4), 
E€ = £0 + 4r eoNa? 
or 
e, =1+4r Na? (8) 


where s, = effective relative permittivity of the artificial dielectric 

If the effective relative permeability of the artificial dielectric is unity, the index of refraction is given by 
the square root of (8). However, the lines of magnetic field of a radio wave are deformed around the sphere 
since high-frequency fields penetrate to only a very small distance in good conductors. The effective relative 
permeability of an artificial dielectric of conducting spheres is 


by = 1 — 2x Na? (9) 


The effective index of refraction of the artificial dielectric of conducting spheres is then given by 


n = Jeb = V(1 4+ 4r Na) (l — 27 Na?) (10) 


Equation (10) gives a smaller n than obtained by the square root of (8) alone. According to (10) the 
index of refraction of an artificial dielectric of conducting spheres can be calculated if the radius a 
of the sphere (in meters) and the number N of spheres per cubic meter are known. The relative per- 
meability of disk or strip-type artificial dielectrics is more nearly unity so that one can take /e, as 
their index of refraction. Theoretical values of £., u, and n for artificial dielectrics made of conduct- 
ing spheres, disks and strips are listed in Table 10-2 (Kock-1). According to Kock the table values 
are reliable only for e» < 1.5, and only approximate for larger c«,. For e, > 1.5, N becomes suf- 
ficiently large that the particles interact because of their close spacing. This effect is neglected by the 
formulas. 


1T he potential of the sphere is zero since there is as much positive as negative charge on its surface. 
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Table 10-2 Artificial dielectric materials t 


Type of Relative Relative Index of 

particle permittivity <, permeability 1, refraction n 

Sphere 14 41Na3 1— 2r Na? VA + 42Na3)(1 — 27 Na?) 
Disk 1+5.33Na3 ~1 VT +5.33Na3 

Strip 1+ 7.85N’w2 ~1 VI+7.85N'w2 


tN =number of spheres or disks per cubic meter 
a =radius of sphere or disk, m 

N’/=number of strips per square meter in lens cross section (see Fig. 10-8a) 
w =width of strips, m (see Fig. 10- 8) 


10-4 E-Plane Metal-Plate Lens Antennas 


Zz 

W hereas the ordinary and artificial dielectric lens depend for their 
action on a retardation of the wave in the lens, the £-plane metal- 

plate type of lens depends for its action on an acceleration of the 

wave by the lens (K ock-2). In this type of lens the metal plates are 

parallel to the E plane (or plane of the electric field). Referring 

to Fig. 10-10, the velocity v of propagation of a TE 1ọ wave (E 

as indicated) in the x direction between two parallel conducting 

plates of large extent is given by Chu (1) as 

—— (1) 
v1 — (Ao/2b)2 P po rY 


where x 


vo = velocity in free space 
Figure 10-10 Wave between 


ào = wavelength in free space plates in E-plane type of 
b = spacing of plates or sheets metal-plate lens. 


The plates act as a guide, transmitting the wave for values of 


b > Ag/2. The spacing b = Ag/2 is the critical spacing since 
for smaller values of b the guide is opaque and the wave is not 2v + 
transmitted. The variation of the velocity for a fixed wave- p 
length as a function of the plate spacing b is illustrated in j 
o 
05 10 15 2 


Fig. 10-11. The velocity of the wave between the plates is 
always greater than the free-space velocity vo. It approaches 
infinity as b approaches 0.5Aọ, and it approaches vo as b 
becomes infinite. 

The equivalent index of refraction of a medium constructed 


n 


0 
0 .0 


bin free-space wavelengths, Ao 


of many such parallel plates with a spacing b is Figure 10-11 Velocity v of wave 
Pree: between parallel plates and 
i ee) he (3) (2) equivalent index of refraction nas 
X 2b a function of spacing b between 
The index is always less than unity, as shown in Fig. 10-11. plates. 


1H owever, for typical spacings of b ~ 34/4 at normal incidence the transmission coefficient is nearly unity. 
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The acceleration of waves between plates has been 
applied in a metal-plate lens for focusing radio waves 
(Kock-2). For instance, a metal lens equivalent to the 
plano-convex dielectric lens of Fig. 10-1a or Fig. 10-3 
is aplano-concave type as illustrated in Fig. 10-12. The 
plates are cut from flat sheets, the thickness ¢ atany point 
being such as to transform the spherical wave from the 
source into a plane wave on the plane side of the lens. 
The electric field is parallel to the plates. 

The lens plate on the axis of the lens in Fig. 10-12 Figure 10-12 E-plane type of 
is shown in Fig. 10-13. The shape of the plate can be metal-plate lens. 
determined by the principle of equality of electrical path 
length (Fermat's principle). Thus, in Fig. 10-13, OPP’ 
must be equal to 0QQ’ in electrical length, or 

L R L — Rcosé 
=> + (3) 
Xo Xo Àg 
where 


Ao = wavelength in free space 
Àg = wavelength in lens 


Then 
ie (4) 


This relation is identical with (10-2-7). However, to keep both numerator and denominator positive 
(sincen < 1in the present case), the numerator and denominator of (10- 2-7) should be multiplied by minus 1. 
With n < 1, (4) is the equation of an ellipse. The 3-dimensional concave surface of the lens in Fig. 10-12 
would be generated by rotating the contour for the center plate, as given by (4), on the axis. If the primary 
antenna were a line source perpendicular to the page in Fig. 10-13, all the plates would be identical and the 
lens surface would be in the form of an elliptical cylinder. 

Waves entering the lens of Fig. 10-12 at the point P obey Snell’s laws of refraction. However, this is not 
necessarily the case for waves entering at P’ where the metal plates constrain the wave to travel between 
them. E-plane metal-plate lenses may be constructed that have only such constrained refraction. Two types 
are illustrated in cross section in Fig. 10-14. Both have a line source normal to the page. The electric field 
E is parallel to the source. All lens cross sections perpendicular to the line sources are the same as the ones 
shown in the figure. 

In the lens at (a) the spacing between plates is uniform, but the width varies from plate to plate. In the lens 
at (b) all plates have the same width, but the spacing varies. 

A disadvantage of the E-plane metal-plate lens as com- ~ 
pared to the dielectric type is that it is frequency-sensitive, 
i.e., the lens has a relatively small bandwidth. To deter- 
mine the bandwidth, consider the geometry of Fig. 10-15 
(Risser-1). At the design frequency f we have from (3) that 


Axis 


sats Go 
0 Ao Àg Figure 10-13 Geometry for E-plane type 
of metal-plate lens. 
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(b) 
Figure 10-14 Cross sections of constrained types of E-plane metal-plate lenses. 
or 
L=R+nt (6) 


where n = index of refraction at the design frequency f. 
At some other frequency f’, 
Axis 


L+é6=R+n't (7) 


where 
ô = the difference in electrical path length of OQ and OPP’ 


n’ = index of refraction at the frequency f’ 
Figure 10-15 Geometry for 


Subtracting (6) from (7), bandwidth considerations. 
ô= Ant (8) 


where An =n' -n 
For a small wavelength difference AAg, 


on 
ee 9 
An ai Ado (9) 
Introducing n from (2) into (9), differentiating and substituting this value of An in (8) yields 
oa 
s- TAA (10) 
n 0 
or 
Ado nd 
= 11 
| Ao (l=n?)t i 
The total bandwidth B is twice (11) so 
2nd 2n ô, 
‘a (—n)t l-n?h, (12) 
where 


ô, =maximum tolerable path difference in free-space wavelengths 
t, =thickness of lens plate at edge of lens in free-space wavelengths 


If we arbitrarily take 6 = 0.251, 
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50n ; 
B= EA (%) (13) 
For n = 0.5 andr = 6a, the bandwidth 
B=5.5% 


Thus, the usable frequency band for this antenna is 5.5 percent of the design frequency?. Although zoning a 
dielectric lens introduces frequency sensitivity, the effect of zoning an E-plane metal-plate lens is to decrease 
the frequency sensitivity. Hence, zoning is desirable with E-plane metal-plate lens, both to save weight and to 
increase the bandwidth. An £-plane metal-plate lens 404 square with nine zones is illustrated in Fig. 10-16. 
The patterns of this lens, fed with a short primary horn antenna, are shown in Fig. 10-17. 
The bandwidth of a zoned £-plane metal-plate lens is given approximately by 
50n 


= 1+ Kn (A) (14) 


n = index of refraction at the design frequency 
K = number of zones, the zone on the axis of the lens being counted as the first zone 


A zoned lens comparable to the unzoned lens of n = 0.5,t = 6àọ and B = 5.5 percent has n = 0.5 and 
K = 3 since with n = 0.5, K ~ t,/2. The bandwidth B of this zoned lens is 10 percent, or nearly double the 
bandwidth of the unzoned lens. 
The aperture efficiency to be expected of large lens antennas is about 0.6 so that the directivity is about the 
same as for optimum horns of the same size aperture (see Chap. 7). 
Referring to Fig. 10-I8a, the thickness z of a zone step is given by 
Z Z 
or 
PA (15) 
l-n 
The equation for the contour of the zoned lens is the same as (4) for the unzoned lens except that L is 
replaced by Lx, where 
(Ka 14K De (16) 


For the first zone (on the axis) Lg = L, for the second zone Lg = L +z, for the third zone L = L+2z, etc. 


Ly=L+ 


12A. a2- A/D- C/A) SFA- -h 2Af er 

cs ay e Oe 
where 

à = design wavelength 

f = design frequency 

Ay = short wavelength limit of band 

à2 = long wavelength limit of band 

fi = high-frequency limit of band 

fa = low-frequency limit of band 
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Figure 10-16 Zoned type of E-plane metal-plate lens with a square aperture 40, on a side. 
(Courtesy W. E. Kock, Bell Telephone Laboratories.) 


To shield against stray radiation from the source 
side of a lens, a metallic enclosure may be used 
as in Fig. 10-18b. This enclosure forms an elec- 
tromagnetic horn of wide flare angle with a lens at 
the aperture. Without the lens an optimum horn of 
the same aperture would be much longer (smaller 
flare angle). The fact that the lens permits a much 
shorter structure for the same size aperture is, per- 
haps, the principal advantage of a lens or lens-horn 
combination over a simple horn antenna. 


10-5 Tolerances on Lens Antennas 


In a dielectric lens, differences in the path length 
may be caused by deviations in thickness from the 
ideal contour and by variationsin theindex of refrac- 
tion (Risser-1). Assigning an allowable variation of 
Ao/32 rms to either cause, we have as the thickness 
tolerance that 


dB 


—30° —20°-10° 0° 10° 
Angle from axis 


20° 30° 


Figure 10-17 E-plane pattern (solid) and 
H-plane pattern (dashed) of 404 square zoned 
E-plane lens of Fig. 10-16.(Kock-1, 2). 
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Wave guide 


Source ` f Axis iens 
a 
(a) (b) 
Figure 10-18 (a) Zoned lens plate. (b) Horn with lens. 
Ar At 1 
àa ào 32 
or 
Ao 
Gg 32(n — 1) 
or 
Xo 0.03A9 
— = 1 
a 32(n — 1) n—1 (1) 
Forn = 1.5, 
At = 0.0610 
For the tolerance on n, 
Ant = a 
or 
pea (2) 
h 
where t, = thickness of lens in free-space wavelengths 
Dividing (2) by n, 
Se! Os (3) 
n nt, 


If n = 1.5 and t = 49, An/n = 4%. 

In an E-plane metal-plate lens the path length may be affected by both the thickness of the lens and the 
spacing b between lens plates. A ssigning 49/32 to each cause, we have as the thickness tolerance that 
Xo _ 0.0310 


wcl- l-n a) 
and for the tolerance on the spacing b between plates 
Ab 3n (%) (5) 


b -ndn 
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It is interesting to compare these tolerances with the surface contour requirement of a parabolic reflector. 
A displacement Ax normal to the surface of the reflector at the vertex (i.e, a displacement in the axial 
direction) results in a change in wave path of 2Ax. Thus, for the same effect as either Ar or An, Ax must be 
5 as large. 
i This is a severe requirement for a large reflector at a small wavelength, placing a strict limitation on the 
allowable warping or twisting of the reflector. In contrast to this, the thickness tolerance on a lens refers only 
to the thickness dimension. It does not imply that the lens contour be maintained to this accuracy. With a 
lens, a relatively large amount of warping or twisting can be tolerated, and this is an important advantage of 
this type of antenna. Furthermore, the lens axis can be tilted a considerable angle t with respect to the axis 
through the primary antenna and center of the lens (see Fig. 10-6b) without serious effects.1 

The above-mentioned tolerances are summarized in Table 10- 3. Tolerances for zoned lenses are also listed. 
These are derived from the unzoned lens tolerances by taking the dielectric lens thickness as nearly equal to 
Ao/(n — 1) and the metal-plate lens thickness as nearly equal to Ag /(1 — n). All tolerances in the table assume 
40/32 rms for the individual lens variations and 49/64 rms for the reflector variation resulting, in each case, 
in a gain-loss factor kg = 0.16 dB as calculated from (16-2-3), provided the correlation distance >A and 
other conditions of (16-2-3) are met. For a combination of random variations (as index and thickness) the 
net effective variation is given by the quadrature sum of the individual variations. 


Table 10-3 Tolerances on lens and reflector antennas 


Type of antenna Type of tolerance Amount of tolerance(rms) 
Parabolic reflector Surface contour 0.016A9 
Dielectric lenst (unzoned) Thickness 9.03%9 
Index of refraction i % 
Dielectric lenst (zoned) Thickness 3% 
Index of refraction ady 
E-plane metal-plate lens* (unzoned) Thickness 0,030 
Plate spacing EU 
E-plane metal-plate lens? (zoned) Thickness 3% 
Plate spacing E% 


n= index of refraction 

t=lens thickness 

t, =lens thickness in free-space wavelengths 
tn>1. 

tacl. 


10-6 H-Plane Metal-Plate Lens Antennas 


A wave entering a stack of metal plates oriented parallel to the H plane (perpendicular to the £ plane) as in 
Fig. 10-19a is little affected in its velocity. However, the wave is constrained to pass between the plates so 


1L ittle difference in radiation-field patterns of an Æ-plane metal-plate lens antenna is revealed for a tilt angle z as large as 30° according 
to patterns presented by Friis (1) and Lewis. 
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Figure 10-19 (a) H-plane stack of flat metal plates. (b) H-plane stack with increased path 
length. (c) Slanted H-plane plates. (d) H-plane metal-plate lens using slanted plate construction. 


that, once inside, the path length can be increased if the plates are deformed, as suggested in Fig. 10-19b. 
An increase in path length can also be produced by slanting the plates as at (c). The increase of path length 
is S — T. Using the slant-plate method of increasing the path length, an H-plane metal-plate lens can be 
designed by applying the principle of equality of electrical path length. This type of lens is called an H-plane 
type since the plates are parallel to the magnetic field (perpendicular to the E-plane) (K ock-3). 
Referring to Fig. 10-19b, the condition for equality of electrical path length requires that 
Rcosé—L 
RL = (1) 
or 
~ ncos@—1 (2) 
where n = 1/cosé = effective index of refraction of the slant-plate lens medium 
In this case the index of refraction is equal to or greater than unity so that (2) is identical with (10-2-7) for 
a dielectric lens. The index n depends only on the plate slant angle £ and is not a function of the frequency 
as in the E-plane type of metal-plate lens. The most critical dimension is the path length S in the lens. This 
may be affected by a change in T or in £. Assuming a maximum allowable variation 6 = A9/8 in electrical 
path length, the tolerance in $ is given by 
AS = 0.0610 (3) 
A disadvantage of the H-plane metal-platelens is that this type of construction tends to produce unsymmetrical 
aperture illumination in the £ plane. 
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10-7 Reflector-Lens Antenna 


This antenna combines a dielectric lens with a flat reflecting sheet as suggested in Fig. 10-20 (Kraus-1). An 
incoming ray traverses the lens twice and is brought to a focus at F. For thin lenses the distance R is given 
approximately by 
pc (n—1)2L 
(2n —1)cos@—1 


where 


(1) 


n =index of refraction of lens 
L = focal length (in same units as R) 


This reflector lens is approximately half 


the thickness and half the weight of a sim- oo 
ple dielectric lens (Figs. 10-1a or 10-3) F 4 

and is an alternative to a parabolic reflec- 

tor. An interesting, specialized application 3 


would be to use a pool of conducting liq- 

uid for the flat surface with a long focal 

length reflector lens situated above as in , , 
; na, ; Dielectric 

Fig. 10-20. Beam squinting by horizon- lane Flat 

tal displacements of the feed would allow 

observations of a region near the zenith. 

Only the thickness of the lens is critical Figure 10-20 Reflector-lens antenna consisting of a 

since the flatness of the reflecting surfaceis plano-convex dielectric lens on a flat reflecting sheet. 

maintained automatically, thanks to gravity. 

The lens need not be in contact with the flat surface. A meridian-transit millimeter-wave radio astronomy 

application at low cost is envisioned. 


10-8 Polyrods! 


A dielectric rod or wire can act as a guide for electromagnetic waves ( Hondros-1; Schelkunoff-1; 
W hitmer-1). The guiding action, however, is imperfect since considerable power may escape through the wall 
of the rod and be radiated. This tendency to radiate is turned to advantage in the polyrod antenna so called 
because the dielectric rod is usually made of polystyrene (M ueller (1) and Tyrrell). A 64 long polyrod antenna 
is shown in cross section in Fig. 10-21a. The rod is fed by a short section of cylindrical waveguide which, in 
turn, is energized by a coaxial transmission line.? This type of polyrod acts as an end-fire antenna (Wilkes-1). 
The phase velocity of wave propagation in the rod and also the ratio of the power guided outside the rod to 
the power guided inside are both functions of the rod diameter D in wavelengths and the dielectric constant? 


1D uring World War Il, George E. Mueller and W. A. Tyrrell of the Bell Telephone Laboratories developed the polyrod for use in arrays 
of 16 or more rods as a ship-borne radar antenna operating at 20 cm wavelength. Following the war, Dr. Mueller joined the Electrical 
Engineering faculty of the Ohio State University. He later joined the National A eronautics and Space A dministration (NASA) to direct 
the A pollo program which put the U.S. astronauts on the moon. As of 2001, he is CEO of the K isler A erospace Corporation, Kirkland, 
Washington. 

2An end-fire polyrod antenna may be regarded as a degenerate or rudimentary form of lens antenna with an effective lens cross section 
of the order of a wavelength. See Gilbert Wilkes (1). 

3T he relative permittivity e, = 2.5 for polystyrene. See Table 10-1. 
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(a) 


(b) 


Figure 10-21 (a) Cross section of cylindrical polystyrene antenna 6a long. (b) Radiation 
pattern. (Mueller (1) and Tyrrell) 


of the rod material (Mueller (1) and Tyrrell). For polystyrene rods with D < 4/4, the rod possesses little 
guiding effect on the wave, and only a small fraction of the power is confined to the inside of the rod. The 
phase velocity in the rod is also close to that for the surrounding medium (free space). For diameters of the 
order of a wavelength, however, most of the power is confined to the rod, and the phase velocity in the rod is 
nearly the same as in an unbounded medium of polystyrene. For increased directivity operation the diameter 
D, in free-space wavelengths of a uniform rod (length L} > 2 and2 < s, <5)is 


a + 0.2 (1) 
Er s 1 + ZL 
In practice, polystyrene rod diameters in the range 0.5 to 0.34 are used. The rod may be uniform or to reduce 
minor lobes can be tapered as in Fig. 10-21a. This polyrod is tapered halfway and is uniform in cross section 
the remainder of its length. The diameter D is 0.54 at the butt end and 0.34 at the far end. The radiation-field 
pattern for this polyrod as given by M ueller (1) and Tyrrell is shown in Fig. 10-21b. The gain is about 16 dBi. 

To a first approximation the radiation pattern of a polyrod antenna excited uniformly along its length 
may be calculated by assuming that it is a continuous array of isotropic point sources with a phase shift of 
about 360 (1 + 1/2L,) deg/wavelength of antenna, where L, is the total length of the antenna in free-space 
wavelengths. 

The relative field pattern as a function of the angle 6 from the axis is then given by 


sin(y’/2) 
EA 2 
VR (2) 


DS 


E(0) = 


1To transmit the lowest (TE11) mode in a circular waveguide, the diameter D of the guide must be at least 0.58å//£r, where à is the 
free-space wavelength and e, is the relative permittivity of the guide. Thus, for a rod of polystyrene (e, = 2.5) fed from a circular 
waveguide as in Fig. 10-21a, the guide diameter must be at least 0.37 to allow transmission in the metal tube. 


2This is the Hansen and Woodyard condition for increased directivity of an end-fire array. 
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where w’ = 2x L, cos 8 — 2zi (1 + A) = 2n| La (coso a= J 


The radiation field could be calculated exactly by applying Schelkunoff’s equivalence principle, provided 
the fields on the surface were known (Schelkunoff-2). By this principle the fields at the rod surfaces are 
replaced by equivalent electric and fictitious magnetic current sheets, and the radiation field is calculated from 
these currents. An approximate calculation has been made by assuming a field distribution (Watson-1). 

The directivity D of a polyrod antenna is given approximately by M ueller (1) and Tyrrell as 

D% BL) (3) 
and the half-power beamwidth by 
60° 
Xr 
where L, = length of polyrod in free-space wavelengths 

Polyrod antennas may also be of square or rectangular cross section. A nother possibility is to use a dielectric 
sleeve of circular or square cross section, the interior of the sleeve being air-filled. In this case the appropriate 
diameter of the sleeve may be of the order of 1A (Kiely-1). 

The rods and cones of the retina of a human eye are similar to polyrod antennas but with unity front-to- 
back ratio and diameters of 1 to 24 as compared to the high front-to-back ratio and 2/2 diameter or less of 
the polyrod of Fig. 10-21. The retina has an array of more than 100 million “polyrods.” Curiously, to an 
antenna engineer, all of the feed system and connections (axons and dendrites) arein front of the “polyrods.” 
However, this is all right because the “wiring” is transparent. For more detail see, for example, K raus (1) and 
Fleisch. 


HPBW ~ 


(4) 


10-9 Multiple-Helix Lenses 


As mentioned earlier, an axial-mode monofilar helical antenna is a rudimentary form of lens antenna (see 
Fig. 10-2b). A multiplicity of parasitic axial-mode monofilar helices can also be arranged as in Fig. 10-22 
to form a phase-controlled lens. Helices of opposite hand are mounted back-to-back on a spherical shell 
with the center at the focus. The helices on the outer side of the shell receive the incoming wave which is 
retransmitted to the focal point by the helices on the inner side of the shell. The lens is focused by rotating 
each helix pair with respect to a reference pair (at the center) to compensate for path-length differences. 
Rotation of a helix pair through an angle 6 shifts the phase by 20. The number of turns n of each helix is 
given by 
Ar A p 
Pee ren ee 
128,42 N 
where 


(1) 


Ap = lens area 
S;, = helix turn spacing 
N = number of helix pairs 


To avoid grating lobes the spacing between helix pairs should be less than à. The helices and coaxial 
interconnections should, of course, be matched. A helix lens 1.3 min diameter with 1213 helix pairs has been 
constructed for operation at 8.15 GHz (A = 3.7 cm). At this wavelength the lens diameter is 354 producing a 
half-power beamwidth of about 2°. 
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Figure 10-22 Helix lens. Focusing is accomplished by rotating helix pairs. 


10-10 Luneburg and Einstein Lenses 


The Luneburg lens (L uneburg-1) shown in Fig. 10-23 is a spherically symmetric delay-type lens formed of a 
dielectric with index of refraction n which varies as a function of radius, as given by 


F 2 
n= 2- (=) (2) 


where Wave 3 
, , Conical horns 
= radial distance from center of sphere 


~ 


To receiver 1 
R = radius of sphere 


When r = R, n = 1 while at the center of the AR 7 ie 
sphere (r = 0), n = v2 (its maximum value). A to receiver 3 
The lens has the property thatan incident plane we. 

wave is brought to a focus on the opposite Wave 1 


side of the sphere as suggested for wave 2 in Luneburg lens 


Fig. 10-23. Simultaneously, wavesfrom other Figure 10-23 Luneburg lens. A plane wave incident 


directions will be brought to a focus ata point on one side is brought to a focus on the opposite side. 
on the opposite side of the sphere, as suggested 


in Fig. 10-23 for waves 1 and 3. Thus, signals can be received simultaneously with a Luneburg lens from 
as many directions as there is space available on the sphere to place feed horns or other receiving devices. 
For steering a single beam the receiver (or transmitter) can be switched to different feed horns, or a single 
movable feed horn can be used. The variable index required can be obtained with an artificial dielectric 
material (Sec. 10-3) or with concentric shells of dielectric of different indices of refraction. 

If a Luneburg sphere is cut in half and a reflecting sheet placed on the flat side, a Luneburg reflector-lens 
antenna results with incoming wave at an angle of incidence 6; brought to a focus at the corresponding angle 
of reflection 6, = 6;. 

The full spherical Luneburg lens provides beam steering in both polar coordinates (6 and ¢). For steering 
in only one coordinate (), a plane (parallel-sided) section through the center of the sphere can be used. 
However, the beam is no longer the same in both coordinates due to vignetting in the 6 direction. K elleher 
gives a good review on the Luneburg lens and its variants (K elleher-1). 
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Figure 10-24 Einstein gravity lens. A plane wave incident on a large mass (such as the sun) 
is brought to a focus along a line extending from a minimum distance to infinity. Large gains are 
possible. 


Although the idea had been mentioned earlier, Albert Einstein’s brief note in Science in 1936 was the first 
analysis of lens action by the gravitational field of a star such as the sun (Einstein-1). Actually any large 
mass— the sun, J upiter, the earth, a neutron star or a black hole— would do. Incident electromagnetic waves 
passing around a star are deflected through an angle which is proportional to the mass of the star and brought to 
a focus on the far side, as suggested by the Einstein gravity lens of Fig. 10-24. Thereis no single focal point, 
rather a focal line extending from a minimum focal distance to infinity. The gain of the lens is proportional to 
the mass of the star and inversely proportional to the wavelength. At à = 1 mm a solar lens can, in principle, 
give a gain of more than 80 dB. If the spacecraft on the focal line has an antenna with 80 dB gain, the total 
system gain is 160 dB, equivalent to the gain of an array of 100 million 80 dB -gain antennas. 

The minimum focal distance in the case of the sun is about a dozen times the distance of Pluto so that we 
must wait until itis possible to send a properly equipped spacecraft to that distance before the sun can be put 
to use as a gravity lens. 

M ore details on the Einstein lens with a worked example are given in Radio Astronomy (K raus-3) based 
on the very extensive treatment of Von R. Eshleman (Eshleman-1). See also M accone (1). 
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Problems 


10-2-1 Dielectric lens. (a) Design a plano-convex dielectric lens for 5 GHz with a diameter of 104. The lens 
material is to be paraffin and the F number is to be unity. Draw the lens cross section. (b) W hat type of 
primary antenna pattern is required to produce a uniform aperture distribution? 


10-2-2 Cylindrical lens. Prove (10-2-15b). 


10-3-1 Artificial dielectric. Design an artificial dielectric with relative permittivity of 1.4 for use at 3 GHz 
when the artificial dielectric consists of (a) copper spheres, (b) copper disks, (c) copper strips. 


*10-4-1  Unzoned metal-plate lens. Design an unzoned plano-concave E-plane type of metal plate lens of 
the unconstrained type with an aperture 10A square for use with a 3-GHz line source 10A long. The source 
is to be 20A from the lens (F = 2). M ake the index of refraction 0.6. (a) W hat should the spacing between 
the plates be? (b) Draw the shape of the lens and give dimensions. (c) What is the bandwidth of the lens if 
the maximum tolerable path difference is 1/4? 


10-9-1 Helix lens. Confirm (10-9-1). 
For computer programs, see A ppendix C. 
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Broadband and 
Frequency-Independent 
Antennas 


Topics in this chapter include: 


© Broadband basics 

Æ Infinite and finite biconical antennas 

® Directional biconicals or vees, conicals, disk 
|_| 


The Illinois story 

Planar log spirals 

Conical spirals 

Log-periodic antennas 

Y UCOLP composite antenna 


cones and bow ties 
The frequency-independent concept, 
Rumsey’s principle 


11-1 Broadband Basics 


What is the difference between a broadband and a narrowband antenna? The curved-biconical constant- 
impedance, twin-line vee antenna of Fig. 11-1a is a broadband type. It is basically a transmission line of 
constant impedance Zx (ratio of conductor spacing S$ to conductor radius r constant). If the length L is a 
wavelength or more, most of the energy of the outgoing wave is radiated with very little energy reflected. 
The antenna is a nonresonant low- Q radiator with an input impedance that remains essentially constant over 
a wide frequency range. The antenna is well-matched to space providing a smooth transition from the guided 
wave on the input transmission line to a free-space wave. 

The arrows in Fig. 11-1a indicate the direction and magnitude of the energy flow, most being radiated with 
little reflected back. 

By contrast, the short dipole of Fig. 11-1b has an abrupt transition from a guided wave on the transmission 
line to space with a large reflection of energy which oscillates back and forth near the dipole like in a resonator 
before being radiated. The dipole is a resonant relatively high- Q antenna with an input impedance that changes 
rapidly with frequency resulting in a narrow bandwidth. The arrows in Fig. 11-1b indicate the large energy 
storage before radiation. 

If there are no losses both vee and dipole radiate all of the power input but the vee does it with a smooth 
transition. 

TheVSWR may be less than 2 over this bandwidth. By contrast the V SWR of the dipole may be less than 
2 over a bandwidth of only a few percent. 


EXAMPLE 11-1.1 Bandwidth of Curved Biconical Vee Antenna of Fig. 11-1a 
Referring to Fig. 11-1a, what is the bandwidth if d = 4mm and D = 100 mm? 


423 
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E Solution 


Assuming that the spacing d = 4/10, the shortest à = 4 x 10 = 40 mm. For D = 100 mm, the longest 
A = 100 x 2 = 200 mm. 


Thus, the approximate bandwidth = 200/40 = 5 to1 Ans. 


This discussion is oversimplified but illustrates some aspects of bandwidth behavior of individual antenna 
elements. Due to mutual coupling the behavior in an array, however, may be different. 

The constant-impedance curved biconical “V” (Fig. 11-1a) is a traveling-wave antenna. The axial-mode 
helical antenna (Fig. 11-2) is also a traveling-wave antenna. Little energy is reflected from the open end so 
the input impedance remains essentially constant over a wide bandwidth. Typically, the VSWR <1.5 over 
a 2 to 1 bandwidth. And this behavior is maintained even in an array of many helices because of the small 
mutual coupling of helices. 


Broad bandwidth vee Narrow bandwidth dipole 


Small energy storage 


Wide bandwidth a Large energy storage 
Narrow bandwidth 
|. L>A -| 
(a) (b) 


Figure 11-1 (a) Wide bandwidth constant-impedance curved biconical vee antenna and 
(b) narrow bandwidth dipole antenna. Arrows indicate energy flow. 


Axial-mode helix 


Arrows indicate energy 
flow magnitude and 


direction 
a 
50-0 Traveling wave antenna with constant 
coaxial impedance over wide bandwidth 
feed 


Figure 11-2 Wideband helical-beam antenna. 


The McGraw-Hill Companies 


11-2 Infinite and Finite Biconical Antennas 425 


11-2 Infinite and Finite Biconical Antennas 


An infinite biconical antenna acts as a guide for a traveling outgoing spherical wave in the same way that a 
uniform transmission line acts as a guide for a traveling plane wave. 

The two situations are compared in Fig. 11-3. They both have a constant characteristic impedance Z; and 
since they are infinite the input impedance Z; = Zx. These values are purely resistive so the input resistance 


Ri = Zi — Zk (1) 
For the infinite biconical antenna 
R; = 120 In cot (6/4) (2) 


where 6 = cone angle 

The solid line of Fig. 11-4 shows the variation of the input resistance R; as a function of cone angle 8. If 
the lower cone is replaced by a large ground plane (see insert in Fig. 11-4) the resistance is i the value given 
by (2) as shown by the dashed line in Fig. 11-4. Note that a single cone of 90° angle has an input resistance 
of about 50 Q. 


With the infinite biconical antenna as an introduction, let us now consider the practical case of a biconical 
antenna of finite radius r (Fig. 11-5). 

W hen the outgoing spherical wave reaches a radius r part of the energy is reflected, resulting in energy 
storage.T he remaining energy is radiated, with more radiated perpendicular to the axis than close to the cones 
as suggested in Fig. 11-5. 


~ Y: 

/ . . 

’ Infinite 
biconical 
antenna 


Spherical 
traveling 
wave 


Infinite 
=> transmission 


line 
Z <- 


Zk 
Plane 
traveling —> 
wave 
(a) (b) 


Figure 11-3 An infinite biconical antenna (a) is analogous to an infinite uniform transmission 
line (b). 
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Figure 11-4 Characteristic resistance Ry of infinite biconical and single cone antennas. 
Since the antenna is infinitely long, the input resistance Rį =Rx. 


The input impedance Z; is 
given by 
Z i Zim t 
Z=Z k+ J an Br 
where 
r = cone length, m 
B =2n/d 
Zg = 1201n cot (6/4) 
Zm = Rm + IXm 
The Rm and Xm values are 


given by Schellkunoff (1) for 
thin cones (6 < 5°) by 


k Zm + 7 Ze tan Br 


(3) 
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Figure 11-5 Finite biconical antenna enclosed in hypothetical 
sphere where energy flowing near the cone is reflected but with 
energy escaping perpendicular to the axis in the equatorial region. 


Rm = 60 Cin 281 + 30(0.577 + In Bl — 2 Ci 281 + Ci 461) cos 2B! 
+ 30(Si 461 — 2 Si 281) sin 281 


Xm = 60 Si 281 + 30(Ci 481 — In BI — 0.577) sin 281 


— 30 (Si 461) cos 261 


(82) 


(82) 


(4) 
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Simple V Biconical V Curved biconical V 


<£ -> ZA 
(a) (b) N 
a E > 


< g > < B > 

Z, not constant % constant Z constant 
Bidirectional Directional More directional 
Narrow bandwidth Wider bandwidth Even wider bandwidth 


Figure 11-6 (a) Simple V, (b) biconical V and (c) curved biconical V antennas having 
increasing bandwidth. The arrows indicate that the simple V is bidirectional with the others more 
nearly unidirectional to the right. The length L is a wavelength or more. 


M easured values by RRL (1) of the VSWR for larger cone angles over a 2 to 1 bandwidth are: 


Cone angle VSWR 
20° <5 
40° <3 
60° <2 


Thus, the lowest VSWR over a given bandwidth is obtained with the largest cone angle. 


11-3 Directional Biconicals, Conicals, Disk Cones and Bow Ties 


Figure 11-6 shows a progression of V-type antennas from the simple V at (a) to the biconical V at (b) to the 

curved biconical V at (c). The characteristic impedance Z+ of the simple V at (a) is not constant and the V 

has a narrow bandwidth. Its pattern is bidirectional. 
Thebiconical V at (b) 

has aconstant character- 

istic impedance Z; and 

the antenna has a wider Curved 

bandwidth. It also tends vo 

to be unidirectional. (a) 
The curved biconi- 

cal antenna (c) also has 

a constant characteristic 

impedance Zx, is more 

unidirectional and has a ———__¢s S 

still wider bandwidth. ateire 
Figure 11-7 shows a (b) <<a] Saroy o! 

progression of conical Real resistances 


antennas with coax feed. g , E ; 
The one at (a) is a full Figure 11-6-1 Comparison of curved biconical V antenna with a 


biconical. The one at  ‘esiStance-loaded uniform transmission line. Both have similar current 
(b) has the upper cone distributions, decreasing from left to right. The virtual resistances of the 
replaced by a thin stub, biconical antenna radiate energy whereas the real resistances of the 
while at (c) the cone is uniform line absorb energy which is lost as heat. 


Virtual 
resistances 


Energy 
radiated 
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Biconical Stub cone Disk cone 


Figure 11-7 Coaxial fed conical antennas for mounting on masts with omnidirectional 
radiation in the horizontal plane. 


Bow-tie dipole Open-wire biconical dipole 


7 300-0 


twin-line 
< L > 


(a) 


Figure 11-8 (a) Flat-plane bow-tie antenna and (b) open-wire biconical dipole antenna. 


replaced by a disk. The coax feed makes these antennas convenient for mounting on masts. Radiation is a 
maximum in the horizontal plane. 

A bow-tie antenna (Brown (1) and Woodward) is a flat-plane version of the biconical antenna. The 60° 
bow tie of Fig. 11-8a providesaVSWR <2 over a2 to 1 bandwidth for L = 0.8A at the center frequency. 
An open-wire version of the biconical antenna is shown in Fig. 11-8b with properties nearly the same as with 
solid surface cones. 

Figure 11-8-1 shows Brown and Woodward’s results for conical and triangular antennas operating against 
a ground plane as a function of the length Z, (or height) for flare angles 6 of 30, 60 and 90°. Although 
the conical measurements were made with open-ended cones, Brown and Woodward found no significant 
difference in impedance values for a 60° cone with and without end caps. The gain of conical dipoles of length 
2l, with respect to a 2/2 dipole is shown in Fig. 11-8-2. The gains are calculated from measured patterns. 

Although the conical antennas have a smaller resistance fluctuation with frequency than the triangular 
antennas, the flat geometry of the triangles is attractive. The measured performance of a Brown-Woodward 
(bow-tie) antenna 34 cm long connected to a 300-Q twin line for frequencies between 480 and 900 MHz 
(UHF TV channels 15 to 83) is presented in Fig. 11-8-3. 
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Figure 11-8-1 Measured resistance (a) and reactance (b) values for monoconical and 
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monotriangular (flat sheet) antennas as a function of length |, for flare angles @ of 30, 60 and 
90°. (Brown (1) and Woodward.) 


Figure 11-8-2 Gain of biconical antennas with respect to a 4/2 dipole as a function of 


Gain over A/2 dipole, dB 


Length, 2l, 


length 21, for full cone (flare) angles 6 of 30, 60 and 90°. (Brown (1) and Woodward.) 


11-4 The Frequency-Independent Concept: Rumsey’s Principle 


A true frequency-independent antenna is physically fixed in size and operates on an instantaneous basis over 
a wide bandwidth with relatively constant impedance, pattern, polarization and gain. These kinds of antennas 
are discussed in subsequent sections. 

Beginning while at the Ohio State University in the early 1950s, continuing from 1954 to 1957 at the 
University of Illinois, and later at the University of California, first at Berkeley and subsequently at San 
Diego, Victor H. Rumsey (1) developed and introduced a new way of looking at antennas and their operation 
as a function of the frequency (J ordan-1; M ayes-1). 
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Figure 11-8-3 Gain in dBi and VSWR of UHF Brown-Woodward (bow-tie) antenna with 60° 
flare angle as a function of the length 2l}. (Brown (1) and Woodward.) The field patterns shown 
in (a) are actually those with the plane of the bow tie perpendicular to the page (rotated 90° on 
its axis) instead of with the plane of the bow tie parallel to the page as drawn. 


Rumsey was intrigued with M ushiake’s observation in 1949 that self-complementary antennas? have a 
constant impedance of Zo/2, or half the intrinsic impedance of space, at all frequencies (M ushiake-1; U da-1). 
This is remarkable since there is an infinity of self-complementary shapes. A self-complementary planar 
antenna has a metal area congruent to the open area; i.e., the two areas can be brought into coincidence by a 
rigid motion. Three examples of self-complementary antennas are shown in Fig. 11-9. The metal and open 
areas are congruent since a rotation of either brings both into coincidence. 

Theslotand complementary dipole antennas of Chap. 7 aresimilarly related but usually require a translation 
for coincidence. M ushiake’s Zo /2 result comes directly from Booker’s relation for complementary slots and 
dipoles as given by (7-16-11). 

Rumsey’s principle is that the impedance and pattern properties of an antenna will be frequency- 
independent if the antenna shape is specified only in terms of angles. 

Thus, an infinite logarithmic spiral should meet the requirement. 

The biconical antenna of Secs. 11-2 and 11-3 are examples of an antenna that can be specified only in 
terms of the included cone angle, but it is frequency-independent only if it is infinitely long. W hen truncated 
(without a matched termination) there is a reflected wave from the ends of the cones which results in modified 
impedance and pattern characteristics. 

To meet the frequency-independent requirement in a finite structure requires that the current attenuate 
along the structure and be negligible at the point of truncation. For radiation and attenuation to occur, as 


1Theconcept of complementary antennas applies strictly only to infinitesimally thin planar, perfectly conducting shapes of infinite extent. 
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Figure 11-9 Three self-complementary planar antennas. Theoretical terminal impedance is 
188 Q. 


stated in Chap. 2, charge must be accelerated (or decelerated) and this happens when a conductor is curved 
or bent normally to the direction in which the charge is traveling. Thus, the curvature of a spiral results in 
radiation and attenuation so that, even when truncated, the spiral provides frequency-independent operation 
over a wide bandwidth. 


11-5a The Illinois Story 


Rumsey’s principle was implemented experimentally by John D. Dyson at the University of Illinois, 
who constructed the first practical frequency-independent spiral antennas in 1958, first the bidirectional 
planar spiral and then the unidirectional conical spiral. These two types are described in this and the 
next section (11-6). Further work on spirals at Illinois was done by Dyson, Paul Mayes and G. A. 
DeSchamps. Concurrently Raymond DuHamel and Dwight Isbell were developing the log-periodic dipole 
array, and in 1961 Mayes and Robert Carrel described the log-periodic array with V-dipole elements 
(Sec. 11-7). 


11-5b The Frequency-Independent Planar Log-Spiral Antenna 


The equation for a logarithmic (or log) spiral 
is given by 


B 


r=a® (1) 
or 
Inr = 8lna (2) 


where, referring to Fig. 11-10, 
r = radial distance to point P on spiral 
6 = angle with respect to x axis 
a = a constant 


From (1), the rate of change of radius with 
angle is 
dr 


— =a? Ina =rlna (3) 
dé Figure 11-10 Logarithmic or log spiral. 
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The constant a in (3) is related to the angle 6 between the spiral and a radial line from the origin as given by 


dr 1 
Thus, from (4) and (2), 
6 =tanBlnr (5) 


The log spiral in Fig. 11-10 is constructed so as 
to maker = lato =Oandr =2at0 = v. 
These conditions determine the value of the con- 
stants a and 6. Thus, from (4) and (5), 8 = 77.6° 
anda = 1.247. Thus, the shape of the spiral is 
determined by the angle 6 whichis the same for all 
points on the spiral. 

Let a second log spiral, identical in form to 
the one in Fig. 11-10, be generated by an angular 
rotation ô so that (1) becomes 


Spiral 2 


r =a (6) 


and a third and fourth spiral given by 


r3 =a" (7) 
and 


r4 = qo-t 5 (8) 


Then, for a rotation 6 = 2/2 we have 4 spirals 
at 90° angles. M etalizing the areas between spirals 
1 and 4 and 2 and 3, with the other areas open, Figure 11-11 Frequency-independent 
self-complementary and congruence conditions are planar spiral antenna. 
satisfied. Connecting a generator or receiver across 
the inner terminals, we obtain Dyson’s frequency-independent planar spiral antenna of Fig. 11-11 (Dyson-1). 

The arrows indicate the direction of the outgoing waves traveling along the conductors resulting in right- 
circularly polarized (RCP) radiation (IEEE definition) outward from the page and left-circularly polarized 
radiation into the page. The high-frequency limit of operation is determined by the spacing d of the input 
terminal and the low-frequency limit by the overall diameter D. The ratio D/d for the antenna of Fig. 11-11 
is about 25 to 1. If we take d = 4/10 at the high-frequency limit and D = 4/2 at the low-frequency limit, the 
antenna bandwidth is 5 to 1. The spiral should be continued to a smaller radius but, for clarity, the terminal 
separation shown in Fig. 11-11 is larger than it should be. Halving it doubles the bandwidth. 


Spiral 4 


1A Ithough it is a broadband antenna, the Archimedes spiral is not regarded as completely frequency-independent. The angle for an 
Archimedes spiral as given by r = a@ is not a constant but is a function of position along the spiral. However, remote from the origin on 
a tight Archimedes spiral, 8 approaches a nearly constant angle and the Archimedes spiral becomes a close approximation of a tightly 
wound log spiral (Bawer-1; M ayes-1). 
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Coaxial cable bonded 
to spiral arm 


connected 
to other 
arm 


Ground plane 


Figure 11-12 Frequency-independent planar spiral antenna cut from large ground plane. 


In practice, it is more convenient to cut the slots for the antenna from a large ground plane, as done by 
Dyson, and feed the antenna with a coaxial cable bonded to one of the spiral arms as in Fig. 11-12 the spiral 
acting as abalun.! A dummy cable may be bonded to the other arm for symmetry but is not shown. 

Radiation for the antennas of Figs. 11-11 and 11-12 is bidirectional broadside to the plane of the spiral. 
The patterns in both directions havea single broad lobe so that the gain is only afew dBi. Theinputimpedance 
depends on the parameters 6 and a and the terminal separation. A ccording to Dyson, typical values are in the 
range 50 to 100 2 or considerably less than the theoretical 188 2 (=Z)/2). The smaller measured values are 
apparently due to the finite thickness of spirals. 

Referring to Fig. 11-11, the ratio K of the radii across any arm, such as between spirals 2 and 3, is given 
by the ratio of (7) to (6), or 


K — n3 = a7 =tê (9) 


For the antenna of Fig. 11-11, 6 = x /2 so 


K = 3 = a ™’ = 0.707 (=1/ V2) (10) 
r2 


This is seen to be the ratio of the radial distances to the spiral of Fig. 11-10 at successive 90° intervals. 


1B alance-to-unbalance transformer. See Chap. 20. 
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11-6 The Frequency-Independent Conical-Spiral Antenna 


A tapered helix is a conical-spiral antenna 
and these were described and investigated 
extensively in the years following 1947. 
In the first article on the helical antenna 
which Kraus (1) published in 1947, he 
described a tapered helix which he con- 
structed and measured. Figure 11- 13a and b 
show tapered helical or conical spiral anten- 
nas in which the pitch angle is constant with 
diameter and turn spacing variable. These 
figures appeared in the first and second 
editions of this book. These tapered helix 
or conical spirals were investigated by 
Springer (1) (1950) and by Chatterjee (1) 
(1953, 1955) and others, and more recently 
by Nakano (1), M ikawa and Y amauchi, and 
found capable of bandwidths of 5 to 1 or 
more. Chatterjee also described a planar 
spiral antenna. 

However, it was not until 1958 that 
John D. Dyson (2) at the U niversity of IIli- 
nois made the tapered helix or conical spiral 
fully frequency-independent by wrapping 
or projecting multiple planar spirals onto a 
conical surface. 

A typical balanced 2-arm Dyson conical 
spiral is shown in Fig. 11-14. The coni- 
cal spiral retains the frequency-independent 
properties of the planar spiral while pro- 
viding broad-lobed unidirectional circularly 
polarized radiation off the small end or apex 
of the cone. As with the planar spiral, the 
two arms of the conical spiral are fed at 
the centerpoint or apex from a coaxial cable 
bonded to one of the arms, the spiral acting 
as a balun. For symmetry a dummy cable 
may be bonded to the other arm, as sug- 


_ _ 
E | 


(a) (b) 


Figure 11-13 Tapered helical or conical-spiral 
(forward-fire) CP antennas. 


Figure 11-14 Dyson 2-arm balanced conical-spiral 
(backward-fire) antenna. Polarization is RCP. Inner 
conductor of coax connects to dummy at apex. 


gested in Fig. 11-14. In some models the metal straps are dispensed with and the cables alone used as the 
spiral conductors. According to Dyson, the input impedance is between 100 and 150 Q for a pitch angle 
a = 17° and full cone angles of 20 to 60°. The smaller cone angles (30° or less) have higher front-to-back 


ratios of radiation. 


The bandwidth, as with the planar spiral, depends on the ratio of the base diameter (~A/2 at the lowest 
frequency) to the truncated apex diameter (~A /4 at the highest frequency). This ratio may be made arbitrarily 


large. 
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ye 


Coaxial line Ground 


Figure 11-15 Self-complementary toothed log-periodic antenna of DuHamel and Isbell. 


Conical and planar spirals with more than 2 arms are also possible and have been investigated by 
Mayes (2) and Dyson and by Deschamps (1), all at the University of Illinois, and also by Atia (1) and 
Mei. 

11-7 The Log-Periodic Antenna 
W hile the planar and conical spirals were being developed, Raymond DuHamel (1) and Dwight Isbell, also 
at the University of Illinois, created a new type of frequency-independent antenna with a self-complementary 


toothed structure as suggested in Fig. 11-15. In an alternative version, the metal and slot areas of Fig. 11-15 
are interchanged. Since 61+ 62 = 90° the self-complementary condition is fulfilled. The expansion parameter 


Rn F 1 
k= 1 
1 F (1) 
and the tooth-width parameter 
F 
k= 2 
I (2) 


Further work at the U niversity of Illinois showed that the self-complementary condition was not required, 
and by 1960 Dwight Isbell (1) had demonstrated the first log-periodic dipole array. The basic concept is that 
a gradually expanding periodic structure array radiates most effectively when the array elements (dipoles) 
are near resonance so that with change in frequency the active (radiating) region moves along the array. This 
expanding structure array differs from the uniform arrays considered in Sec. 11-5b. 


1S0 called because the structure repeats periodically with the logarithm of the frequency. Put another way, the structure doubles for each 
doubling of the wavelength. 
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Mechanically Tunable Wideband Dipole 


The arrangement of Fig. 11-16 consists of an adjustable à /2 dipole made of two drum-type (roll-up) 
pocket rulers. If Ł is adjusted to approximately 1/2 at the frequency of operation, the impedance and 
pattern remain the same. Strictly speaking, the element thickness or width w and the size of the drum 
housing should also be adjusted, but if these dimensions remain small compared to à, this effect is 
small and for many purposes may be negligible. This simple antenna illustrates the requirement that the 
antenna should expand or contract in proportion to the wavelength in order to be frequency-independent, 
or if the antenna-structure is not mechanically adjustable as above, the size of the active or radiating 
region should be proportional to the wavelength. 
This mechanically adjustable antenna can 
provide wideband operation for a scanning 
receiver if the dipole length is adjusted in 
synchronism with the receiver wavelength. 
This adjustment could be continuous or in 
incremental steps, as, for example, 11 steps. 
In a comparable log-periodic dipole array 


Sliding contact 


Drum-type 


(Fig. 11-17) wideband operation is achieved pocket rulers Transmission Is 

with an array of 11 dipoles of graduated 

lengths mounted herringbone fashion along Figure 11-16 Adjustable 1/2 dipole of 2 
atransmission line. Ithas been proposedthat drum-type rulers illustrates the requirement that 
computer controlled laser beamsreplacethe to be frequency-independent an antenna must 
rulers (or other antenna elements) to pro- expand or contract in proportion to the 


vide instantaneous frequency control with a wavelength. 
“plasma antenna.” See Sec. 20-29. 


Log-periodic dipole array 


Inactive (stop) 
region (I > A/2) 
Active c A 
, (radiating) 
Inactive region (I = A/2) 
(transmission line) ——*~—_, 
region (I < A/2) 


11 


Figure 11-17 Isbell log-periodic frequency-independent type of dipole array of 7 dBi gain 
with 11 dipoles showing active central region and inactive regions (left and right ends). 
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Thelog-periodic dipole array is a popular design. Referring to Fig. 11-17, the dipole lengths increase along 
the antenna so that the included angle w is a constant, and the lengths / and spacings s of adjacent elements 
are scaled so that 


l 
n+l _ Sn+1 =k (3) 
ln Sn 


where k is a constant. At a wavelength near the middle of the operating range, radiation occurs primarily 
from the central region of the antenna, as suggested in Fig. 11-17. The elements in this active region are about 
4/2 long. 

Elements 9, 10 and 11 are in the neighborhood of 1A long and carry only small currents (they present a 
large inductive reactance to the line). The small currents in elements 9, 10 and 11 mean that the antenna is 
effectively truncated at the right of the active region. 

Any small fields from elements 9, 10 and 11 also tend to cancel in both forward and backward directions. 
However, some radiation may occur broadside since the currents are approximately in phase. The elements 
at the left (1, 2, 3, etc.) are less than 4/2 long and present a large capacitive reactance to the line. Hence, 
currents in these elements are small and radiation is small. 

Thus, at a wavelength à, radiation occurs from 
the middle portion where the dipole elements are 
~i/2 long. When the wavelength is increased the 
radiation zone moves to the right and when the wave- 
length is decreased it moves to the left with maximum 
radiation toward the apex or feed point of the array. 

At any given frequency only a fraction of the 
antenna is used (where the dipoles are about 2/2 
long). A tthe short-wavelength limit of thebandwidth Figure 11-18 Log-periodic array geometry 
only 15 percent of the length may be used, while at for determining the relation of parameters. 
the long-wavelength limit alarger fraction is used but 
still less than 50 percent. 

From the geometry of Fig. 11-18 for a section of the array, we have 


_ Gre = In) 2 


S 


a Min = I,)/2 


tan œ 


(4) 
or from (3), 
B 0/4) Gn41/2) 


tana = 
sS 


Taking l„+1 = 4/2 (when active) we have 


tana = 1- Q/k) (6) 
Sy 
where 
a = apex angle 
k = scale factor 


są = Spacing in wavelengths shortward of 4/2 element 


Specifying any 2 of the 3 parameters a, k and s, determines the third. The relationship of the 3 parameters is 
displayed in Fig. 11-19 with the optimum design line (maximum gain for a given value of scale factor k) and 
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0.20 
S 
0.15 
0.10 
1.05 1.10 1.15 1.20 1.25 1.30 


Figure 11-19 Relation of log-periodic array parameters of apex angle a, scale factor k and 
Spacing s, [from (6)] with optimum design line and gain values according to Carrel and others 
(see text for details). 


gain along this line from calculations of Carrel (1), Cheong (1) and King, DeVito (1) and Stracca and B utson 
(1) and Thomson. 


The length Z (and spacing s) for any element n + 1 is k” greater than for element 1, or 
wi ee (7) 
h 


where F = frequency ratio or bandwidth 
Thus, if k = 1.19 and n = 4, F = k* = 1.194 = 2 and element 5(=n + 1) is twice the length /; of 
element 1. Thus, with 5 elements and & = 1.19, the frequency ratio is 2 to 1. 


EXAMPLE 11-7.1 Design a log-periodic dipole array with 7 dBi gain and a 4 to 1 bandwidth. 
Specify apex angle a, scale constant k and number of elements. 


E Solution 
From Fig. 11-19, the 7 dBi point on the maximum gain line corresponds to the apex angle a = 15° and 
k = 1.2. (Wealso note that s, = 0.15.) From (7), 


k” = F or anlnk=InF (8) 


and 

In F In4 1.386 
~ Ink Inl.2 0.182 — 
Taking n = 8,n + 1 = 9.Adding 2 more elements for a conservative design brings the total to 111. 


7.6 (9) 


n 


1T he number of extra elements needed depends, for example, on the design gain. Thus, for a high-gain design the active region requires 
more elements than for a low-gain design so that the bandwidth is less than given by k”. 
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The array in Fig. 11-17 corresponds to the parameters of the above example. The E-plane HPBW ~ 60°. 
The H-plane beamwidth is a function of the gain as given by 


41,000 


HPBW (H plane) < D x 60° 


(deg) (10) 


For the antenna of the example D = 5, since logio 5 = 7 dBi, so 


41,000 


HPBW (H plane) < 5 x 60° 


= 137° (11) 


Details of construction and feeding are shown in Fig. 11-20. The arrangement in (a) is fed with coaxial 
cable, the one at (b) with twin line. To obtain more gain than with a single log-periodic dipole array, 2 arrays 
may be stacked. However, for frequency-independent operation, R umsey’s principle requires that the locations 
of all elements be specified by angles rather than distances. This means that both log-periodic arrays must 
have a common apex, and, accordingly, the beams of the 2 arrays point in different directions. For a stacking 
angle of 60°, the situation is as suggested in Fig. 11-21 for dipole arrays of the type shown in Figs. 11-17 
and 11-20. The array in Fig. 11-21b is a skeleton-tooth or edge-fed trapezoidal type. Wires supported by a 
central boom replace the teeth of the antenna of Fig. 11-15. 

For very wide bandwidths the log-periodic array must be correspondingly long. To shorten the structure, 
Paul M ayes (3) and Robert Carrel, of the University of Illinois, developed a more compact V-dipole array 
which can operate in several modes. In the lowest mode, with the central region dipoles ~à /2 long, operation 
is as already described. However, as the frequency is increased to the point where the shortest elements are 
too long to give A/2 resonance, the longest elements become active at 34/2 resonance. As the frequency is 
increased further, the active region moves to the small end in the 34/2 mode. With still further increase in 
frequency the large end becomes active in still higher-order modes. The forward tilt of the V-dipoles has little 
effect on the 4/2 mode but in the higher modes provides essential forward beaming. An example of aV-dipole 
array is shown in Fig. 11-21. 


Beam 


300-1 
(a) twin-line (b) 


Figure 11-20 Construction and feed details of log-periodic dipole array. Arrangement at 
(a) has a 50- or 75-Q coaxial feed. The one at (b) has criss-crossed open-wire line for 300-Q 
twin-line feed. 
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Total 
pattern 


eo = i 
Individual 
patterns 


(a) 


Upper 


Feed Booms 


Lower 
boom 
with coaxial 

line (inner conductor Mast 
to upper boom) 


(b) 


Figure 11-21 Stacked log-periodic arrays, with dipole type, as in Figs. 11-17 and 11-18 
at (a) and trapezoidal or edge-fed type at (b). 


11-8 The Composite Yagi-Uda-Corner-Log- Periodic (YUCOLP) Array 


For ultimate compactness and gain, to cover the 54 to 890 M Hz U.S. TV and FM bands, a hybrid composite 
Y UCOLP (Yagi-U da-Corner-Log-Periodic) array is a popular design. A typical model, shown in Fig. 11-22, 
has an œ = 43°, k = 1.3 LP array of 5 V-dipoles to cover the 54 to 108 M Hz TV and FM bands with a 6 dBi 
gain in the à/2 mode, the 174 to 216 M Hz band with 8 or 9 dBi gain in the 34/2 mode and a square-corner- Y U 
array to cover the 470 to 890 UHF TV band with a7 to 10 dBi gain. The total included angle of the V-dipoles 
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Square 
y corner 
reflector 
Log 
Pa periodic 
Yagi- a 


Uda 


Figure 11-22 YUCOLP (Yagi-Uda-Corner-Log-Periodic) hybrid array for covering U.S. VHF 
TV and FM bands and UHF TV band. The Y U-corner combination provides higher gain for the 
UHF TV band than an extension of the LP dipole array. 


is 120°. The corner-Y U array is similar in design to the one in Fig. 11-17. As frequency increases, the active 
region moves from the large to the small end of the LP array inthe 1/2 mode, then from the large to the small 
end in the 34/2 mode, next to the corner reflector and finally to the Y U array. The corner-Y U array provides 
more gain for the UHF band than possible with a high-frequency extension of the LP array. 
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Problems 


11-2-1 Single cone and ground plane. Prove that the characteristic impedance of Zg for a single cone 
and ground plane is half Z% for a biconical antenna. 


*11-2-2 The 2° cone. Calculate the terminal impedance of a conical antenna of 2° total angle operating against 
a very large ground plane. The length / of the cone is 34/8. 


11-5-1 Log spiral. Design a planar |og-spiral antenna of the type shown in Fig. 11-11 to operate at frequencies 
from 1 to 10 GHz. M ake a drawing with dimensions in millimeters. 


11-7-1 Log-periodic. Design an “optimum” log-periodic antenna of the type shown in Fig. 11-17 to operate 
at frequencies from 100 to 500 MHz with 11 elements. Give (a) length of longest element, (b) length of 
shortest element, and (c) gain. 


11-7-2 Stacked LPs. Two LP arrays like in the worked example of Sec. 11-7 are stacked as in Fig. 11-21a. 
(a) Calculate and plot the vertical plane field pattern. N ote that pattern multiplication cannot be applied. 
(b) What is the gain? 


For computer programs, see A ppendix C. 
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The topics in this chapter include: 


Æ |ntegral-equation method © Charge distribution by the M oment M ethod 
M Current distributions on cylindrical antennas Œ Current distribution and impedance by the 
Input impedance of thick and thin cylinders Moment M ethod 
E Patterns E Self-impedance, mutual impedance and radar 
© Conical or tapered input sections cross section using the Moment M ethod by 
© Spheroidal antenna Edward H. Newman 
© Current distribution on long cylindrical 

antennas 


12-1 Introduction 


In previous chapters, the assumption is made that the current distribution on a finite antennais sinusoidal. This 
assumption is a good one provided that the antenna is very thin. In this chapter, a method for calculating the 
current distribution of a cylindrical center-fed antenna is discussed, taking into account the thickness of the 
antenna conductor. 

This is a boundary-value problem. The antenna as a boundary-value problem was treated many years ago 
by Abraham (1), who obtained an exact solution for a freely oscillating elongated ellipsoid of revolution. 
However, the earliest treatments of the cylindrical center-driven antenna as a boundary-value problem are 
those of Hallén (1) and L.V. King (1). 

Hallén’s method leads to an integral equation, approximate solutions of which yield the current distribution. 
K nowing the current distribution and the voltage applied at the input terminals, the input impedance is then 
obtained as the ratio of the voltage to the current at the terminals. 

An outline of Hallén’s integral-equation method follows in the next section with results given in Sec. 12-3. 
Later in the chapter the M oment M ethod (M M ) is applied to the solution of the current distribution, impedance 
and radar cross section of a short dipole antenna. 

M ore details on Hallén’s integral-equation method are presented in earlier editions of this book. 


12-2 Outline of the Integral-Equation Method 


The objective of the method is twofold: 
1. To obtain the current distribution of a cylindrical center-fed antenna in terms of its length and diameter. 
2. To obtain the input impedance. 
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An outline of the procedure is given by the following steps. These are treated more fully in the sections 
which follow. 


1. The field E inside the conductor is expressed in terms of the current and skin effect resistance. 

2. The field E outside the conductor is expressed in terms of the vector potential. 

3. The tangential components of E are equated, obtaining a wave equation in the vector potential A. 

4. The wave equation in A is solved as the sum of a complementary function and a particular integral 
given as 


A; = (C0562 + C2 sin Bz) + Z f rosnge-sas 
0 


5. The constant C3 in the solution is evaluated in terms of the conditions at the input terminals. 

6. The vector potential A is expressed in terms of the antenna current 7. 

7. The value of C2 from 5 and of A from 6 are inserted in the solution 4, obtaining Hallén’s integral 
equation. This is an integral equation in the current 7. 

8. A partial solution for the current 7 is then obtained by evaluating one of the integrals so that the 
current is expressed as the sum of several terms, some of which also involve /. 

9. Neglecting certain terms in Z, an approximate (zero-order) solution is obtained for 7. 

10. This value of 7 is substituted back in the current equation, obtaining a first-order approximation 
for the current. This process of iteration can be continued, yielding second-order and higher-order 
solutions. 

11. The constant C is evaluated and an asymptotic expansion obtained for the current; that is, 

ead [ree he el ee) 

= 609’ cos BI + (dy/Q') + (d2/Q/2) + --- 
where Q’ = 2 In(2//a), where / is the half-length of the antenna and a the radius. The first-order 
approximation involves terms only as high as by /Q’ and dı/ Q’. A second-order approximation 
involves b2/ Q’? and d2/Q’?, etc. 

12. The input impedance is then obtained as the ratio of the input terminal voltage Vr to the current at 
the input terminals Zr. This is discussed in Sec. 12-4. 


It is assumed that 7 > a and Ba <1. The condition that / >> a will be arbitrarily taken to mean that 


(1) 


Lag 


a 
The ratio 7/a equals the ratio of the total length of the cylindrical antenna to the diameter. T hus, 
Total length 2 


Diameter 2a a 
The above discussion deals with uniform cylindrical antennas, i.e., antennas of circular cross section 
(radius = a). According to Hallén (3), uniform antennas with noncircular cross section can also be treated by 
taking an equivalent radius. For square cross sections of side length g (Fig. 12-1), the equivalent radius is 


a = 0.59g 
while for thin flat strips of width w the equivalent radius is 
a = 0.25w 


For any shape of cross section there exists equivalent radius. In all cases it is assumed that the cross section 
is uniform over the entire length of the antenna. 
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~ = 


Square 
conductor 


Figure 12-1 Conductors of square and flat cross section with equivalent circular conductors 
of radius a. 


12-3 Current Distributions 


The amplitude and phase of the current along cylindrical antennas of three lengths and two values of the total 
length-diameter ratio (//a) are presented in Figs. 12-2, 12-3 and 12-4. Figure 12-2 is for a 4/2 antenna 
(21 = 1/2), Fig. 12-3 for a full-wavelength antenna (2/ = à) and Fig. 12-4 for a5a/4 antenna (27 = 54/4). 
For each length the relative amplitude and phase of the current are presented for Q’ = 10 and Q’ = co 
corresponding to total length-diameter ratios (//a) of 75 and oo. The amplitude curves are adjusted to the 
same maximum value, and all phase curves are adjusted to the same value at the ends of the antenna. 

It is generally assumed that the current distribution of an infinitesimally thin antenna (//a = oo) is 
sinusoidal, and that the phase is constant over a 2/2 interval, changing abruptly by 180° between intervals. 
This behavior is illustrated by the solid curves in Figs. 12-2, 12-3 and 12-4. 

The dashed curves illustrate the current amplitude and phase variation for l/a = 75 (Q’ = 10). 
The difference between these curves and the solid curves (l/a = oo) is not large but is apprecia- 
ble. The dashed curves (l/a = 75) are from the distributions given by King (1) and Harrison, the 


4 
oO 
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[TTTTITTTT ] 
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Figure 12-2 Relative current amplitude and phase along a center-fed 4/2 cylindrical 
antenna (21 = 1/2) for total length-diameter ratios (I/ a) of 75 and infinity. (R. King (1) and 
C. W. Harrison, J r.) Distance from the center of the antenna is expressed in wavelengths. 
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Figure 12-3 Relative current amplitude and phase along a center-fed full-wavelength 
cylindrical antenna (21=A) for total length-diameter ratios (l/a) of 75 and infinity. (After R. King (1) 
and C. W. Harrison, J r.) Distance from the center of the antenna is expressed in wavelengths. 
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Current amplitude |1,| 
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Figure 12-4 Relative current amplitude and phase along a center-fed 51/4 cylindrical 
antenna (21=51/4) for total length-diameter ratios (I / a) of 75 and infinity. (R. King (1) and 
C. W. Harrison, J r.) Distance from the center of the antenna is expressed in wavelengths. 
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current being expressed in terms of its amplitude and the phase angle relative to a reference point. 
Thus, 


I, = |1,|Z0 (1) 


The effect of the length-thickness ratio on the current amplitude is well illustrated by Fig. 12-3 for a 
full-wavelength antenna. When the antenna is infinitesimally thin, the current is zero at the center. As the 
antenna becomes thicker, the current minimum increases and at the same time shifts slightly toward the end 
of the antenna. 

The effect of the length-thickness ratio on the phase variation is well illustrated by Fig. 12-4 for a 51/4 
antenna. When the antenna is infinitesimally thin, the phase varies as a step function, being constant over 
4/2 and changing by 180° at the end of the 4/2 interval (solid line, Fig. 12-4). This type of phase variation 
is observed in a pure standing wave. As the antenna becomes thicker, the phase shift at the end of the 4/2 
interval tends to become less abrupt (dashed curve for Z/a = 75). For still thicker antennas (l/a < 75), it 
might be expected that this trend would continue and for very thick antennas would tend to approach that of 
a pure traveling wave, as indicated by the straight dashed lines in Fig. 12-4. 


12-4 Input Impedance 


The input impedance Z7 of acenter-fed cylindrical antenna is found by taking the ratio of the input or terminal 
voltage Vr and the current /; at the input terminals; that is, 


Zr = T = Rr + iXt (1) 
where 

Ir = I,(0) 

Rr = terminal resistance 


terminal reactance 


>< 
ie 
ll 


Therefore, inserting this value of current in (12-2-1) yields Hallén’s relation for the input impedance, 
en | COS BL + (d1/ Q^) 
Zr = —j60Q"| ——_—___ 
sin Bl + (b1/ V) 
This is a first-order approximation for the input impedance. If the second-order terms are included, Hallén’s 
input-impedance expression has the form 
pe o AID t eR] 
sin Bl + (b1/ 2) + (b2/ V2) 
This relation has been evaluated by Hallén (1), who has also presented the results in chart form (Hallén-2). 


Impedance spirals based on Hallén’s data are presented in Fig. 12-5 for center-fed cylindrical antennas 
with ratios of total length to diameter (//a) of 60 and 2000. The half-length / of the antenna is given 


(2)* 


Zr = (3)** 


* by = Fy(z) sin Bl — Fy (0) sin Blz| + G1 (J) cos Bz — Gy(z) cos Bl 
** dy = Fı (l) b, d2 are higher-order terms. The quantities bı and dı have been calculated in terms of real and imaginary functions by 
King (1) and Harrison for several values of 7 and curves given. 
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along the spirals in free-space wavelengths. The impedance variation is that which would be obtained as 
a function of frequency for an antenna of fixed physical dimensions. The difference in the impedance 
behavior of the thinner antenna (¿/a = 2000) and of the thicker antenna (¿/a = 60) is striking, the 
variation in impedance with frequency of the thicker antenna being much less than that of the thinner 
antenna. 

The impedance, given by (2) or (3), applies to center-fed cylindrical antennas of total length 2/ and 
diameter 2a. To obtain the impedance of a cylindrical stub antenna of length Z and diameter 2a operating 
against a very large perfectly conducting ground plane, (2) and (3) are divided by 2. The impedance curve 
based on Hallén’s calculations for a cylindrical stub antenna with an //a ratio of 60 is given by the solid 
spiral in Fig. 12-6. The length Z of the stub is indicated in free-space wavelengths along the spiral. The 
measured impedance variation of the same type of antenna (/a = 60) as given by Dorne (1) is also shown in 
Fig. 12-6 by the dashed spiral. The agreement is good considering the fact that the measured curve includes 
the effect of the shunt capacitance at the gap and the small but finite antenna terminals (Brown-1; King, 
D. D.-1; Tai-1; King, R.-1). 

The measured input impedance of a cylindrical stub antenna with an Z/a ratio of 20 is shown in 
Fig. 12-7. Comparing this curve with the dashed curve of Fig. 12-6, it is apparent that the trend toward 
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Figure 12-5 Calculated input impedance (R +jX, 2) for cylindrical center-fed antennas with 
ratios of total length to diameter (21 / 2a) of 60 and 2000 as a function of |, (along spiral). (After 
E. Hallén-2.) 
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Figure 12-6 Comparison of calculated (solid curve) and measured (dashed curve) input 
impedance (R +jX, Q’) for cylindrical stub antenna with ground plane for the length-radius ratio 
(I / a) of 60 as a function of |, (along spiral). 


decreased impedance variation with smaller Z/a ratio (increased thickness) suggested by Fig. 12-5 is continued 
to smaller Z/a ratios. A measured impedance curve for //a = 472 is also included in Fig. 12-7." 

Anantennais said to be resonant when the input impedanceis a pure resistance. On the impedance diagrams 
of Figs. 12-5, 12-6 and 12-7 resonance occurs where the spirals cross the X = 0 axis. At zero frequency all 
the impedance spirals start at R = 0 and X = —oo.As the frequency increases, the reactance decreases and 
the resistance also increases, although more slowly. The first resonance occurs when the length / of the antenna 
is about à /4. The resistance at the first resonance is designated R1. A s the frequency is increased, the length of 
the antenna becomes greater and the second resonance occurs when the length / is about à /2. The resistance at 
the second resonance is designated R2. At the third resonance (resistance = R3), the antenna length / is about 
32/4 and at the fourth resonance (resistance = R4) / is about 1A. As the frequency is increased indefinitely, 
an infinite number of such resonances can be obtained except where the impedance stays reactive. 

Since it is common practice to operate antennas at or near resonance, the values of the resonant resistances 
are of interest. Curves based on Hallén’s calculated graphs are presented in Fig. 12-8 for the first four 
resonances of a cylindrical stub antenna with large ground plane as a function of the length-radius ratio (//a). 
The lowest value of 7/a for which Hallén gives data is 60, since the accuracy of (3) (Hallen-3) tends to 
deteriorate for smaller 7/a values. Thus, the solid part of the curves (//a > 60) are according to Hallén’s 


1The curves in Fig. 12-7 are based on data presented by Dorne (1). 
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Figure 12-7 Measured input impedance (R +jX, Q’) of cylindrical stub antenna with ground 
plane for the length-radius ratio (I / a) of 20 and 472 as a function of |, (along spiral). 


calculated values. T he dashed parts of the curves are extrapolations to smaller values of //a. The extrapolation 
is without theoretical basis but is probably not much in error. A few measured values of resonant resistance 
from Dorne’s data (Dorne-1) are shown as points in Fig. 12-8, the dotted lines indicating to which resonant 
resistance the points correspond. 

Figure 12-8 illustrates the difference in the effect of antenna thickness on the resistance at odd and even 
resonances. The resistance at odd resonances (R1, R3, etc.) is nearly independent of the antenna thickness. 
The first resonant resistance Rı is about 35 Q and the third resonant resistance R3 is about 50 Q over a 
large range of J/a ratios. On the other hand, the antenna thickness has a large effect on the resistance at 
even resonances ( R2, Ra, etc.). The thicker the antenna, the smaller the resistance. For example, the second 
resonant resistance R2 is about 200 & when //a = 10 and increases to about 1500 Q at //a = 1000. The 
fourth resonant resistance behaves in a similar fashion, the values being somewhat less. 

The difference in the resistance behavior at odd and even resonances is related to the current distribution. 
Thus, at odd resonances the antenna length / is an odd number of 4/4 (approximately), and a current maximum 
appears at or near the input terminals. At even resonances the antenna length / is an even number of 2/4 
(approximately), and a current minimum appears at or near the input terminals. As indicated by the current 
distribution curves of Figs. 12-3 and 12-4, one of the most noticeable effects of an increase in antenna 
thickness is the increase of the current at current minima. Thus, when a current minimum is at or near the 
input terminals, an increase in the antenna thickness raises the input current 7r for a constant input voltage 
Vr so that the resonant resistance given by the ratio Vr /Ir is reduced. 
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Figure 12-8 Resonant resistance of cylindrical stub antenna with ground plane as a function 
of the length-radius ratio (I / a). Curves are shown for the first four resonances. For cylindrical 
center-fed antennas ( total length 21 ) multiply the resistance by 2. 


12-5 Patterns of Cylindrical Antennas 


Formulas for calculating the far-field patterns of thin linear antennas were developed in Chap. 6. Although 
these relations apply strictly to infinitesimally thin conductors, they providea first approximation to the pattern 
of even a relatively thick cylindrical antenna. This is illustrated by the patterns in Fig. 12-9 for center-fed linear 
cylindrical antennas of total length 27 equal to 1/2, 14, 34/2 and 2a. The calculated patterns for infinitesimally 
thin antennas are shown in the top row. Three of these patterns were given previously in Fig. 6-9. In the next 
three rows patterns measured by Dorne (1) are given for //a ratios of 450, 50 and 8.7. The principal effect 
of increased antenna thickness appears to be that some of the pattern nulls are filled in and that some minor 
lobes are obliterated (note the patterns in the third column for 27 = 32/2). 


12-6 The Thin Cylindrical Antenna 


If the assumption is made that the cylindrical antennais infinitesimally thin (Q’ —> oo), the current distribution 
is given 
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_ ivr sin B( — |z|) (1) 


p= 602’ cosgl 


Although Q’ approaches infinity, the ratio Vr / Q’ may be maintained constant by also letting Vr approach 
infinity. A ccording to (1), the shape of the current distribution is sinusoidal; that is, 
I, = ksin BU — |z|) (2) 


where k = a constant 
The input impedance Zy istheratio Vr/Ir where 7r is the current at the terminals (z = 0). Thus from (1), 


TESS 
3 | x X- 
8 8 x X- 
8 XX- 


Figure 12-9 Field patterns of cylindrical center-fed linear antennas of total length 2l as a 
function of the total length-diameter ratio (I / a) and also as a function of the total length (21) in 
wavelengths. 
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In (3) we may regard Q as large but finite. The terminal impedance Zy according to (3) is a pure reactance 
Xr. Equation (3) is identical to the relation for the input impedance of an open-circuited lossless transmission 
line of length 87 provided that 609’ is taken equal to the characteristic impedance of the line. If, by analogy, 
6092’ is taken equal to the average characteristic impedance Z (ave) of the center-fed cylindrical antenna then, 


Zx (ave) = 602’ = 120 In 2 (4) 


This relation is of the same form as Schelkunoff’s (1) expression for the characteristic impedance Zz of a thin 
biconical antenna since for small cone angles 6,- = a/l so 


Z, = 120 In (5) 
a 


where a = end radius of the cone as shown in Fig. 12-10. 
The average characteristic impedance of a center-fed cylindrical antenna as given by Schelkunoff is 


Z (ave) = 120(In a 1) (6) 
a 


The average impedance of a cylindrical stub antenna with a 
large ground plane is } the value of (6). 

ASI/a — ov, (6) reduces to the form given in (4). However, 
for finite values of Z/a, the average characteristic impedance => 
of a cylindrical antenna is the same as for a biconical antenna 
of the same length 7 but with an end radius a which is larger 
than the radius of the cylindrical conductor. For example, a — 
cylindrical antenna with an Z/a ratio of 500 has an average 
characteristic impedance equal to that of a biconical antenna 
of the same length with an end radius 2.8 times larger than the | 
radius of the cylindrical conductor. 

In Fig. 12-5 the calculated input impedance is presented 
for cylindrical center-fed antennas with total length-diameter 
ratios (21/2a = l/a) of 60 and 2000. T he average characteristic 
impedance of these antennas by (6) is 454 and 873 &, respec- 
tively. The curve for the Z/a ratio of 60 [Z; (ave) = 454 Q] i 
has approximately the same form as the calculated impedance 
spiral for a 2.7° half-angle biconical antenna (Z; = 450 9). 

In Fig. 12-7 the measured input impedance is shown for 
cylindrical stub antennas with //a ratios of 20 and 472. The 
average characteristic impedance of these antennas as given by Figure 12-10 Biconical antenna of 
} of (6) is 161 and 350 @, respectively. end radius a and length I. 


12-7 Cylindrical Antennas with Conical Input Sections 


It is common practice to construct cylindrical antennas with short conical sections at the input terminals as 
indicated at the bottom of Fig. 12-9. If the cylinders are of large cross section, the conical sections are particu- 
larly desirable in order to reduce the shunt capacitance at the gap. Since the measured impedance of an antenna 
includes the effect of the gap capacitance and the small but finite terminals, the measured impedances will 
differ more or less from the theoretical values. It is to be expected that measured values will agree better with 
calculated ones when end cones are used rather than when the ends of the cylinders are butted close together. 
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12-8 Antennas of other Shapes. The Spheroidal Antenna 


The solution of a boundary-value problem may be facilitated if the 
boundary can be specified by one coordinate of an appropriate coor- i i l 
$ 
D 


dinate system. A spherical antenna or one in the shape of an elongated | 
ellipsoid of revolution (prolate spheroid), as in Fig. 12-11, is amenable 

to such treatment since the surface of the spheroid corresponds to a par- 

ticular value of one coordinate of a spheroidal coordinate system. By 

varying the eccentricity of the ellipsoid, one may study the properties 

of the sphere at the one extreme of eccentricity and of along thincon- Figure 12-11 Prolate 
ductor at the other extreme. This problem has been treated at length spheroidal antenna. 

by Stratton (1) and Chu and by Page (1) and Adams. Stratton and Chu 

give admittance and impedance curves for various length-diameter (L/D) ratios (see Fig. 12-11). For long, 
thin ellipsoids the impedance characteristics are similar to those deduced by other methods. The current 
distribution for thin 2/2 spheroids is also found to be nearly sinusoidal. 

A point of interest is that for spheroids of the order of 4/2 long, the impedance variation with frequency 
decreases with decreasing L/D ratios (thicker spheroids); that is to say, resonance with thick spheroids is 
broader than with thin ones. This is in agreement with the well-known fact that thick antennas have broader 
band impedance characteristics than thin ones. 


12-9 Current Distributions on Long Cylindrical Antennas 


On a matched lossless transmission line an outgoing wave has a uniform current magnitude and a lin- 
ear phase change with distance (Fig. 12-12). If the line is mismatched and the reflected (returning) 
wave is E the magnitude of the outgoing wave, a standing wave appears on the line with VSWR given 
by? 


1 
vswe\ =- mx _ fot _ + 
Imin b-h 1— 


7 
23 (1) 
2 


where 


To = current magnitude of outgoing wave 
Tı = current magnitude of returning wave 


The phase change is also nonuniform (fluctuating with distance), as indicated in Fig. 12-12. 


When the line is completely mismatched (open- or short-circuited), so that the returning wave equals the 
outgoing wave, the VSWR = oo and the phase changes in a stepwise fashion (Fig. 12-12). 


The phase velocity of a wave on the line is given by 


w w 


"= Ba)  do/dx 7 


1Properly this should beISWR for the current standing-wave ratio. However, the V SWR =ISWR, although their standing-wave patterns 
are displaced in position. 
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Figure 12-12 Current distribution and phase variation (1) of single uniform traveling wave 
(solid lines), (2) of two waves traveling in opposite directions with magnitudes 1 and z (dash-dot 
lines) and (3) of 2 waves of equal magnitudes (dashed lines). The last case represents a full 


(pure) standing wave. 


where 


w = dnf,Hz 
$ = phase, rad or deg 


B = 2x /à, rad (or deg)à ~! 


In general, for two opposite current waves of unequal magnitude and velocity, the phase velocity is (M arsh-1) 


v = of lf + 12 + 2Ioh cosl(fr + fo)x + y1} / [ip — 17 Bı+ Ioh (bo — B1) 


cos[ (b1 — Bo)x + y] + sinf (81 + Bo)x + A(t 


dx dx 
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where 
Bo = 27/0 
Bi = 27/1 
Ao = wavelength for outgoing wave, m 
A. = wavelength for returning wave, m 


phase difference of two waves, rad or deg 


Y 


For the case where y = 0, the velocity of both waves is the same (61 = fo), Jo and J) are constant with 
distance and (3) reduces to 


œ(I + R + 21h cos 2px) (4) 
v= 
follo — If) 
Dividing by c (= œ/ßo) yields the relative phase velocity p. The ratio of the maximum to minimum relative 
phase velocity is 


i 2 
Pmin Uo — 11) 
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Figure 12-13 Current, phase and relative phase velocity p for two waves traveling 
in opposite directions with magnitudes 1 and } (VSWR =3 and relative phase velocity ratio = 9). 
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Figure 12-14 Measured current distribution on a long (5A), thick (0.2A diameter) cylindrical 
conductor with attendant phase and relative phase velocity (p) of the total wave. (J. A. Marsh-1.) 
Resolution into outgoing and returning (reflected) waves is indicated. 


Comparing (5) and (1) we note that 


Pmax _ (o+ n)? _ (= 
Pmin (lo — hh)? 


The variation of p (= v/c), phase (@) and current magnitude (|7|) for 4 = + Io are presented in Fig. 12-13 
over a distance of 2. We note that the VSWR = 3 and the relative phase velocity ratio equals 9, and also that 
the relative phase velocity p is a maximum where 7 is a maximum. 

The current and phase measured by Marsh (1) along a 5A 
open-ended cylindrical conductor 0.24 in diameter are shown Vep 
in Fig. 12-14, aswell asthe deduced relative phase velocity vari- mawo A 
ation and the magnitudes of the outgoing and reflected waves. 

The attenuation of the outgoing and reflected waves is evident. 

It is interesting to compare the current distribution of Fig. Figure 12-15 Electric potential V 
12-14 for the long (5A), thick (0.24 diameter open-ended) at point P is inversely proportional to 
cylindrical conductor with the distributions of Fig. 8-3 fora the distance r from charge Q. 
7-turn helix with much thinner conductor (0.024 diameter at 


2 
) = VSWR? (6) 


Imin 
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C, = 1.07). When C, = 0.60, the helix has a nearly uniform standing wave, indicating outgoing and return- 
ing To mode waves of almost equal amplitude. When C, = 1.07 the outgoing Tọ mode wave attenuates 
rapidly with energy transferred to a nearly uniform Tı mode wave over the rest of the helix. At the open end, 
a reflected or returning Tọ mode wave is excited which attenuates rapidly while transforming into a small 
nearly uniform returning 7, mode wave. 


On the cylindrical conductor (Fig. 12-14) a Tọ mode wave attenuates gradually over the length of the 
conductor and on reflection from the open end excites a gradually attenuating returning wave. 


The behavior of the two antennas is summarized in Table 12-1. 


Table 12-1 Comparison of currents on long, thick cylindrical antenna and on helical antennas 


Relative phase 


Antenna Mode velocity, P(= vie), Remarks 
Cylindrical All To 1 Gradual attenuation of 
conductor outgoing and returning 
To waves 
Helix,C, =0.6 = All Tọ >1 Uniform equal outgoing 
and returning To waves 
Helix, C, =1.07 To at ends, >1 To waves attenuate rapidly 
(axial mode) Tı over remainder <1 (~0.8) Tı waves uniform 


tFor single traveling wave. 


12-10 Integral Equations and the Moment Method (MM) in Electrostatics 


As an introduction to the moment method, let us consider its application to an electrostatics problem. 
In calculus we deal with differential equations as, for example, 


dx 

T= (1) 
or the rate of change of distance (x) with time (r) equals the velocity (v). Itis implied that we know x as a 
function of ¢ or how x varies with time [x(r)]. 


On the other hand, suppose we know how the velocity varies as a function of time [v(r)]. Then the distance 
is given by the integral of the velocity with respect to time or 


tl 
r= | v(t) dt (2) 
0 


If v is constant, then (2) becomes 
x = vt (3) 


or x is the distance traveled at velocity v in time ż1. Now suppose that x is known at t = 0 and ż = n but 
v is not known during this period of time. Then (2) is an integral equation with the problem being to obtain 
a solution for the velocity as a function of time [v(r)]. 


Referring to Fig. 12-15, a basic relation of electrostatics is that the electric potential V at a point P due to 
a charge Q is given by 


Q 


Aner 


(V) (4) 
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where 

Q = charge, C 

r = distance from Pto the chargeQ, m Vep 


e = permittivity of medium, F m~t 


For a line of charge of density pz (C m~!) asin 
Fig. 12-16, then V at some observation point P is 
given by the integral of (4) over the length / of the 
line or 


yz i [ PL(x) ae (5) Rod with charge density p, (x) 
Are Jo r 
Figure 12-16 Electric potential V at point P 
where pz (x) = charge per unit of length of line as due to a rod with charge density pp (x) which 
a function of x, C m~t. is a function of position (x). 


EXAMPLE 12-10.1 Charge Distribution on Wire 


Let the line be an isolated conducting rod or wire of radius a and length Z = 8a on which 
a total charge +Q has been placed. Since like charges repel, it may be anticipated that the 
charge will tend to separate and pile up near the ends of the rod, making the charge distribu- 
tion along the rod nonuniform. The problem is to determine this charge distribution pz(x) using 
an incremental numerical technique or moment method as an introduction to integral equations. 


E Solution 
First, let us divide the rod of length / into 4 segments or increments with each segment of length 2a as in 
Fig. 12-17 (J = 8a). Let the total charge on segment 1 be Qı and on segment 2 be Q2. By symmetry, 
the charge on segment 3 is the same as on segment 2, or Q2. Likewise, the charge on segment 4 is equal 
to Qı. Specifically, our problem is to 
find the ratio of Qı to Q2 [a first step or 
approximation in solving for oz (x)]. 


Let us assume that all of the charge 


Conducting 
rod 


Observation points 


on each segment is concentrated on a cir- x 
cle on the surface of the segment around a 

its midpoint with the observation or test 

points on the wire axis. Since the distance Charge or source 

r from an observation point to any point points 


onthe circle of charge is constant, we may 
consider that all of the charge of asegment 
is at one point (charge or source point), as 
in Fig. 12-17. The situation may now be 
regarded as one with 4 points of charge (source points) in empty space with the potential at observation 
or test points on the axis to be determined. Thus, from (4) the potential at point P12 is given by 


Figure 12-17 Charged rod of radius a divided 
into 4 segments of equal length (2a) for 
calculation of charge ratios. 
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(6) 


1 
V(Pp) = al Qı Q2 Q2 Qı | 


+ + + 
Va? +a? Nal +a? NVal+9a? Ja? + 25a? 
Likewise at point P23 the potential is given by 
1 Q1 Q2 Q2 Q1 | 
V (P23) = | + + + 
j 4rne| Va? +9a? Vala? NvVal+a væ +a 


A boundary condition is that (even though the charge density varies along the rod) the potential is constant. 
Therefore, V (P12) = V (P23) so that equating (6) and (7) we find that 


Qi = 1.4502 (8) 


Thus, the charge (or average charge density) for the outer segments is 45 percent greater than for the inner 
segments and we can write 


(7) 


Q1: Q2 = 1.45: 1.00 (9) 
Dividing the rod into 6 segments and proceeding as above results in the ratios 
Q1: Q2: Q3 = 1.84: 1.03: 1.00 (10) 


The charge density distribution along the rod is shown by the step or pulse functions in Fig. 12-18 for the 
cases of 4, 6 and 8 segments. A smooth curve is also drawn through the centers of the pulse functions. 
To simplify the above calculations we neglected the effect of the end surfaces of the rod. F or 4 segments 
the cylindrical area of a segment is 4 times the end of the rod so that the effect of neglecting the ends is 
not large. However, with more segments the effect becomes greater, especially for the charge on the end 
segments. 
Let us now discuss the problem more formally. From (5), 


8 
2.2} 
— Smooth curve through 
E centers of pulse 
> 2.0} functions 
3 L 
ó 18E 6 
> L Number of 
oO 
S 16b segments 
o 
2 [4 
w 
d 14-6 
a S 
1.2} 
1.0 l : 
0 0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9 1.0 


Distance along conductor of length | 


Figure 12-18 Relative charge density along straight conducting rod of radius a and 
length 8a as calculated by the moment method using 4, 6 and 8 segments. 
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1 I 
= al PL(x) dx (11) 
Are Jo r 


Referring to Fig. 12-19, let the line be divided into M segments of equal length Ax with average charge 
density pz (x), for segment Ax, Then the charge on segment n is given by 


On = PLO)n AXxn, n=1,2,3,...,N (12) 
and the total charge on the wire by 
N 
Q = > On (13) 
n=1 
Equation (11) can now be written as 
N 
~ Linn On = Vin (14) 
n=1 
where 1 
lan = ; m=1,2,3,...,M (15) 
Art ermn 
rmn = Va? + (x — x’)? 
a = rod radius 
x = axial distance of observation or test point m 


x’ = axial distance of source point at middle of segment n 
In matrix notation (14) is 


mn Qn] = [Vm] (16) 
or 
lı d2 h3 =- An] Qi vı 
hli l2 l3 >>- hy || Q2 v2 
Bi l2 B3 = Bn |] O3 | = | V3 (17) 
Imi Im [m3 ++: lmalLQn Vm 


Thus, the integral equation (11) has been transformed into a set of N simultaneous linear algebraic 
equations (17) where mn represents a known function (the inverse distance relation), V,m represents 
potentials determined by the boundary conditions and Q, represents the M unknown charges whose 


values are sought. 
Observation points 


ay 


0 ae | ae | 


Source points 


Figure 12-19 Charged rod for calculation of charge density distribution. 
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In the charged rod example we have from symmetry that M = N /2 and from the boundary condition 
that 


Y= h=V3=-:-: (18) 
For 4 segments (m = 2,n = 4), (17) then reduces to 
Qi 
P l2 hy | Q2 
In l2 l3 l24]| Q2 
Qi 


=V (19) 


Introducing (15) for Lnn, (19) is identical in form with (6) and (7) for increments of Ax = 2a, where m 
designates the test or observation points ( P12 for m = 1 and P23 for m = 2 in Fig. 12-17) and rmn is 
equal to the distance between the test point m and the source point of segment n. Thus, r23 is the distance 
between test point m = 2 (P23 in Fig. 12-17) and the center of segment 3. 


If oz (x) is known as a function of x, then (5) can be integrated in a straightforward manner. However, if 
pL(x) is not known, (5) represents an integral equation with the problem being to find a solution for pz (x). 

In the above we have used a pulse or step-function approximation in which the boundary condition 
(V = constant) is not enforced everywhere along the rod but only at certain observation or test points. In 
between observation points the boundary condition may not be satisfied. H owever, as the number of segments 
and observation points increase, the boundary condition is enforced at more points (the solution converging) 
and the accuracy of the results should improve. In the sense that the residual discrepancies or moments should 
vanish with a sufficient number of properly selected pulse functions, the procedure we have discussed may 
be called a moment method. 


12-11 The Moment Method (MM) and Its Application to a Wire Antenna 


As discussed in the previous section, an integral equation can be 
transformed into a set of simultaneous linear algebraic equations 
(or matrix equation) which may then be solved by numerical tech- 
niques. R oger Harrington (1) has unified the various procedures into 
a general moment method (M M ) now widely used with powerful 
computers for solving electromagnetic field problems. 

In this section the method will be developed for a wire antenna 
and applied to an example for a short dipole. 

Consider a cylindrical current-carrying conductor (or wire) of 
radius a isolated in free space (Fig. 12-20). Let its conductivity 
o = œ So that we can consider the radio-frequency current to be 
entirely on the surface (1/e depth = 0). The total current at point 
z’ on the conductor is 


T(z’) = K(z’)2na (1) 


where K (z’) = surface current density at z’ (A m7“) 

All of the current is at a distance a from the conductor axis (z es 
axis), and we will consider it as flowing in empty space along an Figure 12-20 Cylindrical 
infinitesimally thin filament parallel to the z axis atadistancea, as | Conductor of radius a with 
in Fig. 12-21, with the conductor no longer present. surface current density K (Am~'). 
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The electric field of charges and current is given by 


; z-axis 
E = —jønoA — VV (2) N o 
where Current 
A = vector potential ameni 
V = scalar potential 2’ 
For current only in the z direction (2) becomes 
ƏV z-axis 
E; = —jouoA; — — 3 — 
z Jom: ae (3) ae S, 
ee 
We also have Me 
dA; : : 
— = — jwe V (4) Figure 12-21 Conductor replaced 
dz by current filament | = 2xaK (A) at 
and its z derivative distance a from the z-axis. 
027A, av (ies 
= WE 
3z? AET a 
or 
aV 1 a*A, 
= a 2 (5) 
az jæeo dz 
Introducing (5) into (3), 
1 3A 
E, = ———> - jou: (6) 
jwEeo dz 
1 /əA 
=- (Sai + u0e04c) (7) 
jweo \ 3z 
1 /ə4A; 
= =( 7 + pa.) (8) 
jweo \ 3z 


For a current element dz, the vector potential 


Ie dz 


dA; 4rr 


where 
e /Pr jp = Gy = free space Green’s function 
z = observation point 
z’ = source point (see Fig. 12-22) 


The McGraw-Hill Companies 


464 Chapter 12 The Cylindrical Antenna and the Moment Method 
The field from this current element is then z-axis 
I 
LOR a 2 ; i 
e= gin (È Gzz + BG zy | dz (10) i Observation 
; ; ; dE, point 
For a conductor of length L, the total field is given by 7S Current 
the integral of (10), known as Pocklington’s equation | filament 
(Pocklington-1): | F 
1 L/2 / a2 | z! 
E; = F / (FG + PG.) Ie) dz’ (11) 4 
4r j we —L/2 az lo 
f : i ; Source 
E, is the radiated field due to the current /(z’), resulting point 
from an impressed or source field E,, from, for example, a . f 
voltage applied at the antenna terminals or from an incident Figure 12-22 Source point on 
plane wave (scattering case). On (and inside) the conductor current filament with field dEz at 
the sum of these fields must vanish (o = 00) so distance ron the z-axis. 


Ez = =Ey 


Richmond (1) has differentiated and rearranged (11) in a more convenient form as follows: 


—Ey 


AZ L/2 ,—jpr 
E F - ; r5 (a ii jnr E 3a*) 


+B2a*r?|1(z') dz (Vm7!) 


distance between source and observation points 


Vv (2! — z)? +a2,m 


377 


II 


Zo 


With parameters in dimensionless form, (13) becomes 
-V = -AzE(z’) 


ZA L/2 ,—j2nr, 2 
ee ef A {a+ jzn|2-3(2) |H tra hre dz V) 
87 —L/2 ry r 


where 

r, = r/A, dimensionless 

V = voltage developed by E(z’) over Az, V 
For brevity let — E(z’) in (14) be written as 


L/2 
ee | I)GOmn)d? (V mD 
-L/2 


(12) 


(13) 


(14) 


(15) 


The McGraw-Hill Companies 


12-11 The Moment Method (MM) and Its Application to a Wire Antenna 465 
where 
-iZ — j2nr 2 
Girad = A )] 0 + rr- 5) |ia (2 m3) (16) 
84A r F 
r = Fmn 
m = observation point 


n = source point 
A pproximating the current with a series expansion we let 


N 
1) = X InFa(2’) (17) 
n=1 
where F, (z^) is a pulse function (equal to zero or unity) for incremental segments Az’. (Other functions are 
possible, e.g., overlapping segments, each with a triangular or piecewise sinusoidal current distribution.)! For 
the mth segment we have 


N 
-ED =Y h f Omad! Wm) (18) 
n=1 Azn 
Putting 
Gmn = | G (fmn) dz’ = G (rmn) Azi (2 m7’) (19) 
zi 


“nN 


(18) becomes approximately 


— Ey (Zm) = NGmi + NGm2 Se InGm3 Spee esp IN Gm4 (20) 


and the antenna equation now takes the form of a network equation. W riting (20) for each of the N segments 
(m = 1,2,3,..., N), we obtain a set of equations: 


hG + Gi +---+ InGin = —Ez(z1) 


G21 + 122G22 +--+ InGon = —Ez(z2) (21) 
NhGyit2Gno+---+InGyyn =—Ey (zn) 
which may be expressed in matrix form as 
Gu Gn =- Gin || hh —Ey (z1) 
G21 G22 >- Gon h | _ | —Ez(z2) (22) 
Gyni Gm2 > Gun} LIN —Ey (zyn) 
and in compact notation by 
[Gmn] = lEn] V A7} or V m7) (23) 


lThe piecewise sinusoidal distribution (section of a sine curve) is assumed to be somewhat more appropriate than a strictly triangular 
distribution. A piecewise sinusoidal distribution is used in Sec. 12-12. The differences between distributions are most significant for a 
small number of segments. With a large number of segments the different distribution functions should all give equivalent results. 
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where 
m=1,2,3,...,N 
n=1,2,3,...,N 
Multiplying both sides of the equation by the distance Az, 
Az[GmnlUn] = —Az[Em|] (V) (24) 


we have on the left the product of an impedance (Z) and current (7) and on the right a voltage (V) as in an 
electric circuit equation (Ohm’s law): 


[ZinnlUn] = —[Vnm] (V) (25) 


EXAMPLE 12-11.1 Current Distribution and Impedance of a Short Dipole by 


the Moment Method 
To illustrate the application of the moment method T 
(circuit equation) technique, use (16), (19) and Segment 3 
(21) to calculate the current distribution and input AZ3 
impedance of a perfectly conducting center-fed cylin- l3 
drical dipole 0.14 long with a radius of 0.0014. We + 
presume no knowledge of what the impedance or Segment 2 asa path 
current distribution should be except that the current lag, eal 
distribution is symmetrical. 
== 
E Solution { 
Referring to Fig. 12-23, the dipole is divided into Segment 1 Az, 
3 segments Az’ = 0.0334 long and each assumed 
to have a uniform current over each segment (pulse l + 
function) given by 41, J} and 73. Thus, N = 3 and wo 
(21) becomes Observation sera 
points on : 
Gi + 12G12 + 13G13 = —E(z1) this axis i 
G21 + G22 + 13G23 = —E(z3) (26) m (n) 
G31 + 2G32 + 13G33 = —E (z3) Figure 12-23 Short center-fed dipole 
The upper and lower halves of the dipole are sym- 0.12 long divided into 3 segments Az; = 
metrical so thatriz = r21 = r23 = r32 and r13 = r31. A 22 = AZ; =0.0331 long. 


Also r11 = r22 = r33. Accordingly, we need to evalu- 
ate (16) for only 3 distances, r11, r12 and r13, between the source and observation points (point matching). 
Introducing numerical values for r12 = 0.0664, a = 0.0014 and Az = 0.0334 into (16), 


__ = j3T1 x 0.033 p 
G13 = Bx? x 0.0663 052" x 0.066 — jsin 2m x 0.066) 
l 0.001\? > r 


= —25.8 — j1184 (Q17) (27) 
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Similarly, 
Gi = —20.0+ 52,700 (aq) 
Giz = —25.6 — 12,800 (a+) 


Since the integrand of (16) is sensitive to small changes in r 
when r is small (particularly in the region where r = /1.5a 
or less), G11 was divided into 5 subsegments, as indicated in 
Fig. 12-24. The segment with the smallest z contributes neg- 
ligible resistance to the dipole impedance but a large negative 
reactance. For larger r’s there is a contribution to the resistance 
and the reactance becomes positive. 

The change in sign of the reactance occurs at r = J/1.5a. 
To perform the integration [by summation of (19)], the con- 
tributions of the subsegments are added to obtain the value in 
(28). Likewise, G12 was subdivided into 2 segments and the 
contributions added to obtain (29). 

Introducing (27), (28) and (29) in (26) and multiplying by 
Az (= 0.0331) we obtain 

Amperes Ohms Volts 


(0.66 — j1739)+ (0.85 + j422) +13(0.85+4 j39 =V 
l (0.85 + j422) +12(0.66 — j1739)+73(0.85 + j422) = V2 
(0.85 + 739) +/2(0.85 + j422) +13(0.66 — j1739) = V3 


By symmetry 71 = J3; also for a center-fed dipole 
Vi = V3 = 0 so (30) and (32) are identical. Intro- 
ducing the condition that Vı = 0 in (30) yields a 
current ratio of 


1 _ 0.25 + j0.0002 
h 
Putting this ratio in (31), dividing by 7 and 
setting V2 = 1V yields an input impedance of 


(Ans.) 


Z= n =R+jX=1.1— j15282 (Ans. 83) 
2 


For a short center-fed dipole the current distribu- 
tion is nearly triangular so that the pulse function 
current ratio 71/72 should be E as suggested in 
Fig. 12-25. Ideally, themoment method should yield 
this value. If this ratio (3) is substituted in (31) we 
obtain 


467 
a =0.001A 
| 
(28) F F 
(29) Conductor 
0.007A ~<— Source 
point 
y M15 
À 
0.0165A 
0.005A 
[11.4 
oo 
0.003A 
(30) 11.3 
+ 
(31) + M12 
(32) y aya 
0.00075A ; 
Observation 
point 


Figure 12-24 Half of one 

dipole segment divided into 5 

subsegments for calculations 
of Gj, in the example. 


Pulse function 
approximation 


Actual current 
distribution 


Figure 12-25 Stepped (pulse function) 
approximation and actual (triangular) 


current distribution on short center-fed 


Z =1.2—j1458 Q (34) 


dipole antenna. 


For a dipole of the same length (0.14) but only n the radius (0.0001), Richmond's convergence value 
of Z = 1.852 — j1895 Q. 
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It is not expected with the few segments used and the assumptions made that high accuracy would be 
obtained. The purpose of the example is to illustrate the moment method with actual numerical values for 
a simple case which can be solved with a small pocket calculator. It took the author an hour or so using 
one. However, such calculations if done frequently are most appropriately accomplished with a computer, 
especially one programmed to accommodate more segments and a range of dipole parameters such as length 
and diameter. T he literature describing programs for doing this is extensive. The book Antenna Design U sing 
Personal Computers by David M. Pozar (1) includes a number of programs on wire antennas. One of these 
called DIPOLE uses a standard moment method solution in a 254-step BASIC program which can handle a 
wide range of dipole dimensions. 

The use of personal computers for antenna problems has been presented by Miller (1) and Burke with 
discussions of the Numerical Electromagnetics Code (NEC) and its subset MININEC for wire antennas. 
M any additional references on computer programs are listed at the end of this chapter and in A pp. C. 

For MININEC programs, see also the book’s website. 


12-12 Self-Impedance, Radar Cross Section and Mutual Impedance of Short 
Dipoles by the Method of Moments By Edward H. Newman? 


In this section the moment method (MM) with piecewise z N=3 
sinusoidal current modes is used to calculate the current dis- j= Expansionmodes 
tribution, input impedance and radar cross section of a short Weighting 


dipole. The mutual coupling of two adjacent short dipoles functions 

is also calculated. Using a simplification of the mutual x 

impedance equations of Howard E. King (King, H. E.-1) 

the calculations can be done on a scientific hand calculator 

in an hour or so. Thus, the MM can be illustrated without Fm=2 > 

resorting to a digital computer and taking the time and effort 

to write an appropriate computer program. Fm=1 
Asin (12-11-17), the dipole current can be approximated 

by the series expansion? 


N Segment 
1@) =O h) D MS ee 
n=1 Axis of 
dipole 

where F, (z^) is a piecewise sinusoidal mode. For example, 
the dipole may be divided into 4 equal segments of length Figure 12-26 Three piecewise 
d = 1/4 asshownin Fig. 12-26. Segment n extends from zn sinusoidal dipole modes on a dipole 
to zn41. The piecewise sinusoidal modes are placed on the divided into 4 equal segments for 
dipole in an overlapping fashion, with mode n existing on Example 12- 12.1. 


segment n and n + 1. Mode n has endpoints z„ and z„+2, and center or terminals at z,,41. F, is a filament of 
electric current, located a radius a from the wire centerline (i.e., on the surface of the wire) and with current 


sin B(d — |z — Zn41I) 
sin Bd 


F) = (A) 


1ElectroScience Laboratory, Ohio State U niversity. 
2We assume that the dipole is perfectly conducting and that the surrounding medium is free space. 
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where 8 = 27/1 

F,,(z) is zero at its endpoints and rises sinusoidally to a maximum at its center with terminal current of 
Ino = Fn(Zn+1) = 1A. Note that the piecewise sinusoidal modes produce a current which is continuous and 
also zero at the dipole endpoints. Except at the dipole endpoints, the dipole current of (1) at zn+1 is J, amperes. 
Equation (1) produces a sinusoidal interpolation of the current values at the N + 2 points. 

We require that the radiated and impressed fields satisfy (12-11-12). Substituting (1) into (12-11-12) we 
have y 


-J nEn ~ Ey (3) 


n=1 
where 


Ez, = free-space z component of the electric field of F, 
Ey = z component of the incident field 


Ezy is available in terms of simple functions given by Schelkunoff (1) and Friis and H. E. King (1). 

The weighting functions in the MM solution are chosen identical to the expansion functions, except that 
they are located along the centerline of the dipole. This is because we enforce (12-11-12) on the centerline. 
Then multiplying both sides of (3) by the sequence of N weighting functions, Fm (m = 1,2,..., N), (3) 
becomes an N x N system of simultaneous linear algebraic equations which can be written compactly in 
matrix form as 


[ZMH =V (4) 


Here J is the current column vector whose N components contain the 7, of (1). [Z] isthe N x N impedance 
matrix whose typical term is 


Zmn = -f Ezn Fm dz (5) 
m 


In general [Z] is dependent on the geometry and material composition of the scatterer, but not on the incident 
fields. A typical element of the right-hand-side or voltage vector V is given by 


vn =f Ey Fm dz (6) 


The integration in (5) and (6) is on the dipole centerline, and over the extent of F, that is, from z = Zm 
tO Zzm+2. The dimensions of the elements of [Z] and V are volt-amperes (VA), while the elements of 7 are 
dimensionless. If the Zn were divided by /,0Z,0, then the Zmn would have dimensions of ohms (2). Since 
in our case the modal terminal currents are Z„o = 1A, Zmn can be considered to have the dimensions of ohms. 
In any case, the [Z] matrix is usually referred to as an impedance matrix and V as a voltage vector since the 
matrix equation (4) resembles an N-port generalization of Ohm’s law. 

The major problem in an MM solution is usually the evaluation of the elements in the impedance matrix. 
Typically this involves numerical integrations and/or the evaluation of special functions. As a result, most 
MM solutions are done on a digital computer and require a great deal of programming time and effort. For 
this reason, most MM solutions are not suitable as a simple example problem which can be accomplished in 
about an hour using only a hand calculator. Relatively simple expressions for the elements in the dipole MM 
impedance matrix are presented here, thus eliminating the need for a digital computer to carry out the MM 
solution to the examples given. 
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For the dipole antenna, the elements in the 
impedance matrix, as given by (5), are the mutual 
impedances between parallel piecewise sinusoidal 
dipole modes. Figure 12-27 shows two parallel piece- 
wise sinusoidal dipole modes of length 2d. The bottom 
of weighting mode m is located a distance A above 
the center of expansion mode n, and the modes are 
staggered by the distance r. For convenience, the 
expansion mode has its center at z = 0. Exact expres- 
sions for the mutual impedance between these modes 
has been given by H. E. King (1). King’s expressions 
are very lengthy and also require the evaluation of 
sine and cosine integrals. In order to simplify King’s 
expressions we assume that the modes are electrically 
small and electrically close. Specifically, ifweassume Figure 12-27 Geometry for the mutual 
that Bd, Bh and Br are all <1, it may be shown that impedance of 2 parallel piecewise sinusoidal 
King’s expressions for the mutual impedance between dipoles. 
modes m and n reduce tot 


Zin = Rmn + JXmn (7) 
where 
Rmn = 20(Bd)* (8) 


and 


Xma = —aal-4A +68 ~4C + D+E+4hIn(2A + 2h) 


—6(d + h) IN(2B + 2h + 2d) + 4(2d + h) In(2C + 2h + 4d) 
+ (d — h) In(2D + 2h — 2d) — (3d +h) INE + 2h + 6d)] (9) 


= /r2 + h2 
= vr? + (d + h)? 


E = yr? + Bd + h)? 
Equations (8) and (9) are suitable for a hand calculator, since they involve no operations more complicated 
than a logarithm and square root. Note that Rmn is the well-known formula for the radiation resistance of 
a short dipole, and is independent of mode separation. Equation (9) can be further simplified if we assume 
r =a & d (wire radius much less than the segment length) and also consider certain special values of A. For 
self-impedance terms, m = n, and 


30 d 
Xnm(h = -0) =~] -4+4In( 2) (10) 


1| appreciate the assistance of Linda Bingham in obtaining these simplified expressions. 
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For adjacent modes with one overlapping segment, |m — n| = 1 and 


30 1.54a 
If |m — n| = 2, then the modes share a single point and 
30 
Xinn(h = d) = yee (12) 
If |m — n| > 3, then the modes are not touching and 
30h h’(2d +h) (2d + h)8(h — d) 
mn(h = = | | 1 
rale a A Fh- dd +h) E| i 


Now consider the evaluation of the right-hand-side vector V. As seen in (6), V is dependent upon the z 
component of the incident electric field. 

First, consider the case where the dipole is excited by a voltage generator. The simplest, and probably 
the most commonly used, model for a voltage generator is the so-called delta-gap model (Stutzman (1) 
and Thiele). A delta-gap generator is one that creates an extremely large, but highly localized, electric field 
polarized parallel to the wire centerline. A delta-gap generator located at z = z’ has the incident field 


Ey = vd(z— z") (14) 


where 
v = generator voltage 


ô(z) = unit area Dirac delta function 


Normally the generators are placed at the center or terminals of the piecewise sinusoidal modes. Thus, 
referring to Fig. 12-26 for a dipole with N = 3 modes, the generator could be placed at z = z2, z3 OF z4, 
which would be at the terminals of modes 1, 2 or 3, respectively. Inserting the incident field from (14) into 
(6) shows that, if a delta-gap generator of vm volts is placed at the terminals of mode m, then 


Vin = Um (15) 


Element m of V is nonzero only if anonzero generator is placed at the terminals of mode m. 

Now consider the effect of placing a lumped load in the wire. A lumped load of Z;,, ohms, placed at the 
terminals of mode m, will produce a voltage of — Zm Zım volts at these terminals. If we treat this voltage as 
a dependent delta-gap generator, then according to (15) we should add — Zm Zi to Vm. However, this is an 
unknown voltage, since initially /,, is unknown. Sinceitis conventional to write all unknowns on the left-hand 
side of the matrix equation, we add Zn Zım to both sides of row m of the matrix equation. Thus, it can be seen 
that a lumped load of Z;,, ohms placed at the terminals of mode m simply results in Zn being replaced by 
Zmm + Zim. 

There is no physical break or gap in the wire where a generator or load is placed. Thus, the current is 
continuous through generators and loads. However, there is a slope discontinuity, or jump in the derivative of 
the current, at the generator or load. Note that the piecewise sinusoidal modes account for this behavior by 
enforcing continuity of current on the wire and by allowing a slope discontinuity at their terminals. 

Next consider the situation where the wire is excited by a normally incident plane wave. If a z-polarized 
plane wave is incident from the +x axis with magnitude £o, then 


Ey = Eye/®* (16) 
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Inserting (16) into (6) and integrating yields 


_ 2Eo Bd 
Vn = ga (5) (17) 


EXAMPLE 12-12.1 Dipole Current Distribution and Input Impedance 
Compute the current distribution and input impedance of a center-fed dipole antenna. The dipole length 
l = 4/10 and radius a = 4/10,000. 


E Solution 

As illustrated in Fig. 12-26 we use N = 3 piecewise sinusoidal modes on the dipole and segment the 
dipole into N +1 = 4 equal segments of length d = 1/4 = 0.0251. In this case the 3 x 3 MM matrix (4) 
can be explicitly written as 


Zi. Z2 Z| n V1 
Zła Z22 Z23|| | =| V2 (18) 
Z31 232 233 || 3 V3 


Since the current on the center-fed dipole is symmetric, 71 = /3. In this case, we can add column 3 of the 
matrix equation to column 1 and reduce the order 3 matrix equation to the order 2 matrix equation 


Pa + Z133) A [l _ | (19) 
(Z21 + Z3) Z22}LL2 V2 

Reducing the order of the matrix equation from 3 to 2 greatly reduces the effort in the hand calculations 
required to solve the matrix equation. 


Although [Z] in (18) and (19) contain 9 elements, only 3 are distinct, since from the symmetry of the 
dipole, 


Table 12-2 Elements of the [Z] matrix (VA) for Example 12-12.1 


Element Approximate Exact 

Zu 0.4935 — j3454 0.4944 — 3426 

Zu 0.4935 + 1753 0.4945 + j1576 

Z3 0.4935 + j129.9 0.4885 + j132.2 
Zi = Zn = 233 (20) 
Zn = Zn = Z3 = Z32 (21) 
Z13 = Z31 (22) 


The real part of each Zn, iS given by (8) as 
Rinn = 0.4935 VA (23) 


The imaginary part of the Z,,,, can be computed from (9); however, here we choose to use the simpler 
forms of (10), (11) and (12). Table 12-2 shows the elements in the first row of the [Z] matrix of (18) 
computed by (7), (8), (10), (11) and (12) and by King’s exact expressions. Note that the approximate 
values of [Z] are within 11 percent of the exact values. 

If the approximate values of [Z] from Table 12-2 are substituted into (19) we obtain 
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(24) 


0.9869 — 73324 0.4935 + j1753| | n| | R 
0.9869 + j3506 0.4935 — j3454| |n| L1 


where we have set V2 = 1 VA since there is a 1-V generator at the terminals of mode 2. Equation (24) 
can be easily solved using Cramer's rule. The results for the elements in the dimensionless current vector 
are 


D = 13 = 0.000 3286 /789.892° (25) 
Iz = 0.000 6230 /89.926° (26) 


Dividing (26) by (25), the current ratio 72/71 is very nearly equal to 1.9, indicating a nearly triangular 
current distribution on the dipole. 


The dipole current in amperes can now be obtained by inserting these coefficients into (1) with N = 3. 
Thus, the dipole input or terminal currentis 72 amperes. The input impedance is given by the ratio of the 
input voltage to the input current; that is, 


Zin = = = 2.083 — j16052 (Ans.) (27) 


By contrast, if we were to use the exact values of [Z] from Table 12-2, then the results for the current 
distribution and input impedance would be 


I, = B = 0.0002498 /90.0° (28) 
In = 0.0005219 /89.9° (29) 
Zin = 1.892 — j1916 2  (Ans.) (30) 


EXAMPLE 12-12.2 Scattering from a Short Dipole 
Compute the radar cross section! of the same dipole considered in Example 12- 12.1 for a wave at normal 
(broadside) incidence with the dipole terminated in a (conjugate) matched load. 


E Solution 
To terminate the dipole in its conjugate matched load, we place a lumped load of Z;* at the center of the 
dipole, i.e., at the terminals of mode 2. Using the value of Zin from (27), 


Zn = Zk, = 2.083 + j1605 2 (31) 


The impedance matrix for the loaded dipole is identical to that of the unloaded dipole except that we add 
Zn to the self-impedance of mode 2 to obtain 


Z2 = (0.4935 — 73454) + (2.083 + j1605) = 2.576 — 1849 VA (32) 


If the incident electric field is a unit amplitude z-polarized plane wave incident from the +x axis, then 
the elements of the right-hand-side vector are identical and given by (17) with Eo = 1: 


Vin = 0.02505 VA, m=1,2,3 (33) 


see Sec, 11-5, 
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Since the excitation and loading of the antenna are symmetric with respect to the center of the dipole, the 
current on the dipole remains symmetric. Thus, the current vector can still be computed from the order 2 
matrix (19): 


Ree 73324 cS aa H _ hee q 


0.9869+ j3506 2.576 — j1849| [| n| ~ (0.02505 a 


Equation (34) can be solved using Cramer’s rule. T he results for the elements in the dimensionless current 
vector are 


h = h = 0.006515 /0.581° (35) 
h = 0.01235 /0.548° (36) 


The scattered field is given by 


N 
Es = 2 Tn Ezn (37) 
n=1 


where E;n is the free-space electric field of expansion mode F, as in (3). For a field point on the +x 
axis (i.e., in the backscatter direction) and in the far zone of the dipole, the electric field of F, will be z 
polarized and given by 


(V m») (38) 


=jpx 
Ez, = j60tan (5) is 
2 x 


Using (38) and the above values for the /,,, the far-zone backscattered electric field is 


-jx 
E, = 0.1199 /90.6° -> (V m7) (39) 
The radar cross section of the dipole is 
2 
o = 4rx? a = 0.1806? (Ans, (40) 
0 


By contrast, if we were to repeat this example with the exact value of [Z] from Table 12-2, the results 
would be 


Iı = B = 0.006199 /0.0° (41) 
h = 0.01295 /0.0° (42) 
o = 0.18014? (Ans.) (43) 
From Example 2-10.1 the maximum effective aperture of a short matched lossless dipole is given by 
Aem = oH = 0.1191? (44) 


provided that the dipole length Z « à. The total scattering aperture equals Aem and the radar cross section 
is this value times the short dipole directivity D (=1.5) or 


1.5 x3 


o = DAem = a? = 0.17912 (45) 


87 
as compared to 0.1806 and 0.18014? above. 
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EXAMPLE 12-12.3 Mutual Impedance of 2 Short Dipoles 

Compute the mutual impedance of 2 short side-by-side dipoles separated by 1/100 asin Fig. 12-28. The 
dipoles are identical to the ones in Examples 12-12.1 and 12-12.2. 

E Solution Dipole Dipole 

To simplify the computations, we place 
only one piecewise sinusoidal mode on each 
dipole. Thus, the order N = 2 matrix 
equation for this example is 


Bs A 7] = K 

Z2 222| Ll V2 

Only Zi; and Z12 need be computed, since ae 
from the symmetry of the dipoles Z11 = Z22 0.01A 
and Z12 = Z 21. Z11 is evaluated from (7), 

(8) and (10) with d = —h = 1/2 = 0.05 Figure 12-28 Geometry for 2 coupled dipoles 
and r = a = 0.00012. Z12 is evaluated from of Example 3. The radius of each dipole 

the same equations with a replaced by s = is 0.0001. 

0.011, since h = —d. The results for Z11 and Z12 are shown in Table 12-3 where they are compared with 
the exact values of H. E. King (1) and of Richmond (2). For this simple one mode per dipole solution, 
Zı2 İs the mutual impedance between the two dipoles. 

Inserting the approximate values from Table 12-3 into (46) we obtain 


Table 12-3 Elements of the [Z] matrix (VA) for Example 12-12.3 


Element Approximate Exact 


Zu 1.9739 — j1992 2.0000 — j1921 
Zy 1.9739 — j232.8 1.9971 — 325.1 


1.9739 — j1992 1.9739 — j232.8] [n] [1 
1.9739 — j232.8 1.9739 — j1992 || n| [0 


In (47) we set V; = 1, since to compute the input impedance of dipole 1, we place a 1-V generator at the 
terminals of mode 1. Equation (47) has the solution 


Iı = 0.000 509 0 /89.955° (48) 
h = 0.000 059 49 /—89.616° (49) 


The input impedance is then 


(47) 


Zin = = = 1.539 — 719642 (50) 


The N = 1 mode solution for the input impedance of dipole 1 alone is 
Zin = Z11 = 1.974 — j19922 (51) 
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If the exact values of Table 12-4 are used, the impedance of dipole 1 in the presence of dipole 2 is 
Zin = 1.382 — j1822 Q 


Table 12-4 gives a summary of self-impedance, mutual impedance and radar cross section for short dipoles. 


(52) 


Table 12-4 Summary of self-impedance, mutual impedance and radar cross section for 


short dipolest 


Modes Equation 
Z, = 1.974 — j1992 Q N = 1 (approx. King)* (51) 
= 2.000 — j1921Q N = 1 (exact King)* Zıı (exact), Table 12-3 
= 2.083 — 1605 Q N = 3 (approx. King)* (27) 
= 1.892 — j1916 2 N = 3 (exact King)* (30) 
= 1.864 — 71905 Q N =5 (exact King)* J. H. Richmond (2) 
= 1.856 — 71899 Q N =7 (exact King)* FORTRAN IV program 
(see References below) 
Zm = 1.974 — j233 Q N = 1 (approx. King)* Zı2 (approx.), Table 12-3 
= 1.997 — 73252 N = 1 (exact King)* Zı? (exact), Table 12-3 
Za = Zs — Zm = 0.000 — j1759 Q N = 1 (approx. King)* (51) —Zi2 (approx.) 
= 0.003 — j1596 2 N = 1 (exact King)* Zı (exact) —Zı2 (exact) 
o = 0.180642 (approx. King)* (40) 
= 0.180142 (exact King)* (43) 
= 0.17922 (short dipole theory) *H.E. King (1) (45) 


i ee self-impedance = input impedance of isolated dipole, Q 
Zm = mutual impedance, Q 
ø = radar cross section, A 
Dipole length, / = 4/10 
Dipole radius, a = 4/10,000 
Dipole separation, s = 4/100 (for Zm) 
Note that Zs should approach the true value as N increases provided the solution converges, also that the self- 
mutual difference ZA Oas s + Oand ZA Zs aS s > œ (Zm 0). 
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Problems 


12-6-1 Dipole impedance. Calculate the input impedance of a cylindrical center-fed dipole antenna 4/12 
long with alength-diameter ratio of 25. 


12-10-1 Charge distribution. Determine the electrostatic charge distribution on a cylindrical conducting rod 
with a length-diameter ratio of 6. 


12-11-1 Input impedance of short dipole. Calculate the current distribution and input impedance of a 
center-fed dipole antenna 2/15 long with a length-diameter ratio of 200 using MM. 


12-12-1 Mutual impedance of short dipoles. Calculate the mutual impedance of 2 side-by-side dipole 
antennas separated by 1/25 with each dipole 4/8 long and 4/100 diameter using MM. 


12-12-2 1/10 dipole impedance. Show that the convergence or true value of the self-impedance Zs of the 
dipole of Table 12-4 is 1.852 — 71895 Q. 


For computer programs, see A ppendix C. 
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Frequency-Selective 
Surfaces and Periodic 


Structures 
By Ben A. Munk? 


Topics in this chapter include: 


M Definition of FSS © Complementary surfaces and Babinet’s 
© Basic dipole and slot FSS principle 

© Dielectric slab FSS for radome M Oblique angles of incidence 

E Slotted metal radome E Element types 

E Hybrid radome Æ Controlling bandwidth with angleof incidence 
Æ ideal stealth radome and polarization 

™ Transmission and reflection properties of © Other applications: dichroic surfaces and 


simple periodic surfaces of wires meanderline polarizers 


13-1 Introduction. Definition of FSS 


A Frequency-Selective Surface (FSS) is a surface which exhibits different reflection and/or transmission 
properties as a function of frequency. Two basic types are an array of wires and the array of slots, as shown 
in Fig. 13-1. This is followed by a dielectric slab as the FSS. A surface which is NOT frequency-selective is 
a flat perfectly conducting sheet. 

These surfaces perform only for linear polarizations with Æ as shown in Fig. 13-1. To perform for all 
polarizations, crossed dipoles and crossed slots can be used but only successfully for normal angle of incidence. 
For a discussion of elements in general see Sec. 13-9. 

F requency-Selective Surfaces (FSSs) have many important applications in today’s technology. Perhaps 
the most interesting is for making radomes that are either improved in their performance or designed to have 
special features. 

Basically, a radome can be considered as merely a protective cover placed in front of an antenna. 
Thus, a radome should be mechanically strong and at the same time transparent at the operating 
frequency of the antenna. While an exhaustive treatment of the classical radome theory is given else- 
where (Tice-1), we shall in this chapter limit ourselves to very simple radome types that lead to the 
more exotic combinations of FSS and a stratified dielectric medium usually referred to as a “hybrid 
radome.” 


1ElectroScience Laboratory, The Ohio State University. 
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13-1a Basic Dipole and Slot FSS 


An array of resonant dipoles (Fig. 13-1) acts as a band-stop filter, passing waves above and below the dipole 
resonant frequency but not at the resonant frequency. The complementary array of slots acts as a bandpass 
filter, passing waves at the resonant frequency of the slots but rejecting them at higher and lower frequencies. 

The action of the dipoles is equivalent to that of a series-tuned circuit on a transmission line as suggested 
in Fig. 13-1b, while the action of the slots is analogous to that of a parallel tuned circuit. In each case the 


11 b= 
ae 
| 


Incident 
wave 


g/l | 


Band stop Transmission line 


| Band stop 
Slots — 


Transmission line 


— E +c 


Resonant 
frequency 


Band pass 


Band 


Transmission 
coefficient 


5 Edge view with 0 Frequency á 
erspective view i Ean 
i equivalent Transmission response 
transmission line 
(a) (b) (c) 


Figure 13-1 Basic frequency selective surfaces: Array of dipoles (above) acts as a 
band-stop filter while the array of complementary slots in a perfectly conducting sheet (below) 
acts as a bandpass filter. The equivalent transmission lines are also shown. The transmission 
coefficient for both cases is shown at (c). Note that for the dipoles E is vertical but for the slots E 
is horizontal or H is vertical. 


The McGraw-Hill Companies 


480 Chapter 13 Frequency-Selective Surfaces and Periodic Structures 


inductor and capacitor resonate at the “pass” or “stop” frequencies. Note: The equivalent circuit will in general 
vary with angle of incidence and polarization. 


13-2 The Halfwave Dielectric Radome 


The earliest radomes were often quite primitive, being designed of simple dielectric materials, even plywood. 
Ideally, a radome should be designed to transmit all of the energy incident upon it and reflect nothing. The 
simplest approach is to use a dielectric sheet of electrical thickness equal to one-half wavelength inside 
the dielectric. This simply ensures that the reflections from the front and back will cancel each other (they 
are equal in amplitude but with opposite phase). A distance of A,/2 leaves the phase difference unchanged, 
where às equals wavelength in the dielectric. 
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Figure 13-2 Typical transmission curves as a function of frequency for a simple dielectric 
sheet with er = 4. (A,/2 radome). Note: the equivalent circuit at the bottom is valid only at 
normal angles of incidence. 
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However, considerable complications arise from the fact that radomes must function for different angles 
of incidence as well as polarizations. Fundamentally, all stratified media with typical slab thickness d 
will have electrical thickness equal to Bsd COSns, where Be = 2z/A, is the propagation constant in 
the slab, and 7, is the angle of propagation inside the slab measured from the normal (see Fig. 13-2, 
bottom). 


Thus, as we increase the angle of incidence ns, COS ne will be reduced. In general, the trend for a stratified 
medium without FSS is that full transmission or resonance is observed at a higher frequency when £n is higher 
yielding Bnd, COS n, about the same as for normal incidence. 


A typical set of transmission curves for various angles of incidence as well as polarizations is shown in 
Fig. 13-2, top. Here we show the case of a dielectric slab of thickness d ~ 0.75 cm and dielectric constant 
e€- = 4.0. This is seen to give us a perfect transmission around 10 GHz for normal angles of incidence. 
However, as we increase the angle of incidence we clearly see how the resonant frequency is moving upward 
as predicted earlier. Only when the incident E-field is parallel to the plane of incidence is this hard to observe. 
The reason is simply that in this case we will observe the Brewster's angle when perfect transmission is 
obtained from “dc to THz,” i.e., we are washing out any resonance whatsoever. 


M ore specifically we observe a narrowing of the resonant curves for £ orthogonal to the plane of incidence 
and a broadening in the parallel case. This has to do with a change of the characteristic impedances of the 
equivalent transmission lines, as will be discussed later. 


13-3 Slotted Metal Radome 


The mere suggestion of a radome made of metal might at first sound like an absurdity. H owever, if a conducting 
surface is provided with small slot elements arranged in a periodic pattern, this arrangement can be perfectly 
transparent at one frequency. The possible shapes of such slots are discussed later; see Sec. 13-9. We shall 
here limit ourselves to show a typical example of three-legged loaded elements as shown at the bottom of 
Fig. 13-3. Note that the bandwidth becomes narrower for higher angles of incidence when the incident E-field 
is orthogonal to the plane of incidence in much the same way, as was the case for the purely dielectric case 
in Fig. 13-2. However, there is a notable difference between the two cases, namely, that while the resonance 
frequency moves up for oblique angles of incidence in the dielectric case, it moves downward in the dielectric- 
metal sandwich of Fig. 13-3. This strongly suggests to the creative designer that a combination of dielectric 
and metallic surfaces could lead to designs with more stable resonant frequency. Such surfaces are usually 
denoted “Hybrid Periodic Surfaces,” as will be discussed next. 


13-4 The Simple Hybrid Radome 


The simplest form of a hybrid radome is obtained by combining the slotted surface in Fig. 13-3 with 
the dielectric slab shown in Fig. 13-2. Typical transmission curves obtained from the PMM program 
are shown in Fig. 13-4. We observe that the resonant frequency remains fairly constant with angle of 
incidence as expected, since the metallic and dielectric surfaces went in opposite directions with the 
angle of incidence. However, the bandwidth still changes dramatically. This feature may not be of 
any great concern if the radome merely has to let energy through in a narrow frequency range. How- 
ever, aS shown in the next section, there are important cases when we must require much more than 
that! 


N ote also that the resonant frequency of the slotted surface should be very close to the frequency where the 
dielectric slab is electrically one-half wavelength thick. Otherwise transmission loss will occur. This feature 
makes this design somewhat difficult to work with in practice. 
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Figure 13-3 Transmission curves as a function of frequency for various angles of incidence 
on an FSS of loaded trislot elements bounded by dielectric sheets as shown at the bottom. The 
perimeter of the elements is ~0.814 in air or ~1.4A in the dielectric at 10.5 GHz, yielding a 
circumference of 1.14 on average. Along the centerline of the slot element the circumference is 


~1.02 on average. 


13-5 The Ideal Stealth Radome 


To see but not be seen is the objective of a “stealth” radome. It is well known that the Radar Cross Section 
(RCS) of an antenna can be significant. For example, a planar array can have an RCS as high as that of a 
flat plate with an area equal to the total aperture of the array (for normal angle of incidence and no grating 
lobes). However, while it never can be higher (!), it can be significantly lower by proper design of the 
array. In fact, it may for proper matching of the elements and no grating lobes in principle be equal to zero. 
Unfortunately a good match can only be maintained over a limited bandwidth. Thus, when the antenna is 
exposed to frequencies outside the matching range of the array, the RCS will increase and eventually be as 
large as that of an equivalent flat plate as mentioned above. To reduce the RCS of any antenna outside its 
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Figure 13-4 Typical transmission curves as a function of frequency for the combination of 


the 4, /2 slab in Fig. 13-2 with the FSS design in Fig. 13-3. Such a combination is usually called 


for a hybrid radome. 


operating frequency range we may place a radome with bandpass characteristic in front of it as illustrated in 
Fig. 13-5, top. The concept here is simply that the antenna can receive and transmit freely in the frequency 
range where the radome is transparent; see the typical transmission curve in Fig. 13-5, bottom. In that range 
the radome will not affect the RCS of the antenna that consequently bears the major responsibility for attaining 
a low backscattering signal. However, in the frequency range when the radome is opaque, an incident signal 
will always be strongly reflected in the bistatic direction(s). If the radome is shaped “right” as shown, for 
example, in Fig. 13-5, top, only a small signal will be reflected in the backscatter direction; i.e., we obtain 


low RCS. 


Ideally, the bandpass curve for the radome should look like the curve in Fig. 13-5, bottom; i.e., havea flat 


top inside the passband and skirts with fast roll-off outside toward the opaque region. 
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Figure 13-5 Use ofa hybrid radome (top) with an ideal bandpass characteristic (bottom) to 
reduce the antenna RCS out of band. No reduction will be observed in the pass band of the 
radome. 


Conceptually this sounds like a simple classical network problem. However, in actuality the situation 
is complicated significantly by the fact that the shape of the bandpass curve has to be maintained for all 
polarizations and a large range of angles of incidence. This is a complex problem that will be discussed in the 
next sections. 


13-6 Transmission and Reflection Properties of Simple Periodic Surfaces of 
Wires 


In this section we will discuss the fundamental physical properties of periodic surfaces of wires. Thus, we 
show in Fig. 13-6 the simplest FSS, namely, the one comprised of simple straight elements arranged in a 
rectangular array. However, let us emphasize right at the start that this type of FSS is rarely used. First of all 
itwill only handle one polarization. W hile this problem could eventually be remedied by using, for example, 
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Figure 13-6 A periodic structure of electric conductors (“dipoles”) with load impedances Z, 
excited by an incident plane wave E; which is being partly reflected in the specular direction 
(E+) and partly transmitted in the forward direction (Et). (sx and sz denote the directional cosines 
along the x- and z-axes, respectively.) 


crossed elements, such a surface will in general exhibit many undesirable features such as a second resonance 
close to the fundamental and also poor stability of the resonance frequency with angle of incidence. For 
a survey of more suitable element types, see Sec. 13-9. For an in-depth discussion and actual calculated 
resonance curves, see M unk (1). 

We denote the length of the elements by 2/ and the interelement spacings by D, and D, as shown in 
Fig. 13-6. While such a configuration is exposed to an incident plane wave with field vector E;, a wave E, 
will be reflected in the specular direction while another part E, of the incident signal will be transmitted 
through the surface in the forward direction. 

We define the specular reflection coefficient as 


E 
ieee (1) 
Ei 
and similarly the transmission coefficient in the forward direction as 
E! 
ET =— (2) 
E! 


W hen we change the frequency we will find that the reflection as well as the transmission coefficient also 
changes as indicated in the inserts of Fig. 13-6. 
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A physical explanation is simply that series capacitances are associated with the gaps between the elements 
while the strips themselves exhibit a series inductance (see Fig. 13-6, bottom). Thus, itis not surprising that a 
typical equivalent circuit consists of an equivalent transmission line with a series LC circuitin shunt as shown. 
At the resonant frequency f, the reflection coefficient for the electrical field “ = —1, and transmission field 
ET = 0, i.e., the periodic structure acts as a groundplane. At other frequencies the periodic structure is partly 
transparent. Thus, such a structure can be used as a simple filter. It is often called a “Frequency-Selective 
Surface” (FSS). By cascading two or more surfaces and by proper use of dielectric slabs we can obtain highly 
sophisticated filters, as will be discussed later. 

We further show in Fig. 13-7 an infinite array of slots in an infinite perfectly conducting groundplane. As 
above we now expose this configuration to an incident plane wave; however, we now require the incident H 
vector to be parallel to the elements as shown. 

We define the reflection and transmission coefficients analogous to (1) and (2) above except that we (in 
general) refer to the H field rather than the £ field. This notation leads to a very convenient symmetry between 
the two cases. 

The conducting strips in Fig. 13-6 can be considered as dipoles short-circuited at their center. Thus, this 
type of periodic surface is often referred to as a dipole or wire case while similarly the case in Fig. 13-7 is 
referred to as a slot case. Note that both configurations alternatively can be reactively loaded at their centers. 
As we shall see later, this feature plays an important role in reducing the physical size of the elements which 
is an absolute must for producing high-quality FSSs. If we, for example, add a series inductor to the dipole 
case the resonance f will be lower. The slot surface in Fig. 13-7 will exhibit a resonance similar to its 


Figure 13-7 A periodic structure of “slots” with load admittance Yı. Passively excited by an 
incident plane wave Hj being partly reflected in the specular direction (H ,) and partly 
transmitted in the forward direction (H ¢). 
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counterpart in Fig. 13-6. However, instead of being reflective at that frequency itis completely transparent. 
A physical explanation is suggested by simply considering the edges of the slots as two twin lead transmission 
lines of length ~a/4 and in parallel as shown in the insert of Fig. 13-7, bottom. Since the ends of the two 
transmission-line segments are short-circuited the impedances at the centers of the slots will be infinite and 
thereby allow perfect transmission of the incident field. The equivalent circuit for a typical slotted surface 
is also shown in Fig. 13-7, bottom. It consists of a transmission line shunted with a parallel LC circuit. At 
resonance the incident signal will go through the surface with no attenuation while the reflected signal is 
zero; see inserts for 1 and 2 in Fig. 13-7. Note: The equivalent circuits are only valid for no grating lobes and 
change with angle of incidence and polarization. 


13-7 Complementary Surfaces and Babinet’s Principle 


If placing the dipole array in Fig. 13-6 on top of the slot array in Fig. 13-7 leads to a complete, infinite, 
perfectly conducting surface, the two surfaces are called complementary to each other. In that case the 
reflection and transmission coefficients for one of them equal the transmission and reflection coefficients of 
the other, respectively, as shown in Fig. 13-1 (do not forget to rotate the incident field vectors E£; and H; as 
shown). 

This is a simple example of Babinet’s principle, which is well known from optics. For it to be valid, 
however, we must observe certain requirements: 


1. The surfaces must be perfectly conducting and “infinitely thin.” In practice the screen thickness 
should be less than ~1/1000A in order for Babinet’s principle to be reasonably accurate. 

2. Adding athin layer (< ~0.05A) of dielectric will lead to a lower resonant frequency in both the dipole 
and the slot cases of approximately the same amount. However, use of thicker slabs leads to quite 
different results for the two cases. 

3. Cascading two or more surfaces behind each other leads to radically different transmission and 
reflection curves in the two cases. 


13-8 Oblique Angle of Incidence 


The discussion in the last section has assumed that the angle of incidence is constant. However, peri- 
odic structures should always be carefully examined for variations with the angle of incidence as well as 
polarization. 

A complete and exact treatment of this subject is beyond the scope of this chapter. For an in-depth treatment 
see M unk (1), Vardaxoglou (1) and Wu (1). It will be sufficient here to say that the changes with angle of 
incidence essentially are: 


1. Change of the resonance frequency, usually downward. 
2. Change of bandwidth. 


The first problem, namely, change of resonance frequency, can usually be minimized by keeping the interele- 
ment spacings D, and D, small in terms of wavelength like < ~0.4 (this requires either small elements or 
interlacing them into each other). The second problem is harder to handle. It can be shown (M unk-2) that the 
bandwidth variation of any periodic surface can be essentially explained by a variation of the characteristic 
impedance of the equivalent transmission line, shown in Fig. 13-6, bottom right, namely, it should be divided 
by cos 7 (7 = angle of incidence) when £ is orthogonal to the plane of incidence and multiplied by cos 7 when 
E is parallel. Elementary network theory then readily shows that this leads to a broadening of the resonance 
curve for E orthogonal and vice versa for E parallel. 
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Consistently we find in the slot case asin Fig. 13-7 that the intrinsic admittance of the equivalent 
transmission line should be divided and multiplied by cos n when H is orthogonal and parallel to the plane 
of incidence, respectively. A gain, as above in the dipole case, it leads to a broadening of the resonance curve 
when 4 is orthogonal and vice versa for the parallel case. 

Note how the dipole and slot cases are similar in their behavior with angle of incidence as a result of 
referring to the £ field in the dipole case and to the H field in the slot case as well as working with impedance 
versus admittance in the two cases. Several actual calculated examples of resonance curves for slotted surfaces 
are shown in Figs. 13-3 and 13-4. Note the broadening of the resonance curves with angle of incidence when 
H is orthogonal to the plane of incidence. 


13-9 On the Shape and Development of Elements 


Arriving at various element shapes is often clouded in a mystery. Actually a good starting point is to con- 
sider the straight dipole element shown in Fig. 13-8a. When it is ~A,/2 long it will resonate and scatter 
effectively. However, the problem with this element is that the resonance in general may change consider- 
ably with angle of incidence because the interelement spacings must be larger than 1/2. One remedy is 
simply to shorten the elements. They then no longer resonate but they can be tuned back to resonance by 
being “loaded” with a small inductance at its center as shown in Fig. 13-8b. Alternatively, this inductance 
can be replaced by a two-wire transmission line as shown in Fig. 13-8c. And finally, it can be made into 


A,/2 @ 


, Short Dipole Short Dipole Bi-polar Version 
Resonating Loaded with Loaded with of Four-Legged 
A,/2 Dipole Inductance Transmission Line Loaded Element 

(a) (b) (c) (d) 


Three-Legged 
Loaded Element Hexagon Loop 


(e) (f) (9) 


Figure 13-8 The development of the so-called “loop” elements originates with a simple 
straight A,/2 dipole that is shortened and inductively loaded. The loop elements are preferred 
for making high-quality FSS for oblique angle of incidence. All loop elements resonate when 
their average circumference is ~A,. 
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a bipolarized version called a “four-legged loaded element” as shown in Fig. 13-8d. It is interesting that 
although we start our element development with a straight dipole we are actually ending up with an ele 
ment that can be considered a loop. It simply resonates when the circumference is equal to As, leading to 
relatively compact elements. They are naturally in a rectangular array. If a triangular array grid is preferred, 
one should use the “three-legged loaded element” shown in Fig. 13-8e. Finally, the sides of the three-legged 
loaded element can be “pulled” outward into a hexagon element as shown in Fig. 13-8f or alternatively into 
an ordinary loop as shown in Fig. 13-8g. All of these elements will resonate when their average circum- 
ference is ~A,. Their differences lie in their bandwidth as illustrated in Fig. 13-9. Here, the three-legged 
loaded elements have been expanded into hexagon elements. The difference in bandwidth is seen to be ~2.5 
(actually the bandwidth of the hexagon array could be made considerably larger by reducing the interelement 
spacings). 

Other element types can also be obtained by “shooting” elements out from the center. However, the 
reader should be warned not to cross two à/2 dipoles, as logical as it seems (not shown). First of all, 
as stated earlier, the 4/2 dipole is not a particularly good element by itself but when two are crossed 
(and touching) it can quite often go terribly wrong. Not for normal incidence nor oblique when orthog- 
onally polarized. However, for oblique incidence and parallel polarization we will observe not just one 
but two resonances close to each other. While this may sound like a minor point, the fact is that 
we also will obtain a null between the two resonance frequencies. This null can easily occur at the 
same frequency where resonance is observed for orthogonal polarization. Thus, an FSS with crossed 
elements is complex and in general not recommended. For an in-depth discussion see Pelton (1) and 
M unk. 
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Figure 13-9 By expanding the three-legged loaded element (left) into a hexagon element 
(right), the bandwidth can be greatly increased. Note: the two arrays have identical interelement 
spacings as well as element circumferences (~A,). 
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Figure 13-10 The “center connected,” or “N-pole” elements, all have a “second” resonance 
as illustrated in Fig. 13-11 for the three-legged unloaded element. 


The problem with double resonance can be avoided if we instead use the unloaded tripole element as 
shown in Fig. 13-10a. In that case the two resonances degenerate into one. Alternatively, end capaci- 
tances can be added to obtain the anchor element shown in Fig. 13-10b. Similarly, end capacitances can 
be added to a four-legged unloaded element, yielding the Jerusalem cross depicted by Fig. 13-10c. The 
effect of the end capacitance is simply to move the lowest resonance well below the second resonance as 
well as the null. Thus, this element is OK. Finally we show in Fig. 13-10d the so-called square loop ele- 
ment. It is characterized by being very broadbanded, almost as broadbanded as the hexagon element in 
Fig. 13-8f. The elements in Fig. 13-10 are often called “center connected” or “N-poles.” They are char- 
acterized by having all of their element arms connected at the center. This simply means that not only 
can an even mode exist on these elements but also an odd mode, for oblique incidence as shown in 
Fig. 13-11, bottom. Typically the odd mode will resonate at a frequency about twice the even or funda- 
mental. We show an example in Fig. 13-11, top, for an unloaded three-legged element for 45° angle of 
incidence for both orthogonal and parallel polarizations. The fundamental resonance is at ~10 GHz while 
the odd (for parallel polarization) is at ~17 GHz. Further, it is a fundamental fact in the theory for peri- 
odic surfaces that two resonances always will have a perfect null somewhere between them, in our case 
at ~13 GHz. This null is often referred to as a modal interaction null. To exist, the periodic structure 
must be lossless and have no grating lobes. All center-connected elements have at least one modal interac- 
tion null. The loop types are characterized by having their fundamental resonance when the circumference 
of the elements is about one wavelength in the dielectric surrounding them. This leads to relatively small 
elements, typically about 2, /3 to As /4 across. This is smaller than the center-connected elements that typi- 
cally measure 2/2 from tip to tip. Since a small interelement spacing is a must to obtain periodic structure 
that is stable with angle of incidence, it is clear that the loop types in general will be preferable to the 
center-connected. 

The elements, in Fig. 13-12, top, are called “solid interior” or “plate” elements. Because of their simplicity, 
they were among the first elements to be investigated, see (K ieburtz-1; L ee-1; Chen-1). However, they are not 
very effective resonators, and when they do resonate, it is usually associated with the onset of a grating lobe. 
In other words, they are not at all like their similar-looking counterparts in Fig. 13-8. They are, in general, 
not recommended for precision work. 

Finally, there is an endless list of combinations and special-purpose elements as shown in Fig. 13-12, 
bottom. The first element to the left is merely a four-legged loaded element provided with end capacitors 
like the J erusalem cross. Further, the element in the middle and to the right represents types without any 
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Figure 13-11 Typical reflection curves for an FSS of unloaded tripoles. Note the odd 
resonance at ~17 GHz for parallel polarization due to excitation of an odd mode as shown 
below to the far right. Also note the “modal interaction null” at ~13 GHz. 


“floating” interior such as the case is with the loop elements. These elements have merit if they are produced 
by electroforming. 


A detailed examination of most of the types shown in Figs. 13-8 to 13-12 is given in M unk (3). 


13-10 Controlling Bandwidth with Angle of Incidence and Polarization 


Based on the discussions earlier, the bandwidth of a typical FSS will either increase or decrease as ~cos 7 
depending on the polarization. Thus, since most FSS are exposed to arbitrary polarization, the bandwidth 
variation typically will be as high as ~cos* 7 or ~4: 1 for 60° angle of incidence. Although some reduction in 
this variation can be obtained by choice of elements, this approach is basically academic compared to what is 
really needed. In fact, itis fairly safe to state that a “superelement” capable of producing constant bandwidth 
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Figure 13-12 Top: the “solid interior” or “plate type” elements. Bottom: some of the many 
so-called “combination” elements. 


for changing angle of incidence and polarization simply does not exist unless we consider nonplanar elements 
(see English-1; Andre-1; K ent-1; Ng-1; Schuman-1; Lin-1). 

The most practical solution to this problem is simply to use one or more FSSs placed in an appropriate 
stratified dielectric medium. A couple of practical examples will be shown next. 

First, we show in Fig. 13-13, top, the same single FSS as presented in Fig. 13-3 but now provided with 
additional dielectric slabs on each side as shown at the bottom (e, > 1.3). These surfaces are seen to be 
substantially thicker, namely, slightly more than 1, /4 as compared to the thin substrate next to the FSS. The 
purpose of the thicker slabs is to make the bandwidth much more stable with angle of incidence, while the 
thin ones (often referred to as “dielectric underwear”) essentially provide mechanical protection as well as 
dielectric loading (M unk-1, 4). 

Note that while the bandwidth of the FSS in Fig. 13-3 varies approximately as ~4 : 1 (for 60° angle of 
incidence) it has been reduced to ~1.4 : 1 in Fig. 13-13. Greater stability of the resonance frequency with 
angle of incidence is possible. 

Although the monoplanar design shown in Fig. 13-13 is satisfactory for some applications, it is often 
desirable to produce a transmission curve with a flat top (see Fig. 13-5). This is accomplished by cascading 
two or more surfaces behind each other as shown in Fig. 13-14. We show the transmission curves for two 
cascaded surfaces of the same type as used in Fig. 13-3. These two surfaces have been placed in a stratified 
dielectric medium comprised of three dielectric slabs plus substrates, as shown in the insert. A gain the effect 
of the dielectric slabs in the case at the bottom is spectacular: The bandwidth varied less than ~1.2:1 as 
compared to ~4: 1 in the nondielectric case. A closer analysis is give in M unk (4) where it is shown that the 
outer dielectric slabs are responsible for producing the constant bandwidth while the slab in the middle is 
responsible for the flatness of the top of the transmission curves. 
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Figure 13-13 By adding dielectric slabs of the proper thickness and dielectric constant to 
the FSS shown in Fig. 13-3, we can obtain a hybrid radome with a bandwidth that is fairly 
stable with angle of incidence as well as polarization. 


13-11 Other Applications 


The discussion so far has been directed mostly toward one application, namely, the hybrid radome. However, 
periodic surfaces have many other uses. We shall present a few. 


13-11a Dichroic Surfaces 


Dichroic refers to two frequencies, and a typical situation would be where the surface is transparent at one 
frequency and opaque at another. A common application is shown in Fig. 13-15, where the subreflector in a 
Cassegrain system has been designed to be transparent at the frequency fı and reflective at fo. Placing feeds 


operating at these frequencies (or bands) enables us to operate the C assegrain antenna over a wider frequency 
band. 
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Figure 13-14 The typical transmission curve for a biplanar hybrid radome showing almost 
constant bandwidth with angle of incidence as well as polarization. Also note the flat tops in 
contrast to the case in Fig. 13-13. 
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In Fig. 13-16, we have made the entire main reflector of dichroic material and placed it in front of an array 
operating in X-band. This is the frequency band where the reflector is transparent while it is opaque where 
the feed horn operates. We obtain in this way a very compact design that could be used, for example, in the 
periscope of a submarine. 

Note also the polarizer in front of the array. It transforms the linear signal from the array into a circularly 
polarized signal. The meanderline polarizer is discussed in Sec. 13-11c. 


13-11b Circuit Analog Absorbers 


Periodic structures with elements made of resistive materials find application as absorbers as shown in 
Fig. 13-17.A periodic array of crossed lossy elements is placed in front of a groundplane. As explained in 
Fig. 13-6, the elements provide us with capacitance and inductance in series while the resistivity of the ele 
ments adds a series resistance leading to an equivalent circuit as shown in the middle of Fig. 13-17. Finally we 
show in the Smith chart at the bottom how theimpedance (3) at the front of the absorber is obtained as a parallel 
combination of the groundplane impedance Y, (1) and the circuit analog sheet Y, (2). Cascading more sheets 
can lead to analog absorbers with more than 25 dB attenuation over a 10 : 1 bandwidth. For details see M unk (5). 


13-11c Meanderline Polarizer 


Generally speaking, polarizers are devices that transform a linear polarized signal into a circular or vice versa. 
One type called the meanderline polarizer is shown in Fig. 13-18, top. It consists of a structure of vertical 
meanderlines. A plane wave with its Æ vector E’ tilted 45° as shown is incident upon this structure. 

The workings of sucha polarizer are readily understood if we decompose the incident field Z’ into a vertical 
component £” and a horizontal component E”. To the first of these components, the meanderlines will act 
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Figure 13-17 Circuit analog absorbers are made of periodic structures of very lossy 
material. They have more bandwidth per given thickness than most other absorbers. The 
reflection coefficient of two designs is shown at lower right. 


like a shunt inductance while it will act as a shunt capacitor to the horizontal component. Thus, the equivalent 
circuits for these two components will be equivalent transmission line with shunt inductance or capacitance 
as shown in Fig. 13-18, bottom. From basic network theory we readily see that the transmitted field of the 
vertical component will be advanced in phase while the horizontal component will be delayed. If the two 
transmitted signals have the same magnitude and a net phase difference of 90°, the combined transmitted field 
will be circularly polarized. 

Itis interesting to note that requiring a 45° advance or delay of a single meanderline sheet invariably leads 
to a reflection coefficient that is numerically equal to the transmission coefficient (i.e., half the incident signal 
is reflected). 

This problem can be overcome by using two or more meanderline sheets cascaded after each other. In that 
way we require the phase advances and delays of each sheet to be only half or less than 45°. This again leads 
to smaller reflections per sheet. And in addition the reflections from the individual sheets can be designed to 
largely cancel each other. In this way we can obtain polarizers with a bandwidth exceeding an octave. For 
references see M arino (1). 
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Figure 13-18 A meanderline structure acts like a shunt inductance for vertical polarization 
and as a shunt capacitance for horizontal. For a net difference of 90° a signal tilted 45° as 
shown will be transformed into a circularly polarized signal. 


EXAMPLE 13-11.1 Sandwich Comparison 
Compare the —3 dB bandwidth of trislots, dual 3-legged elements and hexagons, all in dielectric 
sandwiches. 


E Solution 

The comparison is shown in Fig. 13-19 with trislots at (a), dual 3-legged elements at (b) and hexagons 
at (c). The shaded areas in (a) and (b) include transmission for parallel (||) and perpendicular (1) polar- 
ization and for 0° to 60° angles of incidence. Only normal incidence (0°) for both polarizations is shown 
in (c). Note the flat-topped wideband transmission for the dual 3-legged elements in (b). 


The —3 dB bandwidths are: 


GHz Ratio 
Trislots 8.5-11.5 1.35 
3-legged elements 9-14 1.55 


Hexagons 7-14 2.00 Ans. 
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Figure 13-19 Comparison of transmission through dielectric sandwiches with trislots, 

dual 3-legged elements and hexagons. 
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Problems 


13-9-1 Unloaded tripole. Determine the approximate length of the legs of an unloaded trislot operating at 
f = 13 GHz with (a) No dielectric substrate. (b) Dielectric substrate «, = 2.2 and thickness 0.50 mm 
located on both sides of the FSS (use arithmetic average of €, and £o for eer). (c) Determine Dy just short 
enough that no grating lobes are present when scanning in the xy-plane for any angle of incidence. 


13-9-2 Four-legged loaded element. Determine the approximate dimensions for a four-legged loaded 
element operating at f = 13 GHz with (a) No dielectric substrate. (b) Dielectric substrate s, = 2.2 and 
thickness 0.50 mm located on only one side of the FSS (estimate eer). (c) Leave a separation of 1 mm 
between adjacent elements (rectangular grid); determine the lowest onset frequency for grating lobes for any 
angle of incidence. 


For computer programs, see A ppendix C. 
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Microstrip Antennas 


This chapter includes: 


E Introduction © Methods of analysis 

Æ Some salient features of microstrip antennas = Methods for MSA tuning 

Æ Advantages and limitations © Techniques for increasing bandwidth 
© Rectangular microstrip A ntennas © Techniques for size reduction 

M™ Feed methods © Arrays of microstrip antennas 

© Characteristics of microstrip antennas Æ Applications 

MH Impact of different parameters on E CAD model 


characteristics 


14-1 Introduction 


In Section 3-10, the patch antenna was introduced and a brief description was added along with Fig. 3-11. 
Patch antennas are assigned different names such as printed antennas, microstrip patch antennas or simply 
microstrip antennas (MSA). Microstrip antennas are often used where thickness and conformability to the 
host surfaces are the key requirements. Since patch antennas can be directly printed onto a circuit board, these 
are becoming increasingly popular within the mobile phone market. T hey are low cost, have alow profile and 
are easily fabricated. In the following text, a number of aspects of patch antennas are discussed in detail. 


14-2 Some Salient Features of Microstrip Antennas 


1. A patch antenna basically is a metal patch suspended over a ground plane. The assembly is usually 
contained in a plastic radome, which protects the structure from damage. Patch antennas are simple 
to fabricate, easy to modify and customize and closely related to microstrip antennas. These are 
constructed on a dielectric substrate, usually employing the same sort of lithographic patterning as 
used to fabricate printed circuit boards. 

2. In its most basic form, a microstrip patch antenna consists of a radiating patch on one side of a 
dielectric substrate which has a ground plane on the other side. The simplest patch antenna uses a 
half-wavelength-long patch with a larger ground plane to give better performance but at the cost of 
larger antenna size. The ground plane is normally modestly larger than the active patch. The current 
flow is along the direction of the feed wire, so the vector potential and thus the electric field £ follows 
the current. Such a simple patch antenna radiates a linearly polarized wave. The radiation can be 
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3. 


regarded as being produced by the ‘radiating slots’ at top and bottom, or equivalently as a result of 
the current flowing on the patch and the ground plane. 

A patch antenna is a narrowband, wide-beam antenna fabricated by etching the antenna element 
pattern in metal trace bonded to an insulating dielectric substrate with a continuous metal layer 
bonded to the opposite side of the substrate which forms a ground plane. 

One of the key drawbacks of such devices is their narrow bandwidth. In order to achieve wider 
bandwidth, a relatively thick substrate is used. However, the antenna substrate supports tightly bound 
surface-wave modes which represent a loss mechanism in the antenna. The loss due to surface wave 
modes increases with the substrate thickness. Itis desirable to develop conformal microstrip antennas 
which enjoy wide bandwidth, yet do not suffer from the loss of attractive features of the conventional 
microstrip patch antenna. 

Some patch antennas eschew a dielectric substrate and suspend a metal patch in air above a ground 
plane using dielectric spacers; the resulting structure is less robust but provides better bandwidth. 
Because such antennas have a very low profile, are mechanically rugged and conformable, they 
are often mounted on the exterior of aircraft or spacecraft, or are incorporated into mobile radio 
communications devices. 

The microstrip antenna was first proposed by G.A. Deschamps in 1953. The proposed concept of 
microstrip antennas to transmit radio frequency signals could not gain much ground till the 1970s. 
Its practicability remained hampered due to various inherent defects. Further researches by Robert 
E. M unson and others who used the then available low-loss soft substrate materials enhanced its utility 
prospects. Further, the development of the Printed Circuit Board (PCB), microwave techniques, and 
many kinds of low-attenuating media materials made the use of microstrip antennas more practical. 
Microstrip patch antennas are often used where thickness and conformability to the surface of mount 
or platform are the key requirements. The primary limitation of this type of antennais the bandwidth, 
which is less than 5% for most single-substrate designs. However, a second substrate can be added 
to create a dual band design or a broadband design with a bandwidth of up to 35%. 

The microstrip antennas may have a square, rectangular, circular, triangular or elliptical shape. 
Theoretically, M SA s can be of any other continuous shape. U se of regular shapes of a well-defined 
geometry not only simplifies analysis but also helpsin performance prediction. Thetwo most common 
geometries, rectangular and circular, are widely employed. Square patches are used to generate a 
pencil beam and rectangular patches for a fan beam. In view of their straightforward fabrication, 
circular patches can also be used but the calculation of current distribution in circular patches is 
relatively more involved. Figure 14-1 is illustrates three different shapes of microstrip antennas 
along with the feed arrangements and coordinate systems. 

The size of a microstrip antenna is inversely proportional to its frequency. At frequencies lower than 
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Figure 14-1 Configurations of rectangular circular and triangular patch MSA. 
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foranAM radio at1M Hz, the microstrip patch would be of the size of a football field. For a microstrip 
antenna designed to receive an FM radio at 100 MHz, its length would be of the order of 1 meter 
which is still very large for any type of substrate. At X-band, the microstrip antenna size will be of 
the order of 1 cm which is easy to realize on soft-board technology. 

9. A microstrip antenna configuration employs a metallic patch which is positioned on the top surface 
of a dielectric substrate. The dielectric substrate has the bottom surface coated with a suitable metal 
to form a ground plane. A hole is formed through the ground plane and through the dielectric to 
allow access to the bottom surface of the patch. A center conductor of a coaxial cable is directly 
connected to the patch. The center conductor of the coaxial cable is surrounded by a metallic housing 
within the substrate area. Thus, the probe length is reduced by retaining a coaxial transmission line 
within the substrate. The patch forms a first plate for the capacitance while the diameter of the coaxial 
cable outer housing within the substrate is increased to form another plate on the end of the coaxial 
cable. The value of capacitance can be adjusted by the area of the metallic housing, the relative 
dielectric constant of material between plates, and the spacing between the plates. The microstrip 
patch antenna input impedance using the direct probe connection is adjusted and centered at a desired 
center frequency and many such frequencies can be accommodated. 

10. The microstrip antenna is constructed on a thin dielectric sheet using a printed circuit board and 
etching techniques. T he most common board is a dual copper-coated polytetrafluoroethylene (Teflon) 
fiberglass as it allows the microstrip antenna to be curved to conform to the shape of the mounting 
surface. The patch is generally made of conducting material such as copper or gold. The radiating 
patch and the feed lines are usually photo etched on the dielectric substrate. 


14-3 Advantages and Limitations 


14-3a Advantages 


Microstrip antennas are of light weight, smaller size and lesser volume. In view of their conformal structures 
of low profile planar configuration, these can easily be molded to any desired shape and hence can be attached 
to any host surface. Relatively, their fabrication processes are simple, production is easy, and the fabrication 
cost is low, and thus they can be manufactured in large quantities. Their fabrication process is compatible with 
microwave monolithic integrated circuit (MMIC) and optoelectronic integrated circuit (OEIC) technologies. 
These can support both linear as well as circular polarization and are capable of dual and triple frequency 
operations. They are mechanically robust when mounted on rigid surfaces. With the microstrip antennas it is 
easy to form large arrays with half-wavelength or lesser spacing. 


14-3b Limitations 


Microstrip patch antennas suffer from a number of disadvantages as compared to conventional antennas. 
These are low bandwidth, low efficiency and low-gain antennas with low power-handling capacity. The 
design complexity gets enhanced due to their smaller size. An effort to improve their bandwidth, which is 
usually limited to the range of 1 to 5%, results in additional complexity. These are resonant devices by their 
inherent nature. These antennas also suffer from the effects of radiation from feeds and junctions. These are 
poor end-fire radiators, except the tapered slot antennas. B esides, the surface wave excitation in these antennas 
is an added limitation. 

Some of the above limitations can be addressed by (i) using thick substrates, (ii) cutting slots in the metallic 
patch, (iii) introducing parasitic patches either on the same layer or on top of the main patch, and (iv) using 
aperture-coupled stacked patch antennas. 
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Figure 14-2 Basic structure of a rectangular microstrip antenna. 
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Figure 14-3 Patch antenna with £ field distribution. 


14-4 Rectangular Microstrip Antennas 


Figure 14-2 illustrates the basic structure of the rectangular microstrip antenna, by far the most popular type 
of microstrip antennas. The ground plane and dielectric underneath are shown in Fig. 14-1. The dimension 
L is universally taken to mean the long dimension, which causes resonance at its half-wavelength frequency. 
The radiating edges are at the ends of the L-dimension of the rectangle, which sets up the single polarization. 
Radiation (if any) that occurs at the ends of the W-dimension is far less and is referred to as the cross- 
polarization. 

Figure 14-3 illustrates the side view of Fig. 14-2 and is an attempt to show the distribution of the E-field 
under the patch. Due to the half-wave nature of the patch, the fields under the L -edges are of opposite polarity 
and when the field lines curve out and finally propagate out into the direction normal to the substrate they are 
now in the same direction (both facing left). In the far field perpendicular to the substrate, the radiation from 
the two sides adds up because the fields are in phase. It can be seen that in directions of off-bore-sight the 
intensity drops as the fields of the two edges go farther and farther and out of phase. At two angles, the fields 
exactly cancel. Thus, the microstrip patch radiation intensity depends on the direction it is viewed from as it 
has gain and directivity. 

For effective radiation from a microstrip antenna, the structure needs to be a half-wavelength resonator 
with a thicker dielectric material of low dielectric constant under the patch but the height still needs to be a 
fraction of a wavelength. 

The rectangular shape is the simplest and most widely used configuration for fabrication of microstrip 
antennas. Consider the microstrip antenna shown in Fig. 14-4, fed by a microstrip transmission line. The 
microstrip or patch antenna, microstrip transmission line and the ground plane are made of a high-conductivity 
metal. The patch is of length L, width W, and sitting on top of a dielectric substrate of thickness 4 with 
permittivity «,. The thickness of the ground plane or of the microstrip is not critically important. Typically, 
the height 4 is much smaller than the wavelength of operation. 
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Figure 14-4 Geometry of a microstrip (patch) antenna. 


The frequency of operation of the patch antenna of Fig. 14-4 is in general determined by the length L. The 
critical or center frequency fe can be approximately given by 


a C 1 
~ QL Je — 2L./e08 0 


where c is the velocity of light, e9 and xo are the permittivity and permeability of free space respectively, and 
e, iS the permittivity of the dielectric substrate. A s an example, a patch antenna (with dimensions L = 1.56 cm 
and W = 1.25 cm) is mounted on a substrate with £, = 2.2 and h = 0.795 mm having critical frequency of 
4.37 GHz from (1). According to this equation, the patch antenna should have a length equal to one half of a 
wavelength within the dielectric (substrate) medium. 

According to a recently published article, the frequency of operation of a patch antenna also depends on 
W along with the length L and the governing equation can be given by 


(1) 


fe 


2 2 1/2 
a i +i (2) 
Temi 2 /Ereff | |L +2AL W+2AW 
4 recr,dyn 
where, Eerf = ee) 5 (3) 
(y Ere + JSErdya) 
The expression for dominant mode is given as under. 

E 
ram = 4 
fr 2(L + 2AL) SEreff (4) 


In the above equations, AL and AW are the incremental length and width which account for the fringing of 
field at the respective edges. The other symbols have their usual meanings*. It is to be noted that the fringing 
length AL is also dependent** on W. In this reference**, the variation of the operating/resonant frequency is 
shown to be the function of the aspect ratio, with a fixed length of patch. 

The width W of the antenna controls the input impedance. For a square patch fed in the manner above, the 
input impedance will be of the order of 300 ohms. By increasing the width, the impedance can be reduced. 
However, to decrease the input impedance to 50 ohms, often a very wide patch is required. The width further 
controls the radiation pattern. The normalized pattern of the antenna can be obtained by plotting the field Eg 
and Ey which is approximately given as 
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(c) RP for linearly polarized MSA 


(a)and (b) Normalized RP for MSA 


Figure 14-5 Radiation patterns of MSA. 


sin[(kw sin 8 sin ¢)/2] 


Eo = [kw sind sin) /2] cos[(kL/2) sin @ cos o] cosh (5) 
__ sin(kwsiné sin ¢)/2] . 
mpane naa ee ee (6) 


In (4) and (5), Zo and Eg are the 6 and @ components of 
electric field intensity Æ; © and ø are the elevation and the 
azimuth angles of radiation pattern and k(k = 2x /A) is the 
wave number. The net magnitude of electric field at any point 


is a function of 6 and ¢ and is given by ò 1.0 
ne] 
2808 
ea 
E(@, $) = | (E + E3) (Gy £208 
o 0 
; = , a g 04 
In view of (4), (5) and (6), the radiation patterns obtained F = 
for a specific case of W = L = 4/2 ind = 0 and ¢ = 90° ore 
plane are illustrated in Fig. 14-5. = 00 
Normally, the directivity of patch antennas is below 10 dB 0 1 2 3 4 
and the field for center-fed rectangular patches is linearly Time (Seconds) * 10° 


polarized. i , : 

If a short Gaussian pulse, shown in Fig. 14-6,islaunched Figure 14-6 Incident (transient) pulse 
from an end of a microstrip transmission line (shown in fed to a patch antenna. 
Figs. 14-4 and 14-7) it will travel down towards the patch antenna. When it incidents upon the patch, a 
part of the energy of the pulse gets reflected back while the remaining gets radiated. The pulse shown can be 
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Figure 14-7 Contact feeds for patch antenna. 


characterized by the expression e!('-70)/Tl’, where To is the time delay suffered by the electric field traveling 
through the microstrip line to the patch and T is a parameter that controls the rate of rise and fall of the pulse. 
On arrival at the patch, the field will be disturbed. Some of the field will be reflected, some radiated and some 
will stay below the patch and eventually radiate away or reflected back down the microstrip line. The ratio of 
Fourier transforms of incident pulse and the reflected signal leads to a quantity which is termed as the return 
loss, 


14-5 Feed Methods 


Microstrip patch antennas can be fed in a variety of ways. These feeding methods can be classified under 
the categories of (a) contacting, and (b) non-contacting feeds. In the contacting method, the RF power is 
fed directly to the radiating patch using a connecting element such as a microstrip or a coaxial line. In the 
non-contacting scheme, electromagnetic coupling is done to transfer the power between the feed line and the 
radiating patch. Some of most popular feed techniques include (i) microstrip line, (ii) coaxial probe, (iii) 
aperture coupling, and (iv) proximity coupling. The first two of these techniques fall into the category of 
contacting schemes, and the last two are non-contacting schemes. 


14-5a Microstrip Feed 


In this technique, a conducting strip is connected directly to the edge of the microstrip patch. The conducting 
strip is much smaller in width as compared to the width of the patch. This kind of feed arrangement has the 
advantage that the feed can be etched on the same substrate to provide a planar structure. There are many 
versions of microstrip feeds which are described as below. 

(a) Center feed Itis illustrated in Fig. 14-4 wherein the microstrip line is in the center of the patch. 

(b) Offset feed It is illustrated in Fig. 14-7a wherein the microstrip line is not in the center of the patch. 
(c) Inset feed When an antenna is fed in the center of the width (Fig. 14-4) or at an end (Fig. 14-7a), the 
current is low at the ends of a half-wave patch and increases in magnitude towards the center along with 
dimension L. This arrangement yields a high input impedance. The input impedance can be reduced if the 
patch is fed closer to the center (i.e., nearer to middle of the length L). Figure 14- 7b illustrates the inset feed 
method of a microstrip antenna wherein the transmission line extends by a distance R from the end. 

The purpose of the inset cut in the patch is to match the impedance of the feed line to the patch without 
the need for any additional matching arrangement. This is achieved by properly controlling the inset position. 
Hence, this is an easy feeding scheme, since it provides ease of fabrication and simplicity in modeling as well 
as impedance matching. However, as the thickness of the dielectric substrate increases, surface waves and 
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spurious feed radiations also increase. This reduces the antenna bandwidth. The feed radiation also results in 
undesired cross-polarized radiation. 

Assuming the patch to be half-wavelength long (i.e., 4 =2Z) the phase change in the length R is given by 
2x R/(2L)=n R/L. With the further assumption of sinusoidal distribution of current, the departure from the 
end by a distance R will increase the current by cos(z R/L). The voltage will also decrease in magnitude by 
the same amount as that when the current increases. The input impedance (Z = V/I) can be given as 


Zin(R) = cos? (r R/L) Zin (0) (1) 


In (1), Zin (0) is the input impedance if the patch is fed at the end. By inset feeding of the patch, the input 
impedance can be decreased. As an example, let R = L/4, cos(z R/L) =cos(s/4) and cos? (s/4) =0.5. Thus, 
a A/8 inset would decrease the input impedance by 50%. This method can be used to tune the input impedance 
to the desired value. 

(d) Quarter-wave line feed The microstrip antenna can also be matched to a transmission line of characteris- 
tic impedance Zo by using a quarter-wave section of characteristic impedance Z1. This arrangement is shown 
in Fig. 14-7c. If the impedance of the antenna is Z4, then the input impedance viewed from the beginning of 
the quarter wave section is 


Zin = Zo = Zi/Za (2) 


This input impedance Z;,, can be altered by suitable selection of Zı, so that Zin = Zo and the antenna 
impedance is perfectly matched. The parameter Zı can be altered by changing the width of the quarter-wave 
strip. 


Another way to look atthe input impedance 1.5 T T T T 12 
of a microstrip patch is to look about how far i i ! i 
isthefeed from an open circuit. If thefeed is at z OMS A a e a T 19 
the center, itamounts to a short circuitin both 5 PÇ i LOAN 8 
directions, because it is a quarter-wave from a eal h(t Roan rs 11? 4 
short circuit. If the feed is at any of the edges, so ee eee ee ee i WN. È 
it is equivalent to an open circuit, because it S , ! i P 
is half-wavelength away from another open a Hie ee aly Š 
circuit. The dielectric constant that controls 3 i id 
the resonance of the antenna is the effective E iò i = ~-!5 
dielectric constant of the microstrip line. 

Figure 14-8 depicts the relative intensity 1.5 0 
(and direction) of the Æ and H-fields along i hea a ae ae i sd 
the L-dimension, ignoring the radiation that fraction of length L in % 


may occur at the edges. In view of M axwell’s 

equations, the magnetic field is perpendicular Figure 14-8 Variation of E, H and Z with the 

to the E-field. In the figure, itis in and out location of feed in terms of distance x along length L. 
of the paper. At the edges of the strip [x/L = 

0 (0%) and x/ZL = 1(100%)], the H-field drops to zero, because there is no conductor to carry the RF current 
and it is maximum in the center. The E-field intensity is maximum in magnitude and of opposite polarity 
at the edges (x/L = 0 and x/L = 1) and zero at the center. The ratio of E to H field is proportional to 
the impedance. Thus, by suitably locating the feed point between the center and the edge, theoretically any 
desirable value of impedance can be obtained including that of 50 ohms. 
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14-5b Coaxial Feed 


The coaxial feed, or probe feed, is a very common technique used for feeding microstrip patch antennas. As 
shown in Fig. 14-9, theinner conductor of the coaxial connector extends through the dielectric and is soldered 
to the radiating patch, while the outer conductor is connected to the ground plane. The position of feed can 
be altered (as before) to control the input impedance. 

The main advantage of this type of feed scheme is that the feed can be placed at any desired location inside 
the patch in order to match with its inputimpedance. This feed method is easy to fabricate and has low spurious 
radiation. However, its major disadvantage is that its ground plane coaxial provides a narrow bandwidth and 
is difficult to model since a hole has to be drilled in the substrate, and the connector protrudes outside the 
ground plane, thus allowing it to remain completely planar for thick substrates. Also, for thicker substrates, 
the increased probe length makes the input impedance more inductive, leading to matching problems. The 
coaxial feed introduces an inductance into the feed that may need to be taken into account if the height / gets 
larger. In addition, the probe may introduce radiations into undesirable directions. 

In view of the above, it is seen that a ae 
thick dielectric substrate provides broad Sone. amen 
bandwidth, but the microstrip and the 


coaxial feeds suffer from numerous dis- W 

advantages and neutralize some of the 

gains of a thick substrate. The non- T ‘Toaxiaicabis 
contacting feed techniques discussed 

below solve some of these problems. Figure 14-9 Coaxial or probe feed patch antenna. 


14-5c Aperture-Coupled Feed 


This feed techniqueis also called the electromagnetic coupling scheme. In this scheme, two dielectric substrates 
are used such that the feed line is sandwiched between the two and the radiating patch is on top of the upper 
substrate. The feed circuitry is shielded from the antenna by a conducting plane with a hole/slot/aperture to 
transmit energy to the antenna, as shown in Fig. 14-10a. The coupling aperture is usually centered under 
the patch, leading to lower cross-polarization due to symmetry of the configuration. The amount of coupling 
between the feed and the patch is determined by the shape, size and location of the aperture. Since the ground 
plane separates the patch and the feed line, spurious radiations are minimized. Generally, a thin and high 
dielectric material is used for the bottom substrate, and a thick and low dielectric material is chosen for the 
top substrate to optimize radiation from the patch. 


Patch 
antenna IL 

= _, Substrate - 2 with , : | Microstrip 
Ground plane Er2|[” low permittivity Microstrip., w | Antenna 
with aperture en|lo Substrate - 1 with 

high permittivity 
Microstrip Line Substrate 
(a) Aperture coupled feed (b) Proximity coupled or indirect feed 


Figure 14-10 Non-contacting feeds. 


The main advantage of this feed technique is that it eliminates spurious feed radiation and provides very 
high bandwidth (as high as 13%), due to overall increase in the thickness of the microstrip patch antenna.T his 
scheme also provides choices between two different dielectric media, one for the patch and one for the feed 


The McGraw-Hill Companies 


14-6 Characteristics of Microstrip Antennas 509 


line to optimize the individual performances. M atching can be achieved by controlling the length of the feed 
line and the width-to-line ratio of the patch. The major disadvantage of this scheme is that it is difficult to 
fabricate a microstrip line because of the two dielectric layers which need proper alignment. Also, there is an 
increase in the overall thickness of the antenna. 


14-5d Proximity-Coupled (or Indirect) Feed 


If the inset feed (Fig. 14-7b) is stopped just before the patch antenna or the probe feed (Fig. 14-9) is trimmed 
such that it does not extend to the patch antenna, the new arrangement can be termed as a proximity-coupled 
or as indirect feed. This feed system is shown in Fig. 14-10b. The advantage of a coupled feed is that it adds 


Table 14-1 Comparison of different feed methods 


Aperture Proximity 
coupled coupled 
Microstrip line feed Coaxial feed feed feed 
Spurious feed More More Less Minimum 
radiation 
Reliability Better Poor due to soldering Good Good 
Fabrication Easy Requires soldering and Requires Requires 
drilling alignment alignment 
Impedance Easy Easy Easy Easy 
matching 
Bandwidth (with 2-5% 2-5% 2-5% 13% 
impedance 
matching) 


an extra degree of freedom to the design. The gap introduces a capacitance into the feed that can cancel out 
the inductance added out by the probe feed. 


14-6 Characteristics of Microstrip Antennas 


All the characteristics of an antenna summarized at the end of Chapter 2 are equally applicable to the microstrip 
antenna (M SA). Some of the more important characteristics are briefly described below. 


14-Ga Radiation Pattern 


In Fig. 14-5a and b, two radiation patterns in @ =0 (i.e., in azimuth) and ¢ = 90° (in elevation) were shown. 
Yet another typical radiation pattern for a linearly polarized patch antenna was shown in Fig. 14-5c. This 
figure shows a cross-section in a horizontal (azimuth) plane. The pattern in the vertical (elevation) plane is 
similar though not identical. The scale is logarithmic, so (for example) the power radiated at 180° is about 
15 dB less than the power in the center of the beam, i.e., at 90°. The beam width is about 65° and the gain 
is about 9 dBi. Aninfinitely large ground plane would prevent any back radiation, but the real antenna has a 
fairly small ground plane, and the power in the backward direction is only about 20 dB down from that in the 
main beam. 

To understand the radiation process in microstrip antennas, consider the side view of a patch antenna, 
shown in Fig. 14-4(b). In connection with the inset feed, it was mentioned the in an end-fed case, the current 
will be low at the ends and high in the center of the antenna. The above statement can further be remodeled 
for the assumed sinusoidal current distribution that the current will be (theoretically) zero at the (open circuit) 
ends of the patch and maximum at the center of the half-wave patch. Since the patch is a conductor, the voltage 


The McGraw-Hill Companies 


510 Chapter14 Microstrip Antennas 


and current are out of phase. Voltage will be maximum (say +V volts) at the end of the patch and minimum 
(-V volts) at its mid-point. Thus the field underneath the patch will resemble that of Fig. 14-3a. This figure 
roughly displays fringing of the field around the edges. This fringing field near the surface of the patch is in 
the y direction. It is this fringing field that is responsible for the radiation. It is to be noted that smaller the 
ey More ‘bowed’ is the fringing field as it extends farther away from the patch. Therefore, use of a substrate 
with smaller £, yields better radiation. Also, in the locations where no power is to be radiated (e.g., microstrip 
transmission lines), a high value of <, is to be used. Such a selection allows more tight coupling of the field 
with less fringing and hence less radiation. This is one of the trade-offs in patch antenna design. It needs to 
be further mentioned that in an end-fed antenna, since there is low current at the feed, the impedance has to 
be high. The variation of E, H and Z with the ratio of distances is illustrated in Fig. 14-8. 


14-6b Beam Width 


Figure 14-5 illustrates different radiation patterns for an MSA. From these illustrations, it can be noted that 
M SA’s generally have a very wide beam width, both in azimuth and elevation. 


14-6c Directivity 


In view of the cavity model of an MSA, the simplified expression for directivity D for TM 1.9 mode can be 
written as 


2 p2 W2 g2 
_ 2h ESW? KG 


1 
P, zno (1) 


where h is the thickness of the substrate, P, is the radiated power, W” = W + h, no =120z, Ko is the wave 
number and Eo is the magnitude of the z-directed electric field intensity inside the cavity given by 
nity 


MIT X 
E; = Ey cos —— cos —— (2) 
L W 


Here L is the length of the patch along the x axis and W is the width of the patch along y axis. 


14-6d Gain 


Gain of a rectangular microstrip patch antenna with air dielectric is roughly estimated between 7-9 dB in 
view of the following counts. 


e Gain of the patch from the directivity relative to the vertical axis is normally about 2 dB, provided 
the length of the patch is half a wavelength 

e Ifthe patch is of square shape the pattern in the horizontal plane will be directional. Such a patch is 
equivalent to a pair of dipoles separated by half-wavelength. This counts for another 2 to 3 dB gain. 

e |f the addition of the ground plane cuts off most or all radiation behind the antenna, the power 
averaged over all directions is reduced by a factor of 2 and thus the gain is increased by 3 dB. 


14-Ge Bandwidth 


The impedance bandwidth of a patch antenna is strongly influenced by the spacing between the patch and 
the ground plane. As the patch is moved closer to the ground plane, less energy is radiated and more energy 
is stored in the patch capacitance and inductance: that is, the quality factor Q of the antenna increases and 
impedance bandwidth decreases. 

A patch printed onto a dielectric board is often more convenient to fabricate and is a bit smaller, but the 
volume of the antenna is decreased. The bandwidth decreases with the increase of Q roughly in proportion 
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to the dielectric constant of the substrate. Real patch antennas often use ground planes only modestly larger 
than the patch, which also reduces performance. The feed structure also affects the bandwidth. 

The voltage standing ratio ‘S’ is an important parameter to be accounted, particularly at the input and 
under resonance conditions. If Qo is the unloaded radiation quality factor itis related to the bandwidth by the 
following relation: 


S-—1 
QoV/S 


In view of this relation, it can be concluded that as S increases, the impedance bandwidth increases. 


Bandwidth = (3) 


14-6f Quality Factor 


Microstrip patch antennas have a very high quality factor. The quality factor ‘Q’ represents the losses 
associated with the antenna. A large Q leads to narrow bandwidth, and a low efficiency Q can be reduced by 
increasing the thickness of the dielectric substrate. But as the thickness increases, a large fraction of the total 
power delivered by the source transforms into a surface wave. This transformation amounts to an unwanted 
power loss since it is ultimately scattered at the dielectric bends and causes degradation of the antenna 
characteristics. The surface waves can be minimized by using photonic band-gap structures. Problems of low 
gain and low power handling capacity can be overcome by employing array configurations. 


14-6g Efficiency 

The total loss factor for an M SA can be given by 
Lr = Le + La + L; (4) 

where, L, is the loss in radiation, Le is the loss in the conductor and Lz is the loss in the dielectric. The loss 

in the conductor and dielectric substrate(s) results in the reduction of radiation efficiency which is given by 

— P, 

Pet Pat Pr 


where P, is the radiated power, P, isthe power dissipated due to conductor loss, and P4 isthe power dissipated 
due to the dielectric. 


n (5) 


14-6h Polarization 


An inherent advantage of patch antennas is their ability to have polarization diversity. Patch antennas can easily 
be designed to have vertical, horizontal, righthand circular (RH CP) or lefthand circular (LH CP) polarizations, 
using multiple feed points, or asingle feed point with asymmetric patch structures. T his unique property allows 
patch antennas to be used in many types of communication links that may have varied requirements. 

Circularly polarized waves can be obtained from patch antennas when a square patch is excited by two 
feeds, with their inputs having a 90° phase shift. With this arrangement, the level of two currents will be such 
that when the vertical current flow is at maximum, the horizontal current will be at minimum (Zero). It will 
result in a vertical radiated electric field. A fter one quarter-cycle, the situation will be reversed and the field 
will be horizontal. The radiated field of the same magnitude will thus rotate in time, producing a circularly 
polarized wave. It can also be obtained by using a single feed with the introduction of some sort of asymmetric 
slot or other feature on the patch, causing the current distribution to be displaced. 

The above techniques are equally applicable to circular patches to result in circularly polarized waves. 
However, acircular patch does not necessarily radiate a circularly polarized wave. A symmetric circular patch 
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Figure 14-11 Variation of return loss with frequency. 


with a single feed point will create linearly polarized radiation. A nearly square patch, with length a bit less 
than the resonant length and width a bit more (or vice versa) and driven at the corner will result in a circularly 
polarized wave. 


14-6i Return Loss 


The return loss is defined as the ratio of the Fourier transforms of the incident pulse and the reflected signal. 
Itis an important parameter to reckon with. Figure 14-11a illustrates the variation of the return loss with two 
resonance frequencies. 

Asanexample, consider a square patch antenna fed at the end as before. Though the M SAs operate at much 
higher frequencies (Fig. 14-11a) and are of much smaller size, but for a moment assume that the antenna 
dimensions are L = W =1.5mandh =3 cmwith air (or Styrofoam with permittivity equal to 1) as substrate. 
Such an antenna will be resonant at 100 M Hz. When matched to a 200-ohm load, the magnitude of the return 
loss will be as shown in Fig. 14-11b. This figure leads to the following important conclusions. 


(i) The bandwidth of a patch antenna, in general, is very small. The bandwidth of rectangular patch 
antennas is typically of the order of 3%. 

(ii) The antenna designed to operate at 100 MHz is resonant at nearly 96 MHz. This shift is due to 
fringing fields around the antenna, which makes the patch appear a little longer. Thus, when a patch 
is designed it is customary to trim the length by 2- 4% to achieve resonance at the desired frequency. 


14-6j Radar Cross-section 

The GPS guidance systems require low radar cross-section (RCS) platforms. Contrary to the requirement, the 
RCS of aconventional patch antenna is often too high to be acceptable. A standard technique used to reduce 
the RCS of a conventional patch is to cover the patch with a magnetic absorbing material. This treatment 
however reduces the antenna gain by several dBs. 


14-7 Impact of Different Parameters on Characteristics 


The parameters (L, W, h, A and e,) shown in different illustrations of rectangular patch antennas control 
the antenna properties. Therefore, the nature and quantum of impact of these parameters is to be properly 
accounted for an efficient design. 

In view of (2) of Sec. 14-4 it can be stated that the length Ł and the width W, or the aspect ratio of the 
patch, controls the resonant frequency. 
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Earlier, it was also noted that the width W controls the input impedance and the radiation pattern. The 
wider the patch becomes, the lower will be the input impedance. Since the dimension helps in maximizing 
the efficiency, the best choice for the dimension W is given by (7) of Sec. 14-4. 


W = c/[2 foy {(er + 1)/2}] (1) 


In this equation, the net dielectric constant used is the average of the dielectric constant of the substrate and 
that of air to obtain a half-wavelength. 

The permittivity €, of the substrate controls the fringing field. L ower the «,. wider more will be the fringing 
and better will be the radiation. A decrease in s, also increases the antenna bandwidth. The efficiency of the 
antenna also increases with the lower value for permittivity. The impedance of the antenna increases with 
higher permittivities. Higher values of permittivity result in ‘shrinking’ of the patch antenna. In cell phones, 
there is given very little space and the antenna needs to be half-wavelength long. One technique is to use a 
substrate with a very high permittivity. 

Equation (1) of Sec. 14-4 can be manipulated to yield a relation for L which is given as below: 


L ~ 1/2 fo,/E0Er B0 (2) 


Thus, if the effective permittivity is increased by a factor of 4, the required length decreases by a factor of 2. 
Using higher values for permittivity is frequently exploited for miniaturization of antennas. 

As a general principle, ‘an antenna occupying more space in a spherical volume will have a wider band- 
width’. The impact of this principle is noticed when the increased thickness of a dipole antenna increases 
its bandwidth. Since increase in height increases the volume, the bandwidth is bound to increase. Thus, the 
height / of the substrate controls the bandwidth. Besides, the increase in height also results in a more effi- 
cient antenna. Increase of height, however, induces surface waves that travel within the substrate. This may 
result in undesired radiations which may couple to other components. Equation (3) shows the dependence of 
bandwidth on various parameters discussed above. 


Auer (3) 


Similarly, the bandwidth can also be written in terms of the proportionality relation, i.e., 


Bah/Jer (4) 


14-8 Methods of Analysis 


There are three most popular models for the analysis of microstrip patch antennas. These include 
(i) transmission-line model, (ii) cavity model, and (iii) full-wave model. These are briefly described as 
below. 


14-8a Transmission-Line Model 


The transmission-line model was developed in 1970 by Munson. It is the simplest of all models and gives 
good physical insight but is less accurate. Although the transmission-line model is easy in implementation, it 
has some inherent disadvantages. In this model, the radiating edges of the patch located at the end opposite 
to the feed end are modeled as a pair of transmission lines excited 180° out of phase. This model neglects 
variations along the radiating edges and the effect of feed. It requires an empirically determined correction 
factor for accounting fringing field at the edges. It is specifically useful for patches of rectangular shape and 
does not suit the circular or arbitrary shaped geometries. 
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This model represents the microstrip antenna by two slots of width W and height A4, separated by a 
transmission line of length L. The microstrip is essentially a non-homogeneous line of two dielectrics, 
typically the substrate and air. M ost of the electric field lines reside in the substrate and parts of some lines 
in air. AS a result, this transmission line cannot support the pure TEM mode of transmission, since the phase 
velocities would be different in the air and the substrate. Instead, the dominant mode of propagation would be 
the quasi-TEM mode. Hence, an effective dielectric constant serr is to be obtained in order to account for the 
fringing and the wave propagation in the line. The value of e.,¢ is slightly less then s, because the fringing 
fields around the periphery of the patch are not confined in the dielectric substrate but are also spread in the air. 


14-8b Cavity Model 


In this model, the interior region of the dielectric substrate is modeled as a resonant TM m,» cavity bounded 
by electric walls on the top and bottom. These walls may be considered as perfectly electrically conducting 
surfaces and perfectly magnetically conducting ribbons around the edges. Fieldsin M SA are derived by solving 
for TM m,„ mode in the cavity. Radiation is accounted by estimating loss tangent in the material or reflection 
coefficient at the ribbon. Within the cavity TM o,o represents static capacitance and loss in conductor. The 
TM 1.0 and higher modes are radiative. This model works well for cavities of simple shapes such as rectangular 
and circular. For arbitrarily shaped cavities, the derivation for TM „m,„ mode is often tedious and numerical 
techniques are to be employed to solve integral equations. The commonly adopted methods include the finite 
difference time domain method and the method of moment. This model is more suitable for M SA s with thin 
substrates confirming to the condition 4 << h. Since the substrate is thin, the field in the interior region does 
not vary much in the normal direction to the patch. 

The cavity model is more rigorous and hence more accurate. It gives good physical insight but is complex 
in nature. The limitations of the transmission-line model can be overcome by using the cavity model. 


14-8c Full-wave Model 


The full-wave models primarily involve integral equations/moment method. These are extremely accurate, 
versatile and can equally treat single elements, stacked elements, arbitrary shaped elements, finite and infinite 
arrays and the coupling. The full-wave models, however, give less insight as compared to the first two models 
and are far more complex in nature. 


14-9 Methods for MSA Tuning 


M ost patch antennas work in a very narrow frequency band, commonly close to 1% to 3% of the operating 
frequency. Since the resonant frequency can drift out of band, special care needs to be taken to overcome the 
above drawback. Some of the techniques employed for tuning a (square) patch antenna to a desired frequency 
are described below: 


14-9a Using Two Stubs 


In this method, two stubs are positioned on the opposite radiating edges of the patch antenna. The patch is 
tuned in an iterative manner by systematic trimming of either of the stubs. Narrow stubs allow fine tuning, 
whereas wide stubs are useful for larger tuning ranges. The tuning is only possible from a lower frequency to 
a higher one. 


14-9b Using Shorting Posts 


Shorting posts or pins provide reactive loading. These conducting posts are placed between the patch metal- 
lization and ground plane. These shorting posts present a parallel inductance and thus result in the increase 
in resonant frequency of the patch. 
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14-9c Adjusting Thickness of the Air Layer 


The effective dielectric constant of the substrate is a function of the thickness of the air layer. When there are 
changes in thickness, the effective dielectric constant varies resulting in a new resonant frequency. 


14-9d Using Defected Microstrip Structure (DMS) 


Here the technique used is based on the behavior of a defected microstrip structure wherein the resonant 
frequency shifts down by increasing the antenna’s electric length. 


14-10 Techniques for Increasing Bandwidth 


As stated earlier, low bandwidth is the main drawback of M SA s. To improve the bandwidth many techniques 
have been devised, some of which are discussed below. 


14-10a Use of Thick Substrate 


This is one of the simplest methods which may be used to increase the bandwidth of an M SA . The bandwidth 
increases with the thickness but at the cost of some negative aspects. T he thick substrate tends to trap surface- 
wave modes, especially those with high dielectric constant. Longer coaxial/probe feeds may experience high 
inductive-field effects. With larger thickness, modes higher than the fundamental may get excited. In view of 
these negative aspects, the radiation pattern may get degraded and the input impedance of the MSA may get 
detuned. 


14-10b Use of Low Dielectric Constant Substrate 


The resonant length of an MSA increases with the reduction in dielectric constant which, in turn, improves 
the directivity and hence bandwidth. 


14-10c Use of Stacked MSA’s 


This technique is mainly suitable for circular 
patches. A s illustrated in Fig. 14-12, two patches 
may be placed one over the other by using dielec- 
tric substance/spacers for separation. T he lower 
patch is probe fed, while the upper one is elec- 
tromagnetically coupled to the lower patch. With 
the size of the upper patch kept less than that of 
the lower patch, further improvement in band- Figure 14-12 Stacking of patch MSAs. 
width is reported. In this method, improvement 

in the bandwidth is at the cost of increased antenna height and overall volume. Besides, the distance between 
two stacked patches also affects the antenna performance. When separation is less, impedance bandwidth 
improves. In case of large separation, the parasitic patch tends to act as director. In this case it is the gain 
which improves rather than the impedance bandwidth. T heimpact of separation between the main and parasitic 
patches which has been divided into regions is illustrated in Fig. 14-13. 


Parasitic patch 


Dielectric 
spacers 


, Substrates 
Main patch 


[cozx feed Ground plane 


14-10d Use of Non-contacting Feeds 


In Fig. 14-10, two non-contacting feed methods were shown. Both of these methods result in improvement 
of bandwidth of MSA. 
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Figure 14-13 Impact of separation between stacked patches. 


(a) Aperture-coupled feed (Fig. 14-10a) also uses two stacked layers of substrate which are separated by a 
ground plane. The upper substrate is referred as superstrate and the lower layer as simply substrate. T he patch 
is printed on the top of the superstrate, and the feed line is printed on the bottom of the substrate. An aperture 
is cutinto GP located between the two dielectric layers and the feed line is coupled through this aperture. This 
feed line is printed on a thin substrate with a high dielectric constant to limit spurious feed-line radiations. 
The operation of an antenna is better with a thick substrate with lower dielectric constant as it maximizes the 
radiation efficiency. A perture-coupled antennas allow the feed and patch to use different substrates, and thus 
the performance of both can be optimized. Further, the GP between the patch and feed line isolates the patch 
radiator from feed radiations and the surface waves. This leads to better polarization purity and radiation 
pattern. The coupling due to magnetic dipole is much stronger than that with electric dipole. Also, coupling 
from along thin elliptical aperture is much stronger than through a small circular aperture. The long thin 
rectangular aperture parallel to the width of the patch is the ideal aperture shape. 

(b) The proximity feed (Fig. 14-10b) also uses two stacked layers of substrate with the patch printed on the 
top side of the upper substrate (superstrate). The feed line is located on the top surface of the lower substrate 
and the ground plane (GP) on the bottom of the lower substrate. The location and length of the open-circuit 
capacitive shunt stub on the feed line may be used to tune the input impedance of the antenna. 


14-11 Techniques for Size Reduction 
14-11a Size Reduction in Rectangular MSA’s 


The classical resonant patch length of a rectangular M SA is of the order of 4/2. Itis restrictive when applications 
require a compact antenna design as in the case of mobile hand sets. Thus, the reduction in the size of the 
antenna becomes a pressing need. To achieve this goal, many methods have been adopted. A few of these are 
described below. 


Shorting of Patch |f the half-wave patch is shorted to the ground plane maintained at zero potential, the 
resonant length will be reduced by a factor of two and will result in a rectangular patch of 4/4 length. 


Change of Shape |f further reduction in size is required, it can be done by changing the shape of the patch. It 
is to be done in such a manner that the performance of the M SA remains acceptable from rectangular patches 
with a resonant length of less than a/4. 


Partial Shorting Partial shorting of zero potential plane increases the effective path length of the current 
on the surface of the patch and thus decreases the resonance frequency of the MSA. The input impedance 
and resonance frequency of a partially shorted MSA can be controlled by changing the width of the shorting 
stub. A s the strip size decreases, the inductance of the patch increases which corresponds to a decrease of the 
resonance frequency. 


14-11b Size Reduction in Circular MSAs 


Figure 14-14a illustrates removal of two sectoral sections of a circular patch and shunted with conducting 
strips. Such removal basically alters the current distribution on the surface of the patch which is normally 
uniform otherwise. Since the current at the edge of the patch is low, the input impedance seen by a microstrip 
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Figure 14-14 Sectoral circular patch MSA: (a) two section (b) four section. 


edge feed is high. The removal of sectoral sections, and addition of shunting stubs, results in a wide variation 
of current along the edge of the patch. Thus, itis possible to tune the input impedance of a microstrip edge- 
feed by changing the position of the shunt stubs and feed point. In addition, the circumference of the patch 
is lengthened by the removal of the sectoral sections. It allows the sectoral circular patch antenna to have 
a lower resonant frequency and hence size reduction. The two-section sectoral patch antenna is about 20% 
smaller than a classic circular patch antenna with the same resonant frequency. Itis possible to further increase 
both the beam width and the impedance bandwidth of the antenna by removing two more sectoral sections 
as shown in Fig. 14-14b. This results in further size reduction to about 60 % with respect to a conventional 
circular patch antenna of the same dimension. 


14-12 Array of Microstrip Antennas 


It is possible to construct complex arrays of patch/microstrip antennas by employing the printed-circuit 
techniques on a dielectric substrate. Such arrays may have high gain, customizable beam and return loss 
properties, and other unique features at low cost. Depending on the directivity requirement, such arrays may 
contain from few to a very large number of elements. Use of such arrays with large number of elements is 
quite common in radar applications for electronic scanning. One of the major drawbacks of such arrays is 
the element-to-element mutual coupling. Techniques used to reduce the coupling include (i) increasing patch 
height and decreasing substrate permittivity, (ii) using parasitic patches in another layer (stacked geometry) at 
the cost of increased antenna thickness, (iii) using parasitic patches in the same layer (coplanar geometry) at the 
cost of undesirably increased antenna lateral size making antennas unsuitable for antenna array applications, 
and (iv) surrounding patch elements with metal walls. This last technique effectively prevents surface-wave 
modes from being excited in a substrate, thus allowing the substrate thickness to be increased without serious 
effects. 


14-13 Applications 


Microstrip antennas areincreasingly gaining popularity for use in wireless applications due to their low-profile 
structure. Therefore, they are extremely compatible for embedded antennas in handheld wireless devices such 
as cellular phones and pagers. The telemetry and communication antennas on missiles need to be thin and 
conformal and are often microstrip patch antennas. Another area where they have been used successfully 
is in satellite communication. Also, microstrip antennas have widespread applications in microwave and 
millimeter wave systems. T hese have been employed in airborne and spacecraft systems because of their low 
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profile and conformal nature. M any of these applications require a dielectric cover over the radiating element 
to provide protection from heat, physical damage and environment. When a microstrip antenna is covered 
with a dielectric layer (superstrate), its properties like resonance frequency and gain are changed which may 
seriously degrade the system performance. Therefore, the effects of such coverage are to be carefully studied 
and necessary corrective measures are to be taken in its design and fabrication. 


Table 14-2 Applications of microstrip antennas 


S.No. Application Frequency 

1. Automatic toll collection 905 MHz and 5-6 GHz 

2 Cellular phone 824-849 MHz and 869-895 MHz 
3. Cellular video 28 GHz 

4. Collision avoidance radar 60 GHz, 77 GHz, and 94 GHz 

5. Direct broadcast satellite 11.7-12.5 GHz 

6. Global positioning satellite 1575 MHz and 1227 MHz 

dy GSM 890-915 MHz and 935-960 MHz 
8. Paging 931-932 MHz 

9. Personal communication system 1.85-1.99 GHz and 2.18-2.20 GHz 
10. Wide area computer networks 60 GHz 
TI Wireless local area networks 2.40-2.48 GHz and 5.4 GHz 


While most of the advances in microstrip antennas and arrays are due to military and space applications, 
the utility of this technology is rapidly gaining ground in the commercial sector. The specifications for defense 
and space applications typically emphasize maximum performance with little constraint on cost. Commercial 
applications, however, demand low-cost components, often at the expense of reduced electrical performance. 
Thus, microstrip antennas for commercial systems require low-cost materials, and simple and inexpensive 
fabrication techniques. Some of the commercial systems, along with the application frequency, that presently 
use microstrip antennas are listed in Table 14-2. 

Microstrip antennas are frequently used in these applications owing to their small size and other advantages 
listed earlier. In phased-array radars, where low-profile antennas are required and bandwidths less than a few 
per cent are acceptable, microstrip antennas are quite popular. In satellite radio receivers (XM , Sirius, etc.), 
the antenna is often mounted in a vehicle (like satellite television dishes in homes) where the angle in the 
X-Y plane relative to the satellite is not fixed. Thus, circular polarization is employed for satellite radio, and 
the angle of patch with respect to the satellite doesn’t matter. 


14-14 Computer Aided Design (CAD) Model 


Computer Aided Design (CAD) software is one of the most pervasive subjects in the fields of microwave 
and antenna engineering. Such software not only makes the work easy but also helps in solving complicated 
problems. CAD relations are closed-form approximate expressions that describe the basic properties of the 
patch antenna, viz., resonance frequency, input impedance, etc. There are manifold advantages of a CAD 
model. 


(i) CAD relations are independent of specific feeding mechanism with the exception of input resistance. 
(ii) These require less computation time. 
(iii) These can be implemented with ease. 
(iv) These do not require rigorous mathematical steps. 
(v) These have good accuracy. 
(vi) They lead to results closer to those obtained experimentally. 
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Two of the commercially available CAD packages are the following: 


(a) PCAAD 3.0 isa window based general-purpose antenna analysis and design tool. It can treat several 
types of antennas and arrays and includes a cavity-model solution for the basic aperture-coupled 
antenna element. 

(b) ENSEMBLE 2.0 implements a general moment-method solution and is capable of handling arbitrarily 
shaped patches, coupling apertures and feed networks. 


Besides the above, there are a number of papers and books wherein tools for designing microstrip antennas 
are discussed. A few of them are listed below. 


(a) ACAD tool named CY LINDRICAL* presents an algorithm which utilizes the cavity model to design 
and analyze linearly and circularly polarized probe-fed rectangular microstrip antennas conformed 
onto cylindrical structures. 

(b) A papert* presents a fast and accurate closed-form model for interactive computer-aided design 
and optimization of circular microstrip antennas on suspended or composite substrates. This model 
facilitates the computation of the resonance frequency, input impedance and bandwidth. 

(c) Another papert** presents anew CAD model to calculate accurate resonant frequencies of inverted 
microstrip circular patch antennas having a wide range of parameters. This model incorporates all 
the effects of various dimensions and dielectrics used. 

(d) A book*** with an IBM PC-compatible diskette contains a number of computer programs and a 
user-friendly guide. It illustrates sample design cases and expected results to assist in the analysis 
and design of specific microstrip antennas and arrays. It contains design approaches, techniques, and 
equations along with the required information for the design of antennas and RF/microwave circuits. 
Step-by-step coverage of the design of various single-element radiators, including rectangular, cir- 
cular, broadband, and CP patches are the essential features of the text. Interaction between design 
parameters and antenna performance is also discussed. 
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Chapter 15 


Topics in this chapter include: 


15-1 


Electrically small antennas 

Small genetic algorithm antenna 

Physically small antennas 

Antenna siting and the effect of imperfect 
ground 

Ground plane antennas 

Sleeve antennas 

Turnstile antennas 

The superturnstile antenna 

Other omnidirectional antennas 

Circularly polarized antennas 

The high-gain omni 

Submerged antennas 

Surface wave and leaky wave antennas 
Antenna design for satellite communication 
Receiving vs. transmitting considerations 


Introduction 


Antennas for Special 
Applications 


Bandwidth considerations 

Architecturally acceptable antennas 

ILS (Instrument Landing System) antennas 
The Sugar Scoop Antenna and the 3 K Cosmic 
Sky Background Story 

LEO (Low Earth Orbit) satellite antennas 
Asteroid detection antenna 

Leaky transmission lines as antennas 

Artistic antennas 

Cell phone antennas 

Ground Penetrating R adar (GPR): Pulse band- 
width 

Embedded antennas 

Ultra-Wide Bandwidth (UWB) antennas for 
digital applications 

Plasma antennas 


Previous chapters cover the properties of many basic types of antennas which are the mainstream of antenna 
technology. In this chapter, more specialized, application-oriented antennas are discussed. These include 
antennas that are electrically small (but sometimes physically very large) and ones that are physically small 
(but sometimes electrically large), siting of antennas and the effect of typical ground, feeding and matching 
arrangements, and antennas for specialized applications from vehicular to satellite communication. 


15-2 Electrically Small Antennas 


The radiation efficiency of an antenna is given by 


RE 


raat R, 
~ Ry + Rt 


(dimensionless) 


(1) 
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where 
R, = radiation resistance, Q 
Rz = loss resistance, Q 
From (6-4-15), radiation resistance of a short dipole is given by 
R, = 200? = (Q) (2) 
where /, = length of dipole in wavelengths, dimensionless 
If 4 = 0.1, R, = 2 Q; if , = 0.01, R, = 0.02 Q. With such low values of radiation resistance it is 
apparent that even small values of loss resistance can result in low radiation efficiency. 


EXAMPLE 15-2.1 Referring to Fig. 15-1a, a 100-kHz transmitter feeds a 150-m vertical antenna 
against ground. The loss resistance is 2 Q. Find (a) the effective height, (b) the radiation resistance and 


(c) the radiation efficiency. 


Radiating | I 
tower 
l 
h, = 150 m 
Ground N Feed across Feed ~~ 
base insulator 
(a) (b) 


Figure 15-1 Electrically small antennas. (a) 150-m tower for operation at åo = 3000 m. 
(b) Two nonradiating towers supporting flat top for increasing effective height. 


E Solution 

(a) At 100 kHz (A = 3000 m), the antenna (physical) height h, = 0.054 (=150/3000) and with a 
triangular current distribution (current zero at top increasing linearly to a maximum value Jp at the base) 
we have, from (2- 10-3), that the effective height he = hp/2 = 0.025). 

(b) The radiation resistance for a short vertical monopole is given by 


= hp o he e 1 
r, = 400( 22) = 1600( £) (Q) (3) 


where 
hp = physical height, m 
he = effective height, m 


and for the 150-m vertical radiator, we have 
R, = 400 x 0.05? =1 2 


lt is assumed in (2) and (3) that the average antenna current is } the terminal current. 
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(c) From (1) the radiation efficiency 


R, 1 
RE 


= 0.33 or 33 percent 


© R.+R, 241 


To increase the radiation efficiency requires an increase in the radiation resistance R, or a decrease in the 
loss resistance Rz or both. The loss resistance involves losses in the ground system, antenna insulators, tuning 
coil, conductors (including the tower itself) and corona. These may be reduced but only at a certain cost. On 
the other hand, doubling the physical height of the antenna quadruples the radiation resistance and increases 
the radiation efficiency. However, to double the tower height might cost 8 times as much (cost proportional 
approximately to the cube of the height). A nother alternative would be to use 2 towers 150 m tall supporting 
a vertical wire with flat top as suggested in Fig. 15-1b, making the current distribution along the vertical 
conductor more uniform (lay > tlo) and the effective height more nearly equal to the physical height. This 
will not quadruple R, but could increase it by some factor less than 4. The currents on the flat top are in phase 
opposition and, being separated by a small fraction of a wavelength, have only a small effect on the radiation. 
W hat steps, if any, are taken to increase the radiation efficiency involve trade-offs with cost considerations a 
determining factor. 

According to Harold Wheeler, a figure-of-merit for an electrically small antenna is its radiation power 
factor: 


_ radiated power R, 


= l = 1 4 
reactive power X > (4) 


where 


R, = radiation resistance 
X = reactance 


This is not the same as 1/Q since 
__ energy stored per unittime =X __ center frequency (5) 
“energy lost per unittime — R,+Rz, bandwidth 
Thus, increasing either R, or Rz, or both, reduces Q and broadens the bandwidth. However, only an increase 
in R, increases W heeler’s radiation power factor (W heeler-1, 2; Hansen-1). 

Harold W heeler defines an electrically small antenna as one which occupies a volume of less than a radian 
sphere, i.e., a sphere of radius r = 4/22 (=0.16 A). The significance of this definition is that stored energy 
dominates inside the radian sphere while radiated energy is important outside. Wheeler shows further that the 
radiation power factor for a small antenna is equal to the ratio of the antenna volume to a radian sphere or 


(6) 


_antennavolume = gr a 
~~ radian sphere ~~ $x(A/2r)3 \ à 
where 
r =fadius of antenna volume, m 
à = wavelength, m 
According to (6), the PF or figure-of-merit of a small antenna varies as the cube of its dimension. If Rz = 0 
in (5), we have from (4) and (6) that 
o 1 
~ 2an) 


Q (7) 
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Thus, an electrically small lossless antenna (277r, « 1) is inherently high Q and narrow bandwidth. We 
note from (5) that losses decrease Q and increase bandwidth. 

To reduce the attenuation through salt water, very low frequencies (10 to 50 kHz) are used for transmitting 
to submerged submarines. At a frequency of 10 kHz (A = 30 km) antennas may have flat tops covering 
many square kilometers and rank as the world’s largest antennas (physically), yet they are electrically small 
(he < 0.011). (See Prob. 15-12-1.) 


15-2a Short Stub Antenna, Small Genetic Algorithm Antenna and Small Series-Tuned 
Loop Antenna 


A short stub antenna of height h = 4/20 as in Fig. 15-1-1a has a radiation resistance from (15- 2-3) given by 
R, = 400(h/A)? = 400(1/20)* =12 


If the height is reduced to 4/40 but the current Z is uniform instead of tapered as in Fig. 15-1- 1a, the radiation 
resistance from (15-2-3) is 


R, = 1600(h/A)* = 1600(1/40)? =12 


A resonant 10-segment genetic algorithm antenna with height h = 4/25 asin Fig. 15-1-1b has a radiation 
resistance R, = 1.4 Q (Altshuler-1). 


h=a/20 \ SK L 
N25 
c OA 
a 


R, = 1.40 R, = 0.2 0 


Figure 15-1-1 (a) Stub antenna of height h = 4/20, (b) genetic algorithm antenna of height 
h=A/25 and (c) resonant series-tuned loop antenna of heighth=a/25. 


A resonant series-tuned LC circuit acting as a small loop antenna of height h = 4/25, asin Fig. 15-1-1c, 
is analogous to the 10-segment antenna of Fig. 15-1-1b (Walter-1). From (7-7-10a) the radiation resistance 
of the loop is 


R, = 31,200(nA /d*)* = 31,200(277A7 /5072)* = 0.2 2 


15-3 Physically Small Antennas 


Heinrich Hertz and other radio pioneers used meter and centimeter wavelengths, but the demonstration of 
long-distance communication with kilometer wavelengths by Guglielmo Marconi and others soon moved 
interest from the short to the long wavelengths. However, over the intervening years this trend has been 
reversed and now active radio technology extends down to millimeter and submillimeter wavelengths. One 
of the bonuses of the short wavelengths is the spectrum space available for many wide-bandwidth video and 
high-data-rate channels. 
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Antennas for these short wavelengths include printed and patch antennas and ones with built-in (integrated) 
active elements (amplifiers and detectors). These active elements can compensate for the increased 


transmission-line losses at millimeter wavelengths. 

The exponential V described earlier is well a 
adapted for printed-circuit fabrication, as sug- 
gested in Fig. 15-2. Here the V takes the 
form of an exponential notch in the conduct- 
ing surface of a circuit board with coupling 
from a 50-2 strip line on the other surface of 
the board. Bandwidths of 5 to 1 are possible 
but with only small gain (Prasad-1). How- 
ever, many such printed notch radiators can 
be stacked to form highly directional phased 
arrays (Armitage-1). 

Visible wavelengths (blue to red) extend 
from 400 to 700 nm. Infrared wavelengths 
extend from 700 nm into the micrometer range 
where they merge with radio. Whether these 


strip 


Thickness 
exaggerated 


„— Conductor. 


i 


Ào/2 
-{ Dilet 


Section 
through a-a’ 


Figure 15-2 Exponential notch antenna with 
50-2 microstrip feed. 


micrometer wavelengths are called infrared or radio is arbitrary. With printed-circuit technologies now able 
to fabricate structures in the micrometer and nanometer range (Robinson-1), it may be possible to construct 


antennas for even shorter wavelengths. 


15-4 Antenna Siting and the Effect of Typical (Imperfect) Ground 


In Secs. 6-15 and 6-16 the vertical plane patterns for 
horizontal and vertical antennas were calculated assum- 
ing that the ground was perfectly conducting (o = oo). 
Let us consider now the more general situation of a flat 
ground which is not perfectly conducting, considering 
first the case for horizontal polarization. Referring to 
Fig. 15-3, the electric field from the horizontal dipole 
is perpendicular (L) to the page or plane of incidence. 
Assuming the ground is nonmagnetic (u = uo), it may 
be shown that the reflection coefficient (o1) is given by 


sina — y£, — COS? g 


=- (1) 
sina + ye- — cost a 


PL 


where 


e, = relative permittivity of the ground = €/£ọ 
where 
e = ground permittivity 
£o =air (or vacuum) permittivity 
a = elevation angle (= 90° minus angle of inci- 
dence measured from the zenith) 


Direct 
ray 
Reflected 
ray 
Horizontal @, 
dipole ww 
Qa _ a 
h 
Air 2 i €o 
Ground a € 
Path difference 
= 2hsina 
h 
Image 


Figure 15-3 Geometry for horizontal 
dipole at height h above a flat earth or 
ground. 
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If £, >> 1, (1) reduces to 
sina —n 
= nara 
where n = ./é, = index of refraction 
The relative electric field at a large distance is the resultant of the direct ray from the dipole and the ray 
reflected from the ground, as suggested in Fig. 15-3, as given by 


PL (2) 


E; =1+p.1/2phsina (3) 
where 
B=2n/Ar 


h = height of horizontal dipole above ground 
a = elevation angle 
p =reflection coefficient 
26h sin æ = path length difference of direct and reflected 
rays, rad 
In its complex form 
er = 6 — jer =e, = j—— (4) 
wE) 
From (2) we note that if the ground is: (1) perfectly conducting (o = oo) or (2) a lossless dielectric (o = 0) 
of large relative permittivity (e/. >> 1), 


Ppl = —1 (5) 
and the patterns for the two cases are the same. 


Consider now the situation for vertical polarization. oie 

Referring to Fig. 15-4, the electric field from the short Short 
vertical dipole is parallel (||) to the page or plane of Field vertical Reflected 
incidence. Assuming that the ground is nonmagnetic pattern dipoe ray 
(u = uo), it may be shown that the reflection coefficient \ 
(py) is given by (K raus (1) and Fleisch) 

Ae Er SIN æ — y £, — COS? œ © 

i e, Sina + y £ — COS? a i 
If £- >> 1, (6) reduces to àk a eo 
nsina —1 
pj = (7) Ground E 


nsina+1 
where n = ,/é, = index of refraction 

As with the horizontal dipole, the field at a large dis- 
tance is the resultant of the direct ray from the vertical dipole and the ray reflected from the ground, as 
suggested in Fig. 15-4, as given by 


Ey = CoSa[1 + py /26h sin a] (8) 


where 


Figure 15-4 Short vertical dipole at 
height h above a flat ground. 


B=2zn/d 
h = height of center of short vertical dipole above ground 
a = elevation angle 
pı = reflection coefficient 
26h sina = path length difference of direct and reflected rays, rad 
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Horizontal 
A/2 dipole 


0.2 0.4 0.6 0.8 1.0 
Relative field 


Figure 15-5 Vertical plane patterns for Example 15-4.1 of horizontal 2/2 dipole 1/2 above a 
flat earth with ef = 16 and ø = 107? U m~t at 1 MHz (solid curve) and at 100 MHz (dashed 
curve). The pattern for perfectly conducting ground (ø = oo) is essentially the same as the solid 
curve. Patterns to left (90° < a < 180°) are mirror images. 


From (7) we note that if the ground is: (1) perfectly conducting (o = oo) or (2) a lossless dielectric 
(o = 0) of large relative permittivity (ef >> 1), 
py =+1 (9) 
and the patterns for the two cases are similar, except at small values of sin aw. 
To illustrate the significance of the above relations let us consider several important cases.+ 


EXAMPLE 15-4.1 A horizontal 1/2 dipole is situated 4/2 above a homogeneous flat ground of 
rich, clay soil typical of many midwestern U.S. states (e/ = 16, ø = 107? U m71). Calculate and plot the 
vertical-plane electrical field pattern broadside to the dipole at (a) 1 MHz and (b) 100 MHz. 


E Solution 
From (4), the loss term of the relative permittivity at 1 MHz is equal to 


P o 1072 
weg 2x x 10° x 8.85 x 10712 


= 180 


which is large compared to the dielectric term «/, = 16. However, at 100 M Hz, £” = 1.8 and is small 
compared to «/ = 16. 

(a) 1 MHz case. Putting s, = 16 — 7180 in (2) for pı as a function of the elevation angle œ and then in 
(3) with A = 4/2, the electric field pattern as a function of œ is given by the solid curve in Fig. 15-5. The 
loss permittivity e” is sufficiently large at 1 M Hz that the pattern is essentially the same as for a perfectly 
conducting ground. 

(b) 100 MHzcase. Putting £, = 16 — 71.8 in (2) for o, asa function of œ and then in (3) with h = 4/2, 
the pattern is as shown by the dashed curve in Fig. 15-5. 

Comparing the 2 cases, we note that at 1 M Hz the pattern has a vertical null (at œ = 90°) which is filled 
in at 100 M Hz and also that the gain is greater at the lower frequency (up 1 dB at œ = 30°). 


TF or table of ground and water constants, see App. A, Sec. A-6. 
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EXAMPLE 15-4.2 
A short vertical dipole (7 < 4/10) [E(@) = cosa] is located à /2 above a ground with the same constants 
as for Example 15-4.1. Cal- 
culate and plot the electric 
field pattern at (a) 1 MHz and 
(b) 100 MHz. Short 


. vertical 
E Solution dipole 
\ 


(a) 1MHzcase. Putting £, = 
16 — 180 in (7) for py as a 
function of œ and then in (8) 
with h = 4/2, the pattern is 
given by the dashed curve in 
Fig. 15-6. ; ; 0.6 F 1.0 Ground 
(b) 100 MHz case. Putting Relative field 


eo lp 7 j1.8 u (7) for pj Figure 15-6 Vertical plane patterns for Example 15-4.2 of 

and then in (8) with h = 2/2, short vertical dipole 4/2 above a flat earth with «+ = 16 and 

the pattern is as shown by the 5 =10-2Um- at 1 MHz (dashed curve) and at 100 MHz (dotted 
dotted curveinFig.15-6.The curve). The pattern for perfectly conducting ground (o = œ), as 
solid pattern is for perfectly Shown by the solid curve, is the same at all frequencies. Patterns 


conducting ground (o = 00) to left (90° < æ < 180°) are mirror images. 
(same at all frequencies). 


EXAMPLE 15-4.3 

Repeat Example 15-4.2 for the case where 
the vertical dipole is at the ground (vertical 
monopole) so that we may set h = 0. 


E Solution 
Since h = 0, (8) reduces to 

E = cosa(1+ 11 

at Pi) on Short 
and introducing (7), vertical 
: dipole 
2n sina } 
A ea | (12) 02 04 06 08 1.0 Ground 


j j Relative field 
Evaluating (11) for the 2 frequencies results Save MG 


in the curves shown in Fig. 15-7. The pattern Figure 15-7 Vertical plane patterns for Example 

for 1 MHz is given by the dashed curve and 15-4.3 of short vertical dipole at the surface of a 

at 100 M Hz by the dotted curve. The pattern flat earth with el = 16 and ø = 107? U m~! 

is for perfectly conducting ground (o=00). at 1 MHz (dashed curve) and at 100 MHz (dotted 
At 100 MHz (e = 1.8), solid the field curve), The pattern for perfectly conducting ground 

along the ground (~=0°) iszero and themax- (same at all frequencies) is shown by the solid 


imum field is down almost 5 dB from thefield curve. Patterns to left (90° < œ < 180°) are mirror 
for perfectly conducting ground (o = oo). images. 
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At1MHz (e” = 180), the situation is intermediate with the maximum field down about 2 dB from 
the perfectly conducting case. For higher ground conductivity the pattern approaches the o = oo curve. 


The approximate solutions in the above examples involve the assumption that £, >> 1. More rigorous, 
and necessarily more complex, studies have been conducted, beginning with Arnold Sommerfeld’s classic 
solution of 1909 (Sommerfeld-1). Nevertheless, our examples illustrate some of the principal changes caused 
by typical ground as compared to perfectly conducting ground (Terman-1; K ing-1, 2; Lindell-1). 

Let us summarize some of the principal differences of nonperfectly versus perfectly conducting ground. 
With a perfectly conducting ground the reflected-ray amplitude is equal to the direct-ray amplitude (Fig. 15-4), 
which means that in some directions the 2 fields may add in phase, doubling the field (quadrupling the power) 
for a6-dB gain. On the other hand, in some other directions the 2 rays may be out of phase or cancel, resulting 
in zero field (zero power) for an infinite dB loss. Thus, with a perfectly conducting ground, there is the 
possibility of anything from a +6 dB to a —oo dB change from the free-space condition. 

With nonperfectly conducting ground the reflected-ray amplitude tends to be less than the direct-ray 
amplitude. Thus, in directions for which the fields add in phase, the maximum gain is less than 6 dB but in 
directions for which the fields are out of phase there tends not to be complete signal cancellation (a null) except 
at low frequencies. Referring to Figs. 15-5, 15-6 and 15-7, the above noted trends are apparent, with less 
gain and filled nulls in Figs. 15-5 and 15-6 and also much reduced field strength along the ground (œ = 0°) 
for the vertical antennas in Figs. 15-6 and 15-7. 

Comparing Figs. 15-5 and 15-6, we note that for perfectly conducting ground the maximum for horizontal 
polarization is at an elevation angle of 30° with a null at 0°, while for vertical polarization the null is at 30° 
with the maximum at 0°. If both the vertical and horizontal antennas are short dipoles, 4/2 above perfectly 
conducting ground, and are connected together as a George B rown turnstile to transmit circular polarization, 
a circularly polarized antenna will receive a constant signal as a function of elevation between 0 and 30° (no 
nulls, no maxima) but 6 dB below the vertical or horizontal maxima. 

In the above discussion it is assumed that the direct and reflected rays are parallel (distance very large). 
However, if the receiving antenna is closer so that the direct and reflected rays are not parallel, the received 
signal can fluctuate many times between maxima and nulls as a function of height, linear polarization being 
assumed. In general, avoiding a null with linear polarization may require either raising or lowering the 
receiving antenna (see Prob. 15-10-1, the accompanying figure and solution). Thus, although the siting 
procedure of Fig. 15-8 is unorthodox, the result has some credibility. 


BEETLE BAILEY by MORT WALKER 
KEEP 7 
THAT'S GREAT, 
MANINA E BEETLE! HOLDO 
, IT RIGHT THERE! 
BEETLE, I'LL 


Figure 15-8 Siting the antenna. (Reprinted with special permission of King Features 
Syndicate, Inc.) 
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Another siting effect occurs when, for example, a Y agi-U da array is located less than 4/2 above ground, 
the proximity detuning the elements and reducing the gain. 


15-5 Ground-Plane Antennas 


Several types of ground-plane or related antennas are shown in Fig. 15-9. The type at (a) has a vertical 2/4 
stub with a circular-sheet ground plane about 4/2 in diameter. The antenna is fed by a coaxial transmission 
line with the inner conductor connected to the 4/4 stub and the outer conductor terminating in the ground 
plane. In (b) the ground plane has been modified to a skirt or cone. By replacing the 1/4 stub with a disk as 
in (c), aKandoian discone antenna (K andoian-1, 2) is obtained. The dimensions given are appropriate for the 
center frequency of operation. In Fig. 15-9d the solid-sheet ground plane is replaced by 4 radial conductors. 
A modification of this antenna is shown at (e) in which a short-circuited à /4 section of coaxial line is connected 
in parallel with the antenna terminals.? This widens the impedance bandwidth and also places the stub antenna 
at dc ground potential. This is desirable to protect the transmission line from lightning surges. 

With reference to solid-sheet ground-plane antennas, it should be noted that the radiation pattern of a 
vertical 4/4 stub on a finite ground sheet differs appreciably from the pattern with an infinite sheet. This is 


Cross section 


Coaxial 
line (e) 


Figure 15-9 (a) Stub antenna with flat circular ground plane, (b) same antenna with ground 
plane modified to skirt or cone, (c) Kandoian discone antenna, (d) stub antenna with 4 radial 
conductors to simulate ground plane and (e) a method of feeding ground-plane antenna. 


1These radial conductor ground-plane antennas (Fig. 15-9d and e) were invented in 1938 by George H. Brown, J ess Epstein and Robert 
Lewis. 
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illustrated by Fig. 15-10. The solid curve is the calculated pattern with a ground sheet of infinite extent. The 
dashed curve is for a sheet several wavelengths in diameter and the dotted curve for a sheet of the order of 
1, in diameter. With finite solid-sheet ground planes 
the maximum radiation is generally notin thedirection 
of the ground plane but at an angle æ aboveit. In order 
that maximum radiation bein the horizontal plane, the 
ground plane may be modified as in Fig. 15-9b or c. 
The maximum radiation from the K andoian discone 
antenna is nearly horizontal (normal to axis) over a 
considerable bandwidth. Figure 15-10 Vertical-plane patterns of 
By top-loading a vertical stub antenna, it may be 2/4 stub antenna on infinite ground plane 
modified through the successive stages of Fig. 15-11 (solid), and on finite ground planes several 


to the form in Fig. 15-11d. This antenna consists of wavelengths in diameter (dashed) and about 
a circular disk with an annular slot between it and the 1A in diameter (dotted). 


ground plane. The ground plane is depressed below 
the disk forming a shallow cavity (Pistolkors-1; Rhodes-1). The radiation pattern of the antenna at (d) is quite 
similar to the pattern for the vertical stub at (a). 


15-6 Sleeve Antennas 


Carrying the ground-plane modification of Fig. 15-10b a step further results in the vertical 4/2 sleeve antenna 
of Fig. 15-12a. Here the ground plane has degenerated into a sleeve or cylinder 4/4 long. M aximum radiation 
is normal to the axis of this antenna. 

Another variety of sleeve antenna is illustrated in Fig. 15-12b (Block-1). The antenna is similar to a stub 
antenna with ground plane but with the feed point moved to approximately the center of the stub. This is 
accomplished by enclosing the lower end of the stub in a cylindrical sleeve. By varying the characteristic 


Disc 


E-lines a A ce AN 
/ \ poa 
Top loaded Disc 
stub antenna antenna 
(a) (b) (c) 


< 0.3A 
E-line 0.25A 


Flush disc 


~0.02A 


(d) 


Figure 15-11 Evolution of flush-disk antenna from vertical à/4 stub antenna. 
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impedance of this 4/8 section, some control is afforded over the impedance presented to the coaxial line at 
the ground plane. 

A balanced-sleeve dipole antenna corresponding to the sleeve stub type of Fig. 15-12b is illustrated in 
Fig. 15-12c. Itis shown with a coaxial line feed and balance-to-unbalance transformer or balun. This antenna 
may be operated over a frequency range of about 2 to 1 such that Z is in the range from about i to 1d. 


15-7 Turnstile Antenna 


Consider 2 crossed infinitesimal dipoles energized with 
currents of equal magnitude but in phase quadrature. 
This arrangement, shown in plan view in Fig. 15-13a, aoe 


Axis 


produces a circular pattern in the 6 plane since the field tT | 
' TO À t 
pattern Æ as a function of @ and time is given by 4 | 
l ; + "A 
E = SİN 0 COS wt + COSG sin wt (1) t 4 
a th 
which reduces to a 


E = sin(0 + at) (2) 


Atany value of 6 the maximum amplitude of £ is unity at 
some instant during each cycle. Hence, the rms field pat- (a) (b) 
tern is circular, as shown by the circle in Fig. 15-13b. 
At any instant of time the pattern is a figure-of-eight 
of the same shape as for a single infinitesimal dipole. 
An instantaneous pattern is shown in Fig. 15-13b for 
wt = 135°. As a function of time this pattern rotates 
completing 1 revolution per cycle. In the case being 
considered in Fig. 15-13, the pattern rotates clockwise. 
Thus, the phase of the field as a function of @ is given 
by 6 + wt = constant and, if the constant is zero, by 


ot = —0 (3) 


If the field isamaximum inthe direction@ = Oatagiven 
instant, then according to (3) the field is a maximum in 
the 6 = —45° direction g-period later. 

The above discussion concerns the field in the 8 plane 
(plane of the crossed dipoles). The field in the axial direc- 
tion (normal to the crossed infinitesimal dipoles) has a 


Figure 15-12 (a) 1/2 sleeve antenna, 
(b) sleeve antenna above ground plane and 


constant magnitude given by (c) balanced-sleeve antenna. 
|E| = Vcos? wt + sin? ot = 1 (4) 


Thus, the field normal to the infinitesimal dipoles is circularly polarized. In the case being considered in 
Fig. 15-13 the field rotates in a clockwise direction. 

Replacing the infinitesimal dipoles by 4/2 dipoles results in a practical type of antenna with approximately 
the same pattern characteristics. This kind of antenna is a George Brown turnstile antenna (Brown-1). Since 
the pattern of a 2/2 element is slightly sharper than for an infinitesimal dipole, the 6-plane pattern of the 
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turnstile with 4/2 elements is not quite circular but departs from a circle by about +5 percent. The relative 
pattern is shown in Fig. 15-14a. The relative field as a function of 6 and time is expressed by 


_ ¢0s(90° cos a 


sind 


cos(90° sind) . 
ot + ale sin wt 


osé (5) 


Although the 8-plane pattern with 2/2 elements differs from the pattern with infinitesimal dipoles, the radiation 
is circularly polarized in the axial direction from the 2/2 elements provided that the currents are equal in 


magnitude and in phase quadrature. 

A turnstile antenna may be conveniently 
mounted on a vertical mast. The mast is coin- 
cident with the axis of the turnstile. To increase 
the vertical plane directivity, several turnstile 
units can be stacked at about 4/2 intervals as in 
Fig. 15-14b. The arrangement at (b) is called a 
“4-bay” turnstile. It requires 2 bays to obtain a 
field intensity approximately equal to the max- 
imum field from a single 4/2 dipole with the 
same power input. 

In order that the currents on the 2/2 dipoles 
bein phase quadrature, the dipoles may be con- 
nected to separate nonresonant lines of unequal 
length. Suppose, for example, that the termi- 
nal impedance of each dipole in a single-bay 
turnstile antenna is 70 + j0 Q. Then by con- 
necting 70-Q lines (dual coaxial type), as in 
the schematic diagram of Fig. 15-15a, with 
the length of one line 90 electrical degrees 
longer than the other, the dipoles will be driven 
with currents of equal magnitude and in phase 
quadrature. B y connecting a35-Q line between 
the junction point P of the two 70-Q lines 
and the transmitter, the entire transmission-line 
system is matched. 

Another method of obtaining quadrature 
currents is by introducing reactance in series 
with one of the dipoles (B rown-2 and Epstein). 
Suppose, for example, that the length and 
diameter of the dipoles in Fig. 15-15b result 
in a terminal impedance of 70 — 770 Q. By 
introducing a series reactance (inductive) of 
+j70 Q at each terminal of dipole 1 as in 
Fig. 15-15b, the terminal impedance of this 
dipole becomes 70+ j70 Q. With the 2 dipoles 
connected in parallel, the currents are 


V 


lj =e 
1 = 704 470 


X 


S Dipole 2 Instantaneous 
lz Dipole 1 pattern 
at wt = 135° 
Rms pattern 
(a) (b) 


Figure 15-13 George Brown turnstile with 
short (infinitesimal) dipoles. 


5) aries p 
(a) 


Figure 15-14 George Brown turnstile with 1/2 


Vertical mast at 
axis of turnstiles 


dipoles. 
_-A/2 dipole 1 
Series 
reactance à/2 dipole 2 
£ 
F 
L 
L + 90° 
P (b) 
350 
(a) 


Figure 15-15 Arrangements for feeding 
turnstile antennas. 
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and 
V 
h = = 6 
? = 70 — 770 4 
where 


V = impressed emf 
Iı = current at terminals of dipole 1 
h = current at terminals of dipole 2 


Thus, 
i 45° 
h= gg 
and 
V 
h = gg (7) 


so that 71 and J) are equal in magnitude but 7 leads 71 by 90°. 
The 2 impedances in parallel yield 
1 1 
Y [1/070 + j70)] + [1/70 — j70)] 
so that a 70-Q (dual coaxial) line will be properly matched when 
connected to the terminals FF. 


Z= =70+ j0 (2) (8) 


15-8 Superturnstile Antenna 


In order to obtain a very low VSWR over a considerable bandwidth, 
the turnstile described above has been modified by M asters to the 
form shown in the photograph of Fig. 15-16. In this arrangement, or 
Masters superturnstile, the simple dipole elements are replaced by 
flat sheets or their equivalent (M asters-1). 

Each “dipole” is equivalent to a slotted sheet about 0.7 by 0.54 
as in Fig. 15-17a. The terminals are at FF. As in the slotted cylin- 
der antenna, the length of the slot for resonance is more than 4/2 
(about 0.72). The dipole can be mounted on a mast as in Fig. 15-17b. 
To reduce wind resistance, the solid sheet is replaced by a grid of 
conductors. Typical dimensions for the center frequency of opera- 
tion are shown. This arrangement gives a V SWR of about 1.1 or less 
over about a 30 percent bandwidth, which makes it convenient as a 
mast-mounted television transmitting antenna for frequencies as low 
as about 50 M Hz. Unlike the simple turnstile there is relatively little 
radiation in the axial direction (along the mast), and only one bay is 


Figure 15-16 Six-bay 
Masters superturnstile 
antenna. (Courtesy RCA.) 


required to obtain a field intensity approximately equal to the maximum field from a single 4/2 dipole with 
the same power input. For decreased beamwidth in the vertical plane the superturnstile bays are stacked at 
intervals of about 1 between centers. Impedance matching is discussed by Sato et al. (Sato-1). 
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15-9 Other Omnidirectional Antennas 


The radiation patterns of the slotted- 
cylinder and turnstile antennas are 
nearly circular in the horizontal 
plane. Such antennas are sometimes 
referred to as omnidirectional types, 
it being understood that “omnidirec- 
tional” refers only to the horizontal 
plane. 

As shown in Chap. 7, a circular 
loop with a uniform current radiates a 
maximum inthe plane of theloop pro- 
vided that the diameter D is less than 
about 0.584. The pattern is doughnut 
shaped with a null in the axial direc- 
tion as suggested by the vertical plane 
cross section in Fig. 15-18a. 


Vertical 
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Figure 15-17 Single dipole element of Masters 
superturnstile antenna. (a) Solid-sheet construction, 
(b) tubing construction showing method of mounting on mast. 
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Figure 15-18 (a) Circular loop antenna and (b) approximately equivalent arrangements of 
“clover-leaf” type, (c) “triangular-loop” type and (d) square or Alford loop. 
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One method of simulating the uniform loop is illustrated in Fig. 15-18b. H ere 4 smaller loops are connected 
in parallel across a coaxial line. This arrangement is called a “cloverleaf” antenna (Smith-1). A nother method 
is shown in Fig. 15-18c, 3 folded dipoles being connected in parallel across a coaxial line (K andoian-3). 
A third method utilizing a square loop is illustrated in Fig. 15-18d (Alford-1). The terminals are at FF. The 
side length L may be of the order of 4/4. A single equivalent loop or bay of any of these types produces 
approximately the same field intensity as the maximum field from a single 4/2 dipole with the same power 
input. For increased directivity in the vertical plane, several loops may be stacked, forming a multibay 
arrangement. 


15-10 Circularly Polarized Antennas 


Circularly polarized radiation may be produced with various antennas. The monofilar axial-mode helical 
antenna (Fig. 15-19a) is a simple, effective type of antenna for generating circular polarization. Circular 
polarization may also be produced in the axial direction from a pair of crossed 4/2 dipoles with equal currents 
in phase quadrature (Fig. 15-19b) as in a turnstile antenna. If radiation in one axial direction is right-circularly 
polarized, it is left-circularly polarized in the opposite axial direction. 

A third type of circularly polarized antenna consists of 2 in-phase crossed dipoles separated in space by 2/4 
as in Fig. 15-19c. With this arrangement the type of circular polarization is the same in both axial directions. 

Any of these 3 arrangements can serve as a primary antenna that illuminates a parabolic reflector or they 
can be placed within a circular waveguide so as to generate a circularly polarized TE; mode wave. By flaring 
the guide out into a conical horn, a circularly polarized beam can be produced. 

Another technique by which acircularly polarized beam may be obtained with a parabolic reflector of large 
focal length with respect to the diameter is with the aid of a metal grid or grating of parallel wires spaced à /8 
from the reflector and oriented at 45° with respect to the plane of polarization of the wave from a linearly 
polarized primary antenna. 
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Figure 15-19 Antenna types for circular polarization. 
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Three arrangements for producing an omnidirectional pattern of circularly polarized radiation are illustrated 
by Fig. 15-19d, e and f.At(d) 4 shortaxial-mode helices of the same type are disposed around a metal cylinder 
with axis vertical and fed in phase from a central coaxial line (K raus-1). In the system at (e) vertically polarized 
omnidirectional radiation is obtained from two vertical 4/2 cylinders when fed at FF and horizontally 
polarized omnidirectional radiation is obtained from the slots fed at F’F’. By adjusting the power and 
phasing to the 2 sets of terminals so that the vertically polarized and horizontally polarized fields are equal 
in magnitude and in phase quadrature, a circularly polarized omnidirectional pattern is produced (Smith-1). 
At(f) 4 in-phase 2/2 dipoles are mounted around the circumference of an imaginary circle about 4/3 in 
diameter (B rown-2). Each dipole is inclined to the horizontal plane as suggested in the figure. 

In general, any linearly polarized wave can be transformed to an elliptically or circularly polarized wave, 
or vice versa, by means of a wave polarizer (Braun-1). For example, assume that a linearly polarized wave 
is traveling in the negative z direction in Fig. 15-20 and that the plane of polarization is at a 45° angle with 
respect to the positive x axis. Suppose that this wave is incident on a large grating of many dielectric slabs of 
depth L with air spaces between. A section of this grating is shown in Fig. 15-20. The slab spacing (in the x 
direction) is assumed to be a small part of a wavelength. 

Theincident electric field E can be resolved into two components, 


; y 
one parallel to the x axis (Æx) and the other parallel to the y axis __ i 
(Ey); that is, E = ££, + $£y. The x component (Ex) will be ta me 
relatively unaffected by the slabs. However, Æ, will be retarded | 


(velocity reduced). If the depth Z of the slabs is just sufficient to 
retard Ey by 90° in time phase behind £,, the wave emerging from 
the back side of the slabs will be circularly polarized if |Z.| = |Ey|. E 
Viewing the approaching wave from a point on the negative z axis, 
the E vector rotates clockwise. 

If the depth of the slabs is increased to 2L, the wave emerging 
from the back side will again be linearly polarized since Æx and 
Ey are in opposite phase, but E is at a negative angle of 45° with <4 
respect to the positive x axis. Increasing the slab depth to 3L makes 
the emerging wave circularly polarized but this time with a coun- Figure 15-20 Wave polarizer. 
terclockwise rotation direction for E (as viewed from a point on the 
negative z axis). Finally, if the slab depth is increased to 4L, the emerging wave is linearly polarized at a slant 
angle of 45°, the same as the incident wave. The dielectric grating in this example behaves in a similar way to 
the atomic planes of a uniaxial crystal, such as calcite or rutile, to the propagation of light. For such crystals 
the velocity of propagation of light, linearly polarized parallel to the optic axis, is different from the velocity 
for light, linearly polarized perpendicular to the optic axis. 


15-11 The High-Gain Omni 


A high-gain (high-directivity) antenna which is also omnidirectional involves a contradiction. T he directivity 
D of an antenna is given by 
4r 

D = — 
QA 
where 24 = beam area 


A hypothetical isotropic point source has a beam area Q4 = 4x, making it completely omnidirectional. 
From (1), its directivity D = 1, whichis the lowest possible directivity. For the directivity (or gain of alossless 


(1) 
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radiator) to be more than unity requires that the beam area be less than 4x so that the antenna is no longer 
omnidirectional. Thus, for a simple antenna, high directivity is incompatible with an omnidirectional (47 sr) 
pattern. The combination of both is a theoretical and a practical impossibility. However, in the digital signal- 
processing domain of alarge phased array the combination is theoretically possible, giving an arbitrarily large 
number of simultaneous high-directivity beams but, due to inherent losses, not necessarily ones of high gain. 


15-12 Submerged Antennas 


In (15-4-1) for the reflection coefficient p1, it is assumed that the wave originates in the less-dense medium 
(air) and is incident on the earth or ground of relative permittivity ¢,. If the wave originates in the denser 
medium and travels from it into air (15-4-1) becomes 


sina — /(1/e,) — cos? w 


S= 
sina + /(1/e,) — cos? œ 


(1) 


where s, = relative permittivity of denser medium 


Transmitted 
waves (or rays) 


Transmitted 
rays all inside 
this angle 
Totally 
internally 
reflected 
wave (or ray) 
20 m 
a, (critical 


| angle) = 83.6° 


Helix 


Transmitter| 


Figure 15-21 Rays from submerged antenna at angles a below 83.6° are totally internally 
reflected. Rays between 83.6 and 90° are transmitted through the surface into air above and 
spread out over almost 180°. 


“c15” — 2010/3/22 — page 540 — #18 


The McGraw-Hill Companies 


15-12 Submerged Antennas 541 


If 1/e, < cos? œ, pı is complex and |, | = 1. Under this condition, the incident wave is totally reflected 
back into the more-dense medium.? When the radical in (1) is zero, o1 = 1/0°, which defines the critical 
angle (see Fig. 15-21) 


a, = cos? jz (2) 
Ep 


For all angles less than «œc, |o1| = 1, and the wave originating in the denser medium is reflected back from the 
interface. It may be shown that for œ < a, the electric field in the less-dense medium decays exponentially 
away from the interface(evanescent wave) and propagates without loss along the interface (surface wave) 
(Kraus (1) and Fleisch; K ing-3; Delogne-1). 


EXAMPLE 15-12.1 A 60-MHz(Ag=5 m) radio transmitter feeding a monofilar axial-mode helical 
antenna is situated 20 m below the surface of a freshwater lake with constants u, = 1, «, = 80 and 
o = 1.33 x 1072 Um“! The helix axis is vertical. See Fig. 15-21. (a) For a given transmitter power how 
many turns should the helix have to maximize the signal at an elevation angle of 10° above the surface? 
(b) W hatis the relative power density radiated above the surface as a function of the elevation angle above 
the surface? (c) If the transmitter power is 100 W, what is the signal level at an elevation angle of 10° at 
a distance of 1 km from the submerged antenna site? The receiving antenna is a George Brown turnstile 
with reflector elements. 


E Solution 
(a) At 60 M Hz the loss term of the relative permittivity 
po 0 1.33 x 107? 


(3) 


rs BOS x MOOI 
and the complex relative permittivity 

& = £l — je! = 80 — j4 (4) 
The water is not lossless but «/ >> £”, so neglecting £” we have from (2) that the critical angle is given 


by 
c= = > 


Thus, all rays from the helix at elevation angles less than 83.58° are reflected back into the water, and 

only rays at elevation angles greater than 83.58° emerge into the air, as suggested in Fig. 15-21. The hole 

through which the rays emerge is 12.84° wide [= 2(90° — 83.58°)] centered on the zenith (œ = 90°). 
From Snell’s law we have approximately that 


cosa, ~ el. cosa = 8.94cosa (6) 


where a, = elevation angle of ray transmitted above the surface 

For a, = 10°, we have from (6) that a = 83.68° or just 0.1° (= 83.68° — 83.58°) above the critical 
angle. 

For a monofilar axial-mode helical antenna with number of turns n > 3, pitch angle 12° < œ < 14° 


1This is the case for either perpendicular or parallel polarization. 
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and circumference 0.8 < C, < 1.15, the beamwidth and directivity from (8-4-4) and (8-4-7) are 
52° 
Ci vns) 
and 


D x 12C2nS), (8) 


Taking C, = 1, œ = 12.5° and n = 12, the HPBW = 32.0° and D = 31.7.1 The half-power angle off 
axis is given by HPBW /2 = 16.0°, as compared to 6.32° (= 90° — 83.68°) for the ray which emerges at 
a; = 10°. Thus, with 12 turns the beam is broad enough that at or close to the critical angle the signal 
level is down from the maximum (on axis) only about 0.3 dB. Doubling the length of the helix (n = 24) 
increases the directivity from (8) by about 3 dB, but narrows the beamwidth sufficiently (by 1/./2) that at 
the critical angle the signal level is down about another 0.5 dB. Thus, doubling n results in a net increase 
in the level of the radiation emerging at an elevation angle a, = 10° above the surface. However, the 
narrower beam requires that the helix axis be set within 1° of vertical. Thus, a helix with about 20 turns 
is a reasonable compromise. 

(b) The relative power density S of a ray reflected back into the water is given by 


= (Ele)? + (Eleh? 


HPBW ~ 


(7) 


S, (9) 


2 2 
where REFA 
E, = electric field perpendicular to the plane of incidence 
E = electric field parallel to the plane of incidence 
pı =reflection coefficient for perpendicular component [Eq. (15-4-1) with s, inverted] 
pı = reflection coefficient for parallel component [Eq. (15-4-6) with £, inverted] 
Assuming circular polarization (E1 = Ej) from the helix within the critical-angle hole, (9) reduces to 
Sr = Flex? + |p I?) (10) 
The relative power density S, transmitted through the surface and emerging above it is then given by 
St = 1 and S, (11) 


Evaluating (10) and (11) for s, = 80 as a function of the elevation angle œ; yields the curve of Fig. 15-22a 
and the pattern of Fig. 15-22b. Both graphs give the power radiated relative to its value at the zenith 
(a, = 90°). 
(c) Note that the dimensions of the helix are reduced to 1/,/e, = 0.11 or 11 percent of the dimensions in 
air. Thus, the submerged helix diameter D = A9/(./é-77) = 5 m/(./807) = 0.178 m. 

The loss component of the permittivity <” = 4 and since e” « e/. the attenuation constant for the 
water is given by? 


zane x4 


and the attenuation in the water path d by 


= 0.281 Np m7! 


1D 0 not confuse æ here for helix pitch angle with œ in (6) for elevation angle. 


2Do not confuse œ here as the attenuation constant (= real part of propagation constant y) with œ for helix pitch angle or æ for elevation 
angle. Unfortunately, the English and Greek alphabets do not have enough letters to go around. 
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Attenuation (water) = 20 log e7% = 20 log e70281a20 _ 49 dB 


The loss at the interface is given from (11) for elevation angle a (water) = 83.68° as 10 log 0.51 = —3 dB. 
The directivity of the 20-turn helix is given by 


D ~ 12C2nS, = 12 x 20 x 0.22 = 52.8 
and its effective aperture by 
= Da 52.8 x5? 
~ 4r An 


A George Brown turnstile (Sec. 15-7) with reflector elements has a directivity D ~ 3 and effective 
aperture at Ag = 5 m of 6 m2. Taking the distance between transmitter and receiver as 1 km we have 


from the Friis transmission formula that the received power less water attenuation and surface (interface) 
loss is 


Ae = 105 m? 


PAg _ 100 x 105 x3 _ 
P= ag = 000x57 B25 mW 


The water attenuation and surface (interface) loss total 52 dB (= 49 + 3) so the net (actual) received power 
is given by 


P, = 1.25 x 107° /antilog 5.2 ~ 8 x 107? W = 8 nW 


or a bit less than 1 mV on a100-Q transmission line. 


+2 


Relative power, dB 
oO 


e 30° 60° 90° 
Elevation angle, a; Zenith 


(a) 


(b) 


Figure 15-22 (a) Ratio of power density at elevation angle a to power density at zenith 
(90°) for waves transmitted above surface of lake from submerged transmitter. (b) Pattern of 
radiation transmitted above surface in polar coordinates. 
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The transmitted energy-carrying field emerging above the surface goes to zero at the surface (elevation 
angle a, = 0°), as indicated in Fig. 15-22a and b. There is also a reactive wave traveling out along 
(above) the surface that accompanies the totally internally reflected wave. However, it is a reactive wave 
and carries no energy (E and H are in time-phase quadrature). Its fields decay exponentially with height 
above the surface (being simply the matching fields at the surface of the reflected-wave fields below) 
and are called evanescent fields. Due to the difference in transmission of the parallel and perpendicular 
field components through the surface, the received wave is not necessarily circularly polarized (AR #1). 
However, the receiving antenna should be circularly polarized and of the same hand as the transmitting 
antenna, an implicit assumption made in solving the example problem. 

Itis also assumed in the example that the water surface is smooth. If it is not smooth, as under windy 
conditions, the situation is different and fluctuations (noise) will occur in the received signal. 


The problem of electromagnetic wave transmission from water into air is analogous to that of transmission 
through the earth’s ionosphere to an extraterrestrial point above it. In each case, refraction is from a medium 
with lower velocity to one with higher velocity of wave propagation with ray-bending and total internal 
reflection at small enough elevation angles. (See Probs. 17-3-9 and 17-3-10.) 

However, there are some fundamental differences in that the ionosphere is inhomogeneous and anisotropic 
(a magnetized plasma) with polarization changes by Faraday rotation. These effects make circularly polarized 
antennas essential. 

We note that the radio situation differs from the optical one in that s, ~ 80 for water at radio wavelengths 
but £, ~ 1.75 for water at optical wavelengths. Thus, for light waves the critical angle a, = 41° as compared 
to 84° for radio waves. 


15-13 Surface-Wave and Leaky-Wave Antennas 


Traveling-wave antennas discussed in previous chapters include the monofilar axial-mode helix, long-wire 
and polyrod antennas. Surface-wave and leaky-wave antennas are also traveling-wave antennas but are ones 
which are adapted to flush or low-profile installations as on the skin of high-speed aircraft. Typically, their 
bandwidth is narrow (10 percent) and their gain is moderate (~15 dBi). 

Consider the plane boundary between air and a perfect conductor as shown in Fig. 15- 23a with a vertically 
polarized plane TEM wave traveling to the right along the boundary. From the boundary condition that the 
tangential component of the electric field vanishes at the surface of a perfect conductor, the electric field of 
aTEM wave traveling parallel to the boundary must be exactly normal to the boundary, or vertical, as in 
Fig. 15-23a. However, if the conductivity o of the conductor is not infinite, there will be a tangential electric 
field Ey at the boundary, as well as the vertical component Ey, so that the total field will have a forward tilt 
as in Fig. 15-23b. 

The direction and magnitude of the power flow per unit area are given by the Poynting vector with average 
value 


Sw = 3ReExH* (Wm?) (1) 
At the conducting surface the average power into the conductor (—y direction) is 
Sy = —} Re Ey HŽ (2) 


This is power dissipated as heat in the conductor. 
The space relation of Ex, H, (or H¥) and S, is shown in Fig. 15-24a. Since 


Eri 
po“ (3) 


Zz 
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where Ze = intrinsic impedance of the conductor 
Then from (2) the power flow into the conductor can be written as 
Sy = —} H: Hž Re Ze = —5H4ReZ, (4) 
where 
H; = Hy e718 7Y* 
Hx = Hg e#+Y* = complex conjugate of H, 
& = phase lag of H, with respect to Ex 
y = propagation constant = œ + j£ 


The power flow parallel to the surface (x direction) is 


Ss = ReE,H}  (Wm-*) (5) 
The space relation of Ey, H, and S, is shown in Fig. 15-24b. Since 

Ey 

—=Z 6 

i (6) 


where Z4 = intrinsic impedance of the dielectric medium (air) above the conductor. 
Then from (5) the power flow along the conductor (x-direction) can be written 


Sx = 5H4ReZa = (Wm) (7) 
AE Medium 1 
Mediumi Direction of a 
(air) ection o E 
energy flow y E 
Direction of 
£ energy flow 
90° T 
HO N HO Ex 
SE, 
Medium 2 (perfect conductor) Medium 2 (conductor with 
T=% finite conductivity o) 
(a) (b) 


Figure 15-23 Vertically polarized wave traveling to right (a) along surface of a perfectly 
conducting medium and (b) along surface of medium with finite conductivity. 


Medium 1 E 
(air) y 
Hz Ex Hz S S; 
= | — = 
Medium 2 E 
(a) (b) (c) 


Figure 15-24 Fields and Poynting vector at the surface of a conducting medium with a 
vertically polarized wave traveling parallel to the surface. 
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The total average Poynting vector is then 
H? 
Say = êS + $8) = -B Re Za — $ Re Ze) (8) 


Figure 15-24c shows the relation of Say to its x and y components. It is apparent that the average power flow 
is not parallel to the surface but downward at an angle r. This angle is the same as the forward tilt angle of 
the electric field (see Fig. 15-23b). If the conductivity of the conductor is infinite (o = oo), the tilt is zero 
(c = 0). 

From (8) the tilt angle 
1 Re Ze 


= tan 
i Re Za 


(9) 


EXAMPLE 15-13.1 Findthetiltangle z fora vertically polarized 3-GHz wave traveling in air along 
a flat copper sheet. 


E Solution 
At3 GHz, wehavefor copperthatRe Ze = 14.4 m2. Theintrinsic impedanceof air is real and independent 
of frequency (= 377 9). From (9) we have 


_1 14.4 x 107 


377 = 0.0022 Ans. (10) 


t = tan 


Although z is very small itis not zero, indicating some power flow into the copper sheet. If o is small or if 
the conductor is replaced by a dielectric, t may amount to a few degrees. In the B everage antenna (Sec. 6-24c) 
the horizontal field component (Ex) is parallel to the antenna wire and induces emf’s in it. 


EXAMPLE 15-13.2 Find the forward tilt angle z for a vertically polarized 3-GHz wave traveling in 
air along the smooth surface of a freshwater lake. 


E Solution 
At 3 GHz the conduction current of fresh water is negligible compared with the displacement current 
(e/’ < e/.) so the water may be regarded as a dielectric medium with £, œ e! = 80. Thus, from (9), 


t =tan7! a =6.4° Ans. (11) 


The tilt angle r calculated above is an average value. In general, its instantaneous direction varies with 
time. For the wave traveling along the copper sheet, £, and £x are in phase octature (45° phase difference), 
so that at one instant the total field E may bein the x direction and g-period later in the y direction. For the 
3-GHz wave of Example 15-13.1, Ex and E, vary with time as in Fig. 15-25a. The locus of the tip of E 
describes a cross-field ellipse as in Fig. 15-25b, with positions shown as a function of time (wr). The ellipse 
is not to scale, the E, values being magnified by 5000. The variation of the instantaneous Poynting vector is 
shown in Fig. 15-26 with ordinate values magnified by 5000. It is of note that the tip of the Poynting vector 
travels around the ellipse twice per cycle. 

Whereas copper has a complex intrinsic impedance, fresh water at 3 GHz (as in Example 2) has a real 
intrinsic impedance so that £, and Ey are essentially in phase and the cross-field ellipse collapses to a straight 
line with a forward tilt of 6.4°. 
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Figure 15-25 (a) Magnitude variation with time of E , and E, components of E in air at the 
surface of a copper region for a 3-GHz TEM wave traveling parallel to the surface. (b) Resultant 
values of E (space vector) at 22.5° intervals over one cycle, illustrating elliptical cross-field at 
the surface of the copper region. The wave is traveling to the right. Note that although E has x 
and y components (cross-field) it is linearly polarized as seen from the x direction. 


147.5° 


Figure 15-26 Poynting vector in air ata point on the surface of a copper region for a 
3-GHz TEM wave traveling along the surface (to right). The Poynting vector is shown at 22.5° 
intervals over a 5-cycle. The ordinate values are magnified 5000 times compared with the 
abscissa values. The tip of the Poynting vector travels around the ellipse twice per cycle. 


The forward tilt of E or downward tilt of S in the above examples tend to make the wave energy hug the 
surface, resulting in abound wave or surface wave. The phase velocity v of this waveis less than the velocity c 
of light, i.e., itis aslow wave (v < c). To initiate a wave along the surface, a launching device, such as a horn, 
with a height of several wavelengths can be used as in Figs. 15-27 and 15-28. 
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In 1899 Arnold Sommerfeld showed that a wave could be guided by a round wire of finite conductivity 
(Sommerfeld-1). Jonathan Zenneck pointed out that for similar reasons a wave traveling along the earth’s 
surface would tend to be guided by it (Zenneck-1). 

The guiding action of a flat conducting surface can be enhanced by adding metal corrugations. These 
and the horn launcher in Fig. 15-27 form a surface-wave antenna. The corrugations have many teeth per 
wavelength (s < 4/5). The slots between the teeth supporta TEM wave involving Æx, which travels up and 
down the depth of the slot (a standing wave). Each slot acts like a short-circuited section of a parallel-plane 
2-conductor transmission line of depth d. Assuming lossless materials, the impedance Z presented to a wave 
traveling down the slots is a pure reactance given by 


20 ./é;d 
Z = jZqa tan a (Q) (12) 
0 


where 


Za = intrinsic impedance of medium filling the slots, Q 
e, = relative permittivity of the medium, dimensionless 
Ao = free-space wavelength, m 

d = depth of slots, m 


For air-filled slots (Zz = 377 Q and e, = 1), (12) reduces to 
Z ~ j120z tan - (2) (13) 
0 


The slots store energy from the passing wave. When d < åào/4, the plane along the top of the teeth is 
inductively reactive. When d = àọ/4, Z = co and the plane along the top is like an open circuit (nothing 
below), whilewhen d = 49/2, Z = 0 and the plane appears like the conducting sheet below it (a short circuit). 

The guiding action of a flat conducting surface can also be enhanced by adding a dielectric coating or 
slab of thickness d. With a launcher, as in Fig. 15-28, the combination forms another type of surface-wave 


Wave E 
Horn direction 
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Guide Ex s 
Slot Teeth —> <—_— 


fa 


Figure 15-27 Corrugated surface-wave antenna with horn wave-launcher. 
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Figure 15-28 Dielectric-slab surface-wave antenna with horn wave-launcher. 
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antenna. The electric field is vertically polarized but has a small forward tilt at the dielectric surface. For a 
sufficient thickness d, the fields attenuate perpendicular to the surface (y direction) as e~®”, where 
g e&—1  (Npm-?) (14) 
Ao 
For e, = 2, the attenuation is over 50 dB 4~!. Thus, the fields are confined close to the surface. 

Corrugated and dielectric slab surface-wave 
antennas, as in Figs. 15-27 and 15-28, with a 
length of several à and a width of 14 or more (into 
page), produce end-fire beams with gain propor- 
tional to their length and width. Itis assumed that 
the conducting surface (ground plane) extends 
beyond the end of the corrugations or slab. If 
not, the beam direction tends to be off end-fire End™~n Side 
(elevated). For optimum patterns, the depth of ee 


the slots or thickness of the slab may be tapered Figure 15-29 Open-top waveguide antenna 


at both ends. with continuous energy leakage. 
Although surface-wave antennas take many 


forms, the ones described above are typical. They are traveling-wave antennas carrying a bound wave with 
the energy flowing above the guiding surface and with velocity v < c (slow wave). E would be perpendicular 
to the surface except for its forward tilt. 

Leaky-wave antennas are also traveling-wave types but ones in which radiating energy leaks continuously or 
periodically from along the length of the guiding structure, with most of the energy flow within the structure. 
Typically, but not necessarily, the structure carries a fast wave (v > c). A hollow metal waveguide is an 
example. With one wall removed, energy can leak out continuously all along the guide. 

A leaky-waveguide antenna of this type is shown in Fig. 15-29. Since the wave velocity v in the guide is 
faster than the velocity c of light, the radiation forms a beam inclined at an angle ¢ with the guide as given by 


$ = cos? Ê (15) 
v 


For v = 1.5c, @ = 48°. Since v is a function of 
the frequency, the beam angle @ may be scanned 
by a change in frequency. 

A leaky-wave antenna may also be constructed 
by cutting holes or slots at a regular spacing along 
the waveguide wall as in Fig. 15-30 (see also the 
slotted waveguide of Fig. 7-23). Leakage may be 
controlled by the slot or hole size. For aslotor hole 
perimeter of ~1/, leakage is large but decreases 


rapidly with a decrease in perimeter. This periodic ` ; 
structure radiates at a beam angle @ given from Figure 15-30 Slotted-waveguide antenna 
(8-14-8) by with leakage at periodic (discrete) intervals. 


pet Ae an, 
$ = Cos e+ aa (16) 


s =hole or slot spacing, m 
Ao = free-space wavelength, m 
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Ae = wavelength in guide, m 
m =mode number, 0, +}, +1,... 


EXAMPLE 15-13.3 Find the beam angle ¢ for A, = 1.510, s = Ao and m = —1. 


E Solution 
From (16), 


@=cos! [5 = | =109.5° (in back-fire direction) 


If the slots are spaced à /2 instead of 14, proper phasing requires that alternate ones be placed on opposite 
sides of the centerline. For this case m = -ł} in (16). The beam angle @ may be scanned by a change 
in frequency. Although described here as a leaky-wave antenna, the antenna of Fig. 15-30 may also be 
considered as simply an array of waveguide slots. 


Consider now adielectric slab waveguide of thickness Evanescent 
d with wave injected at small enough œ (below the crit- «< field Sy, Slab 
ical angle) so that the wave is totally internally reflected —r 
and propagates by multiple reflections inside the slab. ——= | 


The situation is similar to that for the submerged radio 
transmitter in Sec. 15-12, except that here the denser 
medium has upper and lower boundaries and a thickness JEI < Air 
of the order of 149. Although the energy is transmitted 
inside the slab, fields exist above and below. These, how- 
ever, are evanescent and decay exponentially away from Figure 15-31 End view of dielectric slab 
the slab. They convey no energy. (Recall the evanescent waveguide with E parallel to the slab 

wave above the water surface in Sec. 15-12.) surfaces. Propagation is into the page. 

It might be supposed that any wave injected into the Arrows and graph (at left) indicate variation 
slab at an angle below the critical value will propagate, in magnitude of E across the thickness d of 
but, because of multiple-reflection interference, waves the slab. The field outside the slab is 
will only propagate at certain angles (eigenvalues) (Kraus evanescent and transmits no energy. 

(1) and Fleisch; M arcuse-1). Figure 15-31 is an end view 

of a dielectric slab waveguide carrying a wave with electric field parallel to the surfaces (perpendicular to 
the plane of incidence). In the notation of Sec. 15-12 this is an E; field. Propagation is into the page. 
The evanescent field above and below the slab matches the field inside but carries no energy. However, 
discontinuities on the slab surface can cause energy leakage from inside and radiation. Thus, a dielectric slab 
with surface discontinuities can act as a leaky-wave antenna. 

A dielectric cylinder can also serve as a guide in the same manner as a slab. At or near optical wavelengths 
the cylinder diameter can be physically small or threadlike. Such guides, or optical fibers, consist typically of 
a transparent glass core surrounded by a glass sheath or cladding of slightly lower index of refraction, with 
the sheath enclosed in an opaque protective jacket. A typical core fiber 25 am in diameter is as fine as a 
human hair and can carry one thousand 2-way voice communication channels with an attenuation as small as 
1 dB km~? at light or infrared wavelengths (5 to 1 um). 

The literature on surface- and leaky-wave antennas is extensive. Summary treatments are given by 
Zucker (1) and by Oliner (1). 
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15-14 Antenna Design Considerations for Satellite Communication’ 


In 1945, while a radar officer in the Royal Air Force, Arthur C. Clarke (now Sir Arthur) published an 
article in Wireless World in which he proposed the use of artificial satellites and, in particular, those in a 
geostationary orbit, as a solution to the world’s communication problem (Clarke-1). The idea then seemed far 
fetched to many but 12 years later Sputnik went up and only 6 years after that, in 1963, the first successful 
geostationary satellite, Syncom 2, was put into orbit and Clarke’s proposal became a reality. Now there are 
nearly 1000 satellites in the geostationary or Clarke orbit with more being added at frequent intervals. The 
satellites move with the earth as though attached to it so that from the earth each appears to remain stationary 
above a fixed point on the equator. T hese satellites form a ring around the earth at a height of 36,000 km above 
the equator, putting the earth in the company of other ringed planets, Saturn and Uranus, with the difference 
that the earth’s ring is man-made and not natural. A rthur Clarke has observed that the ancient superstition that 
our destinies are controlled by celestial bodies has at last come true, except that the bodies are ones we have 
put up there ourselves. 

Having a transmitting (transponder) antenna on a Clarke-orbit satellite is like having it on an invisible 
tower 36,000 km high. Since earth-station dishes look upward at the sky, ground reflections are eliminated 
but the ground is still involved through its effect on the antenna noise temperature via side and back lobes. 

The spacing of satellites in the Clarke orbit is closely connected with the design of both satellite and 
earth-station antennas. Thus, if beamwidths and side-lobe levels are reduced, the spacing can be reduced and 
more satellites accommodated in orbit. 

The full orbit utilization problem involves not only satellite placement and spacing but also the available 
spectrum. Thus, satellites may be parked closer together than beamwidths would allow if they operate in 
different frequency bands. However, both orbit space and spectrum space are limited resources which must 
be allocated in an optimum manner to meet the tremendous international demand for satellite communications. 
The problem of maximizing access to the Clarke orbit is under study and planning by the satellite orbit-use 
(ORB) sessions of the World Administrative Radio Conference (WARC), with its first session (ORB-1) in 
1985 and a second session (ORB-2) in 1988. 

To permit closer spacings than otherwise, North American satellites sharing the same frequencies use 
an alternate linear-polarization technique. For example, the even-numbered channels of a satellite may be 
polarized parallel to the orbit with odd-numbered channels perpendicular to it, while the adjacent satellites 
on either side have the polarizations reversed (odd-numbered parallel and even-numbered perpendicular to 
the orbit). Some satellites serving other parts of the world use circular polarizations of opposite hand to do 
the same thing. Thus, the response level of the earth-station antenna to the opposite state of polarization is a 
factor (Weiss-1). 

It is necessary that the earth-station antenna have gain and pattern properties capable of providing a 
satisfactory S/N ratio with respect to noise and interference sources (as from adjacent satellites). The satellite 
transponder power, antenna gain and pattern are also factors. At the Clarke-orbit height of 36,000 km, a 
satellite spacing of 1° amounts to a physical separation of 630 km. Although each satellite wanders about 
its assigned orbital location (usually in a systematic manner), this “station-keeping” motion is required by 
regulation to be less than 60 km (0.1°) so that spacing even closer than 1° is possible without danger of 
satellites colliding.” 


1R ecall Sec. 17-3 regarding SNR. 

2The satellite antenna pointing accuracy in roll, pitch and yaw is also usually of the order of 0.1° or less. Roll,pitch and yaw are of 
primary concern in the satellite antenna design but of secondary importance in the earth-station antenna design. TheA stra satellites have 
specifications of 0.06° roll, 0.07° pitch, 0.22° yaw and + 0.05° station keeping. 
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Some of the antenna design aspects may be illustrated by an example. 


EXAMPLE 15-14.1 Earth Station-Satellite Link 

Determine the required parabolic dish diameter of a 4-GHz (C-band) earth-station antenna if its system 
temperature= 100 K for an S/N ratio of 20 dB and bandwidth =30 MHz with satellite transponder 
power = 5 W, satellite parabolic dish diameter = 2 m and spacing between satellites = 2°. 


E Solution 
From the Friis transmission formula and the Nyquist noise-power equation, we have from (17- 3-3) that 
the S/N (actually C/N or carrier-to-noise) ratio for isotropic antennas and a transmitter power of 1 W is 
given by 

S ie 

N 16x2r2kTeysB 


where 


(1) 


à = wavelength 

r = downlink distance, 36,000 km 

k =Boltzmann’s constant = 1.38 x 10-23) K~! 
Tsys = system temperature, K 

B =bandwidth,Hz 


Introducing the indicated values in (1) we obtain 


= —61.8 dB (2) 


for the downlink at 1 W isotropic. 
For the D = 2-m-diameter satellite dish at 50 percent aperture efficiency, the antenna gain G, is 
given by 


4A, 
G; = az~ 35.5 dB (3) 
where 
1 /D? 2 
à =0.075 m 


The transponder power of 5 W gives an additional 7 dB (= log 5) gain. The required earth-station 
antenna gain Gg must then be sufficient to make the system S/N ratio >20 dB, or 


Ge = 20 + 61.8 — 35.5 — 7 = 39.3 dB (4) 
Thus, the required earth-station effective aperture 
2 
fotos 3 ay (5) 
4r 


At an assumed aperture efficiency of 50 percent the required physical aperture Ap is twice this, or 
7.6 m2,making the required diameter of the earth-station antenna 
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A 
Dg =2/| — =3.1m 
T 


(6) 


This diameter meets the S/N ratio requirement. To determine if it also meets the 2° spacing requirement 
we should know the illumination taper across the dish aperture. This is not given. However, we assumed 
50 percent aperture efficiency which implies substantial taper. Accordingly, the beamwidths may be 


estimated as 


65° 65° 
HPBW > = = 1.6° 
D, 3.1 m/0.075 m 
and 
BWFN > "a = 3.5° 
D 


Main beam 
maximum 


—15 + 


First nulls or 
minima 


—20 + 


First side lobes 


—25 -4 


3° p 1° 0° 1° 20 3o 
A A A 
H H H 
Variation Satellite positions Variation (+0.2°) 
(nominal) 


Figure 15-32 Pattern of C-band earth-station dish for worked example. Pattern is shown 


with respect to satellite positions at 2° spacing in the Clarke orbit. 
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Thus, first nulls or minima are approximately 1.75° either side of the satellite or 0.25° less than the 2° 
spacing of the adjacent satellites, as indicated in Fig. 15-32. 

The first side-lobe level of a tapered circular aperture should be at least 20 dB down and since the 
adjacent satellites are closer to the first nulls or minima than the first side-lobe maxima, the adjacent 
satellite levels should be at least 25 dB down, which could make the total noise level about 18 dB down. 
Although this may not be satisfactory, the use of an opposite state of polarization on the adjacent satellites 
should reduce their interfering signal level to an acceptable level provided the earth-station response to 
cross-polarization is small. 

The station-keeping accuracy of the satellites and the pointing error of the earth-station antenna are 
also factors. Since these may vary independently, the effects will be random and must be assessed by 
statistical methods giving upper and lower limits to the overall S/N ratio. 

Assuming an earth-station antenna pointing error of +0.1°, the same as the required satellite station- 
keeping tolerance, means that the satellite position may vary a maximum of +0.2° with respect to the 
first null. This is indicated in Fig. 15-32. We note that at one extreme the satellite is almost at the null 
but at the other extreme is only about 4 dB below the first side-lobe maximum. These and other factors 
are discussed by J ansky (1) and J eruchim. 

Although we have made a number of assumptions, the example illustrates many of the important 
factors involved in determining suitable dimensions and pattern characteristics of an earth-station antenna 
(Fig. 15-32). 


15-15 Receiving versus Transmitting Considerations 


15-15a Receiving Case 


The receiving antenna collects a power P4 from the incoming wave. See Fig. 15-33a. Assuming a perfect 
match between antenna and transmission line, Zjine = Ra, and line and load, Rr = Ra (see eqivalent circuit 
Fig. 15-33b) the power delivered to the receiver (or load) is given by 


Prec = [Rr/(Ra + Rr)| PA (W) (1) 


where 


Rr=receiver impedance, Q 
Ra =antenna radiation resistance, Q 


For a perfect match, Rr = Ra, So that 
Prec = [Rr/(Rr + Rr)|Pa = 0.5Pa (W) (2) 


and the receiver gets 1/2 the power collected by the antenna. The other half is reradiated. 
This is the condition of maximum power transfer. M ore generally, this condition requires a conjugate 
match, that is 


Ra + jXa = Rine — J Xline (3) 


where 


X 4 = antenna reactance, Q 
X line = line reactance, Q 
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RECEIVING CASE 


Incident 
Receiving power Ra p 
antenna Ra collected = Py A 
1 
NWO) Pe = 4 Pa 
Transmission Equivalent 
line, Zine = Ra circuit 
(a) Mi (b) 
Receiver Ra (Prec) 
Rr 
TRANSMITTING CASE 
Power 
itti radiated 
Transmitting [5 Ra (Prag) 
antenna Ra rad 
WW Prad = Pr 
Equivalent 
circuit 


m—o— 4) 
Rr Pr 


Figure 15-33 In the receiving case, (a) and (b), maximum power transfer delivers half the 
power collected by the antenna to the receiver (or load). In the transmitting case, (c) and (d), 
the power radiated P raq may be nearly equal to the power Pq generated by the transmitter. 


15-15b Transmitting Case 


Here the transmitter generates a power Pr with a transmitter internal resistance Rr as shown in Fig. 15-33c 
and d. Thus, assuming no line losses, the power radiated Prag is given by 


Prad = [Ra/(Ra + Rr) Pr (W) (4) 
If Ra = 100 Qand Rr =5 2 
Prad = [100/(100 + 5)]Pr = 0.95 Pr (W) (5) 


Accordingly, maximum power transfer at 50% efficiency is the best we can do with a receiving antenna. 
However, maximum radiating efficiency is of paramount importance in a transmitting antenna with efficiencies 
that can approach 100%. This requires, in the transmitting case, more precise matching of the transmission 
line and antenna, not only for maximum efficiency but also to eliminate line reflections which could produce 
ghosts on a TV picture, especially if the line is long. 

According to the principle of reciprocity, the field pattern of an antenna is the same for reception as for 
transmission. However, it does not always follow that because a particular antenna is desirable for a given 
transmitting application it is also desirable for reception. In transmission the main objective is usually to 
obtain the largest field intensity possible at the point or points of reception. To this end, high efficiency and 
gain are desirable. In reception, on the other hand, the primary requirement is usually a large signal-to-noise 


“c15” — 2010/3/22 — page 555 — #33 


The McGraw-Hill Companies 


556 Chapter 15 Antennas for Special Applications 


ratio. Thus, although efficiency and gain may be desirable, they are important only insofar as they improve 
the signal-to-noise ratio. A ccordingly, areceiving antenna with low sidelobes may be more desirable than one 
with higher gain or an adaptive antenna may be required to null-out interfering signals. However, by way of 
contrast, suppose that circuit noise in the receiver is the limiting factor. Then high antenna gain and efficiency 
would be important in order to raise the signal-to-noise ratio. 

In direction-finding antennas, the directional characteristic of the antenna is employed to determine the 
direction of arrival of the radio wave. If the signal-to-noise ratio is high, anull in the field pattern may be used 
to find the direction of arrival. With alow signal-to-noise ratio, however, the maximum of the main lobe may 
provide a more satisfactory indication (Alford-1). 


15-16 Bandwidth Considerations 


The useful bandwidth of an antenna depends, in general, on both its pattern and impedance characteristics. 
In thin dipole antennas the bandwidth is usually determined by the impedance variation since the pattern 
changes less rapidly.? However, with very thick cylindrical antennas or biconical antennas of considerable 
cone angle, the impedance characteristics may be satisfactory over so wide a bandwidth that the pattern 
variation determines one or both of the frequency limits. The pattern may also determine the useful bandwidth 
of horn antennas, metal-plate lens antennas or zoned lens antennas. 

If the acceptable bandwidth for pattern exceeds that for impedance, the bandwidth can be arbitrarily 
specified by the frequency limits Fı and F? at which theV SWR onthe transmission line exceeds an acceptable 
value. W hat is acceptable varies widely depending on the application. In some cases the VSWR must be close 
to unity. In others it may be as high as 10 to 1 or higher. The bandwidth can be specified as the ratio of Fp — Fy 
to Fo (the center or design frequency) or in percent as 


F — Fi 
0 


Another definition is the simple ratio F2 /Fı (or F)/F, to 1) where F > Fi. 
The bandwidth due to the impedance can also be specified (if the bandwidth is small) in terms of its 
reciprocal or Q at Fo, where 


x 100 


total energy stored by antenna 
energy dissipated or radiated per cycle 


Q=2n 


15-17 Architecturally Acceptable Antennas 


M any municipalities prohibit roof top antennas and antennas in the yard. However, weather-vanes, chimneys 
and flagpoles are acceptable. Thus, there is a need for antennas that don’t look like antennas. 


15-17a The Weather-Vane Antenna 


Two methods of using a weather-vane as an antenna are shown in Fig. 15-34. In (a) the mounting rod for 
the plastic vane acts as a 4/4 vertical stub antenna and the 4 4/4 radials as the ground plane producing 
an omnidirectional vertically polarized pattern. In (b) the radials act as two horizontal 2/2 dipoles fed in 
phase quadrature (90°) producing the omnidirectional horizontally polarized pattern of a turnstile antenna 
(see Sec. 15-7). 


1The pattern is understood to include polarization characteristics. 


2A dipole 4/2 long has a half-power beamwidth of 78°. If the frequency is reduced so that the dipole length approaches an infinitesimal 
fraction of a wavelength, the beamwidth only increases from 78 to 90°, while if the frequency is doubled so that the dipole is 14 long 
the beamwidth decreases from 78 to about 47°. 
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À ; 
T Vertical 


Plastic vane 


Plastic 
tube 


à/4 radials à/4 baluns 


50 or 700, 
coax 


70 Q coax 


A B 
à/4 line for 
90° phase shift A/4 50 Q coax 


Figure 15-34 (a) The weather vane as an omnidirectional vertically polarized antenna and 
(b) as an omnidirectional horizontally polarized antenna turnstile antenna. 


The coaxial line impedance at point A is about 35 Q which is transformed by a 50 Q 4/4 section to about 
70 Q at B. Thus, a functioning weather-vane can double as either a vertically polarized or a horizontally 
polarized antenna. 


15-17b The Flagpole Antenna 


Two ways of using a flagpole as an antenna are shown in Fig. 15-35. In (a) the grounded 2/4 metal pole is 
shunt fed (1/2 of a T-match) while in (b) the vertical A/4 conductor is enclosed in a plastic (PVC) pipe fed 
directly by a coaxial cable. Thus, a flagpole 10 m tall can function as a vertically polarized omnidirectional 
antenna for the 40-m wave bands. The plastic pipe could also be used to contain other vertically polarized 
pole-mounted antennas. Or if the pipe is large enough in diameter it could contain a horizontally polarized 
slotted-cylinder antenna. 

15-17c The Chimney Antenna 

Patch antennas may be mounted on the sides of an existing chimney with a sheet plastic cover that matches 
the chimney’s brickwork. Or an all-plastic chimney containing a variety of antennas may be added to a roof. 


The above examples illustrate just a few of the many possibilities there are for “architecturally acceptable 
antennas.” 


15-18 ILS (Instrument Landing System) Antennas‘ 


A typical ILS system has 3 components: (1) azimuth or horizontal guidance for aligning with the runway, 
(2) vertical guidance for aligning with the 3 degree vertical elevation angle of the approach path and (3) range 
markers for distance to the runway.” See Fig. 15-36. 


1Prepared with the assistance of Professor Richard M cFarland, Avionics Engineering Center, Ohio University, 
Athens and Dr. Eric Walton, ElectroScience Laboratory, Ohio State U niversity, Columbus. 


2M aintenance of ILS Facilities, U.S. Dept. of Transportation, F ederal Aviation A dministration. 
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Figure 15-35 (a)The grounded shunt fed flagpole antenna and (b) the direct fed version. 


Glide slope 
antennas B: 
o 
Flight 
HHHHHHH Runway 
path 


\ Localizer 
antennas Marker 
pattern 


Figure 15-36 ILS antenna locations with azimuth or localizer antennas at the far end of the 
runway, the vertical guidance or glide-slope antennas alongside the runway and the range 
makers along the approach path. 


(1) Azimuth guidance (also called the localizer) may be provided by 6 collinear horizontally polarized 
corner reflector antennas close to the ground at the far end of the runway. The system operates at 110 MHz. A 
nose-on beam aligned with the runway is produced with all corners in-phase and a split-beam with null aligned 
with the runway is produced with the 3 left and the 3 right corners fed in opposite phase. A double-sideband 
modulatedsignal provides carrier and sidebands for the nose-on lobe and sideband only modulated signals of 
opposite phase for the two lobes of the split-beam.A vertical needle in the cockpit moves left to indicate that 
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the aircraft must fly left and 
to the right to indicate that 
the aircraft mustfly right. See 
Fig. 15-37. 

(2) Vertical guidance for 
the glide slope is provided 
by two corner reflector anten- 
nas stacked one above the 
other on a 10-m tower along- Descend 
side the runway. See Fig. 15- 
38. The system operates 
at 330 MHz. The upper 
antenna and its image pro- 
duce a split lobe with null 
aligned with the approach 
angle. The lower antenna and 
its image produce a nose: Figure 15-37 ILS cockpit display. With needles as shown, the 
on lobe aligned with the aircraft is aligned with the runway and is on the proper glide 
approach angle,usually. A slope. When a needle deflects from normal you “chase the 
double-sideband modulated needle” by flying left or right or up or down. In newer systems the 

needles may be replaced by a computer generated image. 


Figure 15-38 Airport installation of two corner reflectors at the heights of Example 15-18.2 
to produce a glide slope at 3 degrees elevation angle. 
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provides carrier and sidebands for the nose-on lobe and sideband only modulated signals of opposite phase 
for the two lobes of the split beam. A horizontal needle in the cockpit moves up to indicate that the aircraft 
must climb and down to indicate that it must descend. See Fig. 15-37. 

The region of the ground where the reflection takes place is protected as a “critical area” where vehicles 
and obstructions are not permitted. Deep snow can raise the effective height of the ground which could raise 
the slope angle an undesirable amount. 

(3) Distance or range to the runway is provided by 75-M Hz marker signals at various distances from the 
runway. As the aircraft passes over a marker beam there is both a visual and audible indication in the cockpit 
with coding to indicate the distance. 


EXAMPLE 15-18.1 Azimuth or Localizer Antennas 
Design an antenna system which fulfills the azimuth guidance requirements of paragraph (1). 


E Solution 

The beams are provided by 3 horizontally polarized ordinary end-fire arrays each with 12 4/2 dipoles as 
in Fig. 15-39a.T he arrays are located at the far end of the runway as shown in Fig. 15-36. With ordinary 
ground there will be adequate signal at low elevation angles. For a null aligned with the runway, arrays 1 
and 3 are fed in opposite phase. Array 2 provides the nose-on beam with carrier. The other arrays carry 
the sideband signals. For a spacing d = 1.5 à between arrays 1 and 3, the first maximum either side of 
the null is at an angle œ = sint (0.5 A/1.5 à) = 19.5° (see insert in Fig. 15-39). This 2 source pattern 
multiplied by the pattern of an ordinary end-fire array of 12 point sources with 4/4 spacing and multiplied 
once more by the pattern of a à/2 dipole results in the dashed-line field pattern in Fig. 15-39b. Ans. 
Actual localizers may be more elaborate, but this simple configuration illustrates the basic principles. 


+ 
1 Al2 


Runway 
center line 


End-fire arrays 


Figure 15-39 (a) 12-element end-fire localizer antennas for azimuth guidance and 
(b) their field patterns. 


EXAMPLE 15-18.2 Vertical Guidance Antennas 
Design an antenna system which fulfills the vertical guidance requirements of paragraph (2) for a glide 
slope at an elevation angle of 3°. 
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E Solution 
Using a ground-bounce or image system, a corner reflector with a horizontal dipole is placed at a height 
h above the ground which is assumed to be perfectly conducting. As suggested in Fig. 15-40, the direct 
wave from the dipole and its image at a depth h below the surface will reinforce at the angle œ and produce 
a maximum when d = 0.51, 1.5, etc., or produce a null when d = 1A, 2A, etc. 

Thus, for the split-lobe beam with a null at 3 degrees 


sina = JA 
or 
h(null) = Ising = 2sin 3° = 9.6) 
For the nose-on beam at 3 degrees 
amad 0.5 0.54 ae 


2sina  2sin3° 
Thus, with one corner at 9.64 and another at half the height (4.84), the requirements are satisfied. See 


Fig. 15-41. To restrict the beam in azimuth, 3 collinear dipoles are customarily used in the corner reflector. 
See Fig. 15-38. 


Dipole and 
corner T 
reflector 
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/ 


conducting 
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Figure 15-40 Corner reflector antenna and its image. 
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Figure 15-41 Splitlobe and nose-on beams of corner reflector antennas for glide path at 
elevation angle of 3 degrees in expanded angle display. 


EXAMPLE 15-18.3 Range Marker Antennas 
Design an antenna system which fulfills the distance or range requirements of paragraph (3) above. 


E Solution 
Two in-phase 4-elementY agi-U da antenna, as in Fig. 15-42a, set at 45° from vertical to the left and right 


of the approach path, produce the pattern shown in Fig. 15-42b. 


|. 0.37A Field pattern 


0.4754 L=0.46A L= 0.44 Vertical 
field 
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antenna 3000, Metal boom 


line 


Yagi- 
Uda 
Driven x es 
Directors antennas 


element 
(a) (b) 


Figure 15-42 (a) Four-element Yagi-Uda antennas and (b) field pattern of the twin array 
for the range marker. The glide path is perpendicular to the page. 


15-19 The “Sugar Scoop Antenna” and the 3K Cosmic Sky Background Story 


The sky temperature is about 25 K at A = 1 m but only a few kelvin toward the zenith at à = 10 cm 
(see Fig. 15-44). Before 1965 it was generally thought that the sky temperature at the zenith at centimeter 
wavelengths would be close to absolute zero (0 K). 

The Bell Telephone Laboratory needed more accurate data to determine the SNR of intercontinental radio 
links via GSO satellites. So in 1965 Arno Penzias and Robert Wilson of the laboratory were comparing the 
antenna temperature T4 of a large alt-azimuth-mounted horn-reflector that resembles a giant sugar scoop with 
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Table 15-1 Temperature budget of horn-reflector radio telescope of Penzias and 
Wilson at 4.08 GHz (see Appendix E) 


Temperature measured at zenith 6.7+0.8K 
Temperature accounted for as follows: 

Atmospheric absorption 2.340.3 

Ohmic losses 0.8+0.4 

Ground pickup via back lobes <0.1 

Total accounted for 3.2405 3.20.5 
Residual (unaccounted-for) temperature 3.5+1.0K 


the temperature of a precision calibrated cold load 7z (Fig. 15-43) at A = 74 mm. When switching between 
the two gave a null result, it meant that the sky temperature and load temperature were equal, or T4 = Ty. 
The value Penzias and Wilson measured near the zenith in regions devoid of radio sources was 6.7 K. 

Of this 2.3 K could be attributed to radiation from the earth’s atmosphere and 0.9 K to losses or spurious 
pickup by the antenna. See the temperature budget in Table 15-1. This left 3.5 K unaccounted for. This was 
not large but not the absolute zero expected. Bird droppings and poor connections in the horn were suspected 
as the source but after the horn was cleaned and the joints were covered with conducting tape the results were 
unchanged. 

Thus, whenever Penzias and Wilson turned the scoop toward apparently empty sky, the 3 K residual 
persisted. This temperature is believed to be the background radiation from the cosmic fireball of the “Big 
Bang” that created the universe. It establishes a limit to the sensitivity of all sky scanning antennas. In 1978 
Penzias and Wilson shared the Nobel Prize for their discovery. See Fig. 15-45. 

Subsequent measurements with the Cosmic Background Explorer satellite (COBE) in 1983 set the 
temperature at 2.726 + 0.010 K . See Fig. 15-46, also Example 15-19.1. 

The microwave background radiation comes from the greatest distance in the universe, even beyond 
the quasars, and affords the ultimate look-back times— many billions of light-years. For review articles see 
Wilson (1), Wilkinson (1) and Peebles and K raus (2). 

The sugar-scoop antenna is also referred to as a Hogg horn after D. C. Hogg of the Bell Laboratories 
(Crawford-1). The horn turned vertical with beam horizontal is widely used on microwave towers for phone 
and data links. 


Beam 
ee 


Switch 


In 
Cold load 
Adjustable 


Horn reflector 
Figure 15-43 The sugar scoop and cold load with switch for null measurements. 
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Figure 15-45 Arno Penzias (left) and Robert Wilson with the giant “sugar scoop” 
horn-reflector antenna with which they found the primordial fireball. A small discrepancy led 
them to the grandest of all possible answers. (Courtesy, Bell Telephone Laboratories.) 


10° T T T T 
1 
Atmospheric H — Interstellar 
absorption œN} CN 
noise 
10° - J 
Roll and 
Wilkinson 
= 1404 Princeton ~N J 
> 
3 
we Penzias 
8 and Wilson 
= Bell Telephone ~~ 
= 4o68 Laboratory | 
10° - J 
2.7 K blackbody 
104 fi fi fi 
0.1 1 10 100 1000 


Frequency, GHz 


1000 700 10 1 0.1 
Wavelength, mm 
Figure 15-46 Microwave sky background measurements compared with a 2.7 K blackbody 
spectrum. Cosmic Background Explorer (CODE) measurements (1983) set the temperature at 
2.726 + 0.010 K. (After Wilkinson (1) and Peebles, and Weiss-1.) 
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EXAMPLE 15-19.1 Horn Absorber 

If a perfect absorber with the impedance of space 
(= 377 Q/square) is placed so as to completely cover the front a 
of ahorn antenna, it will ideally produce an antenna temperature 
equal to the absorber’s thermometer-measured temperature (see 
Fig. 15-46-1). If the absorber is completely shielded from the 
outside (open only to the horn) and is cooled, it can provide 
calibration temperatures for the radio telescope. Thus, if cooled 
to liquid helium temperature it will give a 4.1 K calibration. Or 
if the absorber temperature can be controlled so that when the 
absorber is in front of the horn the radio telescope response is the 
same as with the absorber removed, the temperature of the object 


~<— Absorber 


or region being observed by the radio telescope is equal to the 
absorber temperature. This null type of measurement was used on 
the Cosmic Background Explorer (COBE) satellite to remeasure ~<— low-noise 
the 3-K , 4-GHz sky background originally discovered by Penzias amplifier 


Receiver 


and Wilson. The temperature has now been evaluated more accu- . 

rately as 2.73 K . This temperature is believed to be from the rem- Figure 15-46-1 

nant of the primordial Big Bang and is the lowest possible antenna temperature for a sky-scanning antenna. 
If a narrow-beam 4-GHz antenna looking at essentially empty sky at the zenith has an antenna 

temperature of 4.73 K, how much is due to side lobes or antenna loss? 


E Solution 
4.73 — 2.73 = 2°C. Ans. 


15-20 LEO Satellite Link Antennas! 

The penetration of base-station towers into metropolitan and suburban areas now provides satisfactory service 
for many. H owever, the prospector in the A ndes M ountain valley or the camel driver in the Sahara Desert may 
be out of cell-tower range. To serve them and, in fact, anyone else almost anywhere on the earth, there are 
constellations of satellites in orbit, with more planned (M iller-1). See Fig. 15-47. 

At a cost of billions of dollars, M otorola deployed the Iridium system (1.65 GHz) with 66 satellites in 
low-earth orbit (LEO) at 780 km (Schuss-1). These satellites are positioned in six polar-crossing orbits with 
11 satellites per orbit. 

The Globalstar system (1.6 and 2.5 GHz) put up 48 satellites in low-earth orbit at 1414 km (Dietrich-1). 

The Teledesic system (19 GHz downlink, 29 GHz uplink) is planned to have 288 satellites at 1400 km or 
less. This system is to provide high-speed data links whereas the other's primary mission was phone service 
(Wertz-1). 

Because of their orbits, LEO satellite signals can come from high angles in the sky in contrast to 
cell-tower signals at low angles close to the horizon. As a result, cell-tower signals usually penetrate indoors 
and under trees better than signals from L EO satellites. Furthermore, cell-tower cell phones are lighter and less 
expensive. The LEO satellite constellations are also expensive to put up and to maintain. The LEO satellites 
are on the order of 100 times farther from the user, resulting in a 40 dB signal loss. And the 19 and 29 GHz 
(Ka band) frequencies are subject to attenuation from rain. These factors and the possible limited potential 


lwe thank Fred J. Dietrich of F-D Engineering for assistance on this section. 
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40,000 km 
(Molnya, quasi-GSO, 2-3 h at apogee) 
37,000 km [Geostationary (24-h) orbit (GEO or GSO) satellites, 


Spaceway, Astrolink, Euroskyway, KaStar, Immarsat, Intelsat, 
VSAT, television] 


30,000 km 


20,000 km [Medium-earth (12-h) orbit (MEO) satellites, 
Global position (GPS) and Glonass satellites] 


Outer 
Van Allen belt 
High-energy 

protons 


[Intermediate-earth (6-h) orbit (IEO) satellites, 
Odyssey, Orblink, Concordia] 


10,000 km 


ue 


Ellipso at apogee 


Zenith 


pe 
= 


Angle from 


750 to 1500 km [low-earth (2-h) orbit 
(LEO) satellites, Iridium, Teledesic, 
Orbcomm, Globalstar, Shybridge] 
Angle above 
horizon 


250 to 500 km [1.5-hour orbit: Shuttle, 
Space Station, Ionosphere] 


Figure 15-47 The electrons (in the ionosphere), the protons (in the Van Allen belts), and the 
satellites (LEO to GEO) in space above the earth. Note that the height of Mt. Everest is 
imperceptible on this figure. 
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market pose a challenge for the LEO systems. However, the LEO systems are not faced with the NIMBY 
problem. 

Fred J. Dietrich comments as follows: “Satellite antennas vary widely in their gain, beamwidth and 
coverage performance depending on the application (Dietrich-2). Higher gain always means higher Effective 
Radiated Power (ERP) for transmit and higher signal to noise for receive, but higher gains involve smaller 
coverage areas, thus resulting in tradeoffs.” Furthermore, he states: “In modern communications, which is 
almost all digital, methods of calculating RF circuit performance have changed. For example, with forward 
error correction and methods of demodulation, good communications can take place with lower SNRs than 
were previously possible, reducing power and antenna gain requirements.” The details of the antennas used 
and all the tradeoffs involved are too extensive to include here; however, it is instructive to calculate power 
requirements for several antenna system combinations. 


EXAMPLE 15-20.1 Hand-Held Uplink and Downlink Powers with LEO Satellite 
at 780 km and 1.65 GHz 

The satellite receiver has a temperature Tp = 45 K and an RCP antenna with 6 dBi gain. The bandwidth 
corresponds to a channel of 9.6 kHz. 

Assuming that audio communications are used so that an SNR = 10 dB is required and with the satellite 
10° off zenith, find the hand-held uplink power and satellite downlink power for hand-held antennas as 
follows: 

a) Uplink power for vertical 4/2 antenna 

b) Downlink power for vertical 4/2 antenna 

c) Uplink power for horizontal 1/2 antenna 

d) Downlink power for horizontal 4/2 antenna 

e) Uplink power for quadrifilar helix antenna directed at the zenith. It has RCP with a gain of 3 dBi. 
f) Downlink power for quadrifilar helix directed at zenith. 


E Solution 
From the Friis transmission formula 


Pr _ AerAet _ Dr Did? 


P, rR  (4r)}r? 


anon ene eee 


and since 
S P, 
N N 


the desired power can be found by 


S N (4nr\? 
P, = (|> — 
NJ D:Dı\ à 
working in dB for convenience 
Pia = SN Rag — D,a — Drag + Nag — Lads 


where the spreading of the energy as it propagates is being displayed as a spatial loss factor, that is, 


à \? (3 x 108/1.65 x 10°\? 16 
ta= (7) ` TS ) = 3.44 x 1071 = —155 dB. 
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(a) Uplink power for vertical 1/2 dipole 
The satellite antenna mostly subtends the earth, so the 
satellite antenna temperature for our purposes will be Sky 6 K 
300 K and the satellite system temperature is 
The noise power is 
N = kTysB = 1.4 x 107? x 345 x 9.6 x 103 
= 4.64 x 10- = —163 dB 


From (5-5-4), the pattern factor for the dipole can be 
found from 


Evert à/2 dipole) = cos (7 L) / sno 


where 0 = zenith angle (see Fig. 15-47, also sketch below). 
So for @ = 10°, E = 0.137 or —17.2 dB. A Iso since the dipole is linear polarized and the transmitter 
is circular polarized, there will be a —3 dB loss in coupling between the two. 


P,= 10 —(42.15 —17.2 —3) —(46) +(—163) —(—155) = 14.05 dB 
SNR Dipolegain Pat.fac. CPtoLPloss Sat.ant. Noise Prop. loss 


or 25.4 W required for SNR = 10 dB Ans. (a) 


Vertical 
A/2 antenna 


Field 
pattern 


Head, hand 
Bh and ground 
3A 

jsn) 300 K 


p 


(b) Downlink power for vertical 1/2 dipole 


A bout z of the beam area of the vertical à /2 dipole antenna subtends the sky while the other half subtends 
the head, hand and ground (300 K ); see sketch. Thus, the antenna temperature is 

1/1 1 
The noise power is then 


N = 1.4 x 1072 x 231 x 9.6 x 10? = 3.10 x 107!’ = —165 dB 


Ta 


so 


P,= 10 -—(42.15  —17.2 —3) —(+6) +(—165) —(—155) = 12.05 dB 
SNR Dipolegain Pat.fac. CPtoLPloss Sat. ant. Noise Prop. loss 


or 16.0 W required power. Ans. (b) 


(c) Uplink power for horizontal )/2 dipole 


With the 2/2 dipole being horizontal, the worst case is for @ = 80° in (6-5-4) for which E = 0.978 or 
—0.2 dB. Thus 


P,= 10 —(+2.15 —0.2 —3) —(46) +(—163) —(—155) = —2.95 dB 
SNR Dipolegain Pat.fac. CPtoLPloss Sat. ant. Noise Prop. loss 


or 507 mW required power for SNR = 10 cB. Ans. (c) 
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(d) Downlink power for horizontal )/2 dipole 
Asin Problem (b) with the horizontal dipole pattern factor 


P,= 10 —(42.15 —0.2 —3) —(46) +(—165) —(—155) = —4.95 dB 
SNR Dipolegain Pat.fac. CPtoLPloss Sat. ant. Noise Prop. loss 


or 320 mW required power for SNR = 10 dB. Ans. (d) 


(e) Uplink power for RCP quadrifilar helix antenna 


Proceeding as in Problem (a) except with the quadrifilar helix gain and a pattern factor as in Problem (c) 
(see sketch). In addition, since the helix is a circular polarized antenna there is no polarization loss, so 


P,= 10 — (+3 —0.2) —(4+6) +(—163) —(—155) = —6.80 dB 


SNR Helix gain Pat. fac. Sat. ant. Noise Prop. loss 


or 209 mW required power for SNR = 10 dB. Ans. (e) 


Sky 6 K Field 

(f) Downlink power for RCP quadrifilar helix antenna pattern 
About 85% of the beam area of the hand-held helix antenna subtends 
the sky (6 K). See sketch. The remaining 15% subtends the hand, Bde 
head and ground (300 K ). Thus, re id 

Ta = = 0.85946 + 0.15924300)K = 50 K 

A 
The hand-held receiver has a temperature of 75 K so the hand-held Head, hand 
system temperature is and ground 
300 K 

Tys = Ta + Tr = 50 + 75 = 125 K 
The noise power is then 

N = 1.4 x 107? x 125 x 9.6 x 10? = 1.68 x 107" = —168 dB 
so 

P= 10 -(43 -0.2 —(+6) +(—168) —(—155) = —11.80 dB 
SNR Helixgain Pat.fac. Sat. ant. Noise Prop. loss 

or 66 mW required power per channel for SNR =10 dB. Ans. (f) 
Summary of results: 
(a) Uplink power for vertical 4/2 dipole is 25.4 W. Sky 6 K 
(b) U plink power for horizontal à /2 dipoleis 507 mW. Field 


(c) Uplink power for RCP quadrifilar helix antenna is pattern 
209 mW. 
(d) Downlink power for vertical A/2 dipole is 16.0 W. 
(e) Downlink power for horizontal 4/2 dipole is =a 
320 mW. 
(f) Downlink power for RCP quadrifilar helix antenna 
is 66 mW. 

Thetypeand orientation of antennas play an impor- 
tantroleinthe power budgetin communications. They 


need to be a part of the engineer’s trade-off studies. 


eh and ground 
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EXAMPLE 15-20.2 Hand-Held Uplink and Downlink Power to LEO Satellite at 
1400 km and 1.6 GHz 

The conditions are the same as in Example 15-20.1 except that f = 1.6 GHz, height = 1400 km, and 
satellite antenna with 25° x 25° RCP spot beam. 

M odern digital communication techniques uses code division multiple access (CDMA) with digital 
encoding. Signal quality is expressed, not as SNR, but as E,/N,, where E, = energy/bit, No = signal 
power/Hz.A 6 dB E,/N, ratio provides satisfactory quality. Both £,/N, and SNR are dimensionless. 
With a bandwidth for an individual communications channel the same as an audio one or 9.6 kHz, find 
(a) the uplink and (b) the downlink power for RCP quadrifilar helix hand-held with peak at the spot beam 
half-power level and the satellite overhead. Find the uplink power for the satellite at 10° from the horizon, 
which puts the separation distance at 3500 km. 


— Solution 
From Example 15-20.1 the propagation loss factor for this satellite overhead is 


2 8 9\ 2 
La = ( . ) - (32 a) = 1.136 x 10716 = —159 dB 


dur 4r x 1.4 x 108 
40,000 
Satellite gain = J50 x 250 7 64 or 18.1 dB 


(a) Uplink power 
The satellite antenna temperature is again 300 K and the satellite system temperature 
The noise power is 

N = 1.4 x 107? x 345 x 9.6 x 10° = 4.64 x 1071" = —163 dB 
So 

P,=6 —(+3) —(418.1) +(—163) —(—159) = —19.1 dB 

SNR Helix gain Sat. ant. Noise Prop. loss 

or 12 mW required power for SNR = 6 dB. Ans. (a) 


(b) Downlink power 
From (f) of Example 15-20.1, the helix hand-held Tsys = 125 K so N = —168 dB. Thus 


P,=6 — (+3) —(+18.1) +(—168) —(—159) = —24.1 dB 
SNR Helix gain Sat. ant. Noise Prop. loss 
or 3.9 mW required power per channel for SNR = 6 dB. Ans. (b) 
(c) Uplink power with satellite 10° from the horizon 


A ssume that the helix has about the same pattern near the horizon so the only difference is the separation 
distance. The propagation loss factor is then 


2 8 9\ 2 
La=( 2 ) - (32 a) = 1.817 x 10-7" = —167 dB 


dur 4r x 3.5 x 106 
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So 
P= 6 — (+3) — (+18.1) + (—163) —(—167) = —11.1 dB 


SNR Helix gain Sat. ant. Noise Prop. loss 


or 78 mW required power per channel for SNR = 6. Ans. (c) 


EXAMPLE 15-20.3 Uplink and Downlink to LEO Satellite at 30 GHz 

Satellite receivers have higher noise temperatures at 30 GHz. Thus, Tr = 300 K, satellite antenna 
Ta = 275K, f = 30 GHz, height 1400 km, bandwidth per channel = 9.6 kHz, RCP satellite gain = 10 
dBi with 10 dB attenuation for rain. 

For uplink find (a) earth station antenna gain required for SNR = 10 dB; (b) the size required for a 
parabolic dish antenna with 70% aperture efficiency that tracks the satellite; and (c) the HPBW of the 
dish beam; and (d) earth station power. (e) For downlink find satellite power required with the determined 
antenna parameters. 


E Solution 
From Example 15-20.1 the propagation loss factor here is 


2 8 10\ 2 
La=( 2 ) -(22 a ) = 3.231 x 10719 = —185 dB 


Arr 4r x 1.4 x 106 


(a) Uplink antenna gain 


Asin Example 15-20.1 the starting pointis Friis’ transmission formula, which can be rearranged to solve 
for the dish gain 


p (PNN _ LPN ea) 
"DAN BIN AJ DNNIN BS 2 
where the noise was factored explicitly into the expression. Noting that SV R = P,/N and assuming that 
the transmitted power is assumed to be 1 W and with 
so that 
N/1W) =1.4 x 1073 x 575 x 9.6 x 10° = 7.7 x 1071 or —161 dB 


Then using decibels for convenience and adding propagation loss due to rain 


Dy dB = —Didp + SNRep + Nab — Lade — Lrain dB 
So 

D, = —(+10) +(410) —(—185) +(161) —(—10) = 34dB or 2512 

Sat. gain SNR Noise Prop. loss Rain loss 

But since the parabolic dish aperture efficiency is only 70%, the gain must be increased by a factor of 
1/0.7 or therefore should be 3588 or 35.5 dB for SNR = 10 cB. Ans. (a) 
(b) Uplink dish size 
From Example 3-7.1 the dish gain is G = 28(£)° where R is the radius of the dish or 
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|G 3588 
Dish diameter = 24,/— = 2 x 0.01,/ —— = 22 
ish diameter z3 x 0.0 z8 6 mm 

Commercial dishes for this purpose can be found that 
are about 450 mm, which would give a nice safety factor over the 226 mm calculated here. Ans. (b) 
(c) Dish HPBW 
From (2-7-9) the HPBW = „40000 _ aot _ 3.30 
Anse) Secondary 
(d) Earth Temperature Power or dish 
With the conditions of (a), (b), and (c) met as above, the pattern 
required earth terminal power is 1 W for an SNR = 10 dB. ic 
Ans. (d) antenna 
(e) Satellite power 
With the antenna parameters determined above and with the 
dish antenna T4 = 10K and the earth terminal receiver TR = i 
300 K and using the Parabolic pattern 

Tsys = 10 + 300 = 310 K ass 
or 

N = 1.4 x 107? x 310 x 9.6 x 10° 

= 4.2 x 1071" or —164 dB —————— oo 


And equation for the transmitted power from Example 15- 20.1 with rain attenuation added 


P,a = SN Rgp — Dap — Drag + Nag — Lads — Lrain dB 


or 
P, = +(+10) — (+35.5) — (+10 +(—164) —(—185) —(-—10) = —4.5 dB 


SNR Dish gain Sat. ant. Noise Prop. loss Rain loss 


or 355 mW for SNR = 10 dB. Ans. (e) 


Note that the downlink satellite power of 355 mW is about 1/3 the uplink earth terminal power of 
1 W because the beam of the earth receiving antenna-subtends more sky on downlink then 
receiving antenna on uplink. 


the satellite 


ioni in Fi -47- 4, — 
Another antenna option is shown in Fig. 15- 47-1. 088 | 
15-21 Asteroid Detection Antenna 


The earth was built up over billions of years by aster- 
oids striking the earth and adding to its mass. Over | 
time the rate of impact has decreased but impacts 


continue. Millions of years ago an asteroid striking Figure 15-47-1 The curl antenna 
the Y ucatan peninsula is believed to have wiped out (Nakano-1) is another candidate for the 
the dinosaurs. The impact is thought to have kicked earth terminal handset antenna. 
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up enough dust and debris to form a continuous cloud cover that blocked the sun resulting in a long dark 
winter all over the earth with catastrophic effects for both animal and plant life. 

Less than a hundred years ago, on June 30, 1908, the Tungska fireball slammed into the earth with the 
force of thousands of Hiroshima bombs, enough to destroy a major city. Luckily, it hit a remote, uninhabited 
Siberian forest laying waste to an area the size of Los Angeles. There was no advance warning (M allove-1). 
In July 1994, Comet Shoemaker-L evy-9’s collision with Jupiter provided a dramatic example of a comet 
or asteroid-sized object’s impact with a planet. And a few years later an asteroid whizzed by the earth too 


close for comfort. 


EXAMPLE 15-21.1 Asteroid Detection Antenna 

Assume an asteroid with diameter 1 km and a power reflection coefficient of 0.4 that of the RCS of a 
perfectly conducting sphere, which is similar to earth’s. A radar transmitting at 4 GHz with a peak power 
of 1 GW is used. The aperture efficiency, £ap, of the dish antenna is 75%. Since a typical asteroid’s orbit 
is 1.9 + 1AU and the orbit of Mars is 1.5 AU, then it is plausible that when earth and M ars are at their 
closest to one another we would first need to pick up the errant asteroid at a distance of only 0.4 AU from 
earth. A typical asteroid’s speed is 20 km/s: 

(a) What diameter dish antenna is required to providea10 dB SNR return signal if the system temperature 
(Tsys) is 10 K with a 1 MHz bandwidth? 

(b) Whatis the doppler shift of the return signal? 

( 

( 


c) What is the time/delay between the transmitted pulse and its reception? 
d) How much time is there before the possible impact? 
(e) What steps do you propose be taken if it appears that the asteroid will strike the earth? 


E Solution 
The radar cross section of a perfectly conducting sphere is given by 


OpEC = na" 


where a is the radius of the sphere. If the power reflection coefficient for the asteroid is 0.4 and it radius 
is 500 m, its radar cross section would be 


o =04x2(2 x 10° m)? = 1.6m x 10 m? 


Since 1 AU =1.5 x 10 km, then the asteroid is 6x101? m from earth. The wavelength, à, is 300 M m s7}/ 
4 GHz = 0.075 m. 
(a) From the radar equation (17-5-3) and Eq. (2-9-6), we can write 


_ GitoP; 
O (4n)3r4 
For acircular aperture, the gain, or in this case directivity since we will assume a lossless antenna, is given 
by Eq. (9-8-9). The noise power in the system is given by Eq. (17-1-3). Dividing the above equation by 
(17-1-3) to obtain the signal to noise ratio SNR, plugging in (9-8-9) and solving for the diameter of the 
dish d, we obtain 
fe 642? r*kTeys BSNR 
apto P; 
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or 


dt = 


64(0.75)?(6 x 101)4(1.38 x 10-23)(10)(1 x 10°)(10) nf 
(0.75)2(1.672 x 108)(1 x 109) 


= 7.24 x 10° m4 
so d = 292 m. 
(b) The doppler shift can be found from 
cAf 
or 
_ 2v 22x 10*) a. 


(c) The time delay for the radar signal, remembering that we must take into account the travel time to the 
object and back, is found from 


2r 2(0.4 x 1.5 x 10!) 
At = on 3x 108 s = 400 s = 6.67 min 


(d) The time before impact would be 


fF. OAx15 x10! 6 
salt 7x 104 s = 3 x 10° s = 34.7 days 


(e) The size of the dish necessary to give even this short amount of response time is very large. A recibo 
is 305 m in diameter. So it would be necessary to utilize the biggest dish in the world to search the orbital 
plane for just 35 days of lead time. 


15-22 Leaky Transmission Lines as Antennas 


There is a need for communication with cellular phones and other wireless devices inside buildings. Two 
simple methods are to use: (1) a leaky coaxial transmission line which can be installed over the false ceilings 
of the rooms in a building or (2) a Goubau or “G-string” (Goubau-1). 

In a regular flexible coaxial cable the wire strands of the outer conductor are tightly woven to prevent 
leakage. By using fewer strands and a more open weave the line will leak radiation along its length, providing 
the desired linkage to wireless devices. 

A dielectric-coated single-wire waveguide is shown in Fig. 15-48 for guiding a wave between launcher 
and collector. The openness of the system allows radiation which can permit communication with cellular 
phones or other wireless devices. For example, stringing the wire high above the floor between the ends of a 
large exhibition hall can permit wireless communication throughout the hall. 


15-23 Artistic Antennas (Fractals) 


Three artistic antennas are shown in Fig. 15-49. The Sierpinsky-triangle bow-tie antenna and the B arnsley- 
Fern dipole antenna are examples of a large class of fractal antennas. Fractals are structures that preserve 
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line Long-coated line 
i L conducting wire | œ 
Wire diameter A, 
3y iy 0.02) at 


Horn-type with coating Horn-type 
launcher 0.0005, thick collector 


Figure 15-48 Single coated-wire open waveguide, or “G string.” (Goubau-1) 


their shape at different scales. M any are exotic in appearance. They also provide new insights into antenna 
and array design (Barnsley-1; Prusinkiewicz-1; M andelbrot-1; Kim-1; and Werner-1). 

The promethea moth antenna in Fig. 15-49 is an example of many insect antennae? that look like radio 
antennas. Historically, it is the other way around. What we now call a radio antenna was known originally 
as a wireless aerial. Marconi and other early pioneers then began to call them antennas because of their 
resemblance to insect antennae. 

The moth antenna resembles a twin log-periodic antenna with elements that are like folded dipoles. 
Interestingly, the self-repeating different-size structure of a log-periodic antenna qualifies it as a fractal form. 

The impedance variation of two M inkowski fractals, a solid plate and square loop are shown in Fig. 15-50. 


15-24 Cell-Tower Trees 


In urban areas cell-tower antennas can be camouflaged in building cornices, church steeples, and bell towers. In 
suburban areas the artificial tree has become popular. A steel and aluminium tower with antennas is encased in 
a plastic tree trunk with protruding plastic limbs. In colder climates the “trees” are made to resemble pine and 
spruce trees. In warmer climates they are made to resemble palm trees. 


15-25 Antennas for Terrestrial Mobile Communications Systems by Pertti 
Vainikainen? 


The rapid development of mobile communication systems has led to the use of novel antennas for base 
station (BS) and mobile station (M S) vehicular and hand-held applications (Fujimoto (1) and J ames; Siwiak-1). 
The frequencies of terrestrial mobile radio systems range from below 200 MHz to over 60 GHz. The most 
significant of these are the analog and digital cellular radio systems, whose main frequency ranges are around 
800-1000 MHz and 1700-2200 MHz, and the Wireless Local Area Network (WLAN) systems at around 
2.4-2.5, 5.1-5.8 and 17 GHz. The bandwidths of cellular systems vary from about 8 to 17% with typically 
two distinct frequency bands for each system due to Frequency Domain Duplexing (FDD). The bandwidths 
of WLAN systems are below 5% due to higher center frequency and the use of packet-type data transmission. 


15-25a Base Station Antennas 


The BS antennas should direct signals to the wanted coverage area as effectively as possible. In the case 
of cellular systems, it is also beneficial that the distribution of the power is restricted accurately in order to 
minimize the frequency reuse distance in the system. 


1N ote that for insects the plural is antennae (the Latin plural) versus antennas for radio. 
2Radio Laboratory, Helsinki University of Technology. 
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ARTISTIC ANTENNAS (FRACTALS) 
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Milin 


Figure 15-49 Three examples of artistic antennas that are fractal types. The lowest one is 
the antenna of a moth. 
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VSWR approximately 2 or 
less from 2 to 5 GHz. 
Impedance curve has 

2 loops. 


COAX 
CONNECTOR 


More impedance fluctuation 
than for plate with curve 
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resonance. 
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MINKOWSKI 
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Still more impedance 
fluctuation from non-resonant 
to resonant conditions 
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loops with 2 frequencies, 
650 MHz and 2.5 GHz, 
very close to resonance. 


100 SIDES 


~~ 

ee Z 
ames 
3 GHz 2.5 GHz 300 MHz 
Figure 15-50 Impedance variation with respect to 50 Q for flat plate, square wire loop and 
Minkowski fractals of first and second iteration. Note the extreme impedance fluctuations of the 
fractal antennas compared with the plate and square loop. The two radials are 17 cm overall. 
(Impedance measurements courtesy of Dr. Daniel Fleisch, Aeroflex-Lintek Corp.) 
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Nonadaptive Base Station Antennas. The gain of the BS antenna toward the coverage area should 
be as high as possible. On the other hand the coverage area must be large, so the directivity cannot be increased 
much in the horizontal plane. This is the case in traditional nonadaptive antennas. Thus, the gain is increased 
by decreasing the beamwidth in the vertical plane, which results typically in gain values of 5 to 17 dB. 
The horizontal plane beamwidth varies typically between 50° and 360°. Directive antennas are used at the 
sectorized BS sites usually having 2 to 3 sectors. In atypical 3-sector configuration the beamwidth of a single 
antenna is usually about 65° instead of the obvious 120° to optimize the coverage and interference in the 
network (see Fig. 15-51a). 

The vertical beamwidth varies typically between 10° and 70°. The beam of BS antennas may be tilted 
(typically less than 15°) down to reduce the interference level in neighboring cells (Fig. 15-51b). Sometimes 
the beam is shaped so that the vertical plane side lobes above the main beam are minimized (Fig. 15-51b). 

In addition to the radiation characteristics and bandwidth, important aspects of BS antennas are weight, 
wind load, size and appearance. Common types are dipoles, corner reflectors, patch arrays (Zurcher-1) and 
horns. B y adjusting the angle of the corner reflector between 60° and 270°, horizontal half-power beamwidths 
of 60° to 180° can be obtained. Indoor environments can employ leaky lines atthe base station. A leaky lineisa 
coaxial cable with a leaky outer conductor (see Sec. 15-22). The radiation from a leaky feeder is characterized 
by the coupling factor giving the ratio between the power traveling in the cable and the power received by a 
half-wave dipole located at a certain distance from the cable. Typical norm distanceis 3 mand then the coupling 
factor is typically 70 to 80 dB. With higher coupling giving the coupling factor of 50 dB the attenuation in 
the cable increases. Normally the attenuation is about 5 dB/100 m at 900 M Hz for a cable having the outer 
diameter of 20 mm. The cable can be terminated with a matched load or with an antenna. 

Base station powers may be over 300 W outdoors and 30 W indoors. 


Antenna Diversity for Base Stations. Diversity techniques can be used in base station receivers to 
reduce the effects of multipath fading. In antenna diversity several receiving antennas are used to obtain 
independent samples of the incoming field. It is unlikely that all these signals will experience a deep fade 
simultaneously. T he diversity gain compared to single-antenna reception is a statistical feature depending on 


Sidelobes 
60 
120 width 65°. | T Tae 
as p > m 
Down-tilted Low-interference 
T main beam region 
(a) (b) 


Figure 15-51 Typical beam patterns for base station antennas: (a) horizontal plane pattern 
for a 3-sector base station site, (b) vertical plane pattern. 
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the probability distribution of fading, the selected probability level, the number of diversity branches, the 
correlation between the signals in different branches, the relative signal levels, and the diversity combining 
techniques used (J akes-1; Vaughan (2) and Andersen). The most common number of diversity branches in 
mobile systems is 2, which combines low complexity with fairly high system gain of up to 10 dB at 99% 
cumulative probability level for selection combining of Rayleigh fading channels. If the envelope correlation 
between the diversity branches is below 0.7 and the difference between the average signal levels below 5 dB, 
the reduction of diversity gain is fairly small. The diversity reception techniques range from simple selection of 
the strongest signal in “selection combining” to optimal in-phase combining of signals weighed according to 
their signal to noise ratios in “maximal ratio combining.” In a digital communicator system with substantial 
signal processing capacity, maximal ratio combining is used at the base station as it provides the highest 
diversity gain. 

The most popular antenna diversity techniques at cellular base stations are space and polarization diversity. 
In space diversity, low correlation between the signals is achieved by locating the diversity antennas far enough 
from each other. The required distance is determined by the spatial correlation properties of the incoming 
field. The correlation properties depend on the angular distribution of the multipath signals, so that wider 
angular distribution (larger angular spread) results into shorter correlation distance. Antenna separation of 
20 to 40 wavelengths is typically required at traditional elevated base stations, as the scatterers are in this 
case concentrated close to the hand-held unit. In urban areas small cells (“micro” and “pico” cells) are used 
to achieve more capacity. In these, the base stations are usually situated below the rooftops or indoors. In 
this case the angular distribution of the signals at the base station is wide and an antenna separation of less 
that one wavelength is adequate to ensure low correlation between the diversity branches. The feasibility of 
polarization diversity is based on the low correlation between vertically and horizontally polarized electric 
field components especially in urban environments (Vaughan-1). Polarization diversity is useful for hand-helds 
since these have both vertical and horizontal components due to tilting of the phone. At the base station +45° 
slanted linear polarizations can be used to obtain equal signal levels in both diversity branches (L indmark-1; 
Ojanpera-1). 


Adaptive Base Station Antennas. |n terrestrial mobile communications, the user distribution and 
propagation channel for each user changes continuously. The basic task of the adaptive BS antenna is to 
improve the Signal-to-I nterference and N oise Ratio (SINR) of single connections and maximize the coupling 
between the base station and the wanted user while minimizing the coupling with other users (Bach-1). 
This may be accomplished equally well both in the uplink (from MS to BS) and in the downlink direction. 
This requirement creates an obvious optimization problem as the complex multipath propagation channel can 
usually be fully detected only at the base station and thus information required for adaptation is available only 
for uplink. The respective information for downlink must be either estimated, which is difficult especially for 
FDD systems where the duplex separation is often larger than the correlation bandwidth of the propagation 
channel, or feedback control should be used, which increases the required signaling capacity. Therefore, the 
downlink direction is critical for the system gain obtained through the use of adaptive BS antennas. The 
benefits obtained by using adaptive BS antennas can be classified as: 


e Increased capacity due to increase of the SINR 
e Increased coverage or range due to higher apparent gain of the BS antenna 
e Reduced output power especially at the M S, where battery lifetime is critical 


Three Types of Adaptive Base Station Antenna Options 


(1) Switched beam antennas. A straightforward means to adapt to the changing mobile station distribution 
is to use a BS antenna with several selectable beams, of which each covers a certain part of the cell area (see 


“c15” — 2010/3/22 — page 580 — #58 


The McGraw-Hill Companies 


15-25 Antennas for Terrestrial Mobile Communications S ystems 581 


Fig. 15-52a). Typical implementation of such a switched beam antenna is based on a Butler matrix, which 
provides one orthogonal beam per antenna element. The benefit of the switched beam antenna is that only 
fairly simple RF signal processing is required, which makes it possible to apply the techniques also in existing 
systems. The drawback is the limited adaptivity. 

(2) Beamforming. Adaptive beamforming implemented at RF or baseband can be used to form pattern 
maxima to wanted directions and nulls to unwanted directions as shown in Fig. 15-52b. However, due to the 
limited number of antenna elements in practical adaptive BS antennas, only a few maxima and nulls can be 
realized simultaneously. Furthermore, broad multiple-null minima may be required, because the path between 
BS and MS is spread in angular domain due to local scattering around the mobile unit (see Fig. 15-52b). 


Interferer 


DSP network 
Unit (beam- 
m space 

z comb.) 


TRXN |-}——, 


TRX2 SCEN M 
forming 


(c) 


Figure 15-52 Adaptive antenna principles. (a) Beam patterns of a switched beam antenna 
realized with a Butler matrix and a linear array of four reflector-backed dipoles, (b) beamforming 
with maxima toward wanted signal paths and a broad minimum toward an interferer, 

(c) adaptive array configuration with optional RF beamforming network like a Butler matrix for 
beamspace combining. 
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(3) Adaptive arrays. The most comprehensive and complex configuration for adaptive BS antennas is the 
fully adaptive array, where each antenna element is connected to a separate transceiver and digital signal 
processing is used to control the signal weights (see Fig. 15-52c). Beamspace combining with, for example, 
a Butler matrix as the RF beamforming network can also be used to improve signal-to-noise ratio in receiver 
adaptation. Direction-Of-Arrival (DOA) finding and optimization algorithms are used in reception (uplink 
direction) to select the complex weights separately for the multipath propagation channel of each mobile user. 
The weights can be reused in transmission quite directly for TDD systems. For FDD systems the transmission 
weights are estimated based on the DOA information. 

The use of adaptive arrays at both ends of the radio link would increase the link capacity. The efficiency of 
the M ultiple Input- M ultiple Output (M M O) systems is based on the existence of several parallel independent 
channels in scatter-rich environments (Foschini-1). 


15-25b Mobile Station Antennas 


The antenna for a mobile phone should enable connection to the base station in all locations and orientations 
of the mobile unit. For small cellular hand-helds, the incoming field consists of several multipath signals so the 
antenna receives several signals with random directions of arrival and polarization . Therefore, it is difficult 
to set any clear requirements for the antenna. In most environments vertical polarization dominates making a 
vertically polarized omnidirectional antenna, like a vertical dipole, preferable. B ut the head of the user may 
block some of the signal. The most critical performance goals especially for the antennas of small portable 
phones are adequate bandwidth (see Sec. 15-25a) and high efficiency, which are difficult to achieve simulta- 
neously for small antennas (H ansen-1). As small antennas for cellular systems are usually self-resonant, their 
performance can be evaluated by using the unloaded quality factor, from which the bandwidth with certain 
matching criterion at the edge of the band can be calculated in the following way: 
S—1 
BW = —— 1 
0,5 a 


where 
BW = relative impedance bandwidth, dimensionless 
S=VSWR at the edge of the frequency band, dimensionless 
Q,, = unloaded quality factor of the antenna, dimensionless 

Equation (1) holds for the situation where the matching of the antenna is perfect atthe center frequency, i.e., 
with critical coupling of the resonant antenna to the feed circuitry. The typical matching criteria are return loss 
of 10 dB giving S = 1.9 and BW = 2/(3Q,,) and return loss of 6 dB giving S = 3.0 and BW = 1.16/Q,,. 
A bout 10% wider bandwidth can be obtained with slight overcoupling (Hirasawa-1; W heeler-2). 


Antennas on Cellular Handsets. The volume of a typical handset is less than 100 cm? and of the 
antenna is no more than about 5 cm?. At 800 to 900 MHz, this requirement makes it difficult to achieve 
system bandwidths of 10% without inducing currents on the entire handset chassis, making the antenna 
element act more as a coupling structure than a radiating element (Fujimoto-1; Vainikainen-1). Another 
possibility combines small effective volume and large bandwidth by using a retractable whip antenna. 


Dipole and Monopole Antennas. The retractable whip antenna is typical on handsets (see lowest 
photograph opposite page 1). It may be considered equivalent to either a monopole with the phone chassis as 
the ground “plane” or an unsymmetric dipole, whose other half is the phone chassis. The length of the whip 
can be 4/4 or 34/8. The reason for using 34/8 whips is to shift the current maximum farther away from the 
user and reduce the currents on the phone chassis. In this case the antenna works above its resonant frequency, 
which has to be taken into account in the matching circuitry. The unloaded quality factor of a à /4 monopole 
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or A/2 dipole is around 5 (see Chap. 6), which means that with them it is fairly easy to obtain the required 
impedance bandwidth. The whip antenna is usually retractable so that a normal-mode helical antenna can 
“take over” as the whip is retracted (Fig. 15-53a, b). 


Normal-Mode Helical Antennas. A normal-mode helical antenna may be used for circular polarization 
(Sec. 8-22). Dual band operation is obtained by using two different pitch angles. 


Internal Antennas. The antenna may be enclosed inside the handset. There are two main types of these 
antennas: planar antennas and chip antennas. A planar antenna is usually a 4/4 microstrip mounted on the 
conducting chassis of the handset (Fig. 15-53c). Planar antennas are 4/4 microstrip antennas or Planar 
Inverted-F Antennas (PIFAs) (Ollikainen-1). The chip antennas are very small and they must be mounted in 
a certain manner on the circuit board of the phone (Nagumo-1). M iniaturization methods like meandering 
or high permittivity are often used with internal antennas. Internal antennas may result in a sacrifice in 
performance, especially if the hand is over the antenna or the unit is close to the head. 


Antenna Diversity for Mobile Stations. Antenna diversity is difficult to implement on handsets 
because of limited space. Therefore, simple diversity combining techniques like selection combining are 
preferred. The angular distribution of theincoming field for the mobilestation is typically quiteomnidirectional 


A/2 dipole 
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Normal mode 
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Figure 15-53 (a) Handset with dual frequency normal-mode helix and 4/2 dipole retracted, 
(b) Handset with 2/2 dipole extended, (c) Planar internal multiband antenna. 
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and thus the correlation distance is on the order of half wavelength. It has been shown that low correlation 
between the outputs of two antennas can be achieved in cellular handsets with antenna spacing less than 0.2 
wavelength. In this case, however, the decorrelation is caused partly by differences in the power patterns and 
polarization properties of the antennas (B raun-1; K 0-1). 


15-26 Antennas for Ground Penetrating Radar (GPR): Pulse Bandwidth 


Radar techniques are used for the detection of underground anomalies both natural and man-made. These 
anomalies include all kinds of buried metallic and nonmetallic objects, voids under highways and earth 
inhomogeneities. Like above-ground-radar, aGPR receives and displays the radio echo of a short transmitted 
radio pulse, but with some important differences (Peters-1; M ontaya-1). 
1. Distances are usually so small that the object is in the near field of the GPR antenna. Thus, the radar 
equation which assumes far-field conditions cannot be applied without modifications. 
2. The ground is a lossy medium with attenuations ranging from 10 dB/m at 3 to 300 MHz to 100s of 
dB/m at GHz frequencies. 
3. Thereis a large mismatch at the air-ground interface under the GPR antenna. 
4. Pulse lengths must be short, of the order of a few nanoseconds with repetition rates of 50 Hz to 
1 MHz with resulting spatial resolution of 0.3/,/é; to 3/,/e, m where s, = relative permittivity 
of the ground. The short pulse generates a broad spectrum signal. Thus, a 1-ns pulse generates a 
spectrum measured in GHz. 
Theantennais avery critical component of a GPR system. 


Typically two dipole antennas are used, one for transmitting Mansit 
and the other for receiving, with the pair of dipoles placed 
parallel to and close to the ground. To reduce reflection of the igs 


pulse from the ends of the dipole to avoid “bouncing pulses” 
and “ringing” effects, the dipole elements may be made of <P <q 
resistance strip as suggested in Fig. 15-54. The wide angle 

part has low resistance and the narrow angle part has high Receive 

resistance per unit length, forming, in effect, a resistance 
loaded bow-tie antenna. It is important that the transmission 


lines be well matched at all junctions. The following example 
illustrates the principles. 


Figure 15-54 Resistance-loaded 
bow-tie antennas for GPR. Plan view 
(from above). 


EXAMPLE 15-26.1 Ground Penetrating Radar for Highway Inspection 


Erosion and subsidence under highways Boiie-snianhas 
can cause pavements to collapse. To Transmit Receive 
detect such conditions before collapse, 
GPR can be used with a pair of bow- 
tie antennas, as in Fig. 15-54, towed 
in a cart along the highway (to right in 
Fig. 15-55). 


E Problem 

To detect such pockets a short Gaus- 
sian pulse is transmitted using a carrier 
frequency low enough to penetrate the 


my 
Cart motion 


dı Concrete, £, = 4 


œ% 


Water, e, = 81 


Figure 15-55 Arrangement of bow-tie antennas with 
respect to pavement. Antennas are perpendicular to the 
page and are towed to the right. 
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lossy pavement.The pulse must be short enough to resolve the weak echo off the pavement bottom 
from the strong echo off the top of the pavement as suggested in Fig. 15-55. 

Let the echo time off the top of the pavement =r, off the bottom of the pavement = t2 and off the 
bottom of the water pocket = 73. If t1=0.3 ns, t2=2.4 ns and r3=14.4 ns, find the thickness of the pavement 
dı and of the water pocket d2. 


E Solution 
dy = (n —n)c/2fé, = 2.1 x 10-9 x 3 x 10°/2V4 = 0.16 m = 16 cm 


dy = (t — )c/2f/é = 12 x 107°? x 3 x 108/281 = 0.20m = 20cm. Ans. 


EXAMPLE 15-26.2 Design of Bow-tie Antennas for Example 15-26.1 by 
Jonathan D. Young1 

A radar with Gaussian pulse at kHz repetition rate that digitizes the band-limited “impulse response” 
echo requires an antenna with a wide bandwidth. A ssuming that the radar uses a Gaussian baseband pulse 
whose 3 dB duration is 1/2 the required differential time delay ‘gifs = 2 ns as calculated in Example 
15-26.1 or 1 ns. By Fourier transform, the required antenna bandwidth f, for this short pulse is 


fo = 2/toitt 


E Problem 
(a) Calculate the required bandwidth for the antenna. 
(b) Does a 60° bow-tie antenna have adequate bandwidth for the 1 ns pulse? 


E Solution 

(a) tait = 2.3 — 0.3 = 2 nsand fp, =2/2ns=1GHz. Ans. (a). 

(b) M ake the bow-tie length such that the antenna second resonance (X = 0) occursat1 GHz (à = 0.3m). 

Assume that the pulse generator is matched to the 180 Q antenna resistance at 1 GHz (see Fig. 9-8- 1a). 
At this “center frequency” f., the power transfer P, is given by Pe = V?/4Re. At other frequencies 

fp the power transfer is given by 


Pf =V°P(f)/[Re + RCA) + jX) 

Dividing, wehave Pr /P. = 4R-Re/[Re+R(f)+ 7X (f)]. Using the impedance data of Fig. 11-8-1, 
the impedance bandwidth of the 60° bow-tie antenna may be estimated by finding the limiting frequencies 
where 

|Py1,2/ Pel = 1/2 

Since the center frequency is 1 GHz and the length is such that //A = 0.33, the bow-tie half-length 
1 = 10 cm (see Fig. 15-54). From the impedance curves of Fig. 11-8-1a and b, the power transfer vs. 
frequency is as shown in Fig. 15-56. 

The lower frequency limit is 400 MHz. The upper frequency limit is well above 1.4 GHz. Thus, the 
60° bow-tie antenna will provide ample bandwidth for the pulse. Ans. (b). 

Adding tapered resistance sections to the bow-tie,as in Fig.15-54, reduces reflections, primarily at 
lower frequencies, making it easier to match the antenna to the generator. T he presence of steel reinforcing 


TE lectroScience L aboratory, Ohio State U niversity. 
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Figure 15-56 Relative power transfer for a 60° bow-tie antenna of half-length / = 10 cm 
using the curves of Fig. 11-8-1a and b. 


the problem. However, the bar spacing is usually sufficient forming an “open-type” structure or mesh that 
permits microwave penetration. 

In most antenna applications the pattern is of primary concern. In this application bandwidth is the 
critical factor. 


15-27 Embedded Antennas 


A 4/2 dipole embedded in a dielectric medium will resonate when its physical length is 0.54/,/e, where 
e, = relative permittivity of dielectric, assuming dielectric of infinite extent. Thus, if €» = 4, the 4/2 dipole 
will be only half its free-space size. In a dielectric of finite size the reduction is less but it may be an advantage. 


The 4-patches of the CP array of Fig. 7-41-1 are embedded in dielectric. They are located on a dielectric 
substrate and are covered by a dielectric sheet or radome. Thus, the patch conductor is part of a dielectric- 
conductor-dielectric sandwich. The conductor elements of the frequency-selective surfaces of Chap. 13 are 
also embedded in dielectric. 


In Bluetooth! technology, wireless links replace coaxial cables for interacting RF networks at short ranges 
(50 m or less) (Perez-1). Here embedded antennas are useful because of space restrictions. For example, a 
4/2 dipole for 2.6 MHz which would be 5.8 cm long in air is reduced to about 3.5 cm in a dielectric module 
of s, = 3.0 as shown in Fig. 15-57. 


15-28 Ultra-Wide-Band (UWB) Antennas for Digital Applications? 


In converting to digital transmission, it was found that many antennas that worked satisfactorily with analog 
waves worked poorly with digital ones. The reasons are: 


1. Digital signals use short pulses and these require wide bandwidths. Thus, digital TV is allocated 
twice the bandwidths of analog TV. 


1Named for “Bluetooth,” the 10th century K ing Harald I1 of Denmark. 
2We thank Prof. Jonathon D. Young, ElectroScience Laboratory, Ohio State U niversity for assistance on this section. 
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Figure 15-57 Half-wavelength dipole embedded in a dielectric for Bluetooth application. 


2. A pulse will radiate from different parts of the antenna at different times causing phase dispersion of 
the pulse and degrading of the signal. 


For example, the vee antenna of two rhombic-shaped plates of Fig. 15-58a can radiate from the feed and 
corners of the plates. These pulses have different time delays as a function of both frequency and angle. Thus, 
the problem is complex. The following analysis provides insights that are useful for modifying the antenna 
so that it will transmit a pulse without significant distortion or phase dispersion. 

The standard definitions for gain and beamwidth become inadequate for UWB applications, since they 
are defined on the basis of a single frequency. In order to overcome this situation, modified definitions are 
proposed by Gwynne and Young (Gwynne-1; Young-1) to define a compact means for determining a UWB 
antenna’s merit. These functions define the normalized spectral pattern and transient functions, as well as 
gain and beamwidth parameters. 

Since the matching of the antenna will normally vary over such large bandwidths, it is necessary to take 
this into account in the definitions. Transfer functions defining the power transfer between the antenna and 
the transmitter or receiver are the starting points. 

For the transmitting case, the transfer of power T, (f, 6, @) from the voltage generator Vr with impedance 
Zr into radiated power of an antenna with impedance Z4 is 


Vi a2 _ E(f,6,¢) z 
Z +Z (f, 6,6) = = W m~’) (1) 


where E(f, 6,6) = radiated field (V m~!), Z, = intrinsic impedance of free space (Q), Ti(f, 0, $) = 
transmitting transfer function from the total power expended in the system to the total power radiated and is 
a function of frequency (f) and angle (0, œ) with units of m~!. The total power radiated, Prag, as in Sec. 2-7 
can be related to the gain of the antenna G such that 


vž 2 G(F,0,¢) G VŽZa 


= Prad = 2 
Zr + ZA b 4rr? sad 4rr? (Zr + Za)? (2) 


where r = far field distance, m 
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Figure 15-58 Rhombic Vee ante 


nna. (a) Top and side view of vee antenna of two rhombic 


plates and (b) its pulse time dispersion (or normalized transient pattern function) versus angle 
from 0.3 to 2 GHz (100 cm to 15 cm wavelengths). 


Thus, the Transmitting Power Transfer 


VG 
——— e 
Zr + ZA 2r / T 


where the phase term has been reinstated i 
of the antenna using the equations in Sec. 


z E 
Th(f, 0,0) = JBh,} Zr 4 a, te 


Ty(f, 0, $) = 


e iPr 


“c15” = 


Function is 


jêr (m71) (3) 


nto the equation. This can also be related to the effective height h 
2-10 such that 


t (4) 


m 
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where the effective height h = E/V,-, with units (m), is the parameter that relates the incident field to its 
open-circuit voltage. 

For the receiving case, the transfer of power, Rp(f, 0, ¢), from the antenna into the terminal load with 
impedance Zp is 
Vi 
ZR 
where Rp (f, 6, 6) = the Receiving Transfer F unction from the power received in the antenna to the power 
delivered to the load. From Sec. 2-9, the power received is 


E? 
z ep) = (W) (5) 


V? E 
PaRoža, W 6 
ZR Zo mv) (6) 
where A, = effective aperture (m2). Therefore, 


Ro(f,0,¢) = VAe M) (7) 


Again utilizing the definition of the effective height, it can be shown that the Receiving Power Transfer 
function is 


ZRZo n 
(Zr+ Za) 
A Normalized Spectral Pattern Function may now be defined, as a UWB generalization of the single- 
frequency normalized antenna-pattern. Normalizing the transfer functions to their on-axis responses (or 
maximums if the on-axis value is a null) deconvolves the antenna on-axis response from the pattern data, 
which removes the dependence on impedance matching. T hus, the Normalized Spectral Pattern F unction is 


P(f,0,¢) = Ti(f,9,9) _ _Ro(f, 8,9) (dimensionless) (9) 


Ty(f,0a,ba) — Ro(f, 0a, a) 
where the subscripts denote the on-axis angle. 
Next a Normalized Transient Pattern may be defined. This helps identify and visualize the radiation centers 
of a broadband antenna through the delay of energy in the resulting plots. Itis achieved by Fourier transforming 
the individual spectra of the Normalized Spectral Patterns into the time domain, such that 


P(t,0,¢) =Z{W(f)P(f, 9, o)} (dimensionless) (10) 


Ri(f, 9,9) = (m) (8) 


where W(f) = dimensionless windowing function (i.e., Hamming window to reduce Gibb’s phenomenon). 

To illustrate, the rhombic vee (Fig. 15-58a) has a pulse response function, or pulse time dispersion, versus 
angle as shown in Fig. 15-58b. As a consequence of on-axis normalization, the on-axis time response is a 
“best approximation” of a perfect impulse, given the finite frequency band of measurement. In this case, its 
1-ns pulse reflects a measured data range of 0.3 to 2.0 GHz (100 cm to 15 cm wavelength) in 0.1-GHz steps. 
The pulse travel time “tracks” traced by the impulse energy bursts versus angle can be diagnosed as energy 
from radiation centers such as the rhombic corners and tips. This leads to pulse distortion off-axis. If this 
antenna were used for UWB synthetic aperture radar imaging, the echo of a single small off-axis radar object 
would create a string of pulses, as if several objects were present. As a digital communications antenna, the 
off-axis coherent signal might get distorted sufficiently to create an error. However, if the antenna is of a 
gradually tapered smooth design (no corners), like the antenna in Fig. 15-59, the dispersion is significantly 
reduced both on and off axis. 
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Figure 15-59 Tapered smooth Figure 15-60 Plasma-tube antenna. 


vee antenna in to and side view. 


15-29 The Plasma Antenna 


A plasma surface wave can be excited along a column of low-pressure gas (such as argon) by adequate RF 
power coupled to the column in a glass tube as in Fig. 15-60. The length of the column that is excited is a 
function of the power applied. Radiation efficiency is in the range of 25 to 50% (Borg-1). 

The plasma antenna has applications where the antenna RCS should be small compared to a metal antenna 
when no power is applied. W hen not transmitting the RCS is only that of the thin-wall glass tube. With a laser 
beam producing the plasma column in air in place of the plasma tube, the RCS becomes zero when the laser 
is off (Anderson (1) and Aiksnoras). 
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Problems 


15-4-1 Horizontal dipole above ground. A thin 4/2 dipole is parallel to a flat, perfectly conducting 
ground at a height 4 above it. (a) Calculate and plot the gain of the dipole in the zenith direction as a 
function of height 4 for heights from zero to à. Express the gain with respect to a 4/2 dipole in free space. 
Assume zero losses. (b) Repeat (a) for dipole loss resistance Rz = 1 Q. 


15-4-2 Horizontal dipole above imperfect ground. Calculate the vertical plane field pattern broad- 
side to a horizontal 4/2 dipole antenna 2/4 above actual homogeneous ground with constants «/. = 12 and 
o = 2 x 1073 271 m~? at (a) 100 kHz and (b) 100 MHz. 
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15-4-3 


15-4-4 


15-9-1 


15-9-2 


*15-9-3 


Loop plus 


auxiliary 
element 


Short vertical dipole above imperfect ground. The center of a short vertical dipole (/ < 
4/10) is located 2/4 above actual homogeneous ground with the same constants as in Prob. 15-4-2. 
Calculate the vertical plane field pattern at (a) 1 MHz and (b) 100 M Hz. 


Antennas over imperfect ground. W rite and run computer programs for Probs. 15-4-2 and 
15- 4-3 with a menu for height, frequency and ground constants ¢. and o. 


Square loop. Calculate and plot the far-field pattern in the plane of a loop antenna consisting of four 
4/2 center-fed dipoles with sinusoidal current distribution arranged to form a square 4/2 ona side. The 
dipoles are all in phase around the square. 


Triangular loop. Calculate and plot the far-field pattern in the plane of a loop antenna consisting of 
three 4/2 center-fed dipoles with sinusoidal current distribution arranged to form an equilateral triangle 
4/2 on aside. The dipoles are all in phase around the triangle. 


DF and monopulse. Many direction-finding (DF) antennas consist of small (in terms of 4) loops 
giving a figure-of-eight pattern as in Fig. P15-9-3a. Although the null is sharp the bearing (direction of 
transmitter signal) may have considerable uncertainty unless the S/N ratio is large. To resolve the 180° 
ambiguity of the loop pattern, an auxiliary antenna may be used with the loop to give a cardioid pattern 
with broad maximum in the signal direction and null in the opposite direction. 

Themaximum of a beam antenna pattern, as in Fig. P15-9- 3b, can be employed to obtain a bearing with 
the advantage of a higher S/N ratio but with reduced pattern change per unit angle. However, if 2 receivers 
and 2 displace beams are used, as in Fig. P15-9-3c, a large power- pattern change can be combined with a 
high S/N ratio. An arrangement of this kind for receiving radar echo signals can give bearing information 
on a single pulse (monopulse radar). If the power received on beam 1 is P and on beam 2 is P3, then if 
P > P; the bearing is to the right. If Py > Pz the bearing is to the left and if Pı = Pz the bearing is on 
axis (boresight). (With 4 antennas, bearing information left-right and up-down can be obtained.) (a) If the 
power pattern is proportional to cost 6, asin Fig. P15-9-3c, determine P2/P; if the interbeam (squint) 
angle a = 40° for A@ = 5 and 10°. (b) Repeat for œ = 50°. (c) Determine the Po/P of the single 
power pattern of Fig. P15-9-3b for A@ = 5 and 10° if the power pattern is also proportional to cos* 6. 
(d) Tabulate the results for comparison and indicate any improvement of the double over the single beam. 


Loop null 
(cardioid max.) 


Figure 


| Double-beam 


Single- 
l alone DF ae DF (monopulse) 
(a) (b) (c) 
P15-9-3 Direction finding: (a) with loop mull, (b) with beam maximum and (c) with 


double beam (monopulse). 
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Overland TV for HP, VP and CP. (a) A typical overland microwave cell-phone communications 
circuit forAM,FM orTV between a transmitter on a tall building and a distant receiver involves 2 paths of 
transmission, one direct path (length ro) and one an indirect path with ground reflection (length r1 + r2), 
as suggested in Fig. P15-10-1. Let hy = 300 m and d = 5 km. For a frequency of 100 MHz calculate 
the ratio of the power received per unit area to the transmitted power as a function of the height h2 of 
the receiving antenna. Plot these results in decibels as abscissa versus A? as ordinate for 3 cases with 
transmitting and receiving antennas both (1) vertically polarized, (2) horizontally polarized and (3) right- 
circularly polarized for h2 values from 0 to 100 m. Assume that the transmitting antenna is isotropic and that 
the receiving antennas are also isotropic (all have the same effective aperture). Consider that the ground is 
flat and perfectly conducting. (b) Compare the results for the 3 types of polarization and show that circular 
polarization is best from the standpoint of both the noncriticalness of the height 2 and the absence of echo 
or ghost signals. Thus, for horizontal or vertical polarization the direct and ground-reflected waves may 
cancel at certain heights while at other heights, where they reinforce, the images on the TV screen may 
be objectionable because the time difference via the 2 paths produces a double image (a direct image and 
its ghost). (c) Extend the comparison of (b) to consider the effect of other buildings or structures that may 
produce additional paths of transmission. 

Note that direct satellite-to-earth TV downlinks are substantially free of these reflection and ghost image 
effects. 


yon antenna 


Receiving antenna 


k d >| 


Figure P15-10-1 Overland microwave communication circuit. 


Path difference on overland radio link. |f h} = h2 and d > hı in Prob. 15-10-1 
(Fig. P15-10-1), show that the path difference of direct and reflected rays is 2h? /d. 


Signaling to submerged submarines. Calculate the depths at which a 1 uV m71 field will 
be obtained with Æ at the surface equal to 1 V m7! at frequencies of 1, 10, 100 and 1000 kHz. What 
combination of frequency and antennas is most suitable? 


Surface-wave powers. A 100-MHz wave is traveling parallel to a copper sheet (|Z-| = 3.7 x 
10-3 2) with E(=100 V m~} rms) perpendicular to the sheet. Find (a) the Poynting vector (watts per 
square meter) parallel to the sheet and (b) the Poynting vector into the sheet. 


Surface-wave powers. A 100-MHz wave is traveling parallel to a conducting sheet for 
which |Z,| = 0.02 &. If E is perpendicular to the sheet and equal to 150 V m~! (rms), find 
(a) watts per square meter traveling parallel to the sheet and (b) watts per square meter into 
the sheet. 


Surface-wave power. A plane3-GHz wave inairis traveling parallel to the boundary of aconducting 
medium with H parallel to the boundary. The constants for the conducting medium are o = 107 27} m~t 
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Problems 


15-13-4 


15-13-5 


*15-13-6 


15-13-7 


15-18-1 


and ju, = £, = 1. If the traveling-wave rms electric field E = 75 mV m~?, find the average power per 
unit area lost in the conducting medium. 


Surface-wave current sheet. A TEM waveis traveling in air parallel to the plane boundary of 
a conducting medium. Show that if K = psv, where K is the sheet-current density in amperes per meter, 
ps is the surface charge density in coulombs per square meter and v the velocity of the wave in meters per 
second, it follows that K = H, where H is the magnitude of the H field of the wave. 


Coated-surface wave power. Show that for a dielectric-coated conductor, as in Fig. 15-28, the 
ratio of the power transmitted in the dielectric Pz to the power transmitted in the air P, is given by 


Py _ cospd 
Pa sin? Bd 
where d is the thickness of the dielectric coating. 


(sin 28d — 2Bd) 


Coated-surface wave cutoff. A perfectly conducting flat sheet of large extent has a dielectric 
coating (e, = 3) of thickness d = 5 mm. Find the cutoff frequency for the TM o (dominant) mode and its 
attenuation per unit distance. 


Lunar communication by surface wave. Discuss the possibilities of using dielectric-slab 
surface modes for radio communication around the moon over long distances (1000 km or more). Note that 
the moon has no ionosphere. See, for example, W. W. Salisbury and D. L. Fernald, “Postocculation 
Reception of Lunar Ship Endeavour Radio Transmission,” Nature, 34, 95, Nov. 12, 1971; also 
A. F. Wickersham, Jr., “Generation, Detection and Propagation on the Earth of HF and VHF Radio Surface 
Waves,” Nature, 230, 125-130, Apr. 5, 1971. 


Antenna heights for 3° glide path. W hat are the 2 antenna heights required for a 3° vertical 
angle glide slope for an ILS system? 


For computer programs, see A ppendix C. 
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Chapter 16 


Practical Design 
Considerations of Large 
Aperture Antennas 


Topics in this chapter include: 


Æ Aperture distribution and efficiency ©  Cassegrain feed; offset feed 
Æ Surface irregularities and gain loss ©  Low-side-lobe considerations 


16-1 Aperture Distributions and Efficiencies! 


As an introduction to aperture distributions and 
efficiencies, afew basic concepts discussed in ear- 
lier chapters are reviewed briefly. Then a number 
of criteria useful in antenna design are developed. 

Let a plane wave of power density S (W m~?) 


be incident on an antenna, as in Fig. 16-1. The P 
power P delivered by the antenna to the receiver 
is then 

P= SAe D Figure 16-1 Wave of flux density S incident on 
where Ae = effective aperture of the antenna antenna delivers a power P to the receiver R. 
or 

P 
Ae= 5 (2) 


A completely polarized point source is assumed with the antenna matched to the wave. 

If ohmic losses are not negligible, as assumed above, we may distinguish between the actual effective 
aperture (including the effect of ohmic losses) and an effective aperture based entirely on the pattern (losses 
neglected). Thus, we may write 


Ae = koAep (3) 
where 
Ae = actual effective aperture, m? 
ko = ohmic-loss factor, dimensionless(0 < ko < 1) 
Aep = effective aperture as determined entirely by pattern, m? 


1This section (16-1) and the following sections (16-2 and 16-3) are from]. D. K raus, Radio Astronomy, 2d ed., Cygnus-Quasar, 1986. 
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Using these symbols, the directivity of an antenna is given by 
_ An 4r 


a 7 Ae (4) 
from which 
Apa =? (5) 
and 
AeQa = koh? (6) 
where 


Qa = antenna beam solid angle, or total beam area, sr 
à = wavelength, m 
The aperture efficiency £ap is defined as the ratio of the effective aperture Ae to the physical aperture Ap or 
Ege T (7) 
so that the ratio of the aperture and beam efficiencies is 
&ap  AcQa koh? 


= (8) 
EM ApQmu ApQm 
where 
em = Qy/Qa = beam efficiency, dimensionless 
Qy = main beam area, sr 


Although the physical aperture A, may not have a unique meaning on some apertures, its value tends to be 
readily defined on apertures that are large in terms of wavelength. 
The directivity of an antenna depends only on the radiation pattern, so that the directivity D is given by 
4r 
D = J2 4ep (9) 
The gain G is then 


4 
G = Dk, = ko-z Aep (10) 


The maximum directivity Dm will be defined as the directivity obtainable from an antenna (assumed to be 
large in terms of à) if the field is uniform over the aperture, i.e., the physical aperture. Hence, 
An 
Dnm = 2 Ap (11) 
In designing an antenna, one may have a certain design directivity Dg one wishes to achieve. In general, 
this will be less than D,,,, since, to reduce side lobes, some taper will probably be introduced into the aperture 


distribution. Thus we may write 
4r 
ne 


Da = Apku = Dmku (12) 
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The factor k„ is called the utilization factor. It is the ratio of the directivity chosen by design to that 
obtainable with a uniform aperture distribution, or 


ky = 02k, <1 (13) 


After designing and building the antenna and measuring its performance, it will probably be found, however, 
that the actual directivity D is less than the design directivity Da. Itis possible, but unlikely, that D exceeds 
Da4. The actual directivity may then be expressed as 


D= Daka = Dmkuka (14) 
where ka is the achievement factor, which is a measure of how well the objective has been achieved. Thus, 
D 
ka = — 0 < ka < 1 (usually) (15) 
Da 
The gain G of the antenna can now be written as 
4r 4r 
G = Dmkokuka = =z Apkokuka = => Ap£ap (16) 
We may also write 
Aep = kuke Ap (17) 
Ae = kokuka Ap (18) 
A 
eap = — = kokuka (19) 
Ap 
where 


Aep = effective aperture (as determined entirely by pattern) 


z 
I 


actual effective aperture 


A basic definition for the directivity of an antennais that the directivity is equal to the ratio of the maximum 
to the average radiation intensity from the antenna (assumed transmitting). By reciprocity the directivity will 
be the same in the receiving case. Hence, 

Um 


~ Uw çap 


where 
Um = maximum radiation intensity, W sr~4 
Ua = average radiation intensity, W sr 
The average value may be expressed as the integral of the radiation intensity U (6, @) over a solid angle of 47 
divided by 4x. Thus 
Um _ AxUm 


= = (21) 
al JUG, 9) aa P 


where P is the total power radiated. From (21) the effective power (power which would need to be radiated 
if the antenna were isotropic) is 


DP = 4n Um (22) 
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Let us now consider an aperture under two conditions. Under Condition 1 the field distribution is assumed 
to be uniform, so that the directivity is D. The power radiated is P’. Under Condition 2 the field has its 
actual distribution, and the directivity and power radiated are D and P, respectively. If the effective powers 
are equal in the two conditions, 


DP = Dm P’ m 
and 
Ex Eš 
P 4 ZAN A 
D = Dm P = 3 Ap E(x e A 
ff =z dx dy 
Ap 


In (24) the surface of integration has been collapsed over the antenna, with part of the surface coinciding with 
the aperture. Further, itis assumed that all the power radiated flows out through the aperture. In (24) Z is the 
intrinsic impedance of the medium (Q per square) and Eav is the average field across the aperture, as given 


by 


Ex = >f E(x, y) dx dy (25) 
Pp i 
where E(x, y) isthe field at any point (x, y) of the aperture. R earranging (24), we have for the actual directivity 
4r 1 
D= yr Âp (26) 


i E(x,y) || Eœ») ]* 
Ap i [ Ex ll Ear | URAY 
p 
This relation was developed originally by Ronald N. Bracewell (1). Following Bracewell’s discussion and 


also elaborating on it by introducing the utilization factor, we can write for the design directivity 
4r 1 


2 Ap 1 Eey] rev] ay 
Ap If EX EX aay 
p 


where the primes indicate the design field values. The right-hand factor in (27) may be recognized as the 
utilization factor k„. M ultiplying and dividing (26) by k,,, as given in (27), yields 
An 1 


2 Ap 1 E'(x,y) || Ey) |* 

zI Es, ER | dx dy 
Ap 

1 E'(«,y) |[ E’@.y) ]* 

Ap eal EX ll EL, | dx dy 

1 E(x.y) || Eœ») ]* 

Ap it Ex ll Ex | dx dy 
p 

We also have, from (14), 


D = Dmkuka (29) 


Thus, the last factor in (28) is the achievement factor, a result given by Bracewell. Further, as done by 
Bracewell, let 


E(x, y) = Ew + 6 Ex (30) 


Dg = (27) 


D= 


(28) 
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or 


=14+5 (31) 


where ô is the complex deviation (factor) of the field from its average value. Thus, the denominator of the last 
factor in (28) may be written as 


qf fatoa+aras dy (32) 
Ap 
Ap 


Since the average of ô or 5* over the aperture is zero, (32) simplifies to 


14+ ff axdy=1+vars (33) 
p i 
where var 6 is used to signify the variance of 4 or average of 55* (= |8|?) over the aperture. Thus, (28) may 
be written more concisely as 
4r 1 1+ var 6’ 


D= 
42° 14 vars’ 1+varô 


(34) 


where 


6’= design value 
ô =actual value 
We also have that the utilization factor 
1 
=] + var 6’ 
and the achievement factor 


(35) 


ky 


1 + var ô’ 
= + var ô 

Turning now to the beam efficiency em, or the ratio of the solid angle of the main beam Qy to the total 
beam solid angle 24, we have 


[[P@,¢)d2 
Qum lobe 


Q,  LfP@,o)d2 
4r 


(36) 


a 


0<ey <1 (37) 


EM = 


where P(6, 6) = antenna power pattern (= E E* = |E|?) 

Let us consider next the effect of the aperture field distribution on the beam and aperture efficiencies. We 
take first the simplest case of a 1-dimensional distribution, i.e., a rectangular aperture (ZL, by ZL‘) with a 
uniform distribution in the y direction (aperture L) and a distribution in the x direction (aperture L,,) as in 
Fig. 16-2, given by: 


2 n 
E(x) = Ki + K2 f = (Z) l (38) 
Ly 
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where 
E(x) = field distribution 
Kı = constant (see Fig. 16-2) 
Kz = constant (see Fig. 16-2) 


L, = L/a = aperture width, a 
n = integer(= 1, 2, 3,...) 

If K2 =0, the distribution is uniform. If Kı =0, 
the distribution is parabolic for n = 1 and more —L,/2 0 x +L, /2 
severely tapered toward the edges for larger values of —D,/2 0 r +D,/2 
n, as indicated in Fig. 16-2. The beam and aperture g ; 
efficiency of a 1-dimensional aperture with n = 1 Figure 16-2 Various shapes of aperture 
has been calculated by Nash (Nash-1) as a function distribution. 
of the ratio K1/(Kı + K2), with the results shown 
in Fig. 16-3. For Kı = 0, the distribution tapers to 1.0 
zero at the edge (maximum taper). As the 
abscissa value in Fig. 16-3 [ratio K1/(Kı + 
K2)] increases, the taper decreases until at an 
abscissa value of 1 (K2 = 0), there is no taper; 
i.e., the distribution is uniform. The curves of 
Fig. 16-3 show thatthe beam efficiency tends to 
increase with an increase in taper but the aper- 
ture efficiency decreases. Maximum aperture 
efficiency occurs for a uniform aperture distri- 
bution, but maximum beam efficiency occurs 
for a highly tapered distribution. In most cases 
a taper is used that is intermediate between the 


Efficiency 
oO 
oO 


two extremes of Fig. 16-3[K1/(K1+K2) = 0 ar T a 

or 1], and a compromise is reached between Full Ki No 

large beam and aperture efficiencies. For a taper Kı +K, taper 
2-dimensional aperture distribution, a i.e.,a re- 

ctangular aperture (L, by Ł/) with the same Figure 16-3 Beam and aperture efficiencies for 
type of distribution in both the x and y direc- a 1-dimensional aperture as a function of taper. 
tions, the beam and aperture efficiencies as a The aperture efficiency is a maximum with no 
function of taper have been calculated by Nash taper, while the beam efficiency is a maximum with 


(1). A field distribution as given by (38) with full taper. A parabolic distribution for K2 is assumed 
n = 1 is assumed (K> part of distribution (see n = 1 in Fig. 16-2). (Nash-1) 
parabolic). Thus, for this case 


core [eab Ee : 


1The step function or pedestal Ky is an idealization which is not physically realizable. The actual field cutoff must be more gradual. 
Rhodes shows that the electric field component perpendicular to the edge of a planar structure must vanish as the first power of the 
distance from the edge and that the component parallel to the edge must vanish as the second power. See D. R. Rhodes (1). 
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Nash’s data, which also show the effect of random phase errors across the aperture, are presented in 
Fig. 16-4a. There is a family of 4 curves for the aperture efficiency (solid) and another family of 4 curves for 
the beam efficiency (dashed) for random displacements (or errors) of 0, 0.04, 0.06 and 0.08, rms deviation. 
To obtain these curves the aperture and beam efficiencies calculated for the smooth distribution (39) were 
multiplied by the gain-degradation (or gain-loss) factor of Ruze (1), given by 


kg =e Orb) (40) 


where 6 is the rms phase front displacement from planar over the aperture. It is assumed that the correla- 
tion intervals of the deviations are greater than the wavelength. The curves of Fig. 16-4a indicate that the 
controlling effect of the taper on the efficiencies (beam and aperture) tends to decrease as the phase error 
increases. The efficiencies are also reduced by the presence of the phase error, since such errors tend to scatter 
radiation into the side-lobe regions. Thus, the phase errors constitute a primary limitation on the antenna 
efficiency. 

The gain-loss formula (40) of Ruze assumes specifically that the deviations from the best-fit paraboloid 
are random and distributed in a Gaussian manner, that the errors are uniformly distributed, that the region 
over which the errors are substantially constant is large compared to the wavelength and that the number of 
such uncorrelated regions is large. 

A circular aperture of diameter D} with a distribution as given by (38), where x is replaced by r and ZŁ, by 
D,,, has also been investigated by N ash, with the results shown in Fig. 16- 4b. Two families of 4 curves each are 


1.0 


0.9 


0.8 
> 
(S} 
G 
a 
2 
i 
0.7 
0.6 
Rectangular 
aperture 
0.5 l fi li 
0 0.5 1.0 
Full Ky No 
taper Kı +K, taper 


Figure 16-4a Aperture efficiency (solid) and beam efficiency (dashed) of a rectangular 
aperture as a function of taper and phase error. A parabolic distribution for K? is assumed (see 
n=1 in Fig. 16-2). (Nash-1) 
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Efficiency 


Sean, 
ef. 
se Cian ; 
Si a Clag 


Circular 
aperture 
“0 0.5 1.0 
Full K4 No 
taper Kat Ke taper 


Figure 16-4b Aperture efficiency (solid) and beam efficiency (dashed) of a circular aperture 
as a function of taper and phase error. A parabolic distribution for K2 is assumed (see n = 1 in 
Fig. 16-2). (Nash-1) 


given for the beam and aperture efficiencies for 4 conditions of random phaseerror. Itis assumed thatn = 1 (K2 
part of distribution parabolic). The curves of Fig. 16-4b (circular aperture) are seen to be very similar to those 
of Fig. 16-4a for the rectangular aperture. For reflector antennas with an rms surface deviation 5’ it should 
be noted that the phase front deviation 6 in (40) will be approximately twice as large; that is, 6 = 26’. 

Another problem to be considered with reflector antennas is the efficiency with which the primary, or feed, 
antenna illuminates the reflector. This may be defined as the feed efficiency ep, where 


Jf PO, pd 
QR 


ee 41 
Ef JJ PO, pd? at) 


where 


P¢ (0, ~) = power pattern of feed 
Qr = solid angle subtended by reflector as viewed from feed point 


If the first null of the feed antenna pattern coincides with the edge of the reflector, the feed efficiency given 
by (41) is identical with the beam efficiency of the feed. 


1Common practice is to taper the feed illumination by 10 dB or so at the edges of the reflector. 
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In the general situation with a reflector antenna, the beam efficiency of the system may be expressed as 


J P(O, d) dQ mi P/ (0, $) dQ 


—(47r5'/2)2 lobe QR is 
ff P@.d)d2 ff Pr, odo 
T 4r 


EM =e 


where 


6’ = rms surface error of reflector 
P(6, ¢) = power pattern of reflector due to aperture distribution produced by the feed assuming no 
phase error 
P+ (8, p) = power pattern of feed 


Surface leakage is neglected. If itis appreciable, another factor is required. 
An experimental procedure for determining the beam efficiency £m of a large antenna using a celestial 
source is as follows. The main-beam solid angle Qw is evaluated from 
Qu =kpOup QHP, Sr (43) 
where 


kp = factor between about 1.0 for a uniform aperture distribution and 1.13 for a Gaussian 
power pattern 


Oup = half-power beamwidth in@plane, rad 
ġnp = half-power beamwidth ingplane, rad 


The half-power beamwidths are measured, while k, may be calculated or estimated from the pattern 
shape. The half-power beamwidth in right ascension in degrees is given by the observed half-power beamwidth 
of a drift profile in minutes of time multiplied by cos 5/4, where 6 is the declination of the observed point 
source; that is, 

HPBW (min) cos 6 


HPBW (deg) = i (44) 
The total beam solid angle Q, is obtained from the relation 
koa? 
Q4 = n (45) 


where the effective aperture Ae is determined by observing a celestial point source of known flux density; 


that is, 
2kT 4 
Ae = 4 
5 (46) 


Combining relations, the beam efficiency is then given by 


Qu _ kppp pHp2kTa 


Qa koa? An 


EM = 
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where 


k = Boltzmann’s constant(= 1.38 x 10-74} K}~}) 
Ta = antenna temperature due to radio source (measured value corrected for cable loss),K 
S = flux density of radio source, W m~? Hz~4 


and where kp, O4p and øpp are as defined in (43). 


A procedure for determining the aperture efficiency £ap of a large antenna is to observe a celestial source 
of known flux density to find Ae by (46), from which 
Ae 
Eap = Ap (48) 
where A, = physical aperture 


Itis often of interest to the antenna designer, however, to break ¢ap up into a number of factors, asin (19), in 
order to account as completely as possible for all the causes of efficiency degradation. Thus, from knowledge 
of the antenna structure and its conductivity the ohmic-loss factor k, may be determined. The utilization 
factor k,, can be calculated from design considerations. The achievement factor ką could be calculated from 
the relation in (28) if the actual fields across the aperture were accurately known; however, these are rarely 
measured. As an alternative the achievement factor can be separated into many factors involving the random 
surface error, feed efficiency, aperture blocking, feed displacement normal to axis (squint or coma), feed 
displacement parallel to axis (astigmatism), etc., of the (parabolic) reflector antenna. It is assumed that each 
of these subfactors can be independently calculated or estimated. 

The aperture efficiency sap may then be expressed as 

Ae 


Eap = A, = kokuka = Kok, ky kz =- ky 


N 
= koku I] kn (49) 
n=1 


where 

k, = utilization factor (by design) 
ky = e7(475'/> — random reflector-surface-error (gain-loss) factor = kę 
k2 = ef = feed-efficiency factor 
k3 = aperture-blocking factor 
k4 = squint factor 
ks = astigmatism factor 
ke = surface-leakage factor 

etc. 

A close agreement between eap as calculated by (49) and as measured by (48) does not necessarily mean 
that the designer has taken all factors properly into account (some could have been overestimated and others 
underestimated), but it does provide some confidence in understanding the factors involved. However, if 
there is significant disagreement between the two methods, the designer knows the analysis is incorrect 
or incomplete in one or more respects. This comparative method has been used by Nash in analyzing the 


performance characteristics of a 110-m radio telescope (Big Ear) (Nash-2).A discussion of tolerances in large 
antennas is given by Bracewell (1). 


The McGraw-Hill Companies 


606 Chapter16 Practical Design Considerations of Large Aperture Antennas 


EXAMPLE 16-1.1 Determine the aperture efficiency and the beam efficiency em = Qy/Qz fora 
50a diameter circular aperture with aperture distribution of the form (1 — r2)", where r = 0 at the center 
and r = 1 at the rim for various values of n. Show the results graphically. 


E Solution 
The aperture efficiency is obtained from (50). The beam efficiency is obtained by integrating the pattern 
over 4x for Q,4 and over the main beam for Qm, using numerical methods. The results are shown in 
Fig. 16-5 with efficiency as ordinate and side-lobe level as abscissa, with aperture distribution shape as 
given by n also indicated. For an n = 2 distribution the aperture efficiency is about 56 percent and the 
first side lobe 31 dB down. 

For continuous apertures which are large (>>) some conclusions are: 


100 
90 Beam efficiency (em) 
80 F 
Aperture efficiency (€ap) 
70 - 
60 - 
= 
> 
£ Uniform distribution 
uw 
407 
30 F 
20 F 
—r2n 
Uniform E) a =r") Highly tapered 
10F distribution distribution 
n=0 n=1 n=2 n=3 
0 | | |, | | | | 
—15 —20 —25 —30 -35 —40 


First sidelobe level (dB) 
Figure 16-5 Aperture and beam efficiencies for various aperture distributions and 
side-lobe levels from worked example. Uniform phase is assumed. With phase variation, 
aperture efficiency decreases and side lobes increase. 


1. A uniform amplitude distribution yields the maximum directivity (nonuniform edge-enhanced 
distributions for supergain being considered impractical). 
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2. Tapering the amplitude from a maximum at the center to a smaller value at the edges reduces the 
side-lobe level but results in larger (main-lobe) beamwidth and less directivity. 

3. A distribution with an inverse taper (amplitude depression at center) results in smaller (main- 
lobe) beamwidth but in increased side-lobe level and less directivity. (The amplitude depression 
at the center might be produced inadvertently by a primary (feed) antenna blocking the center of 
the aperture.) 

4. Maximum aperture efficiency occurs for a uniform aperture distribution, but maximum beam 
efficiency occurs for a highly tapered distribution. 

5. Aperture phase errors are a primary limitation on antenna efficiency. 

6. Depending on aperture size (in A) and phase error, there is a frequency (or à) for which the gain 
peaks, rolling off to smaller values as the frequency is raised (see Fig. 16-9.) 


For in-phase fields over a lossless aperture, the aperture efficiency is given from (26) by 
_ Ew 
DTE 
where 


(50) 


E = field at any point in aperture 
Ea = average of E over aperture 
(E*)ay = average of E over aperture 


16-2 Surface Irregularities and Gain Loss 


Ideal uniform 


Referring to Fig. 16-6, consider the idealized case 
| Waves surface 


of a reflecting surface with irregularities which 

depart a distance 5’ above and below the ideal sur- 5 

face (Christiansen (1) and Hogbom). Plane waves 5 

reflected from the irregular surface will be advanced |— D: —| 

or retarded with respect to waves reflected from the 

uniform surface by Figure 16-6 Geometry for determining the 
3/ effect of surface irregularities. 


2m — x 
À 


2 = 2x2 (rad) (1) 
where 


6’ = surface deviation (surface error) 
ô = twice surface deviation = 26’ 
Referring to the phase diagram of Fig. 16-7, the 
resultant field 
E = Eg COS AQ 2) 
where Ad = 4x (8'/à)rad = 720° (8/2) = 360° 
(8/à) = phase error 
Assuming that the separation (correlation distance De) of the irregularities is at least as large as the 
wavelength and that there are as many positive as negative irregularities, the (normalized) surface gain-loss 
factor is 


_ (Eycos AN? ag ( 2) 
r = (25) = cos" Ad = cos | 720 = (3) 


Figure 16-7 Phase variation due to surface 
irregularities. 
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EXAMPLE 16-2.1 A surface has an rms deviation 6’ = 4/20. Find the reduction in gain. 
E Solution 


Gain factor (k,), dB loss 


Rms surface deviation X 2 (= 720° 6’/A) 


Figure 16-8 Gain-loss factor of reflector antenna as a function of twice the rms surface 
deviation expressed in degrees of phase angle (of the reflected wave) as calculated from (3) 
and (16- 1-40). The vertical dashed lines correspond to phase angles for rms surface 
deviations expressed in fractions of a wavelength. See text for assumptions involved. 
From (3), 

6’ 


5 o al — o 
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and 
kę = cos? 36° = 0.65 (5) 


or again reduction of 1.8 dB (as may be noted in Fig. 16-8). 


where ką =gain-loss factor (0 < kg < 1), dimensionless 

The variation of the gain-loss factor as a function of rms surface deviation in wavelengths and degrees 
as calculated from (3) is given in Fig. 16-8. The gain-loss factor as calculated from the Ruze rela- 
tion (16-1-40) (=exp[—(476’/4)2]) is also shown. Correlation distances of at least a wavelength are 
assumed. 

Assuming 50 percent aperture efficiency (Ae = 1 Ap) and a circular dish diameter D, 


a D\? 
e=7"\2 


Introducing the gain-loss factor for surface irregularities from (3), 


4r x (D\?* r? (D\? 2 S'N? (D\ 
A Hr (Z) = (rs) F(F) "i 


where 6’ = rms surface deviation 

Values of the gain calculated from (6) are shown in Fig. 16-9 for various surface deviations 6’ and 
circular dish diameters D = 4,20 and 100 m. Measured gains of three radio telescope dishes (dashed 
curves) are shown for comparison. It may be inferred from Fig. 16-8 that the equivalent rms sur- 
face deviations of the Onsala and Nobeyama dishes are about 150 m and of the Bonn dish about 
500 um. 

Referring to Fig. 16-7, the quadrature field components are given by 


E; = Eosin Ag (7) 


For equal positive and negative irregularities these total zero. Suppose, however, that in some other 
direction they all add in phase. The power level of this minor lobe relative to the main lobe is 


then 

f 2 : 2 

(5) = (aeae at Se) = tan? Ag (8) 
Emajor N Eg cos Ad 


where N = number of irregularities 

Equation (8) gives the maximum level a minor lobe could have due to these irregularities. Consider, on the 
other hand, that the quadrature fields add randomly. Their total is then /N Eo sin Ad and the power level of 
the resulting minor lobe relative to the main lobe is 


~ - (a sin a) 
~ N NEp cos Ag 


1 
= ` tan? A (9) 
Emajor N ý 


EXAMPLE 16-2.2 |f the rms phase error is 36° and the number of irregularities ~ = 100, find the 
maximum and random side-lobe levels. 
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E Solution 
From (8), 
M aximumside — lobelevel = tan? 36° = 0.527 


or down 2.8 dB from the main lobe. From (9), 
0.527 


Side — lobelevel(randomcase) = — tan? 36° = 00°" 0.00527 
or down 22.8 dB from the main lobe. 


0 mm 
100 4 
0.1 mm 
sac Omm 0.3m Nobeyama 45 m | 
ons \ Onsala 20 m 
a s \ 


¢ 


me Jun Bonn 100 m 
. ¢ 


Gain, dBi 


30 jj l | P- i | | l | 
1 2 3 5 10 20 30 50 100 200 300 500 1000 


Operating wavelength, mm 


Figure 16-9 Gain peaking and roll-off with decreasing wavelength. The curves show 
antenna gain as a function of operating wavelength for various rms surface deviations (5’) and 
antenna diameters (D) equal to 4, 20 and 100 m as calculated from (6). Since scales are 
logarithmic, other values of D and ô’ can be readily interpolated. Curves for Onsala, Nobeyama 
and Bonn dishes are shown dashed. See text for assumptions involved. 
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Although the gain-loss factor (3) is not a function of the number N of irregularities, the side-lobe level 
(9) for the random case does depend on N and decreases as N increases. Small-scale irregularities with 
correlation distances which are small compared to the wavelength result in fields which smooth out at large 
distances from the reflecting surface and, accordingly, these small-scale irregularities do not affect the gain 
or side-lobe level as discussed above. 

For areflector antenna with per- fo: 
fect surface the main lobe and near 
side lobes are determined prin- 
cipally by the aperture distribu- Front halt of 
tion and taper, while the minor erc pattern 
lobes at larger angles to 90° or 
so are influenced by scatter from 
the feed support structure. Back- 
radiation is a function of spillover 
and diffraction around the edge 
of the reflector. For a circular 
dish a substantial back lobe may 
occur on axis (180° from the main 
lobe) due to all diffracted waves 
adding in phase (see Fig. 16-10). 
To reduce diffraction the reflec- 
tor should have a rolled edge with ~ 
radius of curvature at least 2/4 at x Reflector 
the longest wavelength of opera- 
tion (Burnside-1). Edge 

Due to the force of gravity, a diffraction 
ground-based steerable parabolic 
reflector deformsas thereflector is Back half of 
tilted so that for a given wave- field pattern 
length there is a maximum diam- | 180: 
eter which cannot be exceeded by 
adding metal to the backup struc- 
ture. However, this limit can be Figure 16-10 Typical parabolic reflector with feed (or 
exceeded by a homologous design subreflector). Front part of field pattern (main lobe and side 
in which one paraboloid deforms lobes) is determined by aperture distribution, surface 
into another. The next limitis then irregularities and scattering from feed and struts. Back half of 
imposed by thermal deformation pattern (axial back lobe and near lobes) is determined by 
(Von Hoerner-1). spillover and diffraction around dish. 


|| Feed blockage 90° 


Strut blockage 
and scattering 


‘a al 


16-3 Off-Axis Operation of Parabolic Reflectors 


W hen the feed of a parabolic reflector antenna is displaced laterally from the focal point the beam is shifted 
(squinted) off-axis in the opposite direction to the feed displacement. Such squinting is accompanied by 
gain loss, beam broadening and the appearance of a coma side lobe. The amount of such degradation in 
performance is a function of the F/D ratio and the feed displacement, as illustrated in Fig. 16-11 (Baker-1). 
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With F/D = 1.0, the gain loss is 0.3 dB for a feed displacement of 10 HPBWs but with F/D = 0.25 
the loss is 10 dB for the same displacement. Thus, a long focal length parabola is more tolerant of feed 
displacement than a short focal length parabola. 


Calculated patterns for a530A diam- 
eter parabola with F/D=1.2 are 
shown in Fig. 16-12 for 5 values of 
squint angle as calculated by B aker (2). 
The aperture distribution is uniform, 
resulting in symmetrical first sidelobes 
17.6dB down as shown for 0° squint. 
As the squint angle increases, the gain 
decreases, the beamwidth increases, 
the pattern becomes asymmetrical and 
a first side lobe increases (coma lobe). 
Thus, at a squint of 4° the gain is 
down 1dB, the HPBW has increased 
from 8’ to 8.5’ and the coma lobe is 
only 10.5dB down (up 7.1dB from 
the 0° squint condition). Squinting 
with multiple feeds deployed near the 
prime focus (or by a movable feed for 
tracking) is frequently useful in spite 
of some degradation in performance. 
More detailed discussions of off-axis 
operation are given by Baker (1), Lo 
(1), Rudge (1) and Withers, Rusch (1) 
and Ludwig, Sandler (1) and von Gniss 
(1) and Ries. 


Oo 


Loss, dB 


Squint in HPBWs 


Figure 16-11 Universal squint diagram for parabolic 

antennas of any size showing the gain loss as a function of 
the squint displacement in HPBWs for 3 values of F/D ratio. 
The loss for other F/D ratios may be interpolated. (Baker-1) 


Patterns for 5 squint angles 


0 20'10'0'10’20' 20'10'0'10'20' = 20'10'0' 10'20' = 20'10'0' 10'20’ =. 20’10’ 0’ 1020’ 
T T T T T T T T T T T T T T T T T T T T 


Figure 16-12 Calculated patterns of a 5304 diameter parabola with F/D =1.2 for 5 squint 
angles. At 4° squint the gain is 1 dB down, the HPBW has increased from 8’ to 8.5’ (arcminutes) 
and the coma lobe is up 7.1 dB. (Baker-2) 
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16-4 Cassegrain Feed, Shaped Reflectors, Spherical Reflectors and Offset 


Feed 


Subreflectors offer flexibility of design for reflecting 
telescopes. The classical arrangement introduced by 
N. Cassegrain of France over 300 years ago uses a 
subreflector of hyperbolic shape which surrounds 
the prime focus point of the main parabolic reflec- 
tor. Referring to Fig. 16-13, we require that all rays 
from the focal point F form a spherical wave front 
(circle of radius CF’ ) on reflection from the (hyper- 
bolic) subreflector (as though radiating isotropically 
from the parabola focus F’) or by Fermat's principle 
of equality of path length that 


C'A' + FA'=CA+FA (1) 
Noting that CA = CF’ — AF’ and that 
FA — AF’ = 20A we obtain 
FA' — A'F' =20A = BA 2) 
which is the relation for a hyperbola with standard form 
2 2 


2 ae (3) 


wherea = OA = OB, f = OF' = OF, and x and 
y are as shown in Fig. 16-13. Or 


2 x? 2 2 
y =(5-1)¢ —a’) (4) 


The hyperbolic subreflector is then truncated at 
point P for which a ray reflected from the hyperbola 
hits the edge of the parabolic reflector. The hyperbolic 
reflector then subtends an angle 6 from the feed loca- 
tion at the focal point F while the (main) parabolic 


Virtual focus 
at focus of 
parabola 


Feed ~ | 
horn y 


Axis 
Hyperbolic 
reflector 
Origin of 
coordinates 
for x, y Circle of 
Vertex of radius CF =C F’ 


parabola Plane of symmetry 


of hyperbolic geometry 


Parabolic 
reflector 


Figure 16-13 Geometry for 
Cassegrain reflector. 


reflector subtends an angle @’ from the focal point F” of the parabola. Thus, the feed horn beam angle is 


increased in the ratio 6’/6 to fill the parabola aperture. 


An advantage of the Cassegrain design is its compactness, with feed and amplifier near the vertex of 
the parabola. Higher aperture efficiency may also be realized by shaping the subreflector (or modifying the 
hyperbolic contour) to correct the primary pattern of the feed and produce a more uniform field distribution 


across the parabola aperture.* 


lf the rays are allowed to pass through the focus of the parabola instead of being intercepted by the hyperbolic (convex) Cassegrain 
surface, asin Fig. 16-13, they can be reflected by a concave ellipsoidal surface beyond (to the right of ) the focus. This type of subreflector 
is called Gregorian after J ames Gregory of England who devised it about 1660. 
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Referring to Fig. 16-14, the surface at A A’ is deformed to 
enlarge or restrict the incremental ray bundle B B’, thereby 
decreasing or increasing the watts per steradian in the bundle 


and finally the watts per square meter in the aperture plane B’ 
of the parabola. This shaping technique may be extended 
over the entire subreflector and often both subreflector and Í B 


parabola are shaped. As a result a more uniform aperture 
distribution and higher aperture efficiency can be achieved 
but with higher first side lobes and also more rapid gain loss 
as the feed is moved off-axis to squint the beam. 

A constrainton the C assegrain arrangementis that to min- 
imize blockage the subreflector should be small compared 
to the parabola, yet the subreflector must be large compared 
to the wavelength. D etails on Cassegrain reflectors are given 
by Love (1). 

In Fig. 16-15 a parabola is given by 


y? =4fx (5) 


where f = focal distance = VF 

This parabolais compared with acircle of radius R=VC. 
It may be shown that for small values of x, the circle is of 
nearly the same form as the parabola when 


Primary 
feed 
pattern 


Axis 


Shaped 7 
subreflector 


R=2f (6) Main 
, reflector 
Over an angle 6 and aperture radius 
r= Rsing (7) 


the circle differs from the parabola by less than AR. If 
AR < 4 (or specifically <A /16) the field radiated from 
a point source at F within an angle 6” and reflected from the 
circle will be within 45° (=2 x 360°/16) of the phase of a 
field radiated from F and reflected from the parabola. Figure 16-14 Geometry for 

Let Fig. 16-15 represent the cross section of a reflecting shaped reflectors. 
sphere and paraboloid-of-revolution. Then a feed antenna at 
the focal point F which illuminates the sphere only within the angle 6’ will produce a plane wave over the 
aperture of diameter 2r having a phase deviation of less than 45°, this amount of deviation occurring only 
near the edge of the aperture. 

It is apparent that with a spherical reflector of 2x sr solid angle, which remains fixed in position, a beam 
can be scanned over almost all of this solid angle by moving a suitable feed antenna along a spherical surface 
of radius R/2, as suggested in Fig. 16-16. 

Although the spherical reflector is fixed and does not need to be moved, only a fraction of its total aperture 
(x R?) is used. If the primary feed beam angle 6’ is increased, the phase degradation increases at the edges 
of the beam aperture. The effects of this spherical aberration can be reduced by suitable corrections of the 
feed distribution. Ashmead and Pippard considered the necessary corrections when the spherical aberration 


1H owever, with multiple feeds multiple simultaneous beams could be produced. 
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615 


is small (Ashmead-1). Spencer, Sletten and Walsh (Spencer-1) and L ove (1) describe a phase-correcting line 
source. Diffraction theory of large spherical reflectors is given by Schell and means of correcting for spherical 
aberration are discussed by Rumsey (Schell-1; Rumsey-1). See Chap. 15 for discussion of the elaborate feed 


system of the A recibo spherical reflector. 
The loss in aperture due to feed antenna 
blockage with attendant scattering and 
minor lobes can be avoided by the use of 
an offset feed as in Fig. 9-22c. Although 
the asymmetry of the offset feed makes 
full mechanical steerability more awk- 
ward for ground-based antennas, the asym- 
metry is less of a problem under the 
weightless conditions of space. However, 
with the standing-curved-reflector tiltable- 
flat-reflector (K raus-type) radio telescope, 
aperture blockage can be made zero or 
nearly so (see Chap. 15 and Fig. 15-6). A 
fully steerable offset-fed paraboloid is also 


Aperture ~ 
radius 


ya 


Parabola Circle 


ee Vv C 
described in Chap. 15 (see Fig. 15-4). Xo Xi ? a 
An extreme exampleof an offset feed is Vertex of Focus of Center of 
provided by the horn reflector of Fig. 16-17 parabola parabola circle 


in which the energy from the feed point is 


Figure 16-15 Circle and parabola compared, with 
radius of circle equal to twice the focal length of the 
parabola. 


guided inside a horn attached to the reflec- 
tor. A famous example of this design is the 


one used by Penzias and Wilson in their dis- 


covery of the 3 K cosmic background radiation (see Sec. 17-1). The absence of aperture blocking and the 
shielding by the horn structure resulted in very low side and back lobes so that the ground contributed negligibly 
(less than En of 1 percent of the nominal 300 K ground temperature) to the antenna temperature. 


16-5 Low-Side-Lobe Considerations 


Referring to Fig. 16-10, it is to be noted that the 
side lobes in the forward direction (0 to 90°) of a 
large parabolic dish reflector are determined (1) 
by the aperture distribution, (2) by the irregu- 
larities of the dish surface, (3) by scattering or 
diffraction from the feed structure and support 
struts and (4) by diffraction from the edge of 
the dish. Effect (3) is absent with offset feeds or 
with the horn-reflector antenna. The side lobes to 
the rear (90 to 180°) are determined (1) by the 
spillover and (2) by diffraction around the edges 
of the dish. Schrank gives a thorough summary of 
low-side-lobe reflector antennas (Schrank-1). 
For an isotropic source the directivity D=1 
(0 dBi) so theisotropic level and the relative power 


«— Secondary or 
spherical antenna 
pattern 


Center of 


sphere 
\ 


Focal 
sphere 


Movable Spherical —. 


reflector 


or feed 


aperture pattern 


Figure 16-16 Fixed spherical reflector of 
2x sr solid angle with movable feed for beam 
steering over nearly 2x sr. 
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Figure 16-17 “Sugar scoop” low-side-lobe horn-reflector antenna in cross section and 


front view. 
0 $ A 
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Figure 16-18 Main beam and side lobes with respect to the isotropic level 
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level (uniform in all directions) are the same. 
As D increases, the main lobe rises above 
the isotropic level in proportion to D. In the 
hypothetical (but typical) pattern shown in 
Fig. 16-18, the directivity D = 22.5 dBi 
(=lossless gain) and the highest side lobe is 
17 dB below (the main-lobe maximum) or 
5.5 dB above the isotropic level (5.5 dBi). 
Side-lobe levels are usually referred to the 
main lobe but sometimes to the isotropic 
level. 

As shown in Fig. 19-2 a triangular or 
cosine tapered aperture distribution drops to 
zero field at the edge of the aperture, yet it 
results in front side lobes. Back side lobes 
should, in principle, be absent. However, 
the cosine squared or Gaussian distribu- 
tions have no side lobes but the HPBWs are 
greater. 


Dish surface irregularities with a regular 
(periodic) spacing of a wavelength or more 
are apt to result in side lobes called grating 
lobes.’ Diffraction from the sharp edge of a 
dish also contributes to the side lobes both 
front and back. To randomize the phase of 
the diffracted rays, the edge may be serrated 
(saw-tooth edge) asin Fig. 16-19. The tooth 
dimensions should be of the order of a wave- 
length or more. The straight-versus-diagonal 
or sawtooth effect may also be noted with a 
square dish or ground plane. Thus, as sug- 
gested in Fig. 16-20, the side lobes in the 
plane of the diagonal tend to be less than in 
the plane of the sides. 

Edge diffraction may be reduced by 
means of a rolled edge with (or without) 
absorbing material, as illustrated in Fig. 9-6. 
An oversize parabolic dish with reduced- 
edge illumination might also be used to 
reduce edge diffraction but a problem with 
this approach is that the underilluminated 
edge and outer regions of the parabola 
(with its irregularities) still contribute to a 
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(a) (b) 


Sharp Serrated 
edge edge 


Figure 16-19 (a) Sharp edge and (b) serrated 
or sawtooth edge for reduced side-lobe level. 


Square dish 
or ground 
plane 


/’ Plane of 
/ larger 
z side lobes 


Plane of 
smaller 
side lobes 


Figure 16-20 Square dish or ground plane 
with lower side lobes in plane of diagonal. 


Absorber lined shroud 


Dish 
Feed 


Figure 16-21 Reflector antenna with cylindrical 
shroud of absorber for reducing far-out side lobes. 


1Grating lobes are typical for arrays with interelement spacings of à or more (see Sec. 19-6). 


The McGraw-Hill Companies 


618 Chapter16 Practical Design Considerations of Large Aperture Antennas 


diffracted field. H owever, if the outer region of the dish is curved away from a parabolic contour and blended 
into a rolled or curved edge, diffraction effects are much reduced (see Sec. 21-4d ) (Burnside-1). 

Although the horn-reflector antenna (Fig. 16-17) has very low wide-angle side lobes, a side lobe tends 
to appear at 6 = 90°, which may be objectionable. Thomas has used a serrated edge (blinder) to reduce it 
(Thomas-1). 

Another side and back lobe suppression technique involves the addition of a cylindrical absorbing shroud 
attached to the edge of the dish as in Fig. 16-21. The outer surface of the shroud may be metal or dielectric. 
Dybdal (1) and King found that with a shroud twice as long as the dish diameter the far-out side lobes were 
60 to 75 dB down, although the on-axis back lobe (6 = 180°) was only 50 dB down. 
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Problems 


16-1-1 Cylindrical parabolic reflector. Calculate the radiation pattern of acylindrical parabolic reflector 
of square aperture 16A on aside when theillumination is uniform over the aperture and when the field intensity 
across the aperture follows a cosine variation with maximum intensity at the center and zero intensity at the 
edges. Compare the two cases by plotting the normalized curves on the same graph. 


16-1-2 Paraboloidal reflector aperture distribution. (a) Show that the variation of field across the 
aperture of paraboloidal reflector with an isotropic source is proportional to 1/[1 + (p/2L)2] where p is 
the radial distance from the axis of the paraboloid. Show that this relation is equivalent to (1 + cos@)/2. 
(b) If the parabola extends to the focal plane and the feed is isotropic over the hemisphere subtended by the 
parabola, calculate the aperture efficiency. 


16-1-3 Efficiency of rectangular aperture with partial taper. Calculate the aperture efficiency 
and directivity of an antenna with rectangular aperture x1 y1 with a uniform field distribution in the y direction 
and a cosine field distribution in the x direction (zero atedges, maximum at center) if x7 = 20A and y1 = 102. 


16-1-4 Efficiency of rectangular aperture with full taper. Repeat Prob. 16- 1-3 for the case where 
the aperture field has a cosine distribution in both the x and y directions. 


16-1-5 Efficiency of aperture with phase ripple. A square unidirectional aperture (x11) is 10A ona 
side and has a design distribution for the electric field which is uniform in the x direction but triangular in the 
y direction with maximum at the center and zero at the edges. Design phase is constant across the aperture. 
However, in the actual aperture distribution there is a plus-and-minus-30° sinusoidal phase variation in the 
x direction with a phase cycle per wavelength. Calculate (a) the design directivity, (b) the utilization factor, 
(c) the actual directivity, (d ) the achievement factor, (e) the effective aperture and (f ) the aperture efficiency. 


16-1-6 Rectangular aperture. Cosine taper. An antenna with rectangular aperture x1 yı has a uniform 
field in the y direction and a cosine field distribution in the x direction (zero at edges, maximum at center). 
If x1 = 16A and yı = 84, calculate (a) the aperture efficiency and (b) the directivity. 


16-1-7 Rectangular aperture. Cosine tapers. Repeat Prob. 16-1-6 for the case where the aperture 
field has a cosine distribution in both the x and y directions. 


16-1-8 A 20) line source. Cosine-squared taper. (a) Calculate and plot the far-field pattern of a 
continuous in-phase line source 20A long with cosine-squared field distribution. (b) What is the HPBW? 


For computer programs, see A ppendix C. 
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Antenna Temperature, 
Remote Sensing and 
Radar Cross Section 


Topics in this chapter include: 


Mm Antenna temperature © Radar (active remote sensing) 
Æ System temperature! © Doppler radar 

Æ SNR (Signal-to-N oise Ratio) © RCS (Radar Cross Section) 
™ Passive remote sensing 


17-1 Antenna Temperature 


The noise power per unit bandwidth available at the terminals of a resistor of resistance R at a temperature 
T, (Fig. 17-1a) is given by the N yquist (1) relation as 


p=hT, (WHz~?) (1) 
where 

p = power per unit bandwidth, WHz~! 

k = Boltzmann’s constant = 1.38 x 10-77)K 71 

T, = absolute temperature, K 


If the resistor R is replaced by alossless antenna of radiation resistance R in an anechoic chamber at temperature 
T (Fig. 17-1b), the noise power per unit bandwidth available at the antenna terminals is the same as in (1) 
provided Te = T,. 

Now if the antenna is removed from the anechoic chamber and pointed at a sky of temperature Ts 
(Fig. 17-1c), the noise power per unit bandwidth is again the same as in (1) (provided Ts = T,), and we can 
say that the antenna has a noise temperature T4 equal to the sky temperature 7, .2 

Using an antenna to measure a distant temperature in this way is passive remote sensing, and the antenna 
in this application may be called a radio telescope This passive remote sensing is in contrast to the active 
remote sensing of radar. 


1F or a more detailed treatment, see J. D. Kraus, Radio Astronomy, 2d ed., Cygnus-Quasar, Powell, Ohio, 1986, pp. 3-39 to 3-45. 
2\t is assumed that the entire antenna pattern “sees” the sky of temperature Ts. 
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Anechoic 
chamber 
Terminals 

Antenna Antenna 

pattern \ 
T, „— Absorber / 

Sky at 


temperature Ts 


(a) (b) (c) 


Figure 17-1 (a) Resistor at temperature Tr. (b) Antenna in an anechoic chamber at 
temperature Te. (c) Antenna observing sky at temperature T;. The same noise power per unit 
bandwidth is available at the terminals in all three cases if T; = Te = Ts. 


To measure the distant or sky temperature Ts, the antenna noise temperature may be compared with that 
of a resistor at an adjustable temperature T, by alternately connecting antenna (directed at sky) and resistor 
to a receiver. W hen the receiver detects no difference, Ta = T; = T,. 

The noise temperature T4 of the antenna (assumed lossless) is equal to the sky temperature 7,, and not the 
physical temperature of the antenna. This contrasts to the resistor of Fig. 17-1a, which is completely lossy 
and, therefore, has a noise temperature equal to its physical temperature. Thus, for a radio-telescope antenna 
the noise power per unit bandwidth is given by 


p= kT4 (W Hz~?) (2) 


where T4 is the antenna (noise temperature) or temperature of the antenna’s radiation resistance, determined 
by the sky temperature at which the antenna beam is directed. 

Hence, a radio telescope antenna (and receiver) may be regarded as a radiometer (or temperature-measuring 
device) for remote sensing the temperature of distant regions coupled to the system through the radiation 
resistance of the antenna. An extreme view is to imagine that with a radio telescope we can, in effect, stretch 
the wires from the terminals in Fig. 17-1a, until the resistor R comes into contact with the distant regions. 

In the above we have assumed that the antenna has no thermal losses and also that all of its pattern is 
encompassed by the region being observed (negligible side and back lobes). 

Multiplying (2) by the bandwidth B, we obtain the total power available as 


where B = receiver bandwidth, Hz. 

It is often convenient to express the received power per unit bandwidth in terms of a flux density S. Thus, 

dividing (2) by the effective aperture Ae of the antenna, we have 
kT, 
S= 24 
Ae Ae 
In the above development we have assumed a single celestial source whose extent is greater than the antenna 
beam. In practice the antenna temperature may include contributions from several sources, or the source 


(W m-2 Hz7!) (4) 
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under observation may be superimposed on a background temperature region. To measure the temperature of 
a source under these circumstances, the radio telescope beam is moved onto and then off of the source, and an 
incremental or difference temperature A 7, is measured. Thus, (4) forthe source flux density can be rewritten as 


B kAT4 


S (Wm~?Hz™!}) Sourceflux density (5) 


Ae 


Note that the units for the flux density S (W m~? Hz~!) are the same as for the Poynting vector per unit 
bandwidth, so we may regard the flux density as a measure of the Poynting vector (per unit bandwidth) 
received from distant regions. In radio astronomy observations, flux densities are very small, and the unit 
of convenience is the jansky (Jy) = 10-2° W m~? Hz~!, after Karl G. Jansky who made the first radio 
astronomy observations in 1933. 

If the remote source is small compared to the antenna beamwidth, all of A T4 is due to the source, and (5) 
gives the correct flux density, but A7,4 is not equal to the source temperature. However, if the source solid 
angle Q,; and the antenna beam solid angle Q, (Fig. 17-2) are known, the source temperature Ts is given 
very simply by 


Beam angle 
Antenna 


Figure 17-2 Situation where source Q; is smaller than the beam area Qa. 


T; = SAAT (K) (6) 


where 
Ts = source temperature, K 
AT, = incremental antenna (noise) temperature, K 
Qs = source solid angle (see figure), sr 
Qa = antenna beam solid angle (see figure), sr 


Itis important to note that the antenna temperature has nothing to do with the physical temperature of the 
antenna provided the antenna is lossless. 
Let us now apply (6), by way of an example, to a classic, historic remote-sensing observation. 


EXAMPLE 17-1.1 Mars Temperature 

The incremental antenna temperature for the planet Mars measured with the U.S. Naval Research 
Laboratory 15-m radio telescope antenna at 31.5-mm wavelength was found to be 0.24 K (Mayer-1). 
M ars subtended an angle of 0.005° at the time of the measurement. The antenna HPBW = 0.116°. Find 
the average temperature of M ars at 31.5-mm wavelength. 
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E Solution 
Assuming that 24 is given by the solid angle within the H PB W, wehavefrom (6) thatthe M ars temperature 


2 
QA ATA x A 954 = 164K Ans. 


T; = N 
Qs x (0.0052 /4) 


This temperature is less than the infrared temperature measured for the sunlit side (250 K), imply- 
ing that the 31.5-mm radiation may originate farther below the Martian surface than the infrared 
radiation. This is an example of passive remote sensing of the surface of another planet from the 
earth. 


The source temperature in the above discussion and example is an equivalent temperature. It may represent 
the physical temperature of a planetary surface, as in the example, but, on the other hand, a celestial plasma 
cloud with oscillating electrons which is at a physical temperature close to absolute zero may generate 
radiation with an equivalent temperature of thousands of kelvins. The temperatures we are discussing are 
thermal (noise) temperatures like those of a perfect emitting-absorbing object called a blackbody. A hot object 
filling the beam of a receiving antenna will ideally produce an antenna temperature equal to its thermometer- 
measured temperature.! H owever, the oscillating currents of a transmitting antenna can produce an equivalent 
temperature of millions of degrees (K ) even though the antenna structure is at normal outdoor temperature. It 
may be said that the antenna (and its currents) have an equivalent blackbody (or noise) temperature of millions 
of degrees. 

All objects not at absolute zero produce radiation which, in principle, may be detected with a radio 
antenna-receiver. A few objects are shown in Fig. 17-3 with the equivalent temperatures measured when the 
horn antenna is pointed at them. Thus, the temperature of a distant quasar is over 10° K, of Mars 164 K, 
of a transmitter on the earth 10° K, of a man 310 K, of the ground 290 K,? while the empty sky at the 
zenith is 3K. This temperature, called the 3 K sky background, is the residual temperature of the primordial 
fireball which created the universe and is the minimum possible temperature of any antenna looking at 
the sky. 

A n assumption was made in the above discussion which requires comment. It was assumed that the antenna 
and source polarizations were matched (same polarization states on the Poincaré sphere). Although this is 
possible for the transmitting antennain Fig. 17-3, itis not possible for the other sources because their radiation 
is unpolarized and any antenna, whether linearly or circularly polarized, receives only half of the available 
power. Hence, for such sources the flux density of the source at the antenna is given by twice (4) or 


2kAT. 
s = oo 


a (W m~? Hz7?) Source flux density (7) 


We have considered two extreme cases, one where the source extent is much broader than the antenna 
beamwidth and one where the source extent is much less than the beamwidth. L et us consider now the general 
situation for any source beamwidth- size relation. For this general situation the total antenna temperature T4 is 


1 m 27 
Ta = — Í I T,(0,6)P,(0,)d2 K) (8) 
AJO 0 


1A ssuming the object's intrinsic impedance = 377 Q. 
2Due to reflection, more realistic values for a human and the ground might be less. 
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sky > 106K 
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Transmitting 
antenna 
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Human, 310 K 


Ground, 290 K 


Figure 17-3 Horn antenna directed at various objects senses different temperatures as 
suggested. 


where 
Ta = total antenna temperature (not AT4), K 
T; (0, ¢) = brightness temperature of source or sources as a function of angle, K 
P, (0, 6) = normalized antenna power pattern, dimensionless 
Qa = antenna beam solid angle, sr 
dQ = sin ð dé de = infinitesimal element of solid angle, sr 


Note that T4 in (8) is the total antenna temperature including not only contributions from a particular 
source in the main beam but from sources of radiation in all directions in proportion to the pattern response. 
Note also that the temperatures are in kelvins,K (= Celsius degrees above absolute zero). 

In contrast to the above example, let us recall the temperature measurements made by Arno Penzias (1) 
and Robert Wilson in 1965 at 4 GHz on their 6.2-m horn-reflector antenna which resulted in their discovery 
of the 3-K sky background. When directed at regions of “empty” sky near the zenith, Penzias and Wilson 
measured a total antenna temperature T, = 6.7 K. 


EXAMPLE 17-1.2 Antenna Temperature 

A circular reflector antenna of 500 m? effective aperture operating at à = 20 cm is directed at the zenith. 
W hat is the total antenna temperature assuming the sky temperature is uniform and equal to 10 K? Take 
the ground temperature equal to 300 K and assume that half the minor-lobe beam area is in the back 
direction (toward the ground).! The beam efficiency is 0.7 (= 2Qm/ Qa). 


E Solution 

Assuming that the antenna aperture efficiency is 50 percent, its physical aperture is 1000 m? and its 
diameter 35.7 m (= 2./1000/z m). Ata = 0.2 m the diameter is 1792, implying that the HPBW ~ 0.4° 
(= 70°/179). Thus, the antenna is highly directional with the main beam directed entirely at the sky 
(close to the zenith). 


1Since much sky radiation reaches the antenna via reflection from the ground, a more realistic ground temperature might be less than 
300 K. 
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Since the (main) beam efficiency is 0.7, 70 percent of the beam area (24 is directed at the 10 K sky, 
half of the remainder or 15 percent at the sky and the other half of the remainder or 15 percent at the 
300 K ground. Thus, integrating (8) in 3 steps, we have 


Sky contribution = tao x 0.724) =7K 
QA 
; ee 1 1 
Side-lobe contribution = zv x= x03 2a) =15K 
QA 2 
Pee 1 1 
Back-lobe contribution = z (300 x = x 0.3 24) =45K 
QA 2 


and 
Ta =74+154+45 =53.5K 


Note that 45 of the 53.5 K, or 84 percent, of the total antenna temperature results from the back-lobe 
pickup from the ground. With no back lobes the antenna temperature could ideally be only 10 K, so that 
in this example the back lobes are very detrimental to the system sensitivity (see Sec. 17-2). It is for this 
reason that radio telescope and space communication antennas are usually designed to reduce back- and 
side-lobe response to a minimum. 

The information given regarding aperture and wavelength is relevant to the problem only to the extent 
that it indicates that the main beam is directed entirely at the sky. 


Contributions to this temperature were measured as 
2.3 + 0.3 K due to the atmosphere 
0.8 + 0.4K due to ohmic losses 
<0.1K due to back lobes into the ground 
3.2+0.5 


The difference, 6.7 — 3.2 = 3.5K, they attributed to the sky background. Theirs was the first measurement 
of the residual temperature of the primordial (Big Bang) fireball which created the universe, and sets a lower 
limit to the temperature of any antenna looking at the sky. See Sec. 20-19. 

The0.1-K ground pickup by the antenna of Penzias and Wilson is one of the smallest values ever measured 
for an antenna. Note also that, in their analysis, they attributed 0.8 K to ohmic losses in the antenna and rotary 
joint. 

The antenna noise temperature from the sky as a function of frequency (and wavelength) is presented in 
Fig. 17-4. A beam angle (HPBW) of less than a few degrees and 100 percent (main) beam efficiency are 
assumed. Curves are given for beam angles from the zenith (complementary to elevation angles). At lower 
frequencies the temperature is dominated by radiation from the galaxy. At higher frequencies the atmosphere 
introduces noise due to absorption. A bove the earth’s atmosphere (in space) this noise is avoided, but there is 
a universal photon or quantum noise temperature limit at still higher frequencies given by the photon energy 
hf divided by Boltzmann's constant, or 


Af 
k 


T (K) (9) 
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h = Planck’s constant = 6.63 x 1074 J s 
frequency, Hz 
k = Boltzmann's constant = 1.38 x 10-77) K-14 


Across the spectrum between these sources of noise there is the noise background or floor of 3 K (or more 
precisely 2.7 K ) due to radiation from the primordial fireball. The low-noise region between galactic radiation 
and atmospheric absorption defines an earth-based radio window, while the region between galactic radiation 
and quantum limit establishes a cosmic radio window. 


Sy 
II 


17-2 System Temperature 


; PE Antenna 
An antenna is part of a receiving system con- 


sisting, in general, of an antenna, a receiver 
and a transmission line which connects them. Tap 
The temperature of the system, or system tem- 
perature, is a critical factor in determining 
the sensitivity and signal-to-noise ratio of a 


Transmission 
line 


Receiver 


/ 


aa Receiver 
receiving system. terminals 
Let us consider a receiving system as shown 
schematically in Fig. 17-5, with an antenna, a Antenna 
receiver and a transmission line (or waveguide) terminals 


connecting them. 

Thesystem temperature depends on the noise 
temperature of the sky, the ground and antenna 
environs, the antenna pattern, the antenna thermal efficiency, the receiver noise temperature and the efficiency 
of the transmission line (or waveguide) between the antenna and receiver. The system temperature at the 
antenna terminals is given by 


Figure 17-5 Antenna, transmission line and 
receiver for system temperature determination. 


1 1 1 
Toys = Ta + Tar( = ~1) + Tee(=—1) + Te (1) 
El £2 £2 


where 


Ta = antenna noise temperature[asgivenby(17 — 1 — 8)], K 
Ta P = antenna physical temperature, K 

€1 = antenna (thermal) efficiency(0 < £1 < 1), dimensionless 
Tip = line physical temperature, K 

e2 = line efficiency(0 < £2 < 1),! dimensionless 

Tr = receiver noise temperature (see next paragraph), K 


The receiver noise temperature is given by 


ee ro 3 
E Gi G1ıG2 


1,5 = e™®!, where œ = attenuation constant (Np m~!) and 7 = length of line (m). 
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where 
Tı = noise temperature of first stage of receiver, K 
noise temperature of second stage, K 
noise temperature of third stage, K 
G1 = power gain of first stage 
G2 = power gain of second stage 


a 
ll 


Terms for additional stages may be required if the temperatures are sufficiently high and the gains 
sufficiently low. 


EXAMPLE 17-2.1 System Temperature 
A receiving system has an antenna with a total noise temperature of 50 K , a physical temperature of 300 K 
and an efficiency of 99 percent, a transmission line at a physical temperature of 300 K and an efficiency 
of 90 percent, and a receiver with the first 3 stages all of 80 K noise temperature and 13 dB gain. Find 
the system temperature. 
E Solution 
From (2) the receiver noise temperature is 

T, = 904 20, ogdek 

a 0° 207 aa 
From (1) the system temperature is 
1 1 1 
Tsys = 50+ 300( 539 — i) + 300( 55 — 1) + gaet? 
50 + 3 + 33.3 + 93.6 ~ 180 K 


Note that due to losses in the antenna, its physical temperature contributes 3 K . The line contributes about 
33 K and the receiver about 94 K. 


The sensitivity, or minimum detectable temperature, A Tmin, of a receiving system is equal to the rms noise 
temperature A Trms of the system, as given by 


k’ Tsys 


JAft 


k’ = system constant (order of unity), dimensionless 

system temperature [sum of antenna, line and receiver temperatures as given by (1)], K 
Trms = rms noise temperature A Tmin, K 

predetection bandwidth of receiver, Hz 

t = postdetection time constant, s 


ATnin = = ATrms (3) 


where 


ot 

< 

wn 
ll 


> 
S 
Il 


The criterion of detectability is that the incremental antenna temperature AT4 due to a radio source be 
equal to or exceed A Tmin, that is, 


AT, = ATnin (4) 
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and the signal-to-noise (S/N) ratio is then? 
S AT, 
N ATmin 
Many space communication systems, radio telescopes and remote sensing systems operate at such high 
sensitivity (low signal levels) that a low system temperature is essential. 


(5)? 


EXAMPLE 17-2.2 Minimum Detectable Flux Density 

The Ohio State University 110 by 21 m radio telescope antenna (see Fig. 17-6) had a physical aperture 
of 2208 m2, and at 1415 MHz an aperture efficiency of 54 percent and a system temperature of 50 K. 
The rf bandwidth was 100 M Hz, the output time constant 10 s and the system constant was 2.2. Find the 
minimum detectable flux density. 


E Solution 
From (3) the minimum detectable temperature was 
KT. 
iS = _ wok 
VAft 100 x 108 x 10 
Theeffective aperture Ae = A p£ap = 2208 x 0.545 = 1203 m?. From (17- 1-7) the minimum detectable 
flux density is 


2kATmin _ 2 x 1.38 x 107? x 0.0035 
Ae 1203 


= 81x 10-77 W m~? HZ7! ~ 8 mjy* 


ASmin = 


By repeating observations and averaging, the minimum can be further reduced (a@./1/n, where 
n = number of observations). 

In a large sky survey at 1415 MHz, about 20,000 radio sources were detected and cataloged at flux 
densities above 180 mJ y. Thus, the signal-to-noise ratio for these cataloged sources is 


S  180mjy ATA 0.0785 K 


Wo B0mly Alm MOOK 


17-3 SNR (Signal-to-Noise Ratio) 


Let us consider next the signal-to-noise ratio for a receiving system which is part of acommunication link. If 
a transmitter radiates a power P, isotropically and uniformly over a bandwidth A f,, it produces a flux density 
at a distance r of P, /(4xr? Af;). A receiving antenna of effective aperture Ae, at a distance r can collect a 
power 


_ PrAer Af; 


""" Anr2 Af; my) H 


1Distinguish between S here for signal and S elsewhere for flux density or Poynting vector. 

2The minimum detectable signal is given by S = N or S/N = 1. The ratio is sometimes expressed (S + N)/N and for the minimum 
detectable signal case this ratio equals 2. 

*8 millijansky, where 1 Jy = 10726 W m~? Hz~}. 
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where 
P, = radiated transmitter power, W 
Aer = effective aperture of receiving antenna, m? 
Af, = receiver bandwidth, Hz 
Af; = transmitter bandwidth, Hz 
r = distance between transmitter and receiver, m 
It is assumed that Af, < Afr. 
With a transmitting antenna of directivity D = 47 A,,/A2, the received power becomes 
P, Aer Aer Afr 


P= ap wW (2) 
where 
à = wavelength, m 
Aer = transmitter effective aperture, m? 


For Af, = Af; (bandwidths matched), (2) is the Friis transmission formula. 

The sensitivity of a receiving system (antenna and receiver) depends not only on the antenna temperature 
T4 but also on the temperature or noise contribution of the receiver and the transmission line connecting the 
antenna to the receiver. The resultant of these temperatures is called the system temperature Tsys, which is a 
factor in the signal-to-noise ratio (S/N or SNR) for a radio link as given by 


S P,Aca A i ; 
2 ae (dimensionless) 
N  r?d2BkTsys 


Signal-to-noise ratio 
SNR of radio link 


EXAMPLE 17-3.1 Downlink Signal-to-Noise Ratio 

The criterion of detectability of a signal is the signal-to-noise ratio (S/N) (3). For a transmitter power of 
1 W and an isotropic (nondirectional) antenna, the signal-to-noise ratio of a lossless line-of-sight radio 
link is given by 


Ss a? 
N  16r?r?kTsysB 
where 


à = wavelength, m 

r = distance from transmitter to receiver, m 

k = Boltzmann's constant = 1.38 x 10-23) K 71 
Tsys system temperature, K 

B = bandwidth, Hz 


For a Clarke-orbit geostationary satellite C-band transponder downlink to an earth station (Fig. 17-6), 
the transponder power = 5 W, distance = 36,000 km, à = 7.5 cm, and antenna gain = 30 dB. If the 
earth station antenna has 38-dB gain and the earth station receiver a system temperature of 100 K, find 
the earth station S/N. The bandwidth B = 30 MHz for frequency-modulated (FM ) TV signals. 
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Note: The S/N ratio as used in this example actually represents the carrier-to-noise (C/N) ratio, 
defined as the ratio of the power in the unmodulated carrier to the noise power. For FM video signals 
as employed by the Clarke-orbit satellites, the S/N at the output of the FM demodulator can exceed the 
carrier-to-noise ratio (C/N) by 35 dB or more, provided that the C/N is above the “FM threshold” of 
approximately 10 dB. The amount of enhancement depends on the signal’s modulation index, the ratio of 
the peak frequency deviation to the modulation frequency. In practice, satellite designers strive fora C/N 
of 13 to 20 dB, corresponding to 3 to 10 dB of link margin to allow for antenna misalignment, attenuation 
along the propagation path, attenuation due to water or snow in the earth-station dish, transponder power 
variations, and demodulator inefficiency. 


Geostationary Asian satellites 
or Clarke 


orbit Polar axis 
Downlink FA 
antenna AN $4) 36,000 km 
beam VZ 
European- 
North and South Equator African 


American satellites satellites 


(a) 


Footprint 


Figure 17-6 (a) Geostationary TV and communication relay satellites in Clarke orbit 
around the earth. (b) Effective radiated power contours, or footprint, in decibels above 1-W 
isotropic of typical transponder downlink over North America. Note that the footprint gives 
radiation contours over a spherical surface (the earth’s) and, in most cases, at an oblique 
angle. Only when the satellite beams directly down on the earth's equator with a relatively 
narrow pattern will the footprint contours approximate the true antenna pattern contours. 
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E Solution 
For 1 W and isotropic antenna, 
S a 


N — 1ôr?r?kTysB 


a 0.075? 
— 16m2(362 x 1012)(1.38 x 10-23)(100)(30 x 106) 


= 6.64 x 1077 = —61.8 dB 


For transponder antenna gain = 30 dB and transponder power = 5 W = 7 dB, 


ERP (effective radiated power) of transponder = 30 + 7 
= 37dB (over 1W isotropic) 


For earth station gain = 38 dB, 
S/N (downlink) = 37 + 38 — 61.8 = 13.2 dB Ans. 


This is 3.2 dB more than the minimum S/N ratio considered to be acceptable. 


P, = transmitter power, W 
Aer = effective aperture of transmitting antenna, m? 
Aer = effective aperture of receiving antenna, m? 

r = distance between transmitter and receiver, m 

à = wavelength, m 

B = bandwidth, Hz 

k = Boltzmann’s constant = 1.38 x 107? J K7} 
Tsys = system temperature, K 


In (3) matched polarizations and bandwidths are assumed. 


17-4 Passive Remote Sensing 


A radio telescope is a remote sensing device whether it is earth-based and pointed at the sky for observing 
celestial objects or on an aircraft or satellite and pointed at the earth. In this section we consider the case 
where the radiation detected or sensed by the telescope originates in the objects being observed, making for a 
passive remote sensing system in distinction to radar or active remote sensing where signals are transmitted 
and their reflections observed and analyzed. The active case is discussed in the next section. 

Consider the situation of Fig. 17-7 a, in which the earth-based radio telescope antenna beam is 
completely subtended by a celestial source of temperature Tẹ with an intervening absorbing-emitting cloud 
of temperature 7,.. With no cloud present, the incremental antenna temperature AT, = Ts, but with the cloud 
it may be shown that the observed antenna temperature 


AT, =Te(l-e ")+Tse % (K) (1) 
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Earth-based Celestial Radio telescope 
dio tel source on satellite Forest Earthy 
radio telescope Cloud Sy 
| T; Ty 
T, T, T; 
T. 
(a) (b) 
F Antenna 
Receiver 
terminals terminals, Antenna 
/ Transmission line 
T Trp 


(c) 


Figure 17-7 (a) Earth-based radio telescope remote-sensing celestial source through 
intervening interstellar cloud. (b) Radio telescope on satellite remote-sensing the earth through 
forest. (c) Receiver detecting antenna output through transmission line. The cloud, forest and 
transmission line have analogous emitting-absorbing properties. 


where te = absorption coefficient of the cloud? (= 0 for no absorption and = oo for infinite absorption). 
Thus, knowing T; and te, the cloud’s equivalent blackbody temperature T, can be determined. 

Now, referring to Fig. 17- 7b, let us reverse the situation and put the radio telescope on an orbiting satellite 
for observing the surface of the earth at temperature 7, with the antenna beam completely subtended by a 
large forest at a temperature 7. The incremental satellite antenna temperature is then 


ATA =T- eTe K) (2) 


where tf = absorption coefficient of the forest. Knowing 7. and tp, the temperature of the forest can be 
determined, or knowing T, and Tp, the absorption coefficient can be deduced. It is by such a technique that 
the whole earth can be surveyed and much information obtained about the temperatures of land and water 
areas, and from absorption coefficients about the nature of the surface cover. 


EXAMPLE 17-4.1 Forest Temperature by Remote Sensing 

The remote-sensing antenna of a 3-GHz orbiting satellite measures a temperature AT, = 300 K when 
directed at a tropical forest region having an absorption coefficient t = 0.693 at vertical incidence. 

If the earth temperature T, = 305 K, find the temperature of the forest. 


E Solution 
Since ty = 0.693, e77 = 0.5, so from (2), 


pesuc _ 300-305 x 0.5 
f= oe | 1-0.5 


= 295 K 


If the antenna-transmission line-receiver system is viewed from the receiver terminals as in Fig. 17-7c 
(instead of from the antenna terminals as in Fig. 17-5), we note that the analogy between the remote-sensing 


TA stronomers call te the “optical depth.” The quantity e~*e is equivalent to the efficiency factor £ in (17-2-1). 
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situations discussed above extends here to the transmission line. Thus, the emitting-absorbing transmission 
line of Fig. 17-7c is like the emitting-absorbing cloud of Fig. 17-7a and like the emitting-absorbing forest of 
Fig. 17-7b. The analogy may be emphasized by comparing (1) and (2) with the temperature as seen from the 
receiver terminals, so that the equations for the 3 situations have identical form as follows: 


Antenna looking at celestial source (see Fig. 17- 7a): 


AT, =T-(l—e7-") + T, e" (K) (3) 
Antenna looking at earth from satellite (see Fig. 17-7b): 

ATa = Tfl e) + Tee f (K) (4) 
Receiver looking at antenna (see Fig. 17-7c): 

T = Trp (l — 7%) + Me™ (K) (5) 
where 


AT, = incremental antenna temperature, K 
T. = cloud temperature, K 
Te = Cloud absorption coefficient (optical depth), dimensionless 
Ts = celestial source temperature, K 
Ty = forest temperature, K 
ty = forest absorption coefficient, dimensionless 
Te = temperature of earth, K 
Tp = transmission line physical temperature, K 
a = transmission line attenuation constant, Npm~! 
1 = length of transmission line, m 
Note that the system temperature should be referred to the antenna terminals as in (17-2-1) and not to the 
receiver terminals as in (5). Thus, if the line is completely lossy (e~*! = e2 = 0), (17-2-1) gives an infinite 
system temperature which is correct, meaning that the system has no sensitivity whatever. However, with this 
condition, a “system temperature” viewed from the receiver terminals, as in (5), would equal the temperature 
Tz p Of the line plus the receiver temperature, a completely misleading result since it indicates that the system 
still has sensitivity. 

The M ars measurement is an example of passive remote sensing in which the temperature of a very distant 
object is determined with a radio telescope. As another example of passive remote sensing, many satellites 
circling the earth carry radio telescopes which are directed down at the earth for measuring the temperature 
of the earth’s surface in great detail in the same way that the telescope in the worked example was used to 
determine the surface temperature of M ars. By contrast, radar detection is active remote sensing since a signal 
is transmitted and an echo received. 


17-5 Radar and Radar Cross Section 


Consider now the situation shown in Fig. 17-8 where either a transmitter or a receiver can be connected to an 
antenna. Now, with transmitter connected to the antenna, a pulse is sent out that strikes a passive reflecting- 
scattering object asin Fig. 17-8. The power intercepted by the objectis given by the Friis transmission formula 
(17-3-2) as 
; P,A 
Pint (by object) = -77 W) (1) 
where o = radar cross section of the object, m2. 
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Figure 17-8 Double-path geometry (wave out and scattered wave back) used in obtaining 
radar equation. The antenna can be switched between transmitter and receiver. 


The term radar is an acronym for radio direction and range. A ssuming that the object scatters isotropically 
(D = 1), its effective aperture from (2-9-7) is à? /4x , so the scattered power from the object which is received 
back at the transmitter location is, by another application of the Friis transmission formula (2-11-5), given by 


P, (Power received by antenna) 
Pint (Power intercepted by object) Ae, 22 
z r2A2 4r 
Now, connecting the antenna to the receiver (before the backscattered pulse or echo arrives), the ratio of the 
backscattered power collected by the antenna to the transmitted power yields the radar equation as given by 


(W) (2) 


P, (by antenna) = A’o 


: = 7a (dimensionless) Radar equation (3) 
t r 


where A = Aer = effective aperture of antenna (same for transmitting and receiving), m2. 

It is assumed in (3) that polarizations are matched (no cross-polarized component of the backscattered 
wave), i.e., F = 1 or MM, = 0 and also that the antenna and receiver are matched. If polarizations are not 
matched, then (3) should be multiplied by F from (2-17-5). 

From (3), the radar cross section (RCS) is 


P, (by antenna) 47412 


PA? (4) 


or 


S, 4rr?S, scattered power Radar 


= = 2 
Sinc incident power density (m) 


= Sinc/4rr? ~ 


where 


S, = isotropically backscattered power density at distance r 
[P, (by antenna)]/A,W m~? 

Sinc = power density incident on object 

(P,A)/(r242), W m~? 
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In words, the radar cross section o of an object is its effective area intercepting the incident power density 
Sinc which, if scattered isotropically, would result in the backscattered power density S,. 

For a large perfectly reflecting metal sphere of radius a, the radar cross section is equal to the physical 
cross section za2. For imperfectly reflecting spheres, the radar cross section is smaller. For example, at meter 
wavelengths, the radar cross section of the moon is about 0.1 of its physical cross section. 

To measure accurate far-field values of the Radar Cross Section (RCS) of objects, the radar antenna should 
be at a distance well in excess of w? /à, where w = maximum width (or height) of the object being measured, 
in order that the radar wave front be sufficiently planar. At high frequencies and/or for big objects, this may 
require an impractically large distance. A solution is to use a parabola to convert the spherical wave front from 
the radar to a plane wave. This greatly reduces the distance required and results in what is called a “compact 
range.” The Ohio State U niversity 110-m radio telescope doubled as a compact range for RCS measurements 
of large objects. See Figs. 17-6 and 17-8. 

Notice in (3) that the backscattered power at the radar receiver is inversely proportional to the fourth power 
of the distance. This means that if you have a receiver as sensitive and an antenna as large as the radar’s, you 
should be able to detect the radar at greater distances than it can detect you. The signal needs to cover the path 
to you only once (1/r? attenuation), but it must cover it twice to get back to the radar (1/r* attenuation). 

In pulse radar the antenna is connected to the transmitter while the pulse is sent. It is then switched to 
the receiver which listens for the echoes. The greater the range being observed, the longer the time needed 
between pulses. In doppler radar the antenna is connected continuously to both transmitter and receiver 
through a circulator which isolates the receiver from the transmitter, and the transmitter is on all the time. 
The term CW (continuous wave) doppler is used to describe this mode of operation, which measures only 
velocity. By measuring both time delay and frequency shift of the echoes from a pulse radar, we have what is 
called pulse doppler radar which measures both distance and velocity. 

Radars have wide application for ship and aircraft navigation; for harbor, airport and highway surveillance; 
for weather forecasting (storms, rain, hail, etc.); for terrain mapping; for measuring the distance to the moon 
or the rotation of Venus (whose surface is hidden by clouds); for monitoring the speed of a pitcher's fast ball; 
or determining the velocity of a hummingbird. 

The radar cross sections of several objects are listed in Table 17-1 where it is assumed that the objects are 
large compared to the wavelength. N ote that, whereas the RCS of asphere is equal to its cross-sectional area, 
the RCS of a plate or sheet is larger than its area (see Prob. 17-5-7). See also the RCS data in Fig. 17-9. 

In pulse radar the time Ar between the transmission of the pulse and reception of its echo gives the distance 
d of the object as 


d= set (m) (6) 


where c = 300 M m s~? (for air) and Ar = delay time of echo, s. 


Table 17-1 Radar cross sections? 


Object Radar cross section v 
Sphere, radius a na’ 
Flat plate, area A 4r A? /22 


Cylinder, radius a, length L 2raL?/à 


t Objects perfectly conducting and large compared to the wavelength (a and L > 
à). Plate and cylinder at normal incidence. Cylinder length L parallel to plane of 
polarization of radar wave. For the general case where the object's dimensions 
may also be smaller than the wavelength, see R. J. Kouyoumjian (1). 
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RESONANCES 
SPHERE: D = 0.33A, 0.754 STRAIGHT WIRE: L = 0.46A 
LOOP: D = 0.35A HELIX (a = 4.5°): L = 0.55A 
DISK: D = 0.45A HELIX (a = 11°): L = 0.72A 


RCS (A2) 


0 h 
0.2 0.3 0.4 0.5 0.6 0.7 0.8 
LENGTH L OR DIAMETER D(A) 


Figure 17-9 RCS (Radar Cross Section) values of wire, loop, disk, sphere and helices. The 
wire, loop, and disk values are from Kouyoumjian (1), the sphere from Mie (1) while the helix 
values are from measurements by Kraus (1). 


In doppler radar the change in frequency Af of the echo with respect to the transmitted frequency fo 
gives the velocity v of the object as 


r (m s71) (7) 


Af = (doppler) shift of frequency, Hz 
fo = transmitting frequency, Hz 
= 300M m s~} {(for air) 


For positive values of Af (increase in echo frequency), the objectis approaching; for negative values (decrease 
in echo frequency), itis receding (going away). 

By moving or scanning the antenna beam, a radar can provide information on the direction, distance, and 
velocity of objects within its view. Also, since a returning pulse carries a characteristic signature, different 
objects may be recognized, a very short pulse response being the Fourier transform of the object’s frequency 
response. 


o 
| 
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17-5a Pulse Doppler Weather Radar 


Coherent pulse doppler radars measure both the amplitude and the phase of radar echoes. The phase of the 
return is related to the distance r to the scattering object and the wavelength à by 
Air 
(= (8) 
This differs from the one-way phase shift 277/A by a factor of 2, since radar scattering is a two-way process. 


If the source of the radar echo is moving, the phase of the return changes with time as 
An(r + vt 
pt) = A (9) 
where v, = velocity component along the radar line of sight. 


The time derivative of this changing phase is an angular frequency Aw: 


_ 06 — Anu, 
The doppler frequency shift due to motion of the scatterer is, therefore, 
Aw 2v, 
A ee ee 
fae = (Hz) (11) 


In a pulse doppler radar, both the distance to the echo source and its velocity are measured by transmitting 
a series of pulses and measuring the phase of the return for each pulse. From the Nyquist requirement of 2 
samples per cycle, the maximum doppler frequency shift which may be unambiguously measured is 


1 
A fmax = JT (Hz) (12) 


where T = pulse repetition interval (PRI), s. 

If a total of N pulses is used to determine the velocity, the total measurement time is NT seconds. Two 
frequencies may be resolved in this time if one of them undergoes an additional cycle of phase change in the 
observation period. Thus, the frequency resolution of a pulse doppler radar is 


Afmin = — (13) 


where N = number of pulses observed and T = pulse repetition interval, s. 
Pulse doppler weather radar uses scattering from water droplets and fluctuations in refractive index to 
measure the intensity of rain and wind velocity. 


EXAMPLE 17-5.1 Weather Radar 
For an X-band (10-GHz) weather radar, find: 
(a) the minimum pulse repetition frequency 


(PRF = 1/PRI) which may be used to unam- 

biguously measure the wind velocity in a tornado 

with a wind speed of 350 km h? (Fig. 17-10). (b) fo 
Atthis PRF, how many pulses must be sampled to 

resolve in frequency two portions of the tornado fot Af 
with a differential velocity of 1 km h71? 

E Solution 


a) Using (11), the doppler shift for a velocity of 
sn km na : j i Figure 17-10 
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From (12), 


1 
A fmax = oT 


1 I 
~ 2Afmax 26.5 x 103) 
1 I 
PRF = 7 mi 13 kHz Ans. (a) 
(b) Rearranging (13) to solve for N gives 
| 
E AfminT 


For two scatterers with Av, = 1 km h~t, we have from (11) 


T 


=7.7 x 10° = 77 us 


(ssa) 
A E E a 2 = a= vr2) _ zer — 18.5 Hz 


Therefore, 


1 1 = 702 pulses Ans.(b) 


Teat I 


17-5b The Corner Reflector (Dihedral and Trihedral) 


A square-corner dihedral (or two-surface) reflector, as in Fig. 17-11a with internal angle = 90°, acts as a 
retroreflector over a wide, almost 90° angle, as suggested in Fig. 17-11b and c. 

To distinguish this type of corner reflector from the onein Fig. 9-8, this one may be called a passive corner 
and the one of Fig. 8-8 an active corner. 

The measured radar field strength return from a square-corner reflector is shown in Fig. 17-12. The corner 
surfaces are large compared to the wavelength. There is strong reflection from the front side of the reflector 
over a broad angle (almost 90°). T here are also four strong but narrow spikes of reflection from the flat sides 
at normal incidence. B ut there is only a tiny spike return from the sharp edge of the back side of the corner. 
Thus, the front sides of corners and flat surfaces at normal incidence are good to enhance detection, but they 
should be avoided to escape detection. 

Adding a third side to the dihedral corner results in a trihedral corner. Clustering eight of them together as 
in Fig. 17-13 a retroreflector is obtained that provides a strong reflection over almost 47x sr. Such reflectors 
are widely used to enhance radar return. See Fig. 17-17. 

For example, small watercraft commonly carry one (usually with reflecting surfaces of wire mesh) on a 
tall mast to make the craft's presence more visible on radar screens and reduce chances of being rammed in a 
fog. See the yacht in Fig. 17-15. To be most effective, the reflector dimensions should be many wavelengths 
and the periphery of the mesh hole less than 4/2. 

The surfaces should be flat to better than 4/12. And, to increase the probability that the radar echo will 
be noticed, the reflector can be rotated to avoid a persistent low return in the directions of the three planes of 
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DIHEDRAL CORNER 


Angle of reflection = angle of incidence 


(a) (b) (c) 
Figure 17-11 Square-corner reflector at (a) with ray diagrams at (b) and (c) showing 
retroreflective action at different angles of incidence. 


Square-corner 
reflector Diffraction spikes 


Mn from corner edges 


Very weak, narrow reflection —a 
from back side of corner 


GaAs 


Strong, narrow reflection 
from flat sides 


Strong, broad reflection 
from front side of corner 


Figure 17-12 Measured radar field strength return from corner reflector. The corner 
dimensions are much larger than the wavelength. 


the reflector. Such a retroreflector may not give an echo like the Queen Elizabeth II but it can make a little 
watercraft appear like a sizable ship. Aircraft also need large RCS values to be easily detected and tracked by 
airport radars. 
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TRIHEDRAL 
CORNER 


Figure 17-13 Cluster of eight trinedral corner reflectors providing retroreflective action over 
almost 4x sr. 


17-5c Bistatic Radar 


The monostatic radar we have been discussing uses the same antenna for both transmitting and receiving (or if 
not the same antenna, both are at the same location). However, in bistatic radar the transmitting and receiving 
antennas are at different locations as suggested in Fig. 17-14. The two may, or may not, be coordinated. 
Thus, the transmitting antenna may be any of 100s of radio antennas transmitting in the area (short-wave 
to microwave). For example, the signal from a weak distant FM station may momentarily increase with the 
passage of an object like the wedge in Fig. 17-14. If the station’s location is known, this gives the object’s 
direction with its distance likely to be about halfway to the station. Although this informal bistatic system is 
less precise than the monostatic radar, it may be useful. 

The space shuttle or other objects in low-earth orbit can often be detected bistatically from the magnetohy- 
drodynamic (MHD) ripples they produce in the ionosphere. If the undisturbed electron density is just below 
the critical value, the electron density in the crests of the ripples may exceed the critical value permitting 
bistatic reflection between transmitting and receiving antennas separated by 100s or 1000s of km. 

Typical RCS values that might be expected for a variety of objects are displayed in Fig. 17-15 for a radar 
wavelength of 3 cm (frequency = 10 GHz). The values are nominal maxima. An exception is the yacht which 
has both a maximum and a minimum value depending on the yacht’s orientation. Whereas the yacht’s RCS 
may vary, the RCS of the trihedral corner is essentially constant over 360°. Another exception is the space 
shuttle where the large value is from the ionospheric disturbance caused by the shuttle. M ore accurate RCS 


Monostatic 
radar 


Small reflection 
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reflection Bistatic 


radar 


Transmitting 
antenna 


Receiving 
antenna 


Figure 17-14 Monostatic and bistatic reflections from wedge. The monostatic reflection from 
the edge is small but the bistatic reflection from the flat side is large with the angle of reflection 
equal to the angle of incidence (6, = 6i). 
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Figure 17-15 Land, sea, air and space objects with RCS values in square meters at 10 GHz. 
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values require a consideration of the polarization, angles of incidence and observation, and the geometry and 
composition of the object. For more detailed information see K ouyoumjian (1) and Skolnik (1). 
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Problems 


*17-2-1 Antenna temperature. An end-fire array is directed at the zenith. The array is located over flatnon- 
reflecting ground. If 0.924 is within 45° of the zenith and 0.082 4 between 45° and the horizon calculate 
the antenna temperature. The sky brightness temperature is 5 K between the zenith and 45° from the zenith, 
50 K between 45° from the zenith and the horizon and 300 K for the ground (below the horizon). The 
antenna is 99 percent efficient and is at a physical temperature of 300 K. 

*17-2-2  Earth-station antenna temperature. An earth-station dish of 100 m? effective aperture is 
directed at the zenith. Calculate the antenna temperature assuming that the sky temperature is uniform 
and equal to 6 K. Take the ground temperature equal to 300 K and assume that 1/3 of the minor-lobe beam 
area isin the back direction. The wavelength is 75 mm and the beam efficiency is 0.8. 


17-3-1  Signal-to-noise ratio. Show that the S/N ratio for a radio link with 1 W transmitter and isotropic 
antennas is 
Ss a? 
N  l6x4r*kTsysAf 


where symbols are as given in Eqs. (17-3-1) and (17- 3-3). 


*17-3-2 S/N ratio. W hat is the S/N ratio of a communications link operating with 50 M Hz bandwidth (for 5 
TV channels at 10 M Hz each) over a distance of 1500 km if the parabolic dish antennas are 1 m diameter 
operating at 3 GHz? The transmitter power is 10 W and the receiver system temperature is 200 K. 


*17-3-3 Signals from Pioneer 10 beyond the solar system. |n March 1992 Pioneer 10 was 8 
billion kilometers (8 x 1012? m) distant, well outside the solar system into deep space. Launched by 
NASA 20 years earlier, on M arch 1972, it was the first man-made object to escape from the solar system. 
Signals from its 8 W transmitter were still being received, informing us, among other things, that the 
solar wind was still observable. Pioneer 10 gave us our first close-up views of J upiter and has become our 
first interstellar probe. But even at its velocity of 40,000 km/h it will be nearly a million years before it 
reaches the nearest stars. A Ithough its radio may presently fail, the craft carries a gold-anodized aluminum 
plaque with an engraved symbolic message from us. If Pioneer 10 antenna gain is 36 dBi and the NASA 
earth-station antenna gain is 66 dBi, find the following as of the year 2000 assuming that Pioneer 10 travels 
at a constant speed away from the earth and that the transmitter is still operating: (a) the signal time delay 
(Pioneer 10 to earth), (b) the received power, and (c) the maximum bandwidth for a signal-to-noise ratio 
of 7 (or 8.5 dB) at a wavelength of 10 cm and system temperature equal to 20 K. 


The McGraw-Hill Companies 


Problems 


*17-3-4 


*17-3-5 


17-3-6 


*17-3-7 


*17-3-8 


645 


Satellite TV downlink. A transmitter (transponder) on a Clarke orbit satellite produces an effective 
radiated power (ERP) at an earth station of 35 dB over 1 W isotropic. (a) Determine the S/N ratio (dB) 
if the earth station antenna diameter is 3m, the antenna temperature 25 K , the receiver temperature 75 K 
and the bandwidth 30 M Hz. Take the satellite distance as 36,000 km. Assume the antenna is a parabolic 
reflector (dish-type) of 50 percent efficiency. (See Example 17-3.1.) (b) If a10-dB S/N ratio is acceptable, 
what is the required diameter of the earth station antenna? 


System temperature. The digital output of a 1.4 GHz radio telescope gives the following values 
(arbitrary units) as a function of the sidereal time while scanning a uniform brightness region. The 
integration time is 14 s, with 1 s idle time for printout. The output units are proportional to power. 

If the temperature calibration gives 170 units for 2.9 K applied, find (a) the rms noise at the receiver, 
(b) the minimum detectable temperature, (c) the system temperature and (d ) the minimum detectable flux 
density. The calibration signal is introduced at the receiver. The transmission line from the antenna to 
the receiver has 0.5 dB attenuation. The antenna effective aperture is 500 m2. The receiver bandwidth is 
7 MHz. The receiver constant k’ = 2. 


System temperature. Find the system temperature of a receiving system with 15 K antenna tem- 
perature, 0.95 transmission-line efficiency, 300 K transmission-line temperature, 75 K receiver first-stage 
temperature, 100 K receiver second-stage temperature and 200 K receiver third-stage temperature. Each 
receiver stage has 16 dB gain. 


Solar interference to earth station. Twice a year the sun passes through the apparent declina- 
tion of the geostationary Clarke-orbit satellites, causing solar-noise interference to earth stations. A 
typical forecast notice appearing on U.S. satellite TV screens reads: 


ATTENTION CHANNEL USERS: 
WE WILL BE EXPERIENCING 
SOLAR OUTAGES FROM 
OCTOBER 15TO 26 
FROM 12:00 TO 15:00 HOURS 


(a) If the equivalent temperature of the sun at 4 GHz is 50,000 K, find the sun’s signal-to-noise ratio (in 
decibels) for an earth station with a 3-m parabolic dish antenna at 4 GHz. Take the sun's diameter as 0.5° 
and the earth-station system temperature as 100 K. (b) Compare this result with that for the carrier-to- 
noise ratio calculated in Example 17-3.1 for a typical Clarke-orbit TV transponder. (c) How long does 
the interference last? Note that the relation 24 = A2/A¢ gives the solid beam angle in steradians and 
not in square degrees. (d) Why do the outages occur between October 15 and 26 and not at the autumnal 
equinox around September 20 when the sun is crossing the equator? (e) How can satellite services work 
around a solar outage? 


Voyager 2 at Neptune. On August 24, 1989, Voyager 2 made a close encounter with Neptune 
sending back close-up pictures of the planet. With its 2.5-m-diameter parabolic dish antenna and 10 W, 10 
GHz transmitter, what maximum earth station system temperature is permissible to provide a signal-to- 
noise (S/N) ratio of 5 dB for reception of a picture with 3 x 10° pixels (picture elements) in 3 minutes if 
the earth station antenna diameter is 70 m? Assume aperture efficiencies of 70 percent. The earth-N eptune 
distance = 4 light-hours. 


Time Output Time Output 
31™ 305 234 32M 455 229 
31 45 235 33 00 236 
32 00 224 33 15 233 
32 15 226 33 30 230 
32 30 239 33 45 226 
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Critical frequency. MUF. L ayers may be said to exist in the earth’s ionosphere where the ioniza- 
tion gradient is sufficient to refract radio waves back to earth. [Although the wave actually may be bent 
gradually along a curved path in an ionized region of considerable thickness, a useful simplification 
for some situations is to assume that the wave is reflected as though from a horizontal perfectly con- 
ducting surface situated at a (virtual) height 4.] The highest frequency at which this layer reflects a 
vertically incident wave back to the earth is called the critical frequency fo. Higher frequencies at the 
vertical incidence pass through. For waves at oblique incidence (@ > 0 in Fig. P17-3-9) the maximum 
usable frequency (M UF) for point-to-point communication on the earth is given by MUF = f,/cos@, 
where @ = angle of incidence. The critical frequency fo = 9./N, where N = electron density (num- 
ber m73). N is a function of solar irradiation and other factors. Both fọ and h vary with time 
of day, season, latitude and phase of the 11-year sunspot cycle. Find the MUF for (a) a distance 
d = 1.3 Mm by Fy-layer (h = 325 km) reflection with Fy-layer electron density N = 6 x 1011 m73; 
(b) a distance d=1.5 Mm by F)-layer (h = 275 km) reflection with M = 101? m~3; and (c) a 
distance d = 1 Mm by sporadic E-layer (A = 100 km) reflection N = 8 x 1011 m—3. Neglect earth 
curvature. 


lonospheric 


ra layer 


Reflecting "surface" 
pia 


Assumed path 


l 
| 


Receiver 


/ 


Transmitter 


N 


Actual path 


Earth's surface 


Figure P17-3-9 Communication path via reflection from ionospheric layer. 


To communication satellite 
N 


MUF for Clarke-orbit satellites. Stationary 
communication (relay) satellites are placed in the Clarke 


orbit at heights of about 36 Mm. This is far above the Up-link Down-link 
ionosphere, so that the transmission path passes com- h 
pletely through the ionosphere twice, asin Fig. P17- 3-10. J i 


Since frequencies of 2 GHz and above are usually used 
the ionosphere has little effect. The high frequency also 
permits wide bandwidths. If the ionosphere consists of a 
layer 200 m thick between heights of 200 and 400 km 
with a uniform electron density N = 1012 m—1, find the 
lowest frequency (or minimum usable frequency, MUF) 
which can be used with a communication satellite (a) 
for vertical incidence and (b) for paths 30° from the Earth's surface 
zenith. (c) For an earth station on the equator, what is a 
the mUF for a satellite 15° above the eastern or western Figure P17-3-10 Communication 
horizon? path via geostationary Clarke- 

orbit relay satellite. 


Transmitter Receiver 
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Minimum detectable temperature. A radio telescope has the following characteristics: 
antenna noise temperature 50 K, receiver noise temperature 50 K, transmission-line between antenna 
and receiver 1 dB loss and 270 K physical temperature, receiver bandwidth 5 MHz, receiver integra- 
tion time 5s, receiver (system) constant k’ = z/./2 and antenna effective aperture 500 m2. If two 
records are averaged, find (a) the minimum detectable temperature and (b) the minimum detectable flux 
density. 


Minimum detectable temperature. A radio telescope operates at 2650 M Hz with the follow- 
ing parameters: system temperature 150 K , predetection bandwidth 100 M Hz, postdetection time constant 
5s, system constant k’ = 2.2 and effective aperture of antenna 800 m2. Find (a) the minimum detectable 
temperature and (b) the minimum detectable flux density. (c) If four records are averaged, what change 
results in (a) and (b)? 


Interstellar wireless link. |f an extraterrestrial civilization (ETC) transmits 10° W, 10 s pulses 
of right-hand circularly polarized 5 GHz radiation with a 100-m-diameter dish, what is the maximum 
distance at which the ETC can be received with an SNR = 37? Assume the receiving antenna on the earth 
also has a 100-m-diameter antenna responsive to right circular polarization, that both antennas (theirs and 
ours) have 50 percent aperture efficiency, and that the earth station has a system temperature of 10 K and 
bandwidth of 0.1 Hz. 


Backpacking penguin. This penguin 
(Fig. P17-3-14) participated in a study 
of Antarctic penguin migration habits. Its 
backpack radio with 4/4 antenna transmit- 
ted data on its body temperature and its 
heart and respiration rates. It also provided 
information on its location as it moved with 
its flock across the ice cap. The backpack oper- 
ated at 100 M Hz with a peak power of 1 W and 
a bandwidth of 1 kHz of tone-modulated data 
signals. If Tsys = 1000 K and SNR = 30 dB, 
what is the maximum range? The transmitting 
and receiving antennas are 2/4 stubs. 


Figure P17-3-14 Antarctic 
backpacking penguin. 


Satellite carrier-to-noise ratio. Since the signal-to-noise ratio as defined Eq. (17- 3-3) depends 
on the bandwidth of the receiver, which in turn depends on the modulation applied to the signal, commu- 
nications satellite engineers use a related quantity called the carrier-to-noise or C/N. This represents the 
ratio of the power in the carrier signal to the noise power per hertz of bandwidth and is given by 


C _ PrAetAer 


N  r2a2kTeys 


where C = power density of carrier (W/Hz) and N = noise power density (W/Hz). Find the carrier-to-noise 
ratio for the system described in Example 17-3.1. 


Full-path C/N. Show thatthe full-path or “circuit” (up- and downlink) carrier-to-noise ratio is given by 
(C/N great = C/N up + CIN YGoun 


where (C/N )up and (C/N)down are the uplink and downlink carrier-to-noise ratios. 
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Low earth orbit communications satellite. A communications satellite in low earth orbit 
(LEO) has rup = 1500 km and rgown = 1000 km, with an uplink frequency of 14.25 GHz and a downlink 
frequency of 12 GHz. Find the full-circuit C/N if the transmitting earth station ERP is 60 dBW and the 
satellite ERP is 25 dBW.Assume thesatellitereceiver G/T is5 dB/K and theearth-station G/T is30dB/K. 


Direct broadcast satellite (DBS). Direct broadcast satellite services provide CD quality audio 
to consumers via satellites in geosynchronous orbit. TheWorldA dministrative Radio Conference (WA RC) 
has established these requirements for such services. 

(a) Find the effective radiated power (ERP) over 1 W isotropic needed to produce the specified flux density 
at the earth's surface from a DBS satellite in a 36,000-km orbit. (b) If the satellite has a 100-W transmitter 
and is operated at 12 GHz, what size circular parabolic dish antenna must be used to achieve the required 
ERP? Assume 50 percent efficiency. (c) Does a consumer receiver with circular 1 m dish antenna with 50 
percent efficiency and system noise temperature of 1000 K meet the specified G/T? (d) By how much 
does the system specified in parts (a) through (c) exceed the required carrier-to-noise ratio? 


—————— Se SS Se ee eee eee 
Frequency band 11.7 to 12.2 GHz (K, band) 
Channel bandwidth 27 MHz 
Minimum power flux density —103 dBW/m2 


Receiver figure of merit (G/T) 6 dB/K 
Minimum carrier-to-noise ratio 14 dB 


Simplified expression for C/N. The expression for C/N provided in P17-3-15 may be simpli- 
fied by making the following substitutions: 


Effective isotropic radiated power = ERP = P;G; (W) 
Link path loss = Llink = Amr? Ja? 
The carrier-to-noise ratio may then be written as 


C — ERP 1 1G, 
N Llink & Tsys 


where G, /Tsys is the receive antenna gain divided by the system noise temperature. This ratio, referred 
to as “G over T,” is commonly used as a figure of merit for satellite and earth station receivers. Find the 
C/N ratio for the uplink to a satellite at the Clarke orbit (r = 36,000 km) equipped with a 1 m parabolic 
dish antenna with efficiency of 50 percent and a receiver with noise temperature of 1500 K . Assume that 
the transmitting earth station utilizes a 1 kW transmitter and a 50 percent efficient 10 m dish antenna and 
operates at a frequency of 6 GHz. 


Carrier-to-noise and maximum data rate. The importance of carrier-to-noise density ratio 
(C/Na) in communication links was established in 1949 by C. E. Shannon (1). According to Shannon's 
theorem for the information capacity of a communication channel, the maximum data rate of a channel 
with bandwidth B is given by C 
M = Blo 1+ — 
1 ( 7 a, 

where M = channel capacity (bits/s), B = channel bandwidth (Hz), C = carrier signal power (W), and 
Nq = noise power density (W/Hz). Show that the maximum data rate for any channel, even if infinite 
bandwidth is used, is 


C C 
M = —lo = 1.44—_ 
re g2(e) Na 


B > œ 


Hint: Let x = C/(N4 B) and use the relation 


lim +x)" =e 
x= OO 
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Satellite communications relay system. A proposed global communication system uses a 
ring of medium earth orbit (M EO) satellites to relay signals from one side of the earth to the other and to 
relay data from distant spacecraft to ground stations. The ground stations use receivers with G/T of 20 
dB/K and have transmit power of 10 W. The uplink frequency is 14 GHz, downlink frequency is 12 GHz, 
and intersatellite frequency is 100 GHz (since there is no atmospheric absorption between satellites). 
Each satellite has an ERP of 5000 W and receives G/T of 5 dB/K. (a) Find the full-link carrier-to-noise 
ratio and maximum data rate if three satellites are used to link two earth stations. (b) Find the full-link 
carrier-to-noise ratio and maximum data rate between a probe at Saturn (distance = 1.5 x 10? km) with 
ERP of 500 W if a single satellite is used to relay the signal to the receiving ground station. 


Galileo’s uncooperative antenna. When the Galileo spacecraft arrived at J upiter in 1995, 
ground controllers had been struggling for 3 years to open the spacecraft’s 5-m high-gain com- 
munications dish, which was to operate at 10 GHz (X band). Unable to deploy this antenna 
because of prelaunch loss of lubricant, a low-directivity (G = 10 dB) S-band antenna operat- 
ing at 2 GHz had to be used to relay all pictures and data from the spacecraft to the earth. For 
a spacecraft transmit power of 20 W, distance to earth of 7.6 x 101! m, and 70 m dish with 
50 percent efficiency at the receiving station, find (a) the maximum achievable data rate if the 5 
m X-band antenna had deployed and (b) the maximum data rate using the low-gain 1-m S-band 
antenna. 


Antenna temperature with absorbing cloud. A radio source is occulted by an interven- 
ing emitting and absorbing cloud of unity optical depth and brightness temperature 100 K. The source 
has a uniform brightness distribution of 200 K and a solid angle of 1 square degree. The radio tele- 
scope has an effective aperture of 50 m2. If the wavelength is 50 cm, find the antenna temperature 
when the radio telescope is directed at the source. The cloud is of uniform thickness and has an angu- 
lar extent of 5 square degrees. Assume that the antenna has uniform response over the source and 
cloud. 


Passive remote-sensing antenna. Design a 3-GHz antenna for an earth-resource passive 
remote-sensing satellite to measure earth-surface temperature with 1 km? resolution from a 300-km 
orbital height. 


Forest absorption. An earth-resource satellite passive remote-sensing antenna directed at the A ma- 
zon River Basin measures a night-time temperature T4 = 21°C. If the earth temperature Te = 27°C and 
the A mazon forest temperature Tf = 15°C, find the forest absorption coefficient t p. 


Jupiter signals. Flux densities of 10-2? W m~? Hz! are commonly received from Jupiter at 
20 M Hz. What is the power per unit bandwidth radiated at the source? Take the earth-] upiter distance as 
40 light-minutes and assume that the source radiates isotropically. 


Red shifts. Powers. Some radio sources have been identified with optical objects and the Doppler 
or red shift z (= AA/A) measured from an optical spectrum. The distance-red shift or Hubble relation is 
v m—-le 
sae eas 

where R = distance in megaparsecs (1 megaparsec = 1 Mpc = 3.26 x 10® light-years), v = velocity 
of recession of object inms—!, m = (z + 1)?,c = velocity of light and H, = Hubble’s constant = 
75 km s7} M pc™t. Determine the distance R in light-years to the following radio sources: (a) Cygnus 
A (prototype radio galaxy), z = 0.06; (b) 3C 273 (quasistellar radio source, or quasar), z = 0.16; and (c) 
0Q172 (distant quasar), z = 3.53. The above sources have flux densities as follows at 3 GHz: CygnusA, 
600 Jy; 3C273, 30 Jy; 0Q172, 2 Jy (1 Jy = 10726 W m~? Hz), (d) Determine the radio power per 
unit bandwidth radiated by each source. Assume that the source radiates isotropically. 
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Radar detection. A radar receiver has a sensitivity of 10712 W. If the radar antenna effective aper- 
ture is 1 m2 and the wavelength is 10 cm, find the transmitter power required to detect an object with 
5 m? radar cross section at a distance of 1 km. 


Venus and moon radar. (a) Design an earth-based radar system capable of delivering 10715 w 
of peak echo power from Venus to a receiver. The radar is to operate at 2 GHz and the same antenna is 
to be used for both transmitting and receiving. Specify the effective aperture of the antenna and the peak 
transmitter power. Take the earth-Venus distance as 3 light-minutes, the diameter of Venus as 12.6 Mm 
and the radar cross section of Venus as 10 percent of a sphere. (b) If the system of (a) is used to observe 
the moon, what will the received power be? Take the moon diameter as 3.5 M m and the moon radar cross 
section as 10 percent of a sphere. 


RCS of electron. The alternating electric field 
of a passing electromagnetic wave causes an elec- 


tron (initially at rest) to oscillate (Fig. P17-5-3). This Electron 
oscillation of the electron makes it equivalent to a incident ‘| 

short dipole antenna with D = 1.5. Show that the Wave 

ratio of the power scattered per steradian to the inci- 

dent Poynting vector is given by (moe? sin 0 /4rm)?, / 

where e and m are the charge and mass of the elec- Pattern 


tron and @ is the angle of the scattered radiation with 
respect to the direction of the electric field E of the 
incident wave. This ratio times 4x is the radar cross 
section of the electron. Such reradiation is called 
Thompson scatter. 


Figure P17-5-3 


Thompson-scatter radar. A ground-based vertical-looking radar can be used to determine elec- 
tron densities in the earth's ionosphere by means of Thompson scatter (see Prob. 17-5-3). The scattered 
power radar return is proportional to the electron density. If a short pulse is transmitted by the radar, the 
backscattered power as a function of time is a measure of the electron density as a function of height. 
Design a Thompson-scatter radar operating at 430 MHz capable of measuring ionospheric electron den- 
sities with 1 km resolution in height and horizontal position to heights of 1 M m. The radar should also be 
capable of detecting a minimum of 100 electrons at a height of 1 M m. The design should specify radar 
peak power, pulse length, antenna size and receiver sensitivity (Gordon-1). 


Detecting one electron at 10 km. |f the e— Electron 
Arecibo ionospheric 300-m-diameter antenna oper- 

ates at 100 MHz, how much power is required to 

detect a single electron at a height (straight up) of eats 
10 km with an SNR —0 dB See Fig. P17-5-5. The S&A is 
bandwidth is 1 Hz, Tsys = 100 K and the aperture 

efficiency = 50 percent. Figure P17-5-5 


Effect of resonance on radar cross section of short dipoles. (a) Calculate the 
radar cross section of a lossless resonant dipole (Zz = —jX,) with length = à/10 and diameter 
= 4/100. (See Secs. 2-9 and 12-12.) (b) Calculate the radar cross section of the same dipole from 
341° /24[In(L/2b) — 1], where L is the dipole length and b is its radius. (c) Compare both values with 
the maximum radar cross section shown in Fig. 17-9. Comment on results. 


Radar cross section of sphere, disk and cylinder. W hat are the radar cross sections at 
à = 10 cm for (a) a 1-m-diameter sphere, (b) a 1-m2-flat disk, and (c) a cylinder 1 m long and 4 mm in 
diameter with LZ parallel to the plane of polarization. All are perfectly conducting and at normal incidence. 
(d) Same as (c) but cross polarized. 


The McGraw-Hill Companies 


Problems 


*17-5-8 


*17-5-9 


17-5-10 


17-5-11 


*17-5-12 


*17-5-13 


*17-5-14 


17-5-15 


17-5-16 


651 


Radar cross section. W hat is the radar cross section of an object at a distance of 10 km which 
gives a return of 1 nW for a transmitted power of 1 kW? The transmit-receive antenna is a 1-m-diameter 
dish operating at 3 GHz. Take aperture efficiency as 50 percent. 


Tornado radar. For a maximum doppler shift of 5.3 kHz with the weather radar of Example 17-5.1 
scanning a tornado, find (a) the maximum wind speed in the tornado funnel. (b) If the lowest doppler shift 
observable is 920 Hz, how fast is the tornado approaching or receding from the weather radar antenna? 


RCS of bird band. (a) What is the maximum RCS of a bird leg band that is 2 mm wide by 3 mm in 
diameter made of aluminum 0.1 mm thick? (b) What is the frequency for the maximum RCS? (c) How 
far can the band and bird be tracked with a 100-W peak power radar using a 100 wavelength diameter 
dish antenna for a5 dB SNR? 


Radar range. Find the maximum range at which a flat plate of area A = 1 m? can be detected with a 
3 cm radar having a peak power of 10 kW and a 3-m-diameter dish antenna with 70% aperture efficiency 
fora SNR = 10 dB. The receiver system temperature = 100 K and the bandwidth B = 1 M Hz. 


Fastball velocity. A 20 GHz radar measures a Doppler shift of 6 KHz on a baseball pitcher's fastball. 
W hat is the fastball’s velocity? 


Radar power for fastball measurement. To measure the velocity of the fastball of Prob. 17- 
5-12 with the 20-GHz radar ata distance of 100 m, what power is required for an SNR = 30 dB The radar 
uses a conical horn with diameter = 8 cm and aperture efficiency cap = 0.5. The ball diameter = 7 cm 
and it has a radar cross section (RCS) half that of a perfectly conducting sphere of the same diameter. 


Anticollision radar. To provide anticollision warnings, forward-looking radars on automobiles, 
trucks and other vehicles (see Fig. P17-5-14) can alert the driver of vehicles ahead that are decelerating 
too fast or have stopped. The brake light on the vehicle ahead may not be working or it may be obscured 
by poor visibility. To warn of clear-distance decrease rates of 9 m/s or more, what doppler shift must a 
20-GHz radar be able to detect? 


Global position 
satellite 


2 j 


pers antenna 


<= 


N. 


Forward-looking radar 


Figure P17-5-14 


Beamwidth and power of anticollision radar. For the anticollision 20-GHz radar of Prob. 
17-5-14 to avoid false warnings from parked cars and bridge abutments along the side of the road, the 
beamwidth between first nulls should be 10 m at a range of 250 m. To avoid returns from bridges crossing 
the highway, the vertical beamwidth should be one-half as much. Assume that the radar antenna is a 
flat panel broadside array of patch antennas with uniform aperture distribution. (a) W hat are the antenna 
dimensions? (b) To detect a1 m? object ata range of 300 m with an SNR = 30 dB , what power is required? 


Anti-CFIT radar. For aircraft to avoid flying into mountainous terrain during normal flight in poor 
visibility, called controlled flight into terrain (CFIT), a forward-looking radar is required that is similar 
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to that in Prob. 17-5-14 for highway vehicles but with different range and closure rates. Thus, for a range 
of 15 km and rate of distance closure of 100 m/s or more, find (a) pulse rate and (b) power required for 
a 10-GHz radar with 33-dB gain antenna and SNR = 30 dB. 


Radar altimeter. Fora10-GHz pulse radar altimeter to measure altitudes of 100 m to 10 km, (a) what 
power and (b) pulse rate are required? The antenna is a 3 x 30 cm downward-looking flat panel patch 
array with uniform aperture distribution. A frequency of 10 GHz has been chosen to avoid the water 
absorption band at 20 GHz. Although an altimeter is a valuable navigation aid, an anti-CFIT radar is also 
needed to warn of rapidly rising or steep terrain. The optimum system is to have both altimeter and CFIT 
radar working in conjunction with the aircraft's navigational radar and a GPS display that indicates the 
aircraft's position and the elevation of the terrain in the vicinity. 


Police radar. A pulsed speed measuring radar must be able to resolve the returns from two cars 
separated by 30 m. Find the maximum pulse width that can be used to prevent overlapping of the returns 
from the two vehicles. Note that it takes t = 2R/c seconds for a signal to travel from the transmitter to 
a target and return, where r is the time, R is the range and c is the velocity in the media. If z is the pulse 
width, then it can be shown that the range resolution (the minimum range difference between objects for 
which the returns do not overlap in time) is given by 

ct 


B= A Ae 


where the subscripts denote the different objects. 


Ground penetrating radar resolution. For aground penetrating radar operating in sandy soil 
with e, = 8 and u, = 0.01, what pulse width is required to resolve two buried objects at depths of 10 
and 15 m? 


Sea clutter. Search-and-rescue aircraft using radar to locate lost vessels must contend with backscat- 
ter from the surface of the ocean. The amplitude of these returns (know as sea clutter) depends on the 
frequency and polarization of the radar waveform, the size of the illuminated patch on the surface, the 
angle of incidence, and the sea state. The scattering geometry is shown in Fig. P17-5-20. To characterize 
sea cluster independently on the radar footprint on the surface, the scattering cross section of the ocean 
may be specified per unit area. This parameter, designated og, has dimensions of square meters of dB 
above a square meter (dBsm). The total RCS of a patch of ocean surface is found by 


Illuminated 
patch 


Figure P17-5-20 Sea search-and-rescue geometry. 
multiplying oo by the area of the patch. For area scattering, the radar equation is written 
2,2 


P, = Py 00A 
r Pari 0Apatch 
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For a pulsed radar with pulse width t and 3 dB antenna beamwidth of 6 rad, the illuminated area for low 
grazing angle is approximately (ct/2)(r6). The radar equation may therefore be written as 


A212 A2A2o0cT0 
P, = mF p00 F Jove) = p,-e Ou 
Tr Bnr 


(a) Determine the received power from sea clutter at a range of 10 km for a monostatic pulsed radar 
transmitting a 1 as pulse with 1 kW peak power at a frequency of 6 GHz. Assume a 1.5 m circular dish 
antenna with 50 percent efficiency and sea state 4 (o9 = —30 dBsm/m? at C band). (b) For a receiver 
bandwidth of 10 kHz and noise figure of 3.5 dB , find the receiver noise power. (c) If this radar is used to 
search for a ship with RCS = 33 dB sm under these conditions, what signal-to-noise and signal-to-clutter 
ratios can be expected? 


For computer programs, see A ppendix C. 
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The topics in this chapter include: 


18-1 


Reciprocity theorem for antennas 


Radiation resistance of antenna with 
off-center current maximum 
Self-impedance of thin linear antennas 
Mutual impedance of two parallel linear 
antennas 


Introduction 


Self and Mutual 
Impedances 


© Mutual impedance of parallel side-by-side 
The 73 Q radiation resistance of a à /2 antenna antennas 


© Mutual impedance of parallel collinear 
antennas 
© Mutual impedance of antennas in echelon 


The impedance presented by an antenna to a transmission line 

can be represented by a 2-terminal network. This is illustrated Antenna 

in Fig. 18-1 in which the antenna is replaced by an equivalent 

impedance Z connected to the terminals of the transmission line. In 

designing a transmitter and its associated transmission line, it is 

convenient to consider that the antenna is simply a 2-terminal 

impedance. This impedance into which the transmission line oper- 

ates is called the terminal or driving-pointimpedance. If the antenna Transmission 

is isolated, i.e., remote from the ground or other objects, and is line 

lossless, its terminal impedance is the same as the self-impedance 

of the antenna. This impedance has a real part called the self- 

resistance (radiation resistance) and an imaginary part called the 

self-reactance. T he self-impedance is the same for reception as for 

transmission. 
In case there are nearby objects, say several other antennas, the impedance 

terminal impedance can still be replaced by a 2-terminal network. Ea 

However, its value is determined not only by the self-impedance Figure 18-1 Transmission 


Equivalent PA 


line with antenna and with 
equivalent impedance. 


1 By lossless is meant that there is no J oule heating associated with the antenna. There may, of course, be radiation. If the antenna is not 
lossless, an equivalent loss resistance appears at the terminals in series with the self-resistance or radiation resistance. 
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of the antenna but also by the mutual impedances between it and the other antennas and the currents 
flowing on them. The terminal impedance is the same for both transmission and reception (see next 
section). 

In developing the subject of antenna impedance, an important and much-used theorem is that of reciprocity. 
Accordingly, this topic is discussed first and then applied to the impedance problem. 


18-2 Reciprocity Theorem for Antennas 


The Rayleigh-Helmholtz reciprocity theorem has been generalized by Carson to include continuous media 
(Rayleigh-1; Carson-1, 2; Ballantine-1). This theorem as applied to antennas may be stated as follows: 


If an emf is applied to the terminals of an antenna A and the current measured at the 
terminals of another antenna B, then an equal current (in both amplitude and phase) will 
be obtained at the terminals of antenna A if the same emf is applied to the terminals of 
antenna B. 


It is assumed that the emfs are of the same frequency and that the media are linear, passive and also 
isotropic. An important consequence of this theorem is the fact that under these conditions the transmitting 
and receiving patterns of an antenna are the same. A Iso, for matched impedances, the power flow is the same 
either way. 


Case 1 Let an emf V, be applied 

to the terminals of antenna A as in 

Fig. 18-2a. This antenna acts as 

a transmitting antenna, and energy 

flows from it to antenna B, which 

may be considered as a receiving Antenna B 
antenna, producing a current J, at 

its terminals.t It is assumed that Antenna A 
the generator supplying the emf and 

the ammeter for measuring the cur- 

rent have zero impedance or, if not 

zero, that the generator and ammeter 

impedances are equal. 


Case 2 |f an emf V, is applied to Energy 


the terminals of antenna B, then it flow 

acts as a transmitting antenna and Antenna B 
energy flows from it to antenna A as 

in Fig. 18-2b, producing a current 74 Antenna A 

at its terminals. (b) 

Now if Vp = Va, then by the reci- 


procity theorem Ia = Ip. Figure 18-2 |llustrations for reciprocity 


theorem. 


1 Although the emf V4 and the current 7, are scalar space quantities, they are complex or vector quantities with respect to time 
phase. The term “phasor” is sometimes used to distinguish such a quantity from a true space vector. 


The McGraw-Hill Companies 


66 Chapter18 Self and Mutual Impedances 


(b) 


Figure 18-3 Equivalent circuits used in proof of reciprocity theorem. 


The ratio of an emf to a current is an impedance. In Case 1, the ratio of V, to 7, may be called the transfer 
impedance Zap, and in Case 2 the ratio V, to 7, may be called the transfer impedance Z,,. Then, by the 
reciprocity theorem it follows that these impedances are equal. Thus, 


Va Vp 
— = Zap = 2,4, = — 1 
I, ab ba T, ( ) 


In order to prove the reciprocity theorem for antennas, let the antennas and the space between them be 
replaced by a network of linear, passive, bilateral impedances. Since any 4-terminal network can be reduced to 
an equivalent T section}, the antenna arrangement of Case 1 (see Fig. 18-2a) can be replaced by the network 
of Fig. 18-3a. 

The current through the meter is 


Z3 


h ——— 2 
TA (2) 


lp = 
where 
= Va B Va(Z2 + Z3) 

Zi + [2Z2Z3/(Z2 + Z3)]  ZıZ2 + Z2Z3 + Z3Z1 


Introducing (3) into (2) yields the current through the meter in terms of the emf V, and the network impedances. 
Thus, 


h (3) 


Va Z3 


= (4) 
Z1Z2 + Z223 + Z3Z1 


Tp 


If the locations of the emf and current meter are interchanged, as in Fig. 18-3b, we obtain 
_ VpZ3 

— ZZ + Z2Z3 4+ ZZ 

Comparing (4) and (5), it follows that if Va = Vp then J, = Jy, proving the theorem. 


(5) 


la 


18-3 The 73 Q Radiation Resistance of a 1/2 Antenna 


To find the radiation resistance or real part of the self-impedance, the Poynting vector is integrated over a 
large sphere yielding the power radiated, and this power is then equated to (Zo/v/2)? Ro, where Ro is the 
radiation resistance at a current maximum point and Zo is the peak value in time of the current at this point. 


1 This is true insofar as the amplitude and phase of the input voltage and output current are concerned. 
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The total power P radiated was given in (6-4-5) in terms of Hy for a short dipole. In (6-4-5), |Hy| is the 
absolute value. Hence, the corresponding value of Hy for alinear antenna is obtained from (6-5-2) by putting 
|jLZo]| = Jo. Substituting this into (6-4-5), we obtain 


2 27 2 
_ i af" ™ {cos[(BL/2) cos] — cos(BL/2)} do dọ (1) 
sing 
7 = 3073 f ee [(BL/2) cos] — COs(BL/2)}* 14 (2) 
sin 6 


Equating the radiated power as given by (2) to 73 Ro/2 we have 


_ IRo 
as (3) 
and 
x z 2 
Ro = 60 {cos[(BL/2) cos 8] cos(BL/2)}* y 
0 sin @ 


where the radiation resistance Ro is referred to the current maximum. In the case of a 4/2 antenna this is at 
the center of the antenna or at the terminals of the transmission line (see Fig. 18-4). 
Proceeding now to evaluate (4), let Current distribution 


u = COS and du = —sin@ d0 (5) \ 
by which (4) is transformed to “a. 
+j _ 
Ry = 60 Í, L OUE y © me e 


However, 


1 1 l/l 1 Figure 18-4 }/2 antenna with 
= = ( a ) (7) maximum current lọ at terminals 
l-u? (+ujyd—-u) 2\1+u l-u of transmission line. 


Also putting k = BL/2, (6) becomes 
+1 = 2 _ 2 
R= 30 f E cos k) (cosku — CoS k) | P? 
l+u l—u 


This integral gives the radiation resistance for a thin linear antenna of any length L. For the special case being 
considered where L = 4/2, we have k = x /2. Thus, in the case of a thin 4/2 antenna, (8) reduces to 


(8) 


+1 2 2 
R= 30 | E (u/2) ac cos aa] Ju (9) 
-1 l+u l-u 
Now in the first term let 
d 
legst and duae (10) 
IT Iv 


and in the second term let 


1 F 
E and daa (11) 
x 
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Noting also that (v — 2)/2 = (x — v’)/2, Eq. (9) becomes 


27 2 = 
Ro = 60 f OUSE jy (12) 
0 v 
But cos? (x/2) = $ (1 + cos x) so that 
27 = an 1 _ 
Ry = 30 | ECOD av = 30 f ON (13) 
0 v 0 v 
The last integral in (13) is often designated as Cin(x). Thus, 
cinw = f HO ay = Inyx —Ci(x) 
0 
= 0.577 +1Inx —Ci(x) (14) 


where y = e° = 1.781 or In y = c = 0.577 = Euler's constant 
The part of this integral given by 


Ci(x) = In yx — Cin(x) (15) 
is called the cosine integral. The value of this integral is given by 


; * cosu x? x4 xê 
ciw= f a enaa ee Gi 
W hen x is small (x < 0.2), 
Ci(x) ~ Inyx = 0.577 + Inx (17) 


When x is large (x > 1), 
Ci(x) = —— (18) 


A curve of the cosine integral as a function of x is presented in Fig. 18-5. It is to be noted that Ci(x) converges 
around zero at large values of x. From (16) and (14) we obtain Cin(x) as an infinite series, 
š x? x4 xê 
SN) = a Gig 
While discussing Cin(x) and Ci(x), mention may be made of another integral which commonly occurs in 
impedance calculations. This is the sine integral, Si(x), given by 


(19) 


x cj 3 5 

Si (x) = : wt dvsx- stag (20) 
When x is small (x < 0.5), 

Si(x) ~ x (21) 
When x is large (x > 1), 

Si(x) ~ 5 =< (22) 


A curve of the sine integral as a function of x is presented in Fig. 18-5. It is to be noted that Si(x) converges 
around zr /2 at large values of x. 
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“0 1 2 3 4 5 6 7 8 9 10 


Figure 18-5 The sine integral Si(x) and cosine integral Ci(x). The sine integral converges 
around z/2 while the cosine integral converges around zero. 


Returning now to (13), this can be written as 


Radiation resistance 


Ro = 30 Cin(27) = 30 x 2.44 = 3 Q (23) 


of 1/2 antenna 


This is the well-known value for the radiation resistance of a thin, linear, center-fed, 4/2 antenna with 
sinusoidal current distribution. The terminal impedance also includes some inductive reactance in series with 
Ro (see Sec. 18-5). To make the reactance zero, i.e., to make the antenna resonant, requires that the antenna be 
a few percent less than 4/2. This shortening also results in a reduction in the value of the radiation resistance. 


18-4 Radiation Resistance at a Point Which is Not a Current Maximum 


If we calculate, for example, the radiation resistance of a 34/4 antenna (see Fig. 6-7) by the above method, 
we obtain its value at a current maximum. This is not the point at which the transmission line is con- 
nected. Neglecting antenna losses, the value of radiation resistance so obtained is the resistance Ro which 
would appear at the terminals of a transmission line connected at a current maximum in the antenna, pro- 
vided that the current distribution on the antenna is the same as when it is center-fed as in Fig. 6-7. Since 
a change of the feed point from the center of the antenna may change the current distribution, the radi- 
ation resistance Ro is not the value which would be measured on a 32/4 antenna or on any symmetrical 
antenna whose length is not an odd number of 2/2. However, Ro can be easily transformed to the value 
which would appear across the terminals of the transmission line connected at the center of the antenna. 
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This may be done by equating (6-6-3) to the power sup- 


X 
plied by the transmission line, given by 1? R1/2, where | 
I, is the current amplitude at the terminals and Rj is the lo 
radiation resistance at this point (see Fig. 18-6). Thus, fi 
rR R WA 
1R = LR (1) apf 


2 2 
where Rọ is the radiation resistance calculated atthe current 
maximum. Thus, the radiation resistance appearing at the 


Figure 18-6 Relation of current 
lı at transmission-line terminals to 
current lọ at current maximum. 


terminals is 
Ip 2 
Ry = = Ro (2) 
lh 
The current J; at a distance x from the nearest current maximum, as shown in Fig. 18-6, is given by 
I, = Ip cos Bx (3) 
where 


I, =terminal current 

Ip = maximum current 
Therefore, (2) can be expressed as 

Ro 
= (4) 
cos? Bx 

When x = 0, Ri = Ro; but when x = å/4, Ri = œ if Ro #0. However, the radiation resistance measured 
at a current minimum (x = 4/4) is not infinite as would be calculated from (4), since an actual antenna is not 
infinitesimally thin and the current at a minimum point is not zero. Nevertheless, the radiation resistance at a 
current minimum may in practice be very large, i.e., thousands of ohms. 


Ry 


18-5 Self-Impedance of a Thin Linear Antenna 


Section 12-18 discusses how the current distribution and self-impedance of a dipole antenna can be obtained 
using the moment method. H ere we use an induced emf method. Only the self-impedance can be determined 
with this method, the current distribution being assumed at the outset. M easurements indicate that the current 
distribution on thin dipoles is nearly sinusoidal, except near current minima. This distribution results in 
satisfactory values for dipoles with length-diameter ratios as small as 100, provided the terminals are at a 
current maximum. Omitting the 50-step derivation, we obtain a self-impedance given by 


Zu = Ru + jXu = 30[Cin(2rn) + j Sian] (Q) (1) 
or 

Zı1 = 30[0.577 + In(2mn) — Ci rn) + j Si(2zn)] (2) (2) 
The self-resistance is 

Ry = 30 Cin (27xn) = 3000.577 + Inn) — Ci (27xn)] (2) (3) 


and the self-reactance is 
X11 = 30 Si 27n) (Q) (4) 
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These equations give the impedance values for a thin 
linear center-fed antenna that is an odd number (n) of 
4/2 long. The current distribution is assumed to be sinu- 
soidal (Fig. 18- 7a). The values are those appearing at the 
terminals at the center of the antenna. 

In the case of a A/2 antenna as shown in Fig. 18-7a, 


n=1, and we have for the self-resistance and self- (a) (b) 
reactance 
Ru = 30Cin(27) (Q) (5) Figure 18-7 A/2 and 34/2 antennas 
with current distribution. 
and 
X11 = 30Si(27) (2) (6) 


The value of (5) is identical with that given for the radiation resistance of a à/2 antenna, in Sec. 18-3, 
Eq. (18-2-23). Evaluating (5) and (6), we obtain for the self-impedance 


Zu. = Ru + fX1 = 73 + j42.5 Q Self-impedance of à /2 antenna (7) 


Since X11 is not zero, an antenna exactly 4/2 long is not resonant. To obtain a resonant antenna, itis common 
practice to shorten the antenna a few percent to make X11 = 0. In this case the self-resistance is somewhat 
less than 73 Q. 


For a 34/2 antenna as shown in Fig. 18-7b, n = 3 and the self-impedance is 
Z11 = 30[Cin (6x) + j Si(6x)] 


Zıı = 105.5 + j45.5 Q Self-impedance of 3) /2 antenna (8) 


It is interesting that the self-reactance of center-fed antennas, an exact odd number of 4/2 long, is always 
positive since the sine integral Si(2xn) is always positive. For large n the sine integral converges around a 
value of 2/2 (see Fig. 18-5) which corresponds to a reactance of 47.1 Q. It should be noted that for antenna 
lengths not an exact odd number of 4/2 the reactance may be positive or negative. However, the foregoing 
analysis of this section is limited to antennas that are an exact odd number of 4/2 long. 


For large n, the self-resistance expression (3) approaches the value 
Ry = 30[0.577 + In(27rn)] (9) 


since Ci(27n) approaches zero. Thus, the self-resistance continues to increase indefinitely with increasing n 
but at a logarithmic rate. 

The more general situation, where the antenna length Z is not restricted to an odd number of A/2, has 
also been treated. The antenna is center-fed, and the current distribution is assumed to be sinusoidal. The 
self-resistance for this case is 


or 


Ry = 30| (1 — cot? F )cin 28L + 4 cot? f Cin BL 


BL 


+2 cot = (Si 28L -28ip1)| (2) (10) 
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W hen the length Z is small, (10) reduces very nearly to 


Ru =5(BL)?  (®) (11) 
whichis the same as (2- 10-9) of Example 2-10.1 when Zv = (1/2) Jo 
For the special case of L = nA/2, where n = 1,3,5,..., (10) 


reduces to the relation given previously by (3). 

The above discussion of this section applies to balanced center-fed 
antennas. For a thin linear stub antenna of height Z perpendicular to 
an infinite, perfectly conducting ground plane as in Fig. 18-8, the 
self-impedance is i that for the corresponding balanced type. The 
general formula (10) for Fig. 18-85 self-resistance can be converted 
for a stub antenna above a ground plane by changing the factor 30 to 
15 and making the substitution Z = 2/. The formulas (3) and (4) can 
be converted for a stub antenna with ground plane where the antenna 
is an odd number n of 1/4 long by changing the factor 30 to 15. Thus, 
for a 4/4 antenna perpendicular to an infinite, perfectly conducting 
ground plane, the self-impedance is 


Zu. = 36.5+ j21 Q Self-impedance of à /4 stub antenna 
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Ground 
plane 


(b) 


F 


L 


y 


Figure 18-8 Stub antenna of 


length | at (a) and center-fed 
antenna of length L at (b). 


18-6 Mutual Impedance of Two Parallel Linear Antennas 


The mutual impedance of 2 coupled circuits is defined in circuit 
theory as the negative of the ratio of the emf V21 induced in circuit 2 
to thecurrent 71 flowing in circuit 1 with circuit 2 open. Consider, for 
example, the coupled circuit of Fig. 18-9 consisting of the primary 
and secondary coils of a transformer. The mutual impedance Z 2) is 
then 


Z21 = —-— (1) 


where V21 is the emf induced across the terminals of the open- 
circuited secondary by the current 7; in the primary. The mutual 
impedance, so defined, is not the same as a transfer impedance such 
as discussed in connection with thereciprocity theorem in Sec. 18-2. 
In general, a transfer impedance is the ratio of an emf impressed 
in one circuit to the resulting current in another with all circuits 
closed. For example, if the generator in Fig. 18-9 is removed from 
the primary and is connected to the secondary terminals, the ratio 
of the emf V applied by this generator to the current /; in the closed 
primary circuit is a transfer impedance Zy. Thus, 


V 

h 

This impedance is not the same as the mutual impedance Z21 
given in (1). 


= ZT (2) 


000000 


Pri. Sec. 


Va 


(12) 


Figure 18-9 Coupled circuit 


or transformer. 


1 2 


Figure 18-10 Parallel 
coupled antennas. 
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Instead of the coupled circuit of Fig. 18-9, let us consider now the case of 2 coupled antennas 1 and 2 as 
shown in Fig. 18-10.Suppose a current J; in antenna 1 induces an emf Vz; at the open terminals of antenna 
2. Then the ratio of — V21 to Jı is the mutual impedance Z321. Thus, 

Zj = —— 3 
21 A (3) 

If the generator is moved to the terminals of antenna 2, then by reciprocity the mutual impedance Z12 or 
ratio of — V12 to 2 is the same as before, where V12 is the emf induced at the open terminals of antenna 1 by 
the current /) in antenna 2. Thus, 

=a —Vı2 
— = Zj = Z = —— 4 
A 21 = 212 T, (4) 
To calculate the mutual impedance, we need to know V21 and 71. Let the antennas be in the z direction as 
shown in Fig. 18-10. The emf V21 induced at the open terminals of antenna 2 by the current in antenna 1 is 
given by 


1 L 
V2 = zi I, E21 dz (5) 
h Jo 


where /2 is the maximum current and /, the value at a distance z from the lower end of antenna 2 with its 
terminals closed, and where £2, is the electric field along antenna 2 produced by the current in antenna 1. 
Assuming that this current distribution is sinusoidal as given by 


I, = Insin Bz (6) 
so that (5) becomes 


L 
ie f Tanpri (7) 
0 
then 
—V: 1 f} ; 
221 = 2-2 | E21 SIN Bz dz (8) 
h Ti Jo 


This is the general expression for the mutual impedance of two thin linear, parallel, center-fed antennas 
with sinusoidal current distribution. We will consider first the situation where both antennas are the same 
length L, where L is an odd number of 4/2 long (L = nà /2; n = 1,3,5, ...). A case of particular interest 
is where both antennas are 1/2 long (n = 1). The relative positions of the antennas may be divided into 
three situations: side-by-side, collinear or end-to-end, and staggered or in echelon. These arrangements are 
illustrated in Fig. 18-11. M utual impedance expressions for the three arrangements are given in the following 
sections. 


18-7 Mutual Impedance of Parallel Antennas Side-by-Side 


Let d be separation of the antennas. Referring to the arrangement of Fig. 18-11a and Fig. 18-12, 
we have 


ry = Vd? + 22 (1) 
and 


n=VP+(L— oP (2) 
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a 
cole 
| 


Ld Ir] 

L h L n 

IEA LOO 
Side-by-side Collinear Staggered or in echelon 
(a) (b) (c) 


Figure 18-11 Three arrangements of two parallel antennas. 


The mutual impedance then becomes 


L 3 /d2 2 a. 2 L—z) 
Zn = j30 | [>r IB Pe) Ol ENTA PI sin ped (3) 
0 VP re Vi +(L— 2 

Carter has shown that upon integration of (3), 

Z21 = 30{2Ei(—jpd) — Ei[—jB(vVd? + L? + L)] 

—Ei[-jB(va2? +L2-L)]}  (® (4) 

where the exponential integral 

Ei(tjy) = Cio) +j Sio) (5) 
Thus, the mutual resistance is 

Ro = 30{2Ci(Bd) — Ci[B(Vd? + L? + L)] —Ci[B(Vd? + L2-L)]} () (6) 
and the mutual reactance is 

X21 = —30{2 Si (£d) — Si[8 (v d? + L? + L)] - Si[8 (v d? + L?2-—L)]} (Q) (7) 
where 

Ry + fX21 = Z2 = Zn = Rn + jX12 (8) 


and where L = nì /2 for n odd. 

The mutual resistance and reactance calculated by (6) and (7) for the case of 2/2 antennas (L = 4/2) are 
presented by the solid curves in Fig. 18-13 as a function of the spacing d. The mutual resistance R21 is also 
listed in Table 18-1. 

An integral-equation method for the calculation of the mutual impedance of linear antennas has been 
presented by King (1) and Harrison and by Tai (1). The method is related to that discussed in Chap. 12. 
In this method the diameter of the antenna conductor is a factor. By way of comparison, curves for the 
mutual resistance and reactance given by Tai are also shown in Fig. 18-12. The dashed curves are for a 
total length-diameter ratio (L/D) of 11,000 (very thin antenna) and the dotted curves for a ratio of 73. 
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In Table 18-1 the quantity Ry, — R21, which is important in array 
calculations, is also tabulated. When d is small, it has been shown 
by Brown (2) that this quantity is given approximately by the simple 
relation 


2 2 
Ry — R) = sox? (£) = 592.2(2) (Q) 


where à =the free-space wavelength. This relation is accurate to 
within 1 percent when d < 0.05a and to within about 5 percent when 
d<0.12. 
In the more general situation where the antenna length L is not 
restricted to an odd number of à /2, the mutual resistance and reactance 
are given by Brown (1) and King as 


(9) 


Rz = 30 {22 + cos 1) Cid 


1 
sin?(BL/2) 
gcos? lei Eva + DP L)+Ci > (Var? +1) 
+ cosBL[Ci f(v d? + L? — L) + Ci B(Vd* + L? + L)] 


80 


665 
i 
| 
E 
Antenna 1 Antenna 2 


Figure 18-12 Parallel 
coupled antennas with 
dimensions. 


70 


60 
50 s 


0.4 0.6 0.8 1.0 1.2 1.4 


Distance between antennas, d, 


1.6 


Figure 18-13 Curves of mutual resistance (R 21) and reactance (X21) of two parallel 
side-by-side linear 4/2 antennas as a function of distance between them. Solid curves are for 
infinitesimally thin antennas as calculated from Carter's formulas. Dashed and dotted curves 
between 0 and 1.0A spacing are from Tai’s data for antennas with L/D ratios of 11,000 and 73, 


respectively. 
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+ sin pus (vd? + L? + L) — Si p(y d? + L? — L) 
-25i É(Vad7 +E? + L) +251 É( TETE] (2) (10) 


and X21 = {-202 + cos 12) Si pa 


ao 
+4 cos? si (Vad? + 22 — 1) +Si 5 (vaT +T + 1)| 
—cos BL{Si B(Va2 + L? — L) +Si B(Va? + 12 + L)] 
+ sin pr[cip(va? +? + L) —Cip(Va? + L? — L) 
-2ci (Va + 1) +201 5 (a r) |) (Q) (11) 


In the special case of L = nà /2, where n is odd, (10) and (11) 


1 2 

reduce to the relations given previously by (6) and (7). F 
The above relations of this section apply to balanced center-fed 

antennas. The mutual impedance of two stub antennas of height d | 


l = L/2 above an infinite, perfectly conducting ground plane as in 

Fig. 18-14 is that given by (6) and (7) or (10) and (11). These 

relations are converted to the ground-plane case by changing the Ground plane 
factor 30 to 15 and making the substitution L = 24. 


Figure 18-14 Two coupled 
18-8 Mutual Impedance of Parallel Collinear linear parallel stub antennas. 
Antennas 


Let each antenna be an odd number of 2/2 long and arranged as in Fig. 18-11b. For the case where h is 
greater than L, Carter (1) gives the mutual resistance and reactance as 


2. 72 
R = -15 cosh] ~2Ci 26h + Ci 260 ~ L) +Ci260 +L) —In(“ = ) 


h2 
+15sin Bh[2Si2Bh —Si2B(h — L) -Si28h+ 1] (Q) (1) 
and 
X21 = —15 cos Bh[2 Si 28h — Si 2B(h — L) — Si 28 (h + L)] + 15sin Bh 
2_ 72 
x [2cigpn -ciza - D ~Ci2pen+ 4) -In(“ = ) (2) (2) 


18-9 Mutual Impedance of Parallel Antennas in Echelon 


For this case the antennas are staggered or in echelon as in Fig. 18-11c. Each antenna is an odd number of 
4/2 long. The mutual resistance and reactance of two such antennas are given by Carter (1) and King (1) as 


R21 = —15cos Bh(—2Ci A — 2Ci A’ +CiB+Ci B’+CIC+CIC’) 
+15sin Bh(2Si A —2Si A’ — Si B +Si B’—SiC+SiC’) (Q) (1) 
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Table 18-1 Mutual resistance versus spacing for thin center-fed side-by-side 4/2 antennas 
(BL = 180°), with sinusoidal current distribution 


Mutual Self minus 
resistance mutual resistance 

Spacing d,à Rai; Q (R 11-R 21 ), Q 
0.00 73.13 0.00 

0.01 73.07 0.06 

0.05 71.65 1.48 

0.10 67.5 5.63 

0.125 2222ceeceee 2 64:4 se22ce2se 8.7 

0.15 60.6 12.5 

0.20 51.6 21.5 

0.25 40.9 32.2 

0.3 29.4 43.7 

0.4 +6.3 66.8 

0.5 —12.7 85.8 

0.6 —23.4 96.5 

0.7 —24.8 97.9 

0.8 —18.6 91.7 

0.9 —7.2 80.3 

1.0 +3.8 69.3 

1.1 +12.1 61.0 

1.2 +15.8 57.3 

1.3 +12.4 60.7 

1.4 +5.8 67.3 

1:5 —2.4 75:5 


Note that at a spacing d =0.125A between the dipoles, the total resistance (self-mutual) is 
only 8.7Q versus 73Q for a single 4/2 antenna. At smaller spacings the total resistance 
decreases rapidly. In the presence of any appreciable losses, the result is loss of gain and low efficiency. 
This is discussed in more detail in Sec. 5-13 on “Closely Spaced Elements and Radiating Efficiency.” 


and 


X71 = —15cos Bh(2Si A+25Si A’ — Si B — Si B’—SiC — Si C^) 
+15sin Bh(2Ci A —2Ci A’ —CiB+4+Ci B'—CiC+Ci chA) (2) 


where 


A = B(Vd2 +h? +h) 
= B(Vd? +h? — h) 


blvd? + (h — L)? + (h — L)] 
B[V a? + (h — L} — (h — L)] 


A’ 
B 
B’ 
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D 
2) 


C = blvd? + (h + L)? + (h + L)] 
C= p| vd? + (h + L}? — (h + L)] 
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Problems 


*18-4-1 A 51/2 antenna. Calculate the self-resistance and self-reactance of a thin, symmetrical center-fed 
linear antenna 54/2 long. 


18-6-1 Parallel side-by-side 1/2 antennas. Calculate the mutual resistance and mutual reactance for 
two parallel side-by-side thin linear 4/2 antennas with a separation of 0.15A. 


18-6-2 Brown’s equation. Prove Brown’s relation R11 — R21 = 6022(d/A)2 given in (18-7-9). 


*18-6-3 Three side-by-side antennas. Three antennas are arranged as shown in Fig. P 18-6-3. The 
currents are of the same magnitude in all antennas. The currents are in-phase in (a) and (c), but the current 
in (b) is in antiphase. The self-resistance of each antenna is 100 &, while the mutual resistances are: 
Rab = Roc = 40 Q and Rac = —10 Q. What is the radiation resistance of each of the antennas? The 
resistances are referred to the terminals, which are in the same location in all antennas. 


(a) (b) (c) 
Figure P18-6-3 Three side-by-side antennas. 


18-8-1 Two ì/2 antennas in echelon. Calculate the mutual resistance and reactance of two parallel thin 
linear 4/2 antennas in echelon for the case where d = 0.25 and h = 1.251 (see Fig. 18-16). 


18-9-1 Self-resistance and mutual resistance. Explain why the mutual resistance of two antennas 
can be both positive and negative but the self-resistance of a single antenna can only be positive. 
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Chapter 19 


The Fourier Transform 
Relation between 
Aperture Distribution and 
Far-Field Pattern? 


*see footnote 


The topics in this chapter include: 


© Continuous aperture distribution 

Æ Aperture distribution versus field pattern 

M Spatial frequency response and pattern 
E 


Aperture synthesis and multiple aperture 
arrays 

Grating lobes 

Two-dimensional aperture synthesis 

Phase closure and self-calibration; “clean” 
maps 


smoothing 
Simple adding interferometer 


19-1 Continuous Aperture Distribution 


Consider a continuous-current sheet or field distribution over an aperture as in Fig. 19-1. A ssuming a current 
or field perpendicular to the page (y direction) that is uniform with respect to y, the electric field ata distance r 
from an elemental aperture dx dy is 


ou E l 
r EN E F EEE a T (1)? 
i nr Z 
where J 
Ay = vector potential (— > [ifr dv,in general), V om: 
IT f 


Jy = current density, A m~? 


E(x) = aperture electric-field distribution, V m71 


Z = intrinsic impedance of medium, @square? 


w = 2nf (f = frequency), rad s71 


u = permeability of medium, H m71 


*If we could travel 10,000,000 light-years out into space and look back, this is how our galaxy might appear. The arrow points to where 
we probably live inside a spiral arm but we couldn't see our sun from this distance. Our solar system is so minuscule that it is smaller 
than the tiniest dot in the picture and invisible among the 100,000,000 other stars of our galaxy which turns slowly like a great wheel 
100,000 light-years in diameter. This photograph is of the beautiful spiral galaxy M essier 81 which is believed to closely resemble our 
own. (Photo courtesy K.A. Strand). 

1This chapter is taken from Chap. 6 of J. D. Kraus, Radio Astronomy, 2d ed., Cygnus-Quasar, 1986. 


2Note that E(x)/Z = Ey(x)/Z = Hy = Jyz, where z (up in Fig. 13-1) is the thickness of the current sheet. A Iso dE = d Ey. 
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To distant 
point 


Field 
distribution 


a Aperture > a 
2 p dx +5 


Figure 19-1 Aperture of width a and amplitude distribution E(x). 


For an aperture with a uniform dimension yı perpendicular to the page and with the field distribution over the 
aperture a function only of x, the electric field as a function of @ at a large distance from the aperture (r >> a) 
is, from (1), 


5 —jpro pta/2 Shek 
Ray | E(x) eiP* 86 gy (2) 
AnroZ —a/2 
The magnitude of E(@) is then 
+a/2 as 
IE@| = 2L J E(x) elB*506 dx (3) 
2rd J—a/2 
where 6 = 27/2. For a uniform aperture distribution [E(x) = Eg], (3) reduces to 
+a/2 
Eo = ef elesne dy a 
2roà J—a/2 
and on axis (@ = 0) we have 
Eaayı _ E,A 
|E) = Fah Dag (5) 
where 


A = aperture area(= ayı) 
Ea = electric field in aperture plane 


For unidirectional radiation from the aperture (in direction ¢ = 0 but not in direction ¢ = 180°), |E(@)| is 
twice the value given in (5). 
Integration of (4) gives 
_, Sin[(Ba/2) sin o] 
|E@)| = ko— pasing (6) 
where 
AEg 


= 2roa 


The McGraw ‘Hill Companies 


19-2 Fourier Transform Relations between the Far-Field Pattern and the Aperture Distribution 671 


From (6-12-17) the field of along array of n discrete sources of spacing d is 


sin[(Ba’/2) sind] 
(Ba'/2) sin ġ 


where the length of the long array is a’ = (n — 1)d ~ nd and Eo = field of one source. It is also assumed in 
(8) that œ is restricted to small angles. This is not an undue restriction if the array is large and only the main 
lobe and first side lobes are of interest. U nder these conditions it is clear that the field pattern (8) of the long 
array of discrete sources is the same as the pattern (6) for the continuous array of the same length (a = a’) 
(as already noted in Sec. 5-19). 


E =nE9 (8) 


19-2 Fourier Transform Relations between the Far-Field Pattern and the 
Aperture Distribution 


According to Booker (1) and Clemmow a 1-dimensional aperture distribution E(x,) and its far-field 
distribution E(sin @) are reciprocal Fourier transforms as given by (Booker-1; B racewell-1) 


Esin =| E(x) ef 275108 gy, (1) 
and 


[0,6] 
E(x) =} E(sin p) e~/27*25i0 asin g) (2) 
—0o 
where x, = x/A. For real values of ¢, |Sin@| < 1, the field distribution represents radiated power, while 
for isin | > 1 it represents reactive or stored power (Rhodes-1). The field distribution E(sin@), or angular 
spectrum, refers to an angular distribution of plane waves. Except for |sin@| > 1 the angular spectrum for 
a finite aperture is the same as the far-field pattern E(@) (the far-field condition r >> a does not hold for an 
infinite aperture, i.e., where a = oo). Thus, for a finite aperture the Fourier integral representation of (1) may 
be written 


+a) /2 , : 
E($) = i E(x) eaS ay, (3) 


—ay 


Thisis identical with (19- 1-2) except for constant factors. Equation (19- 1-2) is an absolute relation, whereas 
(3) is relative. Examples of the far-field patterns E(@) for several aperture distributions E(x,) of the same 
extent are presented in Fig. 19-2. 

Taking the uniform distribution as reference, the more tapered distributions (triangular and cosine) have 
larger beamwidths and smaller minor lobes, while the most gradually tapered distributions (cosine squared 
and Gaussian) have still larger beamwidths but no minor lobes. On the other hand, an inverse taper (less 
amplitude at the center than at the edge), such as shown in Fig. 19-2f, yields a smaller beamwidth but larger 
minor lobes than for the uniform distribution. Such an inverse taper might inadvertently result from aperture 
blocking due to a feed structure in front of the aperture. Carrying the inverse taper to its extreme limit results 
in the edge distribution of Fig. 19-2g. This distribution is equivalent to that of a 2-element interferometer and 
has a beamwidth } that of the uniform distribution but side lobes equal in amplitude to the main lobe. 

A uniform line source or rectangular aperture distribution (Fig. 19-2a) produces the highest direc- 
tivity. However, the first side lobe is only about 13 dB down. Thus, aperture distributions used in 
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FOURIER-TRANSFORM APERTURE-FAR-FIELD RELATIONS 
FOR RECTANGULAR APERTURES 


Antenna aperture Far-field pattern Far-field pattern 
field distribution E(#) HPBW Side-lobe level 
E(x) 
Uniform First side- 
lobe level 
(a) i, i 
> - > 51°/ay —13 dB 


(b) a. 


(c) a> 


66°%a, -21 dB 


squared 
(d) > < 
83°/a) —32 dB 


$ 
Gaussian 
(e) D JN 85°/a, -49 dB 


Inverse taper 


25°/ay —0 dB 
Edge 


(9) 


Figure 19-2 The near-field distributions across linear or rectangular aperture antenna (at 
left). Fourier transforms to the far-field patterns (at right) with the half-power beamwidths 

(HP BWs) and first side-lobe levels indicated. Thus, measuring the near field with a probe can 
give you the far-field pattern. 
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practice are a trade-off or compromise between desired directivity (or gain) and side-lobe level, as already 
discussed. 

For circular dish antennas the relation between aperture, beamwidth, and first side-lobe level is shown in 
Table 19-1. 

Theoretically, the directivity of a uniform aperture distribution can be exceeded (supergain condition) by 
large field fluctuations near the edges of the aperture. However, according to Rhodes (2), to obtain a 5 dB 
increase in directivity from a 5A aperture requires that the field near the edges be at least 20 times the field for 
a uniform aperture. The currents to produce these fields would have /*R losses which offset any gain unless 
all conductors were perfectly conducting and the surrounding media were completely lossless. Furthermore, 
the antenna would have an enormous Q and an extremely narrow bandwidth, making supergain attempts 
impractical. 

The situation here is reminiscent of the W 8J K array which theoretically has a 4-dB gain over a single dipole 
even when the spacing between elements approaches zero; however, enormous currents would be required. 
With appreciable losses and for usable bandwidths a minimum spacing of 4/8 is a practical limit. 

A useful property of (3) isthatthe distribution may be taken as the sum of 2 or more component distributions, 
E1(x,), E2(x,), etc., the resulting pattern being the sum of the transforms of these distributions. Thus, 


Table 19-1 Beamwidth and side-lobe level for rectangular and circular aperture distributionst 


Aperture field distribution 


Half-power Level of first 


Rectangular or linear apertures E(x) beamwidth side lobe, dB 
1 ay 
Tapered to 3 at edge(~10 dB 59° ið 
down) E(x) = 1 — 2x? /3 ooN i 
= Ox+1 
Tapered to zero at edge o N 66° 91 
E(x) = 1 — x? ~ cos(x x/2) ia 
lx 
Tapered to zero at edge á à 83° -32 
E(x) = 1 — x? ~ cos(nx /2) La 
Circular apertures E(r) 


Uniform 58° —18 


Tapered to 4 atedge ~10 dB 66° a 
downE(r) = 1 — 2r? /3 1 oT] D; 


Tapered to zero at edge o N 73° 

2 5- —25 
E(r)=1-r a 

Tapered to zero at edge 4 > 


84° pE? 
Er) =(—r?y? Di at 


Dy 


to, = D/d, D} = D/A. Itis assumed that D} >> land D} > 1. Fora uniform rectangular or linear aperture HPBW ~ 51°/D) with first side 
lobe —13 dB. 
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Ei (o) + E2(@) +--+ 


+a, /2 , , +a, /2 : , 
=f EG) e806 dy + | E7(x,) ef27* 396 yy 4... (4) 
—a,/2 —ay/2 


19-3 Spatial Frequency Response and Pattern Smoothing 


Ithas been shown further by B ooker (1) and Clemmow that the F ourier transform of the antenna power pattern 
is proportional to the complex autocorrelation function of the aperture distribution. T hus, 


P(x) & f Eo- E i (1) 


—0o 
where 


P(x.) = Fourier transform of antenna power pattern P, (p) œ autocorrelation function of aperture 
distribution 
E(¢) = field pattern 
E(x,) = aperture distribution 
x, = x/à = distance, À 
Xag = x/Ao = displacement, à 
The autocorrelation function involves displacement x,,, multiplication and integration. The situation for a 
uniform aperture distribution is illustrated by Fig. 19-3. The aperture distribution is shown at (b) and as 
displaced by xz, at (a). The autocorrelation function, as shown at (c), is proportional to the area under the 
product curve of the upper 2 distributions or, in this case, to the area of overlap. It is apparent that the 
autocorrelation function is zero for values of x}, greater than the aperture width a, since P(x,,) = 0 for 
IXAo| > aj. 
If a source moves through the beam of an antenna (or if the source is fixed and the antenna is rotated) the 


observed response of this scanning process is proportional to the convolution of the antenna power pattern 
and the source brightness distribution. Thus, 


S(¢0) = J BOP, ($0 — 6) do (2) 


where 


S(¢o) = observed power distribution, W m~? Hz? 
B(@) = true source brightness distribution, W m~? Hz~! sr~ 
P, ($) = mirror image of normalized antenna power pattern 
oo = displacement angle (scan angle) 
It follows that 
Saa) = BaP Or) (3) 


where the bars mean the Fourier transform. Since P (x9) varies as the autocorrelation function of the aperture 
distribution, it follows that S(x,) and S(@o) are zero where P (x1) = 0. This means that there is a cutoff for 


il 
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E (X, — Xio) 
X, x (@) 
E(x,) 
ay ay Xi (b) 
“2 ro 
P (Xag) 
c 
Iaol ĉa i 


Figure 19-3 The autocorrelation function of the aperture distribution yields the Fourier 
transform of the antenna pattern. 


all values of x}, greater than a, (Bracewell-2). The quantity x}, is called the spatial frequency (wavelengths 
per aperture) and a, its cutoff value. Thus, 


Xie = A) (4) 
where x}, = Spatial-frequency cutoff 
The reciprocal of x}, gives an angle 


be = — rad = 713 deg (5) 
ay, a 

It follows that this (cutoff) angle øe is equal to i the Beamwidth between First Nulls (BWFN) for a 
uniform aperture distribution (pe = BWFN/2), and is 12 percent greater than the beamwidth at half-power 
(ġe = 1.12 HPBW). The significance of ¢, is that structure in the source distribution having a period of 
less than BWFN/2 will not appear in the observed response. Thus, the antenna tends to smooth the true 
brightness distribution (Bracewell-2). This is illustrated in Fig. 19-4. Half of the beamwidth between first 
nulls (BW FN /2) is equal to the Rayleigh resolution.? Thus, 2 point sources separated by this distance will be 
just resolved, as indicated at the right in Fig. 19-4. 

The observed half-power width as a function of the source width in half-power beamwidths for a large 
uniform linear-aperture antenna and a uniform 1-dimensional source is shown in Fig. 19-5. A source of 
half-power width equal to the antenna half-power beamwidth produces about 20 percent beam broadening, 
or an observed width of 1.2 beamwidths. For larger source widths the observed width approaches the actual 
source width. Thus, from the amount of broadening an estimate may be made of the equivalent source extent. 


1The Rayleigh resolution can, in principle, be improved upon in the signal-processing domain of an adaptive array. 
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True distribution, B 


Antenna 


a 


BWFN 


pattern, P | | | | | 


` 


BWFN 


Observed distribution, S 2 


i> BW A 4B | 


Figure 19-4 Smoothed distribution S observed with antenna pattern P. 


19-4 The Simple (Adding) Interferometer 


The resolution of an antenna or of aradio telescope 
can be improved, for example, by increasing the 
aperture a. However, this may not be economi- 
cally feasible. A common expedient is to use two 
antennas spaced a distance s apart, as in Fig. 19-6. 

If each antenna has a uniform aperture 
distribution of width a, the resulting autocorrela- 
tion function is as shown in Fig. 19-7. Itis apparent 
that by making observations with spacings out to 
s} itis possible to obtain higher spatial-frequency 


components in the observed pattern to a cutoff 


Xie = Sa + ay (1) 


and a smaller resolution angle 


be 


57.3 
ENTA (=, ae (deg) (2) 
In the following analysis it will be shown that if 
observations are made to sufficiently large spac- 
ings, itis possible, in principle, to deduce the true 
source distribution. 

The normalized far-field pattern of the 2- 
element array is 


E() = En(o) cos $ (3) 


where 


4 


Observed width in beam widths 


1 
0 1 2 3 4 


Source extent in beam widths 


Figure 19-5 Observed half-power width as a 
function of source width in half-power beamwidths 
for a large uniform linear-aperture antenna and a 
uniform 1-dimensional source. 


Figure 19-6 Simple 2-element interferometer. 


En (ġ) = normalized field pattern of individual array element 


w = 2rs, sing 
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E(x,) 
ay ay 
Xy 
Sy 
E(x, a) 
| } | 
Xio 
P(x,,) 
ay Sy l [Xol 


Sy + a) 


Figure 19-7 Autocorrelation function of aperture distribution of simple 2-element 
interferometer. 


The relative power pattern is equal to the square of |E(@)|, or 


1 + cos 

P ($) = |E)? = |En(@)I? cos? = |En ($)1? = 
For large spacings the pattern has many lobes, which, in optics, are referred to as fringes. The first null occurs 
when y = x, from which the beamwidth between first nulls, or fringe spacing, is 


(4) 


BWFN =! (rad) _ 313 (deg) (5) 
Sy SÀ 


Thisis the BWF N /2 value for a continuous array of aperture width a, = s, or a large array of discrete sources 
of the same length (L, = sq). 
The pattern maxima occur when y = 2xn, where n (=0, 1, 2,3,...) is the fringe order. Thus, 
57.3n 
À 


S 


n 
Pmax = a (rad) = (deg) (6) 
Referring to Fig. 19-8 the first factor in (4) represents the individual-element pattern, as shown in (a), and 
the second factor the pattern of the array of 2 elements, as in (b). The product of the 2 factors gives the 
interferometer pattern, as indicated in (c). In these patterns a point source is implied. In the general case, for a 
source of angular extent a the observed flux density is the convolution of the true source distribution and the 
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Individual element 
pattern 
(a) 
db — 
Array pattern 
(b) 
Interferometer 
pattern 
(c) 


Figure 19-8 (a) Individual-element pattern, (b) array pattern and (c) the resultant 
interferometer pattern for the case of a point source. 


antenna power pattern. A ssuming that the source extent is small compared to the individual-element pattern, 
so that | E,,(@)| is essentially constant across the source, we have in the 1-dimensional case that 
+a/2 


S(0, 5.) = |En ($)? B(p){1 + cos[2zs, sin (po — ¢)I} db 


—a/ 


2 +a/2 +a/2 
= |En()| { [ A Bp) aġ+ f 4 B(p) cos[2zrs, SIN (o — )] ag) 


a Eois f 


—a/ 


+a 


2 
i B() cos[2zs, sin (o — $)] 7 (7) 


where 
S(@0, 53.) = observed flux-density distribution, W m7? Hz? 
B(¢) = true source (brightness) distribution, W m7? Hz~+ sr— 
ġo = displacement angle (= hour angle), rad 
source extent, rad 
s, = s/A(where s = interferometer element spacing) 
So = flux density of source, W m~? Hz~! 


1 


a 


The McGraw-Hill Companies 


19-4 The Simple (Adding) Interferometer 679 


The observed distribution as a function of displacement or scan angle is shown in Fig. 19-9 for 3 cases: 
Fig. 19-9a source extent very small compared with the lobe spacing (a < 1/s,), the same as in Fig. 19-8; 
Fig. 19-9b source extent comparable to, but smaller than, the lobe spacing (œ < 1/s,); and Fig. 19-9c source 
distribution uniform and equal in extent to the lobe spacing (œ = 1/s,). 

Assuming that the observations are made broadside to the array or thatthe sourceis tracked by the individual 
array elements, so that |E,(#)|? = 1, (7) becomes 


+a/2 
S(0, 84) = So + J , B(p) cos[27 s) SIN (po — $)] dg (8) 
—a/ 
If the source is small, so that œo — 6 < m, we may write 
+a/2 
S(¢0, sa) = So + cos2asido f B() CoS 275, do 
—a/2 
+a/2 
+ sin 2r sipo f B(o) sin2zrsio do (9) 
—a/2 
S(0, s) May also be expressed as the sum of a constant term and a variable term (sum of 2 terms). Thus, 

S(h0, sa) = Soll + V (do, sa)] (10) 


(c) 


Figure 19-9 Interferometer pattern (a) for point source, (b) for a uniform extended source of 
angle æ < 1/s, and (c) for a uniform extended source of angle œ = 1/s,. 
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where 
1 +a/2 
V (0, 5.) = — COS 2arsi00 | B(¢) CoS 275,.¢6 do 
So —a/2 
1 +a/2 
m f B@aninadaa (11) 
So —a/2 
The variable term may also be expressed as a cosine function with a displacement Ago. Thus, 
V (ġo, s1) = Volsa) cos[2zs,(¢o — Ago)] (12) 
or 
V (0, 82) = Vols} ) (COS 277 sapo COS 2775, Ado + Sin 2x sapo sin 275, Ago) (13) 


The quantity Vo(s,,) represents the amplitude of the observed lobe pattern, i.e., the fringe amplitude. Itis also 
called the fringe visibility or simply the visibility. As a function of s,, it may be referred to as the visibility 
function. The angle Ago represents the fringe displacement from the position with a point source. Hence, 


1 +a/2 
Vo(s,,) COS 275, Aho = T / B(¢) CoS 275, do (14) 
0 J—a/2 
and 
, 1 +a/2 
Vo(s,) SiN 275, Ao = x / B(o) Sin 275,¢ do (15) 
0 J—a/2 
It follows that 
l 1 pte/2 l 
Vo(s,) eA = f Bp) el? ag (16) 
So J—a/2 


The quantity Vo(s,)e/275*40 is called the complex visibility function. If the source is contained within a small 
angle, the limits can be extended to infinity without appreciable error, giving 


; 1 pt” 
Vo(sn) ef PRA = | B(p) 177 do (17) 
—00 


According to (17), the complex visibility function is equal to the Fourier transform of the source brightness 
distribution (times 1/59). By the inverse Fourier transform we obtain 


+00 , , 
B(go) = So i Vo (sp) ef 27490 e—J275.40 Gy (18) 
—C 
or 
+00 : 
B(¢0) = So f Vo (s) e7127 00-400 sy (19) 
=00 


According to (18) and (19), the true brightness distribution of a source may be obtained, in principle, as the 
Fourier transform of the complex visibility function (an observable quantity). 

To do this in practice requires observations at suitable intervals out to sufficiently large spacings, a high 
source signal-to-noise ratio and no other (confusing) sources of significant power in the individual-element 
response pattern. Thus, there are practical limits to the detail with which the source distribution can be 
determined. A ccording to Bracewell (3), the spacing interval need be no smaller than 1/a, where a is the full 
source extent. 


The McGraw-Hill Companies 


19-4 The Simple (Adding) Interferometer 681 


Referring to Fig. 19-9b, the visibility may be read from the observed record as 


Smax — Smin ve 
V = —— ~ = Visibili 20 
o(sa) E ty (20) 
where 


Vo(s,) = visibility [0 < Vo(s,) < 1] 
Referring to Fig. 19-10a the value of the integral in (8) is proportional to the net shaded area, the areas above 
the @ axis being positive and the areas below negative. This integral (times 1/Sọ) is the variable quantity 
V (ġo, 5,), and its variation with respect to do for a fixed s} is a cosine function, as suggested by the solid 
curves in Fig. 19-10b, one for a point source (œ — 0) and the other for an extended source. For symmetrical 
source distributions (even functions) the fringe displacement is zero or 3-fringe (Ago = 551). For unsymmet- 
rical sources, such as the one shown by the dashed lines in Fig. 19- 10a, the fringes will have a displacement 
Ado, as suggested in Fig. 19-10b. 
For symmetrical sources the visibility is, from (14), 
1 +a/2 


Vo(s,) = 3 B(ġ)cos2rs o do (21) 


“So —a/2 
For a uniform source [B(#) = constant] and noting that œ B(d) = So, (21) reduces to 
sin 2x s, (a/2) 
V = L~, NT 
olsa) 25,(a/2) 


(22) 


Symmetrical 
Unsymmetrical 


(a) 
p= 
V (do; Sa) 
Point source 
Extended source 
(symmetrical) 
N Extended source 
(unsymmetrical) 
b 
70 A ( ) 
7 


Figure 19-10 Interferometer patterns for symmetrical and unsymmetrical source distributions. 
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A graph of the visibility Vo(s,) as a function of s} is presented in Fig. 19-11 for the case where the source is 
uniform and 1° in width. A s the source extent becomes small compared to the fringe spacing (a « 1/s,), the 
visibility Vo(s,,) approaches unity, but as the fringe spacing becomes very small compared to the source extent 
(a >> 1/s1), Vo(s,) tends to zero. The visibility is also zero (for a uniform source) when the source extent is 
equal to the fringe spacing (1/s,) or integral multiples thereof. For symmetrical sources we have from (19) 
that the source power distribution is given by the Fourier cosine transform of the visibility function, or 


+00 
B(¢o) = s | Vo (s2) COS 27 5,60 dsp (23) 
Also, from (13), 
V (po, Sa) = Vo(sa) COS 275,60 (24) 
so that another form for (23) is 
+00 +00 
Bo) = So Í V (do, $2) ds, = 28 [ V (0,82) ds, (25) 


Curves of V (ġo, s,) as a function of s, for several values of @ are also shown in Fig. 19-11 for the uniform 
1° source. 

Examples of visibility functions for other source distributions are given in Fig. 19-13. The case of a uniform 
source of extent a with a symmetrical hole of extent 6 is shown in Fig. 19-13a for several cases of hole 
width. When 6 approaches a, the distribution approaches that of 2 point sources with a separation a. When 
B = 0, the source distribution is uniform. In Fig. 19-13b the visibility function is presented for a uniform 
source with a bright center of 4 times the side brightness. 

It is to be noted that the visibility functions of Fig. 19-13a can be obtained as the visibility for a uniform 
source distribution of width œ minus the visibility of a uniform source of width 6, while in Fig. 19-13b the 
result can be obtained as the sum of 2 uniform distributions of widths «œ and £. 

Comparing (17) with (19-2-1) and (19-2-3), itis apparent that the complex visibility function is related 
to the source brightness distribution in the same manner that the far-field pattern of an antenna is related to 
the antenna aperture distribution. Accordingly, the graphs of Fig. 19-2 may also be interpreted as giving the 
visibility functions for various source distributions and the graphs of Fig. 19-13 the field patterns for various 
aperture distributions. The restriction holds that the source extent is small and the aperture extent large. 

Forsimplicity only 1-dimensional distributions have been considered. This case is of considerable practical 
importance. The principles may be extended also to the more general 2-dimensional case. A thorough treatment 
of the 2-dimensional problem is given by Bracewell (3) and Thompson (1). 


EXAMPLE 19-4.1 Source Observation with 2-Element Interferometer 
A uniform source of unknown extent is observed with a simple 2-element interferometer at spacings up 
to 100A for determining the source visibility function. Find the source extent. 


E Solution 
Substituting (22) in (23), 


7 j 2 
Bide) = 250 f oara e A a (26) 
0 27s, (a/2) 
This equation has the form l 
B(¢o) = = f cosmx Ae dx (27) 
QAT Jo x 
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19-4 The Simple (Adding) Interferometer 
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634 Chapter 19 The Fourier Transform Relation between Aperture Distribution and Far-Field Pattern 
where 
1. x2xs,æ/2 
2. m2do/a 
The definite integral (27) is well known and yields 
25 Si 
B(¢o) = LZ = Wm? Hz sr 
an 2 a 
B ($o) 
for —1 < m < +1 and B(¢o) = 0 for m < —1 and 
m> +l. Bo 


Suppose that the visibility function is like the one 
in Fig. 19-11 with the visibility going through zero at 
an interferometer spacing of 57.3A (s, = 57.3) or 


: 1 7.3° o o 
a (source width) = rad = L =1° -4 al $o 
ie l (m = —1) (m = 1) 
with the resulting source brightness 


= a | Figure 19-12 Source distribution 
Bo = — = 57.3 S0 (W m-* Hz~ rad~~) 
a 


reconstructed from visibility function. 


where Sọ = source power density. 

The source has this brightness in the range —5° < o <+5° (—1 < m < +1) and is zero outside, as 
indicated in Fig. 19-12. 

By scanning a source with an interferometer over a range of spacings the visibility function was 
obtained. Then by taking the Fourier transform of the visibility a source brightness distribution was recon- 
structed (Fig. 19-12) which is the same one discussed earlier in our analysis. Thus, in this hypothetical 
example we have gone full circle. 


In the above discussion monochromatic radiation at a single frequency is assumed. If the antennas and 
receiver respond uniformly over a bandwidth fọ + Af/2 with the radiation considered to be made up of 
mutually incoherent monochromatic components, the result for a point source is similar in form to the one 
above for a uniform source of width œ, but with w/2 replaced by Af/2.A result of too wide a bandwidth is 
that the higher-order fringes may be obliterated. 


19-5 Aperture Synthesis and Multi-aperture Arrays 


The example of the preceding section is illustrative of 1-dimensional aperture synthesis. To obtain resolution of 
the 1° uniform source of the example to a Rayleigh resolution (= BW FN /2) of 0.1° requires a single aperture 
573A in length [= 114.6°/(2 x 0.1°)]. An interferometer, on the other hand, can produce the same result with 
two small (say, 54) apertures operated at various spacings provided that the source is strong enough to give 
a satisfactory signal-to-noise (S/N) ratio with the small apertures. Thus, the interferometer can synthesize a 
large continuous aperture— hence the term aperture synthesis. 

Instead of using only 2 apertures and moving one or both of them, a number of apertures can be employed 
with unequal spacings in order to provide data points on the visibility curve. 

In radio astronomy observations, the baseline separation of the apertures and the angle of the baseline 
changes with the earth’s rotation providing more visibility data, making it possible to do 2-dimensional 
aperture synthesis and produce 2-dimensional maps of the source distribution. Spreading the apertures over a 
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19-5 Aperture Synthesis and Multi-aperture Arrays 
1.0 
V (Sq) 
° a 
B a -| 
1.0 Uniform source with 
bright center 
0.67 
V(S,) 
0.33 2 
Tea 5 
Qa a 


(b) 


Figure 19-13 (a) Visibility functions for a source of uniform brightness with holes of various 
widths £; (b) visibility function for a uniform source with a bright center. 


plane (instead of all in-line) also improves the data. Typically, acelestial objectis tracked (as the earth rotates) 
by a number of radio telescope antennas with each antenna-pair combination producing a complex visibility 
function (amplitude and phase) as a function of displacement (hour) angle. A map or image of the object or 
sky region is then constructed as a Fourier transform of the complex visibility. 

The largest and most elaborate aperture synthesis array as of 2000 is the VLA (Very LargeArray) of the 
National Radio Astronomy Observatory built at a cost of $78M (1975 $) on the Plains of San Augustin near 
Socorro, New Mexico. This array consists of 27 Cassegrain-type reflector antennas (apertures), shown in 
Fig. 19-14 each with a diameter of 25 m. Each dish can be moved along one of three radial railroad tracks 
21 km long so that the dishes can be deployed in aY-shaped configuration with spacings of 0.6 to 36 km in 
order to maximize the visibility data with the earth’s rotation. In the photograph 9 dishes are shown in their 
most compact, close-in configuration along one track. Synthesized sky maps of 10’ pixels (picture elements) 
can be produced with sensitivities of 1 mJy or better. At à = 6 cm the resolution is about } arcsecond. 

Radio telescope antennas separated by intercontinental distances have also been operated as interferometers 
at even higher resolution. With antenna apertures separated by 10,000 km, milliarcsecond resolution is possible 
at A = 6 cm. In this Very Long Baseline Interferometry (VLBI), signals are downconverted and the IF signals 
taped and sent to a central location. By synchronizing the tapes using atomic standards, a real-time comparison 
can besimulated. Such observations require a high degree of coordination between participating observatories 
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Figure 19-14 Antennas of the Very Large Array (VLA) of the National Radio Astronomy 
Observatory in compact configuration. The array, on the Plains of San Augustin, New Mexico, 
has 27 steerable Cassegrain-type reflector antennas 25 m in diameter mounted on 3 rail tracks 
(radials at 120°), each 21 km long for deployment in a variety of aperture spacings. Where the 
tracks cross highways, signs warn motorists: “Caution, Radio Telescope Crossing.” (National 
Radio Astronomy Observatory.) 


and being time-consuming have only been performed on an intermittent basis. A dedicated full-time Very 
Long Baseline Array (VLBA) has 10 antennas (apertures) with locations coast-to-coast in the continental 
United States and in Puerto Rico and Hawaii (Kellermann-1). 

A next step is to add an orbiting antenna to the array, increasing the resolution and visibility data resulting 
in maps with better detail and dynamic range. The rapid change of baseline distances for an orbiting antenna 
also reduces the mapping time. Ultimately with 2 or more orbiting antennas, all of the interferometry could 
be done above the earth’s atmosphere obtaining higher phase stability. High elliptical or circular orbits of 
10,000 to 60,000 km apogee or radius are contemplated (Burke-1; Preston-1). 

A perture-synthesis arrays were pioneered by Sir Martin Ryle of Cambridge U niversity, England, and used 
by him and his students for mapping celestial radio sources (Ryle-1). A very complete and definitive work on 
aperture synthesis is the book by Thompson (1), Moran and Swenson. 


19-6 Grating Lobes 


If a uniform linear array of n elements has a spacing d, between elements exceeding unity, side lobes appear 
which are equal in amplitude to the main (center) lobe. These so-called grating lobes have a spacing from the 
main lobe of 


g = sin! = (rad)  wherem = 1,2,3,... (1) 


If d, >> 1, this reduces approximately to 
m 


ġe = FA (rad) (2) 


À 
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Figure 19-15 Grating lobes with array of n widely spaced elements. Solid line: pattern with 
isotropic elements (array factor). Dashed line: total pattern with directional elements, each with 
pattern of dotted line. 


with the first side lobe (m = 1) at 1/d, as given by the solid line (array factor) in Fig. 19-15 [individual array 
elements are nondirectional (isotropic)]. To suppress all grating lobes including the first requires directional 
elements, each with an aperture of approximately d}. This puts the first null of the individual element pattern 
on the first grating lobe, but the array is now equivalent to a continuous aperture. With less directivity (smaller 
aperture) elements, with pattern as suggested by the upper dashed line in Fig. 19-15 the resultant (total) 
pattern is as suggested by the lower dashed line with some grating lobe suppression but not elimination. 


19-7 Two-Dimensional Aperture Synthesis! 


In 2-dimensional aperture synthesis with a multielement array, a celestial object is tracked by the system 
(as the earth rotates) so P,(6,) = 1 with each antenna-pair combination producing a complex visibility 
(amplitude and phase) as a function of hour angle. A map or image of the object or field is then constructed as 
a Fourier transform of the complex visibility. For good maps itis necessary that there be adequate coverage of 
antenna-pair separations and orientations on the uv plane (perpendicular to the direction of the object). This 
may require observations with many pair combinations over a wide range of hour angles. 

The observing geometry is shown in Fig. 19-16 with the z-axis directed to the center of the field to be 
mapped and the x-y plane tangent to the celestial sphere at the center of the field. Parallel to the xyz system 
of coordinates is a uvw system as shown. 


1R egarding the term aperture synthesis, A. Richard Thompson (1985) comments as follows: “Some people, myself included, feel that the 

term ‘aperture synthesis’ is an unfortunate choice of terminology when applied to instruments like the VLA. This is because, in general, 
there is no equivalent aperture for such an instrument. T he power reception pattern of an aperture antenna is the Fourier transform of the 
autocorrelation function of the field distribution. For an instrument like the VLA, the Fourier transform of the power reception pattern is 
the function that represents the spatial spectral sensitivity in the u, v plane, whichis an ensemble of elliptical arcs. This function should 
correspond to the autocorrelation of the equivalent aperture, but, in fact, there exists no aperture distribution which when correlated 
will result in a series of disconnected elliptical arcs. So it cannot be said that the VLA synthesises an aperture in any precise manner. 
One can only say that it produces a beam of width equal to that of some aperture of dimensions comparable to the size of the array. A 
further objection to the term aperture synthesis is that it suggests that there is something fundamentally desirable about a large aperture. 
However, interferometry theory shows that to obtain high resolution we need to sample the visibility function (or mutual coherence 
function) in a uniform manner over a wide range of spacings. Use of a large aperture is only one way, and not the most efficient way, of 
obtaining such information.” 
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For simplicity the field to be mapped is shown at the moment it is on the meridian and with only one 
pair of antennas of the synthesis array. The actual (ground distance) separation of the antennas (1 and 2) in 
wavelengths iss, and the projections of this distance on the wv plane are sax and say with the axial displacement 


distance s,, (= s} COS@ COS 0). 


With the field center at the zenith, s,, = 0 and the visibility function (amplitude and phase of the inter- 
ferometer pair or correlator) is an exact 2-dimensional Fourier transform of the brightness distribution of the 


object. But if s}; Æ 0, the output of the interferometer is 


i pel 
Viu, v, w) 27 = J et. ela (uxtoyty Ix? yw) ay dy 
-1 


-1 yl-—x?-— y? 
where 
V (u, v, w) = visibility function 


B(x, y) = brightness distribution of object, W m~? Hz? sr— 
u = Sax = antenna separation inx direction = s,/A 
v = say = antenna separation iny direction = s,/A 
w = Sz = antenna separation inz direction = sz/À 
x = Cosg = direction cosine with respect to x direction 
y = Cos £ = direction cosine with respect to y direction 
z = Cosy = direction cosine with respect to z direction 


Zenith 


Brightness distribution 
of field being mapped 


B(x, y) ae hi 


Center 


Antenna 1 


Meridian 


S 


Figure 19-16 Geometry for 2-dimensional aperture synthesis relations. 


1 
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19-8 Phase Closure or Self-Calibration for “Clean” Maps 


and the factor e/27” on the left side represents the fringe pattern. Only x and y need to be specified since x, y 
and z are related by 


x? +y? +z =1 and z=4/1l-—x?-— y? 
For small x and y, y1 — x? — y? ~œ z œ~ Land we get 


A get 
B(x, ; : 
V (u, v, w) = / _ EY) el2@mux-vy) qy dy (2) 
al 1 


Thus, for small x and y, V isindependent of w and we can replace V (u, v, w) by V (u, v). The inverse Fourier 
transform yields the object or field brightness distribution as 


[0,6] [0,6] , 
B(x, y) = I 1 V (u, v) e™i?rUux+oy) dy dy (3) 
—oo J—00 


but with restrictions on the size of the field that can be accurately mapped (x and y small). Alternatively, (3) 
can be written 
[0,6] (oe) : 
Bix, y) = f f V (Six Say) oF 2H (Sixx tSayy) dx, dsyy (4) 


—CO ¥—0O0 


19-8 Phase Closure or Self-Calibration for “Clean” Maps 


If an interferometer or aperture-synthesis system has phase errors in its images introduced by the atmosphere, 
by the ionosphere or by its own instabilities, its maps or images are degraded. R. C.J ennison (1) has described 
a method of phase closure or self-calibration by which such phase errors can, in principle, be eliminated. 
Thus, consider 3 antennas, A, B, and C, of a switched interferometer which form 3 interferometer pairs AB, 
BC and AC. 

Let antenna A be the reference for phase. Next let 648, 9gc and @4c represent the phases of the complex 
Fourier transforms of the 3 interferometer pairs due to the source structure; wg and wc the time-variable 
phase rotation of the interferometer at antennas B and C; g and ¢c the phase angle produced by the position 
of the source relative to B and C; and ôg and dc the atmospheric and/or internal interferometer instability 
errors at B and C. Then the AB phase output is given by 


04B + œB + op + dB (1) 
while the BC phase output is given by 

OBc + oc — B+ bc — or + bc — ôB (2) 
and the AC phase output is given by 

Bac + ac + $c + êc (3) 
Adding (1) and (2) we obtain 

648 + OBc + wc + bc + bc (4) 
Subtracting (3) from (4) yields 

84B + OBc — PAC (5) 


The rotation, position and error phase angles cancel, leaving only information due to the actual source 
structure. With more antennas and interferometer pairs, additional error-free information about the source 
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< 0.03° Approx. 500,000 light-years = 


Figure 19-17 Radio picture of the exploded galaxy Cygnus A ata distance far outside our 
galaxy as observed with the 27 dish array of the VLA (Fig. 19-14) at 5 GHz using aperture 
synthesis. For its distance see Example 19-8.1. (source Data enhancement by J PL. 
Photograph Courtesy of National Radio Astronomy Observatory.) 


structure can be obtained and used in the construction of an improved “clean” image. It is noteworthy that the 
errors can be removed by a computer after the observational data has been recorded. Real-time corrections 
are not required. 

The above technique has been expanded in scope by Readhead (1) and Wilkinson, Cornwell (1) and 
Wilkinson and others and applied to maps made with the VLA, Westerbork, MERLIN (University of M anch- 
ester) and various VLBI arrays. An excellent discussion of the technique and its historical development is 
given by Ekers (1). 

A spectacular example of the application of these techniques to VLA maps is presented in Fig. 19-17 
(Cygnus A). 

These VLA observations by Perley (1), Dreher and Cowan revealed for the first time the relativistic jets 
from the central core or engine to the radio clouds as well as a wealth of detailed filamentary structure as 
shown in Fig. 19-17. 


EXAMPLE 19-8.1 The Very Distant Superpowerful Radio Galaxy Cygnus A 


(a) If the overall extent of the galaxy shown in Fig. 19-17 is 500,000 light-years, what is the distance of 
the galaxy? 

(b) If the maximum VLA spacing is 36 km, what is the resolution or pixel (picture element) size? 

(c) Approximately how many pixels does Fig. 19-17 contain? 

(d) If the average flux density between 1 and 2 GHz is 2.5 x 10-23 W/m, what is the radio power of the 
galaxy assuming isotropic radiation? 


E Solution 
(a) From Fig. 19-17 the overall extent of the galaxy a = 0.032° so 


Distance = galaxy extent/sin œ 
= 4 x 10°/sin 0.032° 
= 7x 10° or 700 million light-years Ans. 


(b) Assuming the maximum resolution of a uniform aperture distribution, the pixel size = 51°/a, where 
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a, = a/à = 36 x 10? m/60 mm 
Thus, resolution or pixel size = 85 x 10~®degrees 
= 85 x 3600 x 107ê arc seconds 
=0.3larcseconds Ans. 
(c) The area of Fig. 19-17 is approximately 0.008° x 0.03° 
= 24 x 10-3 square degrees 
= 3.1 x 10° arc sec 


Thus, the number of pixels = 3.1 x 10°/0.312 = 3.2 x 108 
or more than 3 million pixels Ans. 
(d) CygnusA radio power 


= flux density x 4x (distance)? x bandwidth 
= 2.5 x 107? x 4x (7 x 108 light-years)? x 10° watts 

where 1 light-year = 365 x 24 x 3600 seconds x 3 x 108 m/s 
=14x10?7W Ans. 


This is more than atrillion, trillion, trillion watts where 1 trillion = 1012. By comparison the earth's total 
electric power consumption is 10 trillion watts. 


EXAMPLE 19-8.2 100-m Dish for Deep-Space Communication 

The aperture distribution of a 100-m-diameter dish antenna is tapered to one-third at the edge or about 
10 dB down (atypical value). See Table 19-1. At10 GHz, whatisits (a) HPBW, (b) gain from beamwidth, 
(c) gain from effective aperture, and (d) first side-lobe level? 


E Solution 
From Table 19-1, HPBW = 66°/D, = 66° x 0.03/100 = 0.02°. Ans. (a) 
From (2-7-9), 


= 1.05 x 108 or 80dBi Ans. (b) 


From (2-9-2) and (2-9-6), for gain from effective aperture, 
4r? (50)? (0.725) 
7 (0.03) 
=8.0x10’=79dBi Ans. (c) 


First side-lobe level: —23 dB. Ans. (d) 
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Problems 


19-2-1 Four aperture distributions. Forthefollowing aperture distri butions show thatthe far-field patterns 


are given as: 
(a) ae E() = at + a where y = x L} sing 
(b) rN E(~) = aii) where y = 2x L} sing 
Circular v 
(c) <> E(¢) = ny where y = Sia sing 


(d) Triangular E(¢) = — + i( 2 aT 
asymmetric 
19-2-2 Fourier transform. Apply the Fourier transform method to obtain the far-field pattern of an array 
of 2 equal in-phase isotropic point sources with a separation d. Reduce the expression to its simplest 
trigonometric form. 


) where y = x L, sing 


19-2-3  Pencil-beam patterns. For symmetrical circular aperture pencil-beam patterns (function only of 8) 
show that the main beam solid angle Q yy is given by 


1.13 Of for a Gaussian pattern 
0.988 64p for a sin(x)/x pattern 
1.008 04» for a Bessel pattern 
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Problems 


*19-3-1 


19-4-1 


19-4-2 


19-4-3 


19-4-4 


where 6yp is the half-power beamwidth. Also show that Quay is given by 1.036 6yp@up for a sin(u)/u 
(square aperture) pattern. 


Pattern smoothing. An idealized antenna pattern-brightness distribution is illustrated by the 
1-dimensional diagram in Fig. P19-3-1. The brightness distribution consists of a point source of flux density 
S and a uniform source 2° wide, also of flux density S. The point source is 2° from the center of the 2° 
source. The antenna pattern is triangular (symmetrical) with a 2° beamwidth between zero points and with 
zero response beyond. 
(a) Draw an accurate graph of the observed flux density as a function of angle from the center of the 2° 
source. 
(b) W hat is the maximum ratio of the observed to the actual total flux density (25)? 

B 


A 


z T z 
Figure P19-3-1 Pattern smoothing. 


Interferometer. Pattern multiplication. An interferometer antenna consists of 2 square 
broadside in-phase apertures with uniform field distribution. 

(a) If the apertures are 104 square and are separated 60A on centers, calculate and plot the far-field pattern 
to the first null of the single aperture pattern. 

(b) How many lobes are contained between first nulls of the aperture pattern? 

(c) W hat is the effective aperture? 

(d) What is the HPBW of the central interferometer lobe? 

(e) How does this HPBW compare with the HPBW for the central lobe of two isotropic in-phase point 
sources separated 60A? 


Visibility function. Show that the visibility function observed with a simple interferometer of spacing 
s} for a uniform source of width œ with a symmetrical uniform bright center of width 6 = a/6 is 
Sin(zs,a) + 3sin(rs,a/6) 

3as,a/2 
if the center brightness is 4 times the side brightness (see Fig. 19-13b). 


Vin) = 


Visibility function. Show that the visibility function observed with a simple interferometer of spacing 
s) for 2 equal uniform sources of width œ/6 spaced between centers by 5a/6 is 


sin(zs,a) 2 Sin(22s,a/3) 
TS) 3 2rs,a/3 


Vis) = 


Interferometer output. Show that the output of a simple interferometer of spacing s and bandwidth 
fo + Af/2 for a point source is given by 


, (das Af 
sin| —-—@ 
saflı c 2 27s 
c 2 
where c = velocity of light. 
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Interferometer bandwidth. Show that for an interferometer with bandwidth fp + Af/2 
(Prob, 19-4-4), the condition Af/fo « 1/n, where n = fringe order, must hold in order that the fringe 
amplitude not be decreased. 


Number of elements. |n Fig. 19-15 how many elements n have been assumed? 


For computer programs, see A ppendix C. 
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Chapter 20 


Baluns, etc. 
By Ben A. Munk! 


Topics in this chapter include: 


Balanced transformer 
Cutaway baluns 

Natural baluns 

Folded dipole to J -match 
M atching stubs 

Traps 


Balun types: I, Il, HI and chokes 
Bandwidth 

Sleeve-dipole baluns 

M odifications of Type II baluns 
M ast baluns for dipoles and loops 
Printed baluns 

Bypass balun 


20-1 Introduction 


The term balun is an abbreviation of the words balance and unbalance. It is a device that connects a balanced 
two-conductor line to an unbalanced coaxial line. 

Since baluns add complexity and expense to a system, let us consider the consequences of not using one. 
For example, in Fig. 20-1a a horizontal dipole antenna is center fed directly from a coaxial cable. The inner 
conductor feeds the left half of the dipole while the outer conductor feeds the right half. However, current 73 
will flow down the outside of the outer conductor making it part of the radiating system. The result is a mixture 
of horizontal polarization as in Fig. 20-1b and vertical and horizontal polarization asin Fig. 20-1c. Thus, the 
pattern is not that of a horizontal dipole. For this, a balun is required. However, in receiving situations where 
there is an adequate signal-to-noise ratio (SNR) a balun may not be needed. 


20-2 Balun Types I, Il, and Ill and Choke Baluns 


Figure 20-2 shows five common types of baluns. A fter Nelson and Stavis (1) the baluns in Fig. 20-2a, b and 
c are designated Types I, II and III. Type I in (a) has a 4/4 sleeve (shorted at the base) which presents an 
infinite impedance (ideally) at the top. Type II in (b) has two Type I's in series providing more bandwidth 
and load balance at all frequencies. Type III in (c) is a more compact form. The inner conductors form a two 
conductor à /4 line shorted at the base and presenting an infinite impedance at the top. It also features a sliding 
short-circuit bar for frequency adjustment. See equivalent circuit as shown in (d). Figure 20-2e has a Type | 


1ElectroScience Laboratory, Ohio State University, Columbus. 
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Current amplitude 


Dipole Horizontal polarization Horizontal Vertical 
antenna polarization polarization 
(a) (b) (c) 


Figure 20-1 A horizontal dipole fed directly from a coaxial line as in (a) produces a mixture 
of balanced horizontal polarization (b) and of vertical and horizontal polarization (c). 


ZLOAD 
ZLoaD 
Balanced | | Type I A Type IT Type III 
line 7] 
| | 
L 2L ZLOAD L 
Unbalanced a | 
line Short- 
Y circuiting 
bar 
(a) (b) (c) (d) 
Balanced dipole antenna pa dipole antenna 


Cylindrical 
sleeve 


(f) 


Coaxial 
line — Metal strap 


Coaxial 
line > 


Figure 20-2 (a) Type | balun or “bazooka,” (b) Type II balun, (c) Type III balun, (d) Type III 
balun equivalent circuit, (e) Type | balun with dipole antenna and (f) dipole antenna with Type III 
balun minus sleeve. [Figures (a), (b) and (c) adapted from Nelson (1).] 
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balun with dipole. Figure 20-2f has a 
dipole fed by a Type III balun minus 
shielding cavity. The length Ł of all 
these baluns is about 2/4 at the cen- 
ter frequency. In (e) and (f) a reactive 
impedance Z = + j Zo tan BL appears 
in parallel with the dipole, where 
Zo = characteristic impedance of the ee (b) 
balun line of length L. (a) 

Two more baluns are shown in 
Fig. 20-3. These are choke types. The g 
onein Fig. 20-3a has the coaxial cable Figure 20-3 Two types of choke balun. 
wound into a coil producing a high 
impedance on the outside of the coil. The coil and its capacitance C form a parallel LC circuit that should 
resonate at the operating frequency. 

A ferrite-bead choke is shown in Fig. 20-3b with cylindrical ferrite beads placed on the outside of the 
coaxial cable. With good-quality ferrite beads large bandwidths may be obtained (an octave or more). 

TheTypell! balun works on the principle that the voltage at point A in Fig. 20- 4a is zero. Therefore, a cable 
leaving at this point has zero voltage on its outside. Thus, with the coaxial line connected as in Fig. 20-4b 
balance is maintained. To facilitate obtaining an infinite impedance across the terminals at the dipole a sliding 
short may be used as suggested in Fig. 20 - 4b. 


Ferrite beads 


Coaxial 
coil 


20-3 Bandwidth 


From the discussion above one might think that the Typelll balun is inherently narrow-banded. H owever, this 
is not quite so. First of all, because of symmetry, as discussed earlier, a balanced voltage will always result in 
no current on the outside of the coaxial cable. In other words, it will balance perfectly from DC to terahertz 
(at least in principle). 

The limitation in bandwidth comes from the shunt impedance jX,, (see Fig. 20-2d). Since it is purely 
reactive the parallel combination Z 4 || j Xp will, if plotted in aSmith Chart, be located on a circle going through 
Za and the point (0, 0) as shown in the Fig. 20-5a, where Z4, in this example, is real. At the frequency where 
Bl, = 1/2 the parallel combination Z4 || j Xp will reduce to Z4.Atlower frequencies j X, will be inductive 
and Zall jXp will consequently be located in the upper (inductive) part of the Smith Chart; Prob. 20-3-1 


+V/2 +V/2 +V/2 +V/2 


Sliding 
(a) 0) ae Sr, 


A ~V=0 


Figure 20-4 (a) Basic structure of Type III balun and (b) the balun with coaxial line connected. 
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How to get more bandwidth 


Balanced 
terminals 
Za 


jX, = jZa tan Bl 
j jX, = jZ tan 
X P Bly~ 7/2 : 


Zc m 


Unbalanced 
terminals 


~ 
o 
~— 


Balanced Za 
terminals 


Za 


| Compensated 
à/4 


£ 


Unbalanced 
terminals 


ç 
— 


© 


Figure 20-5 (a) The antenna impedance Z4 in parallel with the fork impedance jXp (see 
equivalent circuit, left, and Smith Chart, right). (b) The series reactance jXs counteracts the 
parallel impedance jX p as a function of frequency; see Smith Chart to right. 


illustrates how much as a function of frequency. Further, as illustrated in Prob. 20-3-2, if Z4 is a half-wave 
dipole, where Z4 is capacitive at frequencies below resonance, the addition of the inductive component jX p 
can somewhat improve the matching of Z4 to the balun. 
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The ultimate limitation in bandwidth is realized when 81, = x. In that case 7X, = 0 Q and Z4 is con- 
sequently completely shorted out. However, it is incorrect to assume that the bandwidth is limited to merely 
~2:1. Typically we may go as low in frequency as lp ~ 2/4 and as high in frequency as lp ~ an. 
That gives a frequency range of about 3:1 or more, all depending on the tolerance for mismatch. See 
Prob. 20-3-1. 

M ore bandwidth can be obtained by passing the inner conductor through a hole and continuing it inside 
the right part of the balun as shown in Fig. 20-5b (see big arrow). The electrical length /, inside this arm is 
4/4 at the center frequency and it is terminated in an open circuit. This modification was made by Roberts 
(1) in 1957. 

Let the characteristic of the stub inside the right arm = Zes and its length = /,. Note that it is terminated 
in an open circuit; thus, the input impedance is 


JXs = J Zes cot Bsls 


where 8; = propagation constant inside the stub. 

Inspection of the equivalent circuit in Fig. 20-5b left shows that the parallel combination Zall jXp is the 
same as above, as indicated in the Smith Chart, right. A dding the impedance jX, in series gives circles going 
through Zall jX p and we can follow further along the circles to a desired point. 

Theincrease in bandwidth results from by the factthat j X „ and jX, always have opposite signs (if designed 
correctly). At lower frequencies, for example, jX p is inductive, i.e., ZA||jXp will be located in the upper 
half of the Smith Chart. In contrast, jX, is capacitive, i.e., it will push Z4||jX » downward toward the lower 
half of the Smith Chart as indicated in Fig. 20-5b right. At higher frequencies the opposite is true while no 
compensation of Z4 is observed at the center frequency. The net result is that the total impedance observed 
at the top of the balun is closer to the original impedance Z4, i.e., we obtain broadband compensation. See 
Prob. 20-3-3. 


20-4 Sleeve-Dipole Baluns 


Two examples are shown in Fig. 20-6 of baluns incorporated as part of the antenna. The balun in Fig. 20-6a 
isa Type III while the one in (b) isa Type ll. The length LZ is about à /4 at the center frequency. 


20-5 Modifications 


The Type III balun has some very desirable features, namely, it always provides a perfect balance and a 
wide bandwidth. However, it can also be modified in several ways and provide transitions to other types of 
baluns. Although these could be explained by a direct approach, it is helpful to tie them in with the Type II 
balun. Also, it will often enable the designer to create a unique type. As a first example Fig. 20-6a shows a 
modification where the single balun at Fig. 20-3 has been replaced by two arranged in series. This doubles 
the shunt reactance seen at the balanced port and should thus increase the bandwidth. 

To obtain a large bandwidth requires that the shunt reactance j X,, of the balun be as large as possible. 
Quite analogous, the bandwidth of the balun types in Fig. 20-7a and b is determined by the sum of the two 
coaxial stubs made up of the inside of the enclosure and the outer conductor of the feed cable. However, 
the characteristic impedance of coaxial lines is smaller than for a two-wire transmission line. This could be 
remedied by increasing the diameter of the enclosure. H owever, the characteristic impedance of a coaxial line 
is a logarithmic function of the ratio between inner and outer conductors, so the benefit of this approach is 
modest and the enclosure becomes bulky. 
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< L >| 


+<—0.514L—> 


Type Ill 
balun 


(a) 


Figure 20-6 (a) Cylindrical sleeve dipole with Type III balun and (b) cylindrical sleeve dipole 
with Type II balun. (Adapted from Bock-1.) 


Alternatively, the material in the cavity may be changed to a material with a higher intrinsic impedance. 
An example is shown in Fig. 20-7c. Here the cavity has been filled with ferrite with u > wo. Unfortu- 
nately, the permittivity of the ferrite will, in general, also be larger than £o, which limits the effect of the 
increase in u. Note that, the two cavities have been modified to a conical shape. This can increase the shunt 
reactance and improve the bandwidth. Note also that an increase in yz as well as « leads to reduced cavity 
dimensions. 


20-6 Mast Balun 


A Typell balun modification is shown in Fig. 20-8 as mounted on a groundplane with the enclosure removed. 
The groundplane may be the large conducting cylinder of a mast, making it a “mast balun.” The shunt 
impedance jX, is considerably higher than for the coaxial versions shown in Fig. 20-7c, so we can obtain 
a larger bandwidth. If a series reactance in the form of an open-ended quarter-wave stub is added additional 
broadband compensation is obtained precisely in the same manner, as was the case with the compensated 
Type Ill balun, shown in Fig. 20-5b. This type of design can lead to bandwidth exceeding 4:1. Note also 
the balanced output connected to two pairs of balanced lines in parallel. Each balanced line has two coaxial 
cables with characteristic impedance Zo in series, i.e., total impedance is 2Z 9. When the left and right sides 
are connected in parallel as shown, we obtain a total impedance of Zo. Thus, we have a perfect match at all 
frequencies. 

Note that voltage is present between the balanced output and the mast. Thus, in case of snow or ice the 
balun needs a dielectric cover or radome. 

All the balun types shown in Figs. 20-6, 20-7 and 20-8 are characterized by having the shunt reactance 
j Xs made up of two reactances in series, namely, one from the top and one from the bottom part. If the 
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—V 
Output 
terminal 
A À 
E 
Balanced 
/2 
% terminals 
~ àÀ/2 ~Al2 

Z2 V 

Type Il m| 

balun 2% 

y Y 
Output 
terminal 
Z Z 
+V (b) Combination with 
transformer 
Unbalanced terminals Unbalanced terminals 


Ferrite— | 


Balanced 
terminals 


Unbalanced terminals 


Figure 20-7 (a) A Type Il balun with two coaxial lines. (b) A variation of the balun in (a) but 
with a transformer. (c) A variation of the balun in (a) where the cavity has been reshaped and 
filled with ferrite to obtain greater bandwidth. 


two halves are of a little different dimensions they may resonate at somewhat different frequencies. Thus, 
somewhere between these two resonant frequencies the reactance of one half will be as inductive as the other 
half is capacitive. Since they are in series they will add up to zero (assuming no losses). This makes the balun 
unusable at that frequency. 
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Mast balun 


Compensation 


(b) 


Z 
Side view Front view 


Figure 20-8 The cavity in Fig. 20-7(a) has been essentially removed and substituted by the 
mast as shown in (b). The output cables consist of two pairs of series-connected coaxial lines in 
parallel yielding the total impedance Zo needed for broadband match (>4: 1). 


Note that the length of the open-ended stubs used in the balun in Fig. 20-5b, and in the mast balun in 
Fig. 20-8, should be cut approximately 4 to 10% shorter than their mechanical length depending on the 
diameter. This will compensate for the end capacity of the open-end transmission line. 


20-7 Printed Baluns 


Figure 20-9a shows a printed balun and dipole fed by a coaxial cable. In Fig. 20- 9b, the situation is basically 
the same except that the feedline is also printed and an open-ended compensation stub has been added similar 
to Fig. 20-5b. Note that the inner conductor between the dipole gap at the center has been reduced. This 
suppresses radiation from the feed line. 

Finally, Fig. 20-9c has a printed version of what is basically the mast balun shown in Fig. 20-8. 
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Printed circuit version 


Balanced output 


- » (ec) 


Unbalanced = 
output 


Figure 20-9 Printed versions of various baluns: (a) Type III balun and dipole fed by coaxial 
cable. (b) Same as (a) but fed by microstrip line and with reactive compensation (R oberts-1). 
(c) Printed version of Type II balun. This is covered with a ground plane. 


20-8 The ì/2 Bypass Balun’ 


The balun types considered so far have with the exception of the onein Fig. 20-7b merely provide a transition 
from the balanced to the unbalanced terminals without any impedance transformation. Baluns can also provide 
impedance transformation. 

An example is shown in Fig. 20-10. From the unbalanced terminals a coaxial cable with characteristic 
impedance Zo branches out into two coaxial cables with characteristic impedance 2Z 9. One of these cables 
is A/2 longer than the other. Thus, the voltages will be 180° out of phase with the other cable and the total 
voltage difference between the two cables will be 2V; i.e., the impedance change will be 4:1. Thus, if the 
balanced terminals are loaded with a resistance equal to 4Zp the two branch cables are effectively terminated 
with 2 Zo, i.e., the input impedance of each is equal to 2Zp and their parallel combination at the branch-point 
is then equal to Zp as required for perfect matching. 

The à/2-bypass balun is only perfectly balanced when the bypass cable is exactly 4/2 long. At lower 
frequencies the voltage through the bypass cable is delayed less than 180° and vice versa at the higher 
frequencies. Fortunately, this can be compensated to some extent. See Fig. 20-11. 

In Fig. 20-11a the voltage at the output terminal of the bypass cable is shown for two values of its 
characteristic impedance, namely, for Ze < 2Zo and for Ze > 2Zo. In the first case, we arrive at point A 


1 This type of balun was patented in Germany in 1931 (Walter-1), It was called a 4/2 Umvegleitung. 
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located in the inductive part of the complex plane and in the à/2 Balanced 
second case at point B located in the capacitive half-plane Bypass seville 


balun 


V + Ve Jbl = 2V for Bl = 7 
2Z + QZ = 4Zp 


of the Smith Chart. As shown in Fig. 20-11b we now for 
Ze < 2Zo add in series the impedance of an open-ended 
4/4 stub (now shown in the Smith Chart). At the lower 
frequencies this stub impedance is capacitive, i.e., drives 


the impedance at A downward to point C. This simply Zo : 
corresponds to a further delay and can by proper design V 777 
be equal to 180° at some of the lower frequencies. iraak 


Similarly, as shown in Fig. 20-11c for the case 
Ze > 2Zo a short-circuited stub impedance is added in 
parallel. In this case the stub impedance is inductive at the 
lower frequencies and will consequently move up toward 
the inductive half-plane, i.e., obtaining a total phase delay 
of 180° as desired. 


20-9 Balanced Transformer SA 


It is sometimes desirable to add a transformer to the bal- 
anced side of a balun. An example of such a device is 


Figure 20-10 The 4/2 bypass balun. 


shown in Fig. 20-12a. It consists of two coaxial lines with The input cable with characteristic 
characteristic impedance 2Zo. At the low-impedance end impedance Zo splits up into two cables in 
(lower terminals) the inner and outer conductors of oppos- parallel with characteristic impedance 


ing cables are connected in parallel but with the twoinner 2 Z o. One cable is 4/2 longer than the 


conductors having opposite polarity as shown. A tthe high- other producing a balanced voltage 
impedance terminals the two cables are connected in series difference of 2V. It is balanced for $| = x 
and since the inner conductors have opposite polarity their and quadruples the impedance. 

total voltage difference is 2V; i.e., the impedance level is 

increased by a factor of 4. 

This transformation is relatively independent of the cable length. However, the two outer conductors are 
connected at the high-impedance terminals. Thus, when seen from the low-impedance terminals the two outer 
conductors form a fork that has a certain fork impedance in parallel with the input impedance. By making 
the length of the fork equal to 4/4 the shunt impedance becomes infinite and will consequently not affect the 
input impedance. 

Instead of coaxial cables twin lead cables may also be used as shown in Fig. 20-12b. If these twin lead 
cables are wound into coils they will exhibit a high resistance for unbalanced but not for balance currents. 
Thus, they will be effective as a balun as well, similar to the designs shown in Fig. 20-2. In addition, we may 
apply a ferrite core. It has the potential of increasing the coil impedance and thereby the bandwidth (>10 : 1). 
They are very popular and inexpensive for low power. 

A combination of Type III balun and a transformer is shown in Fig. 20- 13a left. We observe that the two 
fork impedances are in parallel; thus the bandwidth will be somewhat reduced (see also Problems 20- 3-1, 
20-3-2 and 20- 3-3). However, compensation can be provided by an open-ended à /4 stub; see Fig. 20-5b. 

A more compact version is shown in Fig. 20-13b. Here the transformer lines are folded down along the 
balun fork (the outer conductors can touch each other everywhere). Besides being shorter, there is now only 
one fork impedance instead of two in parallel, although the characteristic impedance of the fork has been 
lowered somewhat due to the effective increase in cable thickness. 
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Figure 20-11 (a) At frequencies below the center frequency the delay on the bypass cable will 
be less than 180°. For Z: < 2 Zo it will be in the inductive part of the plane and for Ze > 2Zo in the 
capacitive part. (b) For Ze < 2Zo adding an open-ended ~1/4 stub increases the delay to ~180°. 
(c) For Ze > 2Zọ parallel to a short-circuited 4/4 stub is added to increase the delay to 180°. 
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Balanced transformers 4:1 


Balanced terminals 
high impedance 


2V 
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Figure 20-12 By connecting two cables in parallel at the low- impedance end and in series 
at the high- impedance end as shown we may double the input voltage V. (a) A version made of 
coaxial cables. (b) A version made of twin leads wound on ferrite core. 


Finally, Fig. 20-14 shows a very clever combination of balun and a built-in transformer. By using still 
more forks connected to a single branch-point, baluns can be designed with a transformation ratio equal to 
1:9 and even 1:16 (Ruhrmann-1 and 2). 


20-10 Cutaway Baluns 


This type of balun is shown in Fig. 20-15 and starts with a coaxial cable at the lower end. T he outer conductor 
is then slowly peeled away in a tapered fashion until it becomes a two-wire transmission line at the upper 
end. It works by the fact that the taper is very gradual thereby making internal reflections very small. This 
design principle also leads to a rather long design (approximately 4/2 at the lowest frequency). And it is 
primarily the long length that leads to a high impedance for the unbalanced currents. In fact, the upper 
frequency is limited to the excitation of higher-order modes in the coaxial cable (Duncan-1). In contrast to 
the other transforming baluns such as given in Figs. 20-10 to 20-14, this type of balun can be designed to 
have transformation ratios that typically range from ~1.5:1 to 5:1 with a bandwidth approaching 100: 1, 
but it must be long! 
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Combinations of baluns and transformers 
2V 


~Al4 


(a) 


V V 
Type Ill balun with transformer Folded version 


Figure 20-13 (a) A combination of Type III balun and the transformer shown in Fig. 20—12a. 
(b) The transformer section in (a) has been folded down along the fork (b). 


Balanced terminals 


> A/2 at lowest 
frequency 


Unbalanced terminals 


Figure 20-14 A “candelabra” version of Type III Figure 20-15 A coaxial cable is 
balun with transformation ratio 4 : 1. Note the gradually cut in a tapered fashion 
broadband compensation by use of open-ended and transitioned into a pair of twin 


stubs. By using more arms transformation ratios of leads. Capable of very large 
9:1 or 16:1 can be obtained. bandwidth (100 : 1). 
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An interesting “mix” is shown in Fig. 20-16. Here the outer conductor has been cut away on two sides 
while the inner conductor continues to the top where it is connected to the right part of the outer conductor. 
Thus, it can be considered a cross between the tapered balun above and the Type III balun. However, in 
contrast to the latter, some impedance transformation will take place. A typical ratio of ~2:1 has been my 
experience as we move from the coaxial input toward the dipole. 


ee 


Inner conductor 


or less 


Figure 20-16 A “mix” of a balun: two tapered “slits” are cut at opposite sides in the outer 
tubing reminiscent of the cutaway balun in Fig. 20—15. However, the inner conductor is 
connected to one side similar to the Type III balun in Fig. 20—4. 


20-11 Natural Baluns 


Some antennas have zero potential somewhere. A classical example is a folded dipole shown in Fig. 20-17c 
where a null is observed in the middle of the unbroken dipole half. J ust as was the case with the Type II! balun 
shown in Figs. 20-3 and 20-4, the coaxial cable is attached at that point. The balance is always perfect and 
only the antenna impedance of the folded dipole is seen at the feed point. In other words, not only a natural 
but a perfect balun! 

The loop baluns shown in Fig. 20-18 are also natural baluns. See also the loop baluns of Figs. 7-8, 7-12 
and 7-14. 

Another example is shown in Fig. 20-17, namely, a full-wave (or so) dipole. Also shown is the current as 
well as the voltage distributions. As can be seen, the voltage distribution is zero somewhere in the middle of 
the two antenna sections. Thus, this is precisely where both antenna halves can be supported without affecting 


The McGraw-Hill Companies 


20-11 Natural Baluns 709 


Natural baluns 


Balanced voltage 
+ 


Folded dipole 


— |I| 2 
A E (—> balanced loop) 
ojlo 
(a) 
i Balanced voltage l V 
A L an 7 a 
va rai 
YZ 4 
° 0 Volt 7 0Volt 
z Pg : 
7 4 ye , Full-wave dipole 
(b) 
+ 


, Full-wave dipole 


Ground plane 


Reflector 


Cable 


(c) 


Figure 20-17 (a) A folded dipole has zero potential at the midpoint of the lower dipole half at 
all frequencies. Thus, this point is ideal to attach a coaxial cable. (b) Similarly, a full-wave dipole 
has approximately zero potential near the middle of the two dipole halves over a significant 
frequency range. (c) This point is ideal for support as well as feeding. 


(at least appreciably) the current distribution. The inside of one of these supports (namely, the left) is also 
used to feed the antenna. 


The bandwidth of this arrangement is obviously not infinite but still adequate in practice to work over an 
octave bandwidth. The zero potential point where the support is attached is best found experimentally. First 
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i [ Mast 


Figure 20-18 Two baluns for feeding loops on a mast. 


measure the antenna impedance without support. Then with your hand on the antenna you observe a change in 
the antenna impedance. Slide your hand along one of the dipole sections until there is no change in impedance. 
This indicates the proper support position. (A fter this exercise you may claim “hands-on experience.” ) 


20-12 Folded Dipole to J-Match 


Figure 20-19 shows the five steps in the evolution of aJ-match coaxial cable-fed dipole. 


20-13 Matching stubs 


Anarray of dipoles with two-conductor transmission line can befed with a coaxial lineas shown in Fig. 20-20. 
First, the short-circuit on the stub is adjusted for maximum current (or resonance) with the array excited from 
a nearby transmitting antenna (step 1). The coaxial feed line is then connected and moved up and down the 
stub for minimum V SWR on the line to the transmitter (step 2). 

This balun feed with simple 2-step tune up can be used for a curtain array (as in Fig. 20-20), aW 8] K array, 
a rhombic or other array or a single dipole of any length. The effect of the support structure or other objects 
in the environment are all accounted for by the tuning of this feed system. 


20-14 Traps 


In many wide-bandwidth applications it is not necessary to have a frequency-independent antenna for con- 
tinuous spectrum coverage but rather an antenna which can operate at spot frequencies. This is possible, for 
example, with a center-fed dipole by means of tuned traps, as shown in Fig. 20-21a, each trap consisting 
of a parallel-tuned LC circuit. At frequency Fy, for which the dipole is A/2 long, the traps introduce some 
inductance so that the resonant length of the dipole is reduced. At twice the frequency F2 (=2F;) the traps 
are resonant (wL = 1/wC) and the high impedance they introduce effectively isolates the outer sections of 
the dipole, the inner part becoming a resonant à/2 dipole at frequency F2. Thus, in this simple example, 
the antenna can perform simultaneously as a matched 1/2 dipole at 2 frequencies, Fı and F2, separated by 
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(a) Folded dipole 
(b) Modified folded dipole 


(c) Delta match 


| | (d) T-match 


(e) J- or gamma match 


Figure 20-19 Five steps in the evolution of a J-match fed dipole from a folded dipole via 
modified folded dipole, delta-match and T-match (Kraus (1) and Sturgeon). 


Short circuit 


line 


To transmitter 


Figure 20-20 Dipole array with matching stub and Type III balun coaxial feed. The spacing 
of the stub conductors is exaggerated for clarity. 


The McGraw-Hill Companies 


712 Chapter 20 Baluns, etc. 
l at Fy 
| at Fo _ 
ry 
~nN2 
A 
Trap bine Trap 
Balun = B 
Trap 000) 7 
: E Ground 
detail HH Coax A4 À plane 
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Phase-reversing 
coil 


(b) 


Figure 20-21 (a) Dipole with traps for operation at two frequencies separated by an octave 
(F 2 = 2F 1). (b) Four in-phase 4/2 elements with phase-reversing coils. (c) Vertical 
omnidirection in-phase 34/4 monopole. 


an octave. With more traps, operation may be extended to other frequencies. Although in our example the 
2 frequencies are harmonically related, this is not a requirement. Note, however, that the end segment must 
present a low impedance to the trap to be isolated (i.e., mismatched). In Fig. 20-21a the end segment is ~à /4 
long at F> so this requirement is met. 

A coil (or trap) can also act as a 180° phase shifter as in the collinear array of 4 in-phase 2/2 elements 
in Fig. 20-21b. Here the elements present a high impedance to the coil which may be resonated without an 
external capacitance due to its distributed capacitance. The coil may also be thought of as a coiled-up 2/2 
element. This 4-element array has a gain of 6.4 dBi as compared to 3.8 and 5.3 dBi gain for 2- and 3-element 
collinear arrays of 2/2 elements. 

Cutting the antenna of Fig. 20-21b at point A and turning the section vertical above a ground plane results 
in the in-phase 34/4 omnidirectional monopole antenna of Fig. 20-21c with 8.3 dBi gain. To match the 
approximately 150-Q terminal resistance to a 50- to 75-Q coaxial line, a capacitance-inductance network can 
be used. 


20-15 Conclusion 


We have considered a wide variety of baluns and transformers. No claim is made as to completeness. 
However, we have made an attempt to explain the underlying principles and limitations of baluns. It is our 
hopethat it will inspirethe reader to producea unique design that often must be customized for a particular need. 
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Problems 


20-3-1 Balun 200 Q, antenna 70 2. A Typell! balun has the characteristic impedance equal to Zep = 200 2 
and the electrical length is equal to ¿p = 7.5 cm. It is connected to an antenna with impedance Z4 = 70 Q. 
(a) Find the balun impedance jX p at f = 500, 1000 and 1500 M Hz. (b) Calculate the parallel impedances 
ZalljXp at 500, 1000 and 1500 M Hz and plot them in a Smith Chart normalized to Zp = 50 Q. Check 
that all these impedances lie on a circle with a diameter spanning over (0, 0) and Z4 = 70 Q. Alternatively, 
you may determine Z 4||jXp graphically in a Smith Chart. (c) Explain what effect it would have on the 
bandwidth if we changed Zep to 150 Q or 250 Q. 


20-3-2 Balun 200 ©, antenna 80-j20 ©, etc. Using the same Type lll balun as in Prob, 20-3-1, change 
the antenna impedance to Z4 = 80 — j20, 75 and 80 + j20 at f = 500, 1000 and 1500 M Hz, respectively. 
(a) Calculate Z,4||jXp at f = 500, 1000 and 1500 MHz, and indicate their impedances in a Smith Chart 
normalized to Zo = 50 Q. Check that all these impedances are located on the appropriate circles spanning 
Za and (0,0).A purely graphical approach is satisfactory. (b) Repeat the problem for Z4 = 70 + j20, 75 
and 70 — j20 at f = 500, 1000 and 1500 M Hz, respectively. W hich of these two cases has the potential for 
the largest bandwidth? 


20-3-3 Balun with stub. Wenow modify the same Type III balun as in Probs. 20-3-1 and 20- 3-2, to the more 
broadbanded version shown in Fig. 20-5b. The characteristic impedance of the coaxial stub is Zes = 12.5 Q 
and the dielectric constant is £1 = 2.25eọ. (a) Find the length of the stub for the center frequency f = 1000 
MHz. (b) Calculate the stub impedance j Xs at f = 500, 1000 and 1500 M Hz, respectively. (c) Calculate 
ZalliXp + jXs at the same three frequencies as above. Plot the value in a Smith Chart normalized to 
Zo = 50. (d) Compare the potential for large bandwidth for this compensated design with the 
uncompensated design in Prob. 20-3-1. 

Discuss the implications upon bandwidth if the stub characteristic impedance Zes is changed from 
Zes = 12.5 Q to 50 Q. 

This last variation should illustrate that to solve a problem successfully you must not only have the right 
idea, it must also be designed correctly. 
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20-3-4 


20-3-5 
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VSWR for dipole antenna. Calculate the VSWR on a 65-Q line connected to the L/D = 60 dipole 
antenna over a 30 percent bandwidth if an open-ended line of 40 & characteristic impedance is connected in 
parallel with the antenna terminals. The line is 180° long at the center frequency of Fo. 


Stub impedance. (a) W hat is the terminal impedance of a ground-plane mounted stub antenna fed 
with a 50 — Q air-filled coaxial line if the VSWR on the line is 2.5 and the first voltage minimum is 0.17 
from the terminals? (b) Design a transformer so that the VSWR = 1. 
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Antenna Measurements 
By Arto Lehto and Pertti Vainikainen’ 


Topics in this chapter include: 


Current distribution 

Large antennas 
Electrically small antennas 
Effective gain 

Specific absorption rate 


Elevated ranges 

Ground-reflection ranges 

Anechoic chambers and absorbing materials 
Compact antenna test ranges 

Near-field ranges 

Testing of ranges 


Basic concepts E Instrumentation 
Reciprocity ™ Measurement of different antenna parameters 
Near field and far field © Directional pattern 
Coordinate system E Gain 
Sources of error E Phase 
Phase error and amplitude taper © Polarization 
Reflections E Impedance 
M easurement ranges m Efficiency 

E 

E 

E 

E 

E 


21-1 Introduction 


Accurate measurements are necessary to establish the actual performance of antennas: their gain, pattern, 
polarization, bandwidth, efficiency, etc. A ntennas having strict specifications are needed in many applications 
as in mobile and personal communications, satellite communications, remote sensing, and radar. F or example, 
antennas of a point-to-point radio link have to fulfill certain gain, side-lobe level, and cross-polarization 
requirements set by standards to get type approval. 

In many cases, antenna properties can be calculated theoretically very accurately. However, for complex 
antennas this might not be possible— too many idealizations or simplifications have to be made. Often the 
modeling of the usage environmentis difficult, e.g., if the antenna is close to the human head or is installed on 
an airplane. Even if the properties of ideal antennas can be calculated, performance of real world antennas has 
to be checked by measurements, because due to fabrication tolerances, and in some cases due to fabrication 
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errors, they may not work as well as predicted. The measurement results give valuable information for 
troubleshooting. 

In this chapter, methods and techniques are discussed for experimental measurements of antennas. Basic 
concepts, typical sources of measurement errors, measurement ranges and their instrumentation, measurement 
methods of different antenna parameters, and some miscellaneous topics like measurement of electrically large 
and small antennas, effective gain, and specific absorption rate are treated. 


21-2 Basic Concepts 


The most common antenna measurement is to measure 
its radiation properties like directional pattern, gain or 
phase pattern in the far field. In this section we define 
the basic concepts of such measurements. Typical con- 
figuration of the measurement of radiation properties is 
shown in Fig. 21-1. The basic procedureis to place a trans- 
mitting or receiving source antenna at different locations 
with respect to the Antenna Under Test (AUT) and thus AUT 
get a number of samples of the pattern. T he different loca- 
tions arenormally achieved by rotating theAUT. To ensure 
the “sharpness” of the pattern sample only one direct sig- 
nal path should exist between the AUT and the source 
antenna. This can be achieved in a reflectionless environ- 
ment like in an anechoic chamber or in free space (see 
Sec. 21-4). 


ZA 


Source 
antenna 


<Y 


X 


Figure 21-1 Typical configuration for 
the measurement of the radiation 


roperties of an antenna. 
21-2a Reciprocity in Antenna Measurements prop 


It was indicated already above that the AUT can act as either a receiving antenna or a transmitting antenna. 
This is of course due to the reciprocity principle discussed in Sec. 18-2. Two important consequences of the 
principle from the antenna measurement point of view were given: 


Æ The transmitting and receiving patterns are the same. 
© Power flow is the same either way. 


Thus itis clear that all radiation parameters of the AUT can be measured in either transmission or reception 
mode. This is especially useful in cases, where, for example, the AUT is an integral part of a larger device 
acting as either a receiver or a transmitter thus defining the direction of the signal. 

However, in practical antenna measurements one has to be careful in applying the reciprocity principle. In 
Sec. 18-2 also several important conditions for the validity of the principle were given: 


™ Theemfs in the terminals of the interchanged antennas are of the same frequency. 
© The media are linear, passive and isotropic. 
© The power flow is equal for matched impedances only. 


In standard careful measurements the 1st condition should be met without problems. The 2nd condition 
should be considered always, when the AUT includes any active or ferrite components as an integral part. 
The 3rd condition is perhaps the most difficult and may lead into measurement results, which seem to violate 
the reciprocity principle. The situation is clarified in Fig. 21-2 showing a typical configuration with the 
instrumentation for the measurement of the radiation properties of an AUT. 
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Source 
antenna 


Transmitter Receiver 


an a 


PT PSA 


a 2 


PAUT PR 


T 


Figure 21-2 Typical instrumentation for the measurement of the radiation properties of 
Antenna Under Test (AUT). 


We can usually estimate that the multiple reflections between the AUT and source antenna are insignificant 
due to high free space loss |1/trs| (see Fig. 21-2). By using, for example, flow graph techniques we can now 
derive the voltage transmission for the configuration of Fig. 21-2: 

V eel e722 
x ‘trs: (l— paur): 5 


(1) 


Vr 1l- prpsae — paut pre ™?”?.2 


where 


Vr = voltage detected by the receiver from transmission line 2, V 
Vr = voltage supplied by the transmitter into transmission line 1, V 
y= Complex propagation factor of transmission line 1 between the transmitter and source antenna, 

me 

y2 = complex propagation factor of transmission line 2 between the AUT and receiver antenna, m~! 
£ı = length of transmission line 1, m 
£2 = length of transmission line 2, m 

pr = Voltage reflection coefficient of the transmitter output 

psa = Voltage reflection coefficient of the source antenna 

paur = Voltage reflection coefficient of the AUT 
pr = voltage reflection coefficient of the receiver input 
trs = voltage transmission coefficient between the antenna terminals 


Above it has been assumed that the voltage transmission coefficients of the transmitter output, source 
antenna input and receiver input are included in the calibration procedures into Vr, Ve and trs, respectively. 
Therefore, only the voltage transmission coefficient 1 — paur of the AUT output is taken into account. The 
first and last term on the right side of (1) are the voltage transmission coefficients of the transmission lines 
including multiple reflections. Now, according to the reciprocity principle we can exchange the input and the 
output (Vr and Vr) if we fulfill the conditions above. However, this is not possible normally, because we 
have to exchange at least the transmitter (generator) and receiver and sometimes also parts of the cabling. In 
this case the exchange does not change the result significantly, if the numerators of the first and last term on 
the right side of (1) do not change much, which means that: 


1. The reflection coefficients or and pr and the cables (length, attenuation) are identical, which is 
seldom the case in practice, or 

2. The reflections are small, i.e., |oresal, lor eauT|, loreaur| and |or psa| ~ 0. This depends on 
the measurement system and can usually be approximated to be true only for a measurement where 
a calibrated vector network analyzer is used. 


It can be seen from the above that problems occur especially when the matching of the antennas or the 
measurement devices is poor. In this case the exchange of the generator and receiver will change the result 
and it would appear that the reciprocity principle does not hold. 
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21-2b Near-Field and Far-Field 


Based on Huygens’ principle it does not matter, where the sampling of the field takes place provided enough 
information is obtained on some surface surrounding the AUT. However, the measuring practices and con- 
strains depend largely on the distance of this surface from the AUT (Hansen-1). It has been defined already in 
Sec. 2-13 that one can find several regions of radiated field in the vicinity of the antenna. These are the reac- 
tive near-field region (radiansphere), the radiative near-field or Fresnel region, and the far-field or Fraunhofer 
region (Fig. 21-3). 

As we are almost always interested in the radiation properties in the far field, it is obvious that the mea- 
surement usually also takes place in the far field. There are several advantages of the far-field measurement: 


™ The measured field pattern is valid for any distance in the far-field region; only simple transformation 
of the field strength according to 1/r is required. 

E |f a power pattern is required, only power (amplitude) measurement is needed. 

Æ The result is not very sensitive to the changes in the location of the phase center of the antennas and 
thus the rotation of the AUT does not cause significant measurement errors. 

© Coupling and multiple reflections between the antennas are not significant. 


The main disadvantage of the far-field measurements is the required large distance between the antennas 
leading to large antenna ranges. The distance can be too large for a measurement in an anechoic chamber or it 
can result in atmospheric attenuation. In these cases one needs to consider measurements in the radiating 
near-field region, where so-called near-field measurements take place. The reactive or evanescent near- 
field region is seldom used for antenna measurements, because it normally is located too close to the AUT 
(see below) and because mutual impedance caused by reactive coupling between the antennas makes the 
measurement complicated. 


A 
ntenna l Field 
= pattern 
D Main lobe 
Side lobe 
Y 
Reactive Radiating Far field 
near field near field 
l l = 
0 AL 2p2 50D2 Distance 
2T PE a 


Figure 21-3 Radiation patterns in near-field and far-field regions. 
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The borders of the regions around the AUT are defined based on dominances of certain properties of the 
field. As the dominance is a relative concept also these distances may vary depending on the definition, but 
below we give the most common values. The outer boundary of the reactive near-field region is typically 
defined to be at the distance beyond which the amplitude of the far-field component is larger than those of 
reactive near-field components. For small elementary dipoles, it is at the distance determined by the radius of 
the radian sphere, that is, 

Xr 
Frnf = oe (m) (2) 
where 


rrnf = distance to small AUT at the outer boundary of the reactive near field, m 
à = wavelength, m 


For near-field measurements of larger antennas it can be estimated that the evanescent near fields are typically 
insignificant when the measurement distance is over 3A (Slater-1). 

The inner boundary of the far-field region is most often defined as the distance, where the curvature of the 
spherical wave front at the edge of the AUT causes a phase difference of x /8 radians (22.5°) compared to the 
center of the antenna, which is equal to a curvature of 4/16. This leads to the well-known Rayleigh distance 
giving the border between the Fresnel and Fraunhofer regions: 

2 
rff = = (m) (3) 
À 
where 
rff = distance to AUT at the inner boundary of the far-field region, m 


à = wavelength, m 
largest dimension of the physical aperture of the antenna, m 


Ne) 
II 


In some cases the allowed error due to the curvature is smaller and thus larger far-field distances like 
2r ff are sometimes applied. For small antennas, the curvature criterion may not be adequate to define 
the far-field condition. Actually, when D < A/4, rff is smaller than raf! Thus in these cases addi- 
tional criteria for the proper distance for far-field measurement must be used. One such criterion is that 
the assumed total amplitude of the near-field components should be sufficiently lower than that of the 
far-field components. If we assume that the near fields add in random phase to the far field and set 
the peak-to-peak ripple caused by this to AL (dB), we get an additional condition for the measurement 
distance: 

'rn 
ree = aa (m) (4) 
where 


rrp = distance to AUT with certain level of the reactive near fields, m 
AL = peak-to-peak error caused by the reactive near fields, dB 


In (4) we have assumed that the near-field components decay as 1/r2, where r is the distance to the AUT. 
Often the near-field level is required to be at least 35dB below the far-field component. In this case the 
peak-to-peak ripple AL ~ 0.3dB and reg = 101. Another far-field condition is based on the requirement 
that the change in the measurement distance r due to rotation of the AUT should not have a large effect 
on the result obtained. Setting the peak-to-peak limit of this effect to AZ (dB), we get the condition 
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n 2Dm 


"ff = 0AL0] (m) (5) 


where 
ree = distance to AUT with certain effect of the rotation, m 
Dm = largest mechanical dimension of the antenna, m 
AL = peak-to-peak error caused by the rotation of AUT, dB 


In (5) we have estimated that the peak-to-peak change of the distance between the phase center of the AUT 
and the source antenna is Dm /2. 


EXAMPLE 21-2.1 Near- and Far-Field Distances for a Normal-Mode Helix on 
a Handheld Cellular Phone 

A normal-mode helical antenna is located on top of a handset at 900 M Hz. The length of the antenna is 
25mm and the length of the handset chassis 110 mm. Find the distances where different near- and far- 
field criteria are met, when the required peak-to-peak measurement uncertainty due to proximity effects 
is 0.5 dB. 


E Solution 

Now the maximum dimension of the antenna should be estimated to be the combined length of the phone 
chassis and the antenna element, so D = Dm = 135 mm. This is due to the fact that for a device smaller 
than half wavelength typically the whole metallic body is occupied by the currents inducing the radiation. 
(a) The outer boundary of the reactive near field is at a distance given by Eq. (2): 


Trap = (0.333/27)m=53mm Ans. (a) 


(b) The Fraunhofer region starts at a distance given by Eq. (3): 
rff = (2+ (0.135)*/0.333)m=110mm_ Ans. (b) 


(c) Now AL = 0.5dB and we get from Eq. (4) the minimum distance, where the effect of the near fields 
is small enough: 


reg = ((0.333/27) - 34.2) m = 1.8 m Ans. (c) 
(d) Eq. (5) gives the minimum distance, where the effect of the rotation of the AUT is small enough: 
rpg = ((2 - 0.135) - 8.20) m = 2.2m Ans. (d) 


EXAMPLE 21-2.2 Near- and Far-Field Distances for a Pyramidal Standard 
Gain Horn Antenna at 10 GHz 

The length of the horn is 350 mm and the aperture size 200 mm x 150 mm. For this precision antenna 
the required peak-to-peak uncertainty due to proximity effects is 0.2 dB. 


E Solution 
Now D = 200 mm and Dm = 350 mm. Following the procedure in Example 21-2.1, we get: 
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(a) rng = 4.8mm Ans. (a) 

(b) rff =2-(0.2)*/0.03 m=2.7m Ans. (b) 

(c) r’ s= 0.0048 - 86.4 m = 0.41 m Ans. (c) 

(d) ree =2-0.35-21.22m=14.9m Ans. (d) 

We notice that as we now set a tight limit for AZ, the measurement distance is determined by (5), if 
attention is not paid to keeping the movement of the phase center small. 


EXAMPLE 21-2.3 Near- and Far-Field Distances for a Reflector Antenna with 
Diameter D= 0.5 m at 300 GHz 


E Solution 


Here it is obvious that rrp = (2 - (0.5)2/10-3) m = 500 m is determining the measurement distance. 
At 300 GHz the attenuation of the atmosphere is around 10dB/km making (among other things) the 
measurement difficult in full-size ranges. In this case a compact antenna test range (see Sec. 21-4d) is 


typically applied. 


21-2c Coordinate System 


The lEEE standard spherical coordinate system is shown in Fig. 21-4 (IEEE-1). TheAUT is atthe origin. The 
elevation angle 6 is measured from the z-axis (zenith). The azimuth angle @ is measured from the projection of 
the radius vector to the xy- (horizontal) plane with @ = 0 atthe x-axis increasing counterclockwise. Normally 
the coordinate system is defined based on the mechanical structure of the antenna typically so that the assumed 
direction of the peak radiation is on the x-axis. 

M oving the source antenna along lines of constant œ or constant @ results in conical cuts or œ cuts, when 0 
is constant, and great-circle cuts or 6 cuts, when ¢ is constant. Thecut along the equator with @ = x /2 belongs 
to both of these categories. Based on the assumed characteristics of the antenna normally two principal-plane 
cuts are defined. T hese are orthogonal great-circle cuts through the axis of the main lobe of the antenna. With 
linearly polarized antennas the cuts are selected to coincide with the assumed direction of the £ and H fields 
in the main lobe and then they are called £- and H-plane cuts. 

In measuring the polarization of the antenna a standard practice is to establish a local coordinate system for 
each measurement direction (6, #). Herethe reference direction is normally selected to be along the unit vector 
ug Of the standard spherical coordinate system of Fig. 21-4. At the z-axis separate definition for the reference 
direction is required for instance along the positive y-axis. The sense or handedness of the polarization is 
defined considering the AUT as the transmitter thus having the wave propagation direction (and observation 
direction) away from theAUT. 


21-3 Typical Sources of Error in Antenna Measurements 


Any measured quantity has a margin of error. Thus, the complete value for the gain of an antenna might be 
15 dBi + 0.5 dB indicating a half decibel uncertainty. To reduce the measurement uncertainty to an acceptable 
level, the critical sources of error have to be recognized. 

A pure plane wave (uniform phase and amplitude) is an ideal test field for the measurement of far-field pat- 
terns. H owever, there are inevitably deviations from the plane wave: insufficient distance between the antennas 
causes phase curvature and amplitude taper, reflections from surroundings cause amplitude and phase ripple. 
Phase curvature and amplitude taper can have a significant impact on the main beam, whereas ripples may 
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Figure 21-4 Standard coordinate system for antenna measurements showing conical, great 
circle and principal plane cuts. 


spoil the accuracy of side-lobe measurements. These test field imperfections are virtually indistinguishable 
from antenna errors and therefore, it is worth to spend a lot of expense and labor to reduce them. 

Coupling to the reactive near field, alignment errors, interfering signals, effects of the atmosphere, leaking 
and radiating cables, instrumentation errors, etc., are further sources of error in antenna measurements. 


21-3a Phase Error and Amplitude Taper Due to Finite Measurement Distance 


Let us assume that the AUT is a planar antenna, which is receiving a wave coming from the direction of the 
main beam axis. If the measurement distance is too small, the fields received by different parts of the AUT 
will not be in phase and there will be a quadratic phase error (Fig. 21-5). At the far-field limit 2D/a, the 
phase difference between the aperture edge and center is 22.5°. Doubling the measurement distance halves 
this phase error. 

Due to the phase error, the measured gain is smaller and the sidelobes are higher than in the ideal plane wave 
case. Also the nulls of the radiation pattern become filled. For measuring antennas having moderate side-lobe 
levels (down to about —30 dB), the distance 2D? /a is usually adequate. At this distance, the measured gain is 
about 0.06 dB smaller than the real far-field gain. If the measurement distance gets shorter, the measurement 
errors increase rapidly and the near-in side lobes merge with the main beam and either appear as shoulders or 
disappear altogether. 

For low-side-lobe (—30dB and less) antennas, the 2D2/a distance may be inadequate (Hacker (1) and 
Schrank). The near side lobes are especially sensitive to phase error. The error on the first side lobe is much 
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Figure 21-5 Phase error and amplitude taper across the aperture of an AUT. 
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larger than the errors on the second and third side lobes. For antennas having very low side lobes, phase errors 
of 5° or less may be required. However, for measurements of the far-out side lobes larger phase errors may 
be tolerated. 

The finite measurement distance also causes transverse and longitudinal amplitude errors. In the transverse 
plane, the field amplitude is smaller at the edges of the AUT due to the source antenna pattern and a slightly 
larger distance to the edge (Fig. 21-5). Usually, an amplitude taper of 0.25dB is acceptable. This taper 
decreases the measured gain by about 0.1 dB and causes small errors on the close-in side lobes. In principle, 
the test field amplitude could be made more uniform by using a source antenna having a broader beamwidth. 
However, this may not be wise in practice because more power will be reflected from surroundings, which 
in turn may cause unacceptably large field ripples. The longitudinal amplitude taper causes errors in the 
measurement of long end-fire antennas. 


21-3b Reflections 


Reflections from surroundings produce field variations (amplitude and phase ripples) in the test zone as the 
direct wave and reflected waves interfere. The ripple length may be of the order of wavelength because the 
path length difference of the waves changes rapidly as the function of position. 

Even small reflected waves may cause large measurement errors, because the fields of the waves are added, 
not the powers. For example, a reflected wave which has a field 20dB below the direct wave field (1% of 
the power density of the direct wave) causes an error of —0.92...+0.83dB (—21...+19% error in power) 
depending on the phase difference between the direct and reflected field. The error limits in phase measurement 
are +5.7°. If the reflected wave is 40 dB below the direct wave, the error limits in the measured amplitude 
and phase are +0.09 dB and +0.6°, respectively. 

Reflections are especially harmful in the measurement of low side lobes. A small reflection coupled to 
the AUT through the main lobe may completely mask the direct wave coupled through the side lobe. If the 
coupled direct and reflected waves are equally strong, the measured side-lobe level may be 6 dB too high or 
there may even be a null in the measured pattern. 

On outdoor ranges, waves are reflected from the ground and close-by objects like trees and buildings. In 
anechoic chambers, reflections come from the walls, floor, and ceiling. Also the reflections from the antenna 
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support structures and multiple reflections between the antennas may be significant. Different ways to reduce 
the reflections or their influence are described in Sec. 21-4. Imaging the sources of reflections is treated in 
Sec. 21-4f. 


21-3c Other Sources of Error 


Phase error, amplitude taper, and ripples due to reflections are deviations from the ideal test field. In addition 
to these common measurement range imperfections, there are some other possible sources of error: 


MH Coupling to the reactive near field may be significant at low frequencies. Coupling is considered neg- 
ligible when the distance is larger than 104 [see Eq. 21-2-4], but atV HF band and lower frequencies 
this limit may correspond to a large distance. 

Mm Antenna measurements are three-dimensional vector field measurements. Therefore, many kinds of 
alignment errors are possible. Careless alignment of the source antenna may increase the amplitude 
error of the test zone and make the illumination asymmetrical. Correct source alignment is important 
also in the measurement of low cross-polar levels. To make proper pattern cuts, the AUT should be 
aligned correctly with respect to the axes of the positioner, i.e., the coordinate systems of the AUT 
and positioner should coincide. The phase center of the AUT and the axis of rotation should coincide. 
Otherwise, theAUT will wander in the test zone during the rotation. 

M Man-made interfering signals may couple to the sensitive receiver especially on outdoor ranges. The 
interfering signal may be at the measurement frequency or at some other frequency at which the 
receiver has significant response, as at some harmonic sideband frequency of the input mixer. 

© Atlarge measurement distances, the effects of the atmosphere may be considerable. Variations of the 
refractive index can cause scintillation and multipath propagation. At millimeter and submillimeter 
wave frequencies, the attenuation of the atmosphere is high and, thus, there may be noticeable 
amplitude variations during the measurement. 

M™ Incorrect use of cables may cause errors. Cables which have insufficient shielding may leak and act 
as antennas. Also unbalanced transmission lines can radiate as currents may flow on the outer surface 
of the cable. 

MH  |mpedance mismatches between theinstruments and antennas may cause errorsin gain measurements. 

M Imperfections of the transmitter, receiver, and positioner cause measurement errors. However, in 
most measurements these instrumentation errors are negligible. 


21-4 Measurement Ranges 


Generally, one wants to know the far-field performance of an antenna, since the majority of antennas operate 
in this mode. In a basic far-field measurement, the AUT is separated from the source antenna by a distance that 
is at least 2D? /à. Small antennas can be measured indoors in an anechoic chamber. Often, however, far-field 
ranges have to be physically large outdoor ranges. A t low frequencies, the ground reflection cannot be avoided. 
In ground-reflection ranges the direct wave and the reflected wave interfere in a controlled manner. Compact 
antenna test ranges and near-field ranges avoid the problem of large size and can be installed indoors. For 
the measurement of large millimeter and submillimeter wave antennas having far-field distances of several 
kilometers or more, a compact antenna test range or a near-field range is a necessity. 

W hich range type suits best for the measurement of a certain antenna depends mainly on the physical size 
and frequency of the antenna. Sometimes, the best measurement site is the environment where the antenna is 
used. For very large fixed antennas, tests using an airborne vehicle can be made. Satellites and celestial radio 
sources can be used for some tests (Sec. 21-5b). 
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Radar Cross-Section (RCS) measurements have much in common with antenna measurements: a target 
illuminated by a plane wave acts like a certain field distribution or an antenna. Therefore, many antenna test 
ranges, especially compact antenna test ranges, and their instrumentation are used for RCS measurements. 
Correspondingly, radar techniques are applicable in some antenna measurements (Sec. 21-5b). 


21-4a Elevated Ranges 


The basic far-field range is an elevated range (Fig. 21-6). Antennas are placed high on towers, buildings or 
hills to reduce the effects of environment. In most cases, the AUT is operated as a receiving antenna. If the 
source antenna is near the ground and the AUT is on a tower, the range is called a slant range. 

The range length is usually determined by the far-field criterion. For the measurement of low-side-lobe 
antennas even longer ranges than 2D2/a may be needed. The range width should be sufficient to keep the 
main beam of the source antenna within it. However, the land area needed for along and wide test range may 
be impractically large and expensive. Then a shorter range must be used. 

If the errors due to the phase curvature of the short distance cannot be tolerated, the measurement results 
can be partly corrected by computer using Fourier transforms. The aperture field of the AUT is calculated 
from the measured complex (amplitude and phase) pattern, then the aperture phase is corrected, and from 
the corrected aperture field the corrected far-field pattern is calculated. Defocusing is another technique to 
obtain far-field patterns when the measurement distance is too short. This technique cannot be applied to all 
antennas. A reflector antenna can be defocused from infinity to a finite measurement distance by displacing 
its feed. For ranges as short as D2/(8A), the measured main lobe is close to the far-field pattern, but side lobes 
cannot be measured accurately. 

The antenna heights and the source antenna pattern should be selected so that the main beam of the source 
antenna does not illuminate the ground between the antennas. Also low side lobes are a desirable feature for 
the source antenna to keep ground reflections low. If the measurement distance is large, it may be difficult 
to place the antennas high enough. The lower limit for the source antenna diameter, Dr, follows from the 
requirement that the first null of the pattern should fall above the base of the test tower: 


1.5AR 
r2 -J (m) (1) 
where E 
à = wavelength, m 


R = separation between the antennas, m 


Hr = height of the AUT above the ground, m 
< R >| 
y £ Direct wave 
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Figure 21-6 Elevated range to minimize reflected waves. 
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A narrow beam of the source antenna leads to a low level of reflections but at the cost of a large-amplitude 
taper in the test zone. From the maximum accepted amplitude taper of 0.25 dB follows the upper limit for the 
source antenna diameter: 


(m) (2) 


à = wavelength, m 
R = separation between the antennas, m 
D = diameter of theAUT, m 


Combining the two above-mentioned requirements for the source antenna diameter gives that the AUT 
should be mounted at least five times as high as its diameter D. 

It is not possible to eliminate completely the illumination of the ground. Problems may arise especially in 
the measurement of elevation cuts when the main beam of the AUT is pointing at the ground. However, itis 
possible to make the measurement without pointing the AUT below the horizon: the AUT is turned upside 
down after half of the pattern has been measured. For the measurement of low back lobes, it is advantageous 
to place the AUT higher than the source antenna. 

The level of the reflected field in the test zone can be reduced with diffraction fences which are metallic 
screens. Fences intercept waves that would be normally reflected from the ground toward the test zone and 
reflect them skyward and away from theAUT. Diffraction from the edge of the fence to the test zone should 
be avoided. Often several fences are used. Time-domain techniques to reduce the influence of reflections are 
discussed in Sec. 21-4g. 


EXAMPLE 21-4.1 Amplitude Taper on Test Range 

The source antenna and the AUT are both parabolic reflector antennas, which have a diameter of 1 meter. 
The operating frequency is 10 GHz and the separation of the antennas is 2D? /a. Estimate the amplitude 
taper. 


E Solution 


The half-power beamwidth of a parabolic reflector is about 63 gg = 70°A/D = 2.1°. At the measurement 
distance 2D2/A = 66.7 m, this angle corresponds to a transverse distance of 2.1- 2 -66.7/180 m=2.44 m. 
It can be assumed that the shape of the main beam (measured in decibels) is nearly parabolic. Therefore, 
the pattern level of the source antenna is [0.5/(2.44/2)]* - (—3dB) = —0.50dB at the edge of the AUT. 
It can be verified also from Eq. (2) that the source antenna diameter (1 m) is too large if the maximum 
allowed edge taper is 0.25dB. 


21-4b Ground-Reflection Ranges 


AtVHF and lower frequencies, ground reflections are difficult to avoid because a directional source antenna 
is very large and a ground-reflection range (Fig. 21-7) can be used. 

Antennas are placed above a flat reflecting surface with (or without) buried ground screen. The specular 
reflection appears to come from the image source. The real and image source form together an interference 
pattern. The AUT is placed in the first lobe of the interference pattern. This lobe has the flattest amplitude 
distribution. Assuming that the image is negative, i.e., the reflection coefficient of the surface is —1, the peak 
of the first lobe is at the height 


AR mn) (3) 


AR = — 
R 4 Hr 
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where 
à = wavelength, m 
R = Separation between the antennas, m 
Hr = height of the source antenna, m 


This equation indicates that the ideal height is a function of wavelength. Therefore, the height of the source 
antenna or AUT may need to be adjusted for each measurement frequency. The height of the AUT should be 
at least 3.3D to make sure that the amplitude taper is less than 0.25 cB. 

In practice, the reflection coefficient at horizontal polarization is about —1 at small grazing angles 
y (=90°— angle of incidence). H owever, with vertical polarization the reflection coefficient may vary rapidly 
as the function of grazing angle. This polarization dependency of the reflection coefficient may give troubles 
in polarization measurements. 

The surface of a ground-reflection range should be smooth, which requires that the rms height variation of 
the surface, Ah, is small enough: 


À 
M sin y am) (4) 


h < 


where 


à = wavelength, m 
M = smoothness factor (16, for example) 
y = grazing angle 


21-4c Anechoic Chambers and Absorbing Materials 


The walls, ceiling and floor of an anechoic chamber are covered completely with absorbing material 
(Emerson-1). An anechoic chamber simulates a reflectionless free space and allows all-weather antenna 
measurements in a controlled laboratory environment. In an anechoic chamber, the test area is isolated from 
interfering signals much better than at outdoor ranges. The isolation can be improved further by shielding. 
Shielded chambers are suitable also for electromagnetic compatibility (EMC) measurements. 

Anechoic chambers can be used for the far-field measurements of small antennas. Often the end wall can be 
opened and the anechoic chamber may be combined with an outdoor range. L arge antennas can be measured 
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on compact antenna test ranges and near-field ranges, which are usually installed in anechoic chambers. 
Complete lining of the chamber with absorbers is then not necessary. 


Absorbing Materials.1 Absorbing materials are an integral part of antenna technology. They are used 
both in measurement ranges and also as antenna components for reducing side-lobe and back-lobe radiation. 

An ideal absorber provides an impedance match for incoming waves at all frequencies and angles of 
incidence. A tapered impedance transition from free space to the back of the absorber can be obtained by 
changing the resistivity of the medium gradually or by geometric shaping. 

The broadband absorbers used in anechoic chambers are usually made of carbon-loaded polyurethane 
foam. Pyramids and wedges are widely used shapes (Fig. 21-8). Pyramids work best at normal incidence, and 
they scatter as a random rough surface if they are large compared to the wavelength (D eWitt-1). At microwave 
frequencies, the reflection coefficient may be below —50 dB at normal incidence, if the length of the absorber 
is at least a few wavelengths. At higher frequencies, the reflection coefficient is larger (Lehto-1), whereas at 
lower frequencies, the absorbers have to be very thick. N ear grazing incidence pyramidal absorbers give large 
backscattered fields. On the other hand, wedges work well at large incident angles with the wedge direction 
along the plane of incidence but not as well as the pyramids at normal incidence. 

Other ways to make absorbers are magnetic materials with losses, Salisbury screens, and J auman absorbers. 
If a medium has both magnetic and electric losses and the relative permeability and permittivity are equal 
(ur = £r), the wave impedance of the medium is equal to the free space impedance (377 Q). A wave incident 
on such medium can enter it without reflection. 

The Salisbury screen has a resistive sheet placed 2/4 from a reflecting plate. If the sheet has a surface 
impedance of 377 Q per square, a normally incident wave is completely absorbed. The transmission line 
equivalent of the Salisbury screen is shown in Fig. 21-9a. The reflection coefficient varies rapidly as the 
function of frequency and angle. The] auman absorber has a broader bandwidth than the Salisbury screen. It 


Pyramids Wedges 


(b) 
Figure 21-8 Absorbers: (a) pyramids, (b) wedges. 


1See Appendix D. 
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Figure 21-9 Transmission line equivalent of (a) Salisbury screen, (b) J auman absorber. 


is made by stacking resistive sheets. T he surface impedances and spacings of the sheets increase with distance 
from the short as shown in the equivalent circuit in Fig. 21-9b. 


Anechoic Chamber Types. A nechoic chambers are usually rectangular or tapered. Figure 21-10a shows 
a rectangular chamber. The end walls and the center parts of the sidewalls, floor and ceiling are covered with 
pyramids. Other parts are covered with wedges. The antennas are placed on the middle line of the chamber; 
the source antenna close to one end wall, the AUT a little further away from the other end wall. The test 
zone where the reflections are minimized is called the quiet zone. The dimensions of the chamber should be 
such that the angle of incidence on sidewalls is less than 60°. At larger angles the reflections would be large. 
Typically, the length to width (or height) ratio is 2: 1. The source antenna should be chosen so that its main 
beam does not illuminate the sidewalls, ceiling, and floor. 

At frequencies below about 1 GHz, the rectangular chamber having absorbers of reasonable size has a high 
level of reflections. Then a tapered chamber works better. In a tapered chamber (Fig. 21-10b), the source 
antenna is close to the apex of the tapered section and the specular reflections occur close to the source. 
The phase difference of the direct wave and the specular reflections changes slowly in the quiet zone which 
results in a more planar wavefront than in the case of a rectangular chamber. A t higher frequencies, the source 
is moved from the apex closer to the rectangular section and the chamber is used as a normal rectangular 
chamber. Sec. D-1 has more on absorbing materials with two worked examples. 


21-4d Compact Antenna Test Ranges (CATRs) 


Compact antenna test ranges (CATRs) simulate an infinite range length by producing a flat phase front with 
a reflector, lens, horn, array, or hologram (Johnson-1). Most CATRs are based on one or more reflectors. 
A CATR is usually installed indoors in an anechoic chamber but very large CATRs are outdoor ranges. Even 
some radio telescopes can be used as a CATR. See Fig. 15-8. 

Figure 21-11 shows a CATR based on an offset-fed parabolic reflector, which transforms the spherical 
wave radiated by the feed to a plane wave in front of the reflector. The quiet zone diameter is limited by 
diffraction and is about a third of the reflector diameter. B ecause the beam is collimated, the required power 
is less than on a far-field range. 
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Quiet zone 


Figure 21-10 Anechoic chambers: (a) rectangular, (b) tapered. 


Room reflections, amplitude taper, edge diffraction, feed leakage, and depolarization inherent for the 
offset geometry limit the quality of the test field. The direct radiation from the feed to the test zone should 
be suppressed by placing absorbers between the feed and test zone. At high frequencies, also the surface 
accuracy of the reflector is of importance. The surface accuracy should be 2/100 or better. 

The waves diffracted from the reflector edge into the test zone may cause large ripples. For low diffraction, 
the illumination of the reflector edge should be low, but this accompanies a large-amplitude taper. Therefore, 
the feed antenna should havea shaped pattern. Corrugated horns have symmetric patterns, low sidelobes, and 
low cross-polarization levels, and are used widely as the feed. An array feed is more complicated but allows 
better control of the beam shape. Beam shaping can be accomplished also by feeding a subreflector with a 
horn antenna. 

In addition to beam shaping, diffraction can be reduced by edge treatment. Three methods are in use: 
serrating the edge (Fig. 21-12a), rolling the edge (Fig. 21-12b), and resistive tapering. The serrated edge 
should be designed to keep the edge diffracted fields outside the quiet zone. The rolled edge illuminates the 
chamber walls more than the serrated edge but produces better quiet zone field (Lee-1). The transition from 
the parabola to the rolled edge should be very smooth. 

Dual-reflector CATRs provide some advantages compared to the basic single-reflector CATR: a larger 
quiet zone for a given reflector size and cancellation of cross-polarization. There are many possible dual- 
reflector configurations. A CATR may base on two orthogonally placed cylindrical reflectors, one of which 
collimates in azimuth and the other in elevation. The special feature of the Gregorian type dual-reflector 
system is that the reflectors can be placed in two chambers having a small opening between them as shown 
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Feed (a) (b) 
Figure 21-11 Compact antenna Figure 21-12 Edge treatment of the CATR 
test range. reflector: (a) serrated edge, (b) rolled edge. 


Blended Main reflector 
rolled edge (parabolic) 
| 
| 
sj | 
$ | 
N > |Plane wave front 
Ș 

& | 
e& | 
/ | 
| 


Absorbing partition 


Parabola focal point 


Gregorian 
subreflector 


Figure 21-13 Dual-chamber Gregorian-fed CATR. 


in Fig. 21-13 (Pistorius-1). With this arrangement, the fields diffracted from the edge of the subreflector and 
the feed spillover can be kept out of the quiet zone. 

Figure 21-14 shows a CATR which has a hyperbolic subreflector and parabolic main reflector (Steiner-1). 
The geometry does not produce any cross-polarization. The size of the main reflector is 7.5m x 6m without 
the serrations, and the diameter of the quiet zone is about 5 m. The rms surface accuracy of the reflectors is 
better than 20 um which allows measurements up to 200 GHz. Due to the long effective focal length, the 
plane wave direction can be scanned accurately by lateral movement of the source. 
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An approximation of the plane wave 
can be generated also with a holo- 
gram (Hirvonen-1). A CATR based on Subreflector 
an amplitude hologram is shown in 
Fig. 21-15. The hologram is made by 
etching a shaped pattern to a thin metal 
layer on adielectric film. The hologram 
modulates the amplitude of the spher- 
ical wave in such a way that a plane 
wave emanates on the other side. The 
Surface accuracy requirement is about 
4/10 which is much less stringent than 
in case of the reflector. The strong fre- 


quency and polarization dependence are Figure 21-14 Dual-reflector CATR. Serrations 
disadvantages of the hologram CATR. and the absorbers of the chamber are not shown. 


21-4e Near-Field Ranges 


If we know the fields radiated by an antenna over a closed surface (with antenna inside), we can calculate 
the field at any point of space outside that surface. Thus, from the near-field measurements, e.g., the far-field 
patterns can be computed. This is the basis of near-field measurements (Y aghjian-1). 

Fortunately, we do not need to measure the field continuously over the surface cited above. According 
to the sampling theorem, a limited number of samples is enough to describe the field completely. Also the 
measurement surface need not to be closed, if the field of the AUT is negligible at certain parts of the surface 
surrounding the AUT, e.g., behind a high-gain reflector antenna. 

Near-field measurements have many advantages compared to conventional far-field measurements. 
Near-field ranges are very compact; thus antennas having large far-field distances can be measured indoors 
in a small space. Because the measured field is a complete description of the radiation, many kinds of 
antenna parameters can be computed from the data. Near-field measurements are also a useful diagnostic tool; 
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Figure 21-15 CATR based ona hologram. 
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e.g., defective elements of an array are found easily. If the measurements are performed carefully, far-field 
patterns of very low-side-lobe (—55 dB) antennas can be determined accurately (Francis-1). However, near- 
field measurements may be technically very demanding as described below. Because the phase has to be 
measured accurately, most near-field ranges are limited at frequencies below 60 GHz. 

The near-field measurement is realized by scanning the field close to the AUT on a known surface with a 
known probe antenna. T he probe antenna should be small and havea broad beam; e.g., open-ended waveguides 
are used. The probe is placed in the radiating near field at least a few wavelengths from the AUT. Both 
the amplitude and phase at two orthogonal polarizations are measured at the sampling points. From the 
measured field data, the far-field pattern is computed as theoretical patterns are computed from theoretical 
field distributions. 

The basic measurement coordinate systems are planar, cylindrical, and spherical system (Fig. 21-16). 
For the planar system, the AUT is fixed and the probe moves. Planar measurements are suited for high-gain 
antennas. The calculations are simple and can be done rapidly with a computer. For the cylindrical system, 
the AUT rotates and the probe moves on a linear track. A ntennas having dipole-type patterns can be measured 
with the cylindrical system. The calculations are more complicated than in the case of the planar system. 
Omnidirectional antennas can be measured with the spherical system where the AUT rotates and the probe is 
fixed. The calculations are quite complex. 

Planar near-field measurements are by far the most common. Let us assume that the scan surface is in 
the xy-plane. Data is measured at equally spaced points in both the x and y directions. The planarity of the 
scan surface (z-position inaccuracies) should be 4/100 or better. The positioning accuracy of the probe in the 
xy-plane is not as demanding. The scan area should be somewhat larger than the area of the AUT. This area 
determines the maximum angle @,, to which accurate far-field patterns can be expected. The spacing between 
sampling points should be slightly less than 2/2. However, for directive antennas spacings in the order of a 
or even more may be sufficient to get accurately the main beam of the far-field pattern. 

From the measured data a plane wave spectrum, i.e., an angular spectrum of plane waves (angular spectrum 
of cylindrical and spherical waves for respective scanning geometries), is computed using two-dimensional 
Fourier transform. For a rectangular grid of data points, the fast Fourier transform algorithm, FFT, can be 
used. The plane wave spectrum is distorted because it includes the directive and polarization characteristics of 
the probe. The spectrum can be corrected with the probe spectrum. This operation is called probe correction. 
A fter the probe correction, the far-field pattern, gain, and polarization of the AUT can be calculated. 
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Figure 21-16 Near-field scanning geometries for close-up measurements of an aperture 
antenna in its near field: (a) planar, (b) cylindrical, (c) spherical. 
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The error sources are manifold in the near-field techniques: inaccurate probe positioning, reflections, 
moving cables, receiver nonlinearity, inaccurate probe correction, limited scan area etc. (N ewell-1). Accurate 
positioning requires that the mechanical scanner is a precision instrument whose distortions due to gravitation 
and temperature are minimized. Lasers can be used to measure the location of the probe. Then the errors 
caused by inaccurate z-positioning can be reduced by correcting the measured phase. M ultiple reflections 
between the probe and AUT are reduced by covering the scanner and supports with absorbers. The influence 
of reflections can be reduced by averaging far-field values obtained for several scan planes. Phase errors due 
to moving cables may be a problem at high frequencies. Because the measurement may take several hours, 
the stability of equipment is more important than usual. 


21-4f Testing of Ranges 


Measurement range quality can be evaluated best by measuring the field uniformity in the test zone. The 
results of the evaluation can be used either for making error estimates or as a starting point for improving the 
range. 

The measurement range cannot be described with a single figure of merit. Free-spaceVoltage Standing Wave 
Ratio (VSWR) method and A ntenna Pattern Comparison (APC) method are simple techniques to measure the 
reflectivity of the range (A ppel-H ansen-1). However, the measured reflectivity depends on several parameters, 
such as frequency, polarization, antenna patterns, and the aspect angle of the probe antenna. M ore sophisticated 
evaluation methods can also identify the sources of reflection. 

In theV SWR method, a probe antenna having a fixed orientation is moved in the test zone making vertical, 
horizontal, or raster scans (Fig. 21-17). The probe has a wide beam and thus gathers reflections from a large 
solid angle. Often it is a small horn antenna. The interference pattern of the direct wave and reflected waves 
versus location resembles a standing wave pattern. The ratio of the reflected field Eg (sum of all reflected 
waves) to the direct field Ep, reflectivity R, is calculated from the amplitude ripple S (in dB): 


Er 105/20 _ 4 
R = 20log Ep = 20109( T5201) (dB) (5) 
where it is assumed that Er < Ep. For example, 1dB ripple means that the reflected field is 24.8dB below 
the direct field. It should be noted that the measured fields are those which are coupled to the antenna— they 
are not the total fields. A directive probe antenna cannot gather all reflections. If the main lobe peak of the 
probe is not pointed to the source, the coupled direct field is reduced by 102/20, where a is the pattern level 
of the probe toward the source. Then the measured reflectivity is obtained by adding a (dB) to the value 
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Figure 21-17 Free-space voltage standing wave ratio method of testing a range. 
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calculated from Eq. (10). Often the reflectivity is measured using standard antennas, e.g., 20dB gain horns, 
for various orientations of the probe antenna. 


EXAMPLE 21-4.2 Testing a Range Using the VSWR Method 
The probe antenna is pointed to the sidewall of an anechoic chamber. The pattern level varies between 
—22.3dB and —23.7 dB as the probe is moved. Find the reflectivity. 


E Solution 
The amplitude ripple S = 23.7 — 22.3 = 1.4dB and the pattern level a = —(22.3 + 23.7)/2 = —23 cB. 
The reflectivity 


109/20 — 1 
108/20 +1 

100-07 =Ï 
1000 +1 


R a + 20109 ( 


-23 + 20109 ( )- 23 — 22 = —45 dB 


The VSWR and APC methods are basically identical. In the APC method, the pattern is measured at 
several locations within the test zone. The patterns are superimposed on one other so that their main lobe 
peaks coincide. The maximum variation of the field at a given aspect angle corresponds to the ripple measured 
with the VSWR method. 

TheVSWR andAPC methods reveal the existence of reflections but cannot identify their sources. If there 
is only one dominant reflection, the interference pattern is periodic. In case of transverse movement of the 
probe, a Spatial period of A/sin @ can be observed, if the angle between the directions of waves is # and the 
probe moves in the same plane as the waves are propagating. Generally, there are several reflected waves. 
In principle, the sources of reflections can be mapped with a directive antenna but the coupling of the direct 
wave prevents the measurement of low reflections. 

Reflections can be separated with a Fourier analysis. The Fourier transform of the measured field (amplitude 
and phase) over a plane surface results in a plane wave spectrum, i.e., the magnitude of reflections versus 
angle of arrival. This analysis is closely related to the planar near-field measurements. Another approach 
is the synthetic aperture imaging technique (Seville-1). A focused synthetic aperture array is formed from 
the measured field samples. This method reveals the directions and distances of scattering objects. Also a 
monostatic synthetic aperture radar can be used for mapping the sources of reflections. 


21-4g Instrumentation 


Figure 21-18 shows atypical instrumentation of an elevated range. This figure applies with some modifications 
also for ground-reflection ranges, anechoic chambers, and compact ranges. A ntenna measurement ranges are 
general-purpose installations and should allow measurements over a large band of frequencies. 

Due to the reciprocity, the direction of signal propagation does not matter— the AUT can be as well the 
transmitting antenna as the receiving one. The advantage of having the AUT as the receiving antenna is that 
the data processing and antenna manipulation can occur at one site as in Fig. 21-18. At short ranges there 
may be RF transmission lines between the towers. The source antenna may be a log-periodic antenna at lower 
frequencies, a horn or reflector at higher frequencies. 


Transmitters and Receivers. To make accurate pattern measurements, a sufficiently powerful 
transmitter and a good receiver is needed. The transmitter is usually close to the source antenna and is 
remote controlled. Also the source antenna polarization is remote controlled. The transmitter should have a 
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Figure 21-18 Typical instrumentation of an antenna measurement range with Antenna 
Under Test (AUT) at left, source antenna at right and control equipment below. 


stable frequency and pure spectrum. Stable signal allows the use of a narrow receiving bandwidth, which 
is prerequisite for a sensitive receiver. Simple signal generators can be used in many measurements but 
sophisticated sweeping frequency synthesizers are best for demanding measurement applications. 

The receiver should be sensitive, narrow-band to suppress interfering signals, linear, and should have a 
large dynamic range. Heterodyne receivers dedicated for antenna measurements and Vector Network A na- 
lyzer (VNA) systems modified for antenna measurements are available for demanding measurements. If the 
measurement bandwidth of a heterodyne receiver is 1 kHz, the noise level may be below —120 dBm and the 
dynamic range may be more than 80 dB. Similar performance can be obtained with a V NA. At short distances, 
antenna measurements with a V NA are performed as ordinary measurements of scattering parameter $21. At 
larger distances, the reference signal has to be regenerated at the receiving site. If the separation between the 
AUT and receiver is large, the use of an external harmonic mixer mounted close to the AUT eliminates the 
need for long high-frequency cables. For simple measurements, spectrum analyzers, power meters, or crystal 
detectors can be used. With these receiving systems only amplitude information is obtained. The dynamic 
range of power meters and detectors is only about 40dB. 

Often there is a reference antenna at the receiving site to tune the receiver if the signal frequency drifts 
during the measurement. The reference antenna provides also a phase reference. W hen measuring large signal 
level variations the receiver may saturate. A precaution is to insert a known attenuation in the receiver input 
path when the main beam peak is measured. 

The measurement speed or time required for a single measurement depends on the transmitter tuning 
speed, receiver lock-on time, and measurement bandwidth. Larger bandwidth allows higher data rates but 
at the cost of sensitivity. Sensitivity can be improved by postdetection averaging but again the measurement 
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speed suffers. The time per measurement point and required angle resolution set also a limit for the speed of 
rotation. 


Positioners. TheAUT is placed on a pedestal usually having two orthogonal axes of rotation.Figure 21-19 
shows the two basic types: azimuth over elevation and elevation over azimuth positioner. Constant œ cuts 
and constant 6 cuts can be measured by using the azimuth over elevation positioner. With the elevation over 
azimuth positioner the cuts are not along constant 6 or œ, except on the principal planes. W hen the positioner 
has second azimuth axis it is called upper azimuth over elevation over lower azimuth positioner. Simple 
azimuth positioners have only one axis. Both @ and @ cuts can be measured by mounting the AUT on an 
azimuth positioner and the source on a carriage that moves along a fixed semicircular arch above the AUT. 

The positioning system includes dc or stepping drive motors, synchro systems or digital encoders for shaft 
position measurement, a position controller, and a position indicator. Rotary joints may be included in the 
mount. 

Load bearing capacity, torque, and speed are the fundamental parameters of the positioner. For the 
measurement of large and heavy antennas a very robust positioner is needed because the AUT exerts large 
forces and moments on the mount. Of particular concern is the case when the mass of the antenna must be 
placed far from the axis. Also the inertial effects must be taken into account when large masses are involved. 

Nonorthogonality of the rotation axes, shaft position errors, and deflections due to temperature changes or 
changes in the forces applied to the positioner cause angle errors. Typical synchro angular accuracy is 0.03°. 
Backlash is typically 0.1°, but the effects of it can be eliminated by rotating always to the same direction. The 
speed of rotation should be low enough to avoid distortions in the measured patterns. 


Data Processing. Simple measurements can be made manually, but in more complex measurements 
automation is an essential feature because there are large amounts of data involved. The computer controls 
the transmitter, receiver, and positioner. The receiver output is fed to a conventional pattern plotter, either 
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Figure 21-19 Positioners for rotating the Antenna Under Test (AUT): (a) azimuth over 
elevation, (b) elevation over azimuth. 
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a rectangular or polar plotter, or it is converted to digital format and saved to a computer memory. Angle 
information is obtained from the synchros. 

The use of a computer permits many ways for processing and analyzing the data. Different plots, 
e.g., three-dimensional or constant contour presentations can be produced. The measurements can then be 
compared to the theoretical results. It is also possible to interpolate between the measured cuts. The power 
pattern can be integrated to get the directivity. 

The effects of reflections can be reduced by transmitting short pulses and keeping the gate of the receiver 
open as the direct pulses arrive. However, due to the duty factor and the spread of spectrum, the dynamic 
range is reduced. Time-domain measurements can also be simulated with a computer without the loss of 
dynamic range. Time domain and frequency domain are related through the Fourier transform and inverse 
Fourier transform. Therefore, the impulse response can be calculated from the measured frequency response 
(amplitude and phase of the received signal). Reflections arrive after the direct wave and can be filtered out 
of the time response. The corrected time response is then transformed back to the frequency domain. M odern 
vector network analyzers include software to perform these transformations. Time resolution is inversely 
proportional to the measurement bandwidth, that is for 10 ns resolution (path length difference 3m) the 
bandwidth should be about 100 M Hz. Thus, this technique is not suited for narrow-band antennas. 


21-5 Measurement of Different Antenna Parameters 


To describe an antenna completely, several radiation and circuit parameters are needed. In this section, 
measurement techniques for pattern, gain, phase, polarization, impedance, efficiency, and current distribution 
are discussed. 


21-5a Directional Pattern 


The directional pattern, power or amplitude pattern, is usually measured by rotating the AUT on a positioner 
and by detecting the received power versus angle. The field radiated by the AUT can be divided into two 
orthogonal components. Correspondingly, the total power is divided between two patterns, the co-polar 
pattern and cross-polar pattern. It should be noted that the definition of cross-polarization, which applies 
for all angles, is not self-evident (L udwig-1). Usually, the co-polar pattern represents the wanted radiation 
whereas the cross-polar pattern represents “leakage” radiation. Often the patterns are measured only in the 
principal planes, e.g., inthe £ and H planes of a linearly polarized antenna. Sometimes several 6 or œ cuts are 
measured and a three-dimensional pattern is constructed of them. The use of a frequency synthesizer allows 
pattern measurements at several frequencies during a single rotation. 

The source antenna polarization should match the co-polar and cross-polar fields in the corresponding 
pattern measurements. F or example, for the measurement of a linearly polarized AUT, the polarization vectors 
of the antennas should be parallel in co-polar measurements, whereas the vectors should be in an angle of 
90° in cross-polar measurements. If the AUT has a low cross-polarization level, the angle should be adjusted 
very carefully. Often, the fine adjustment is performed by minimizing the received power to the direction of 
the co-polar main lobe peak. If the alignment is not correct, an attenuated co-polar pattern may be obtained 
instead of the intended cross-polar pattern. 

Beamwidth, pattern shape, side-lobe levels and directions, and null directions are parameters which are 
obtained easily from the measured pattern. The directivity of an antenna, D, cannot be measured directly. 
However, it can be computed from the normalized power pattern P, (0, @) as 

4r 


i If Pr, p) sind dé do (1) 
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EXAMPLE 21-5.1 Alignment Error in Cross-Polar Pattern Measurement 

The level of cross-polarization of an ideal, linearly polarized antenna is measured. The source antenna 
is also linearly polarized. W hat is the measured level, if the antennas are aligned carelessly so that the 
difference of the tilt angles is 88° instead of 90°? 


E Solution 

Let us denote the field illuminating the AUT by E, = 1. This field can be decomposed to the co- 
polar component £, sin 88° = 0.9994 and the cross-polar component E, cos88° = 0.0349. Thus, the 
measured cross-polar level is 20 log 0.0349 = —29 dB relative to the co-polar field. 


21-5b Gain 


There are many antenna gain definitions depending on which imperfections are included. Traditionally, it 
is assumed that there are no impedance and polarization mismatch losses. When the reflection loss due to 
impedance mismatch is taken into account, the term realized gain is used. Often one wants to know a partial 
gain, i.e., the gain for a given polarization. 

Absolute method and comparison method are the two basic gain measurement methods. Celestial radio 
sources can be used if the far-field distance is too large for a terrestrial measurement. Also radar techniques 
and near-field measurements can be used for gain determination (N ewell-2). 


Absolute Method. The absolute method is based on the Friis transmission formula 
2 
À 
Pr = PrGrGr\| — W 2 
R TGT e(a) (W) (2) 


where 


Pr = power received, W 
Pr = power accepted by the transmitting antenna, W 
Gr = gain of the transmitting antenna 
Gr = gain of the receiving antenna 
à = wavelength, m 
R = separation between the antennas, m 


Itis assumed that the polarizations of the antennas are matched, the main lobe peaks are aligned with the line 
of measurement, and far-field conditions prevail. 

In the two-antenna method, two identical (or near identical) antennas are required (Gr = Gr). The gain 
of the antennas is determined from R, à and the measured powers using Friis transmission formula (2). If two 
identical antennas are not available, then a third antenna is needed. In the three-antenna method, three sets 
of measurements are performed, one with each pair of antennas. From the three simultaneous equations, the 
three unknown gains can be solved straightforwardly. 

There are many sources of error in the absolute method: the misalignment of the antennas, polarization 
mismatch, impedance mismatch both in the transmitting and receiving system, the uncertainty of the power 
meter or calibrated attenuator used for the measurement of Pr/Pr, and the test field imperfections. The 
uncertainty in separation R may be significant, if the antenna length is a considerable part of the measurement 
distance. 

Impedance mismatch complicates the power measurement. T he power accepted by the transmitting antenna 
cannot be measured accurately by replacing the antenna with a power meter. T he same applies on the receiving 
side. The efficiency of power transfer between a generator and a load is 
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l= 2)(1 — |pz|* 
a lec A — |ozl*) (3) 


NGL 


[1 — pcpLl? 
where 
pg = complex reflection coefficient of the generator 
p = complex reflection coefficient of the load 


Thus, to correct the measured powers, the reflection coefficients of the antennas, transmitter, and receiver 
have to be known. If only the magnitudes of the reflection coefficients are known, the uncertainties for the 
power measurements can be computed. 

Gain reduction due to the phase curvature and amplitude error can be partly corrected: if the measurement 
distance is 2D2/à and the amplitude taper is 0.25 dB, about 0.15 dB should be added to the measured gain. 
Due do the test field ripples, the received power may be sensitive to the location. This effect can be reduced 
by averaging the powers which are received at slightly different locations. 


Comparison Method. |n the comparison method (gain-transfer method), the powers received with the 
AUT and with a known reference antenna are compared as shown in Fig. 21-20. This measurement can be 
performed on either a free-space or a ground-reflection range. The gain of theAUT is 


Paut 


—— Gye 4 
Pref f ( ) 


GAUT = 


where 


Paur = power received with the AUT, W 
Pref = power received with the reference antenna, W 
Gref = gain of the reference antenna 


Grep has been determined by some other means, e.g., by absolute method or theory. Half-wave dipoles 
and horn antennas are commonly used reference antennas because they have a predictable gain and pure 
polarization. The calibration uncertainty of the reference antenna gain is typically +0.25 dB. The power ratio 
can be measured simply with a calibrated attenuator: the attenuation is adjusted to give the same output 
indication with both antennas, and the power ratio is obtained from the attenuator settings. 

Itis assumed in Eq. (4) that both the AUT and the reference antenna are perfectly matched to the receiving 
system (transmission line and receiver) and they have the same polarization. Differences in polarization 
mismatch, impedance mismatch and transmission line losses cause errors. If the AUT and the reference 
antenna resemble each other, i.e., they have about similar aperture distributions, the errors due to the phase 


o<] Receiver 
Source 


Reference 
antenna 


Figure 21-20 Gain measurement by comparing the Antenna Under Test (AUT) with a 
reference antenna. 
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curvature and amplitude taper are about the same for both antennas and thus are partly canceled. If the antennas 
are mounted close to each other and side by side as in Fig. 21-20, there may be unwanted coupling between 
them. Often this can be avoided by mounting the antennas on the positioner back-to-back and by rotating the 
system 180° between the measurements. 

The gains of circularly or elliptically polarized antennas are usually determined by measuring the partial 
gains for two orthogonal linear polarizations. First the polarizations of the linearly polarized source and 
reference antennas are set horizontally and the gain Gy is measured. Then the measurement is repeated for 
vertically polarized source and reference antennas and the gain Gy is obtained. The total gain, Gay, is the 
sum of the two partial gains: 


Total gain = Gaur = Gy + Gy (5) 
where 


Gy = gain of the AUT at horizontal polarization 
Gy = gain of theAUT at vertical polarization 


Celestial Radio Sources. Celestial radio sources can be used for pattern and gain measurements of very 
large antennas that cannot be tested any other way. There are many radio “stars,” e.g., Supernova remnants or 
radio galaxies, which have an accurately known flux density S (Table 21-1). These sources are broad-band 
noise sources and have the usual random polarization. However, some radio sources show a significant degree 
of polarization. Flux density is the measure of power incident on a square meter per hertz. Usually itis given 
in janskys (1 jansky = 1 Jy = 10-26 Wm~2Hz~?). The spectral index œ describes the frequency dependence 
of the flux density: S « f®. 

If the angular extent of the radio star is much smaller than the half-power beamwidth of theAUT, the power 
received is 


p — SAcB _ Sd? Gaut B 


2L 82rL me (6) 


where 


S = source flux density, Wm-2Hz—! 

Ae = effective area of the antenna, m2 
B = bandwidth, Hz 
L = attenuation of the atmosphere 
à = wavelength, m 

Gaut = gain of theAUT 
Itis assumed that the source is randomly polarized and thus the polarization efficiency is 1/2. The received 
power can be set equal to the noise power KAT, B. From this the gain of the antenna can be written as 


E 8rk AT, 


GT = EIS (7) 


where 


k = Boltzmann's constant = 1.38 x 107? J/K 
ATa = measured antenna noise temperature due to the source, K 
= attenuation of the atmosphere 


L 
S = source flux density, W m~? Hz 71 
à = wavelength, m 
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If the source cannot be treated as a point source, a correction factor should be determined. Very large 
antennas experience structural deviations due to gravity and therefore should be tested as the function of 
elevation angle. 

A sensitive, calibrated radiometer is required for the measurement of small changes of antenna noise 
temperature. The radiometer is usually calibrated with two loads having accurately known noise temperatures, 
e.g., one absorber at room temperature, the other immersed in liquid nitrogen (77 K ) or liquid helium (4K ). The 
absorbers should be placed in front of the feed antenna of the radiometer so that they cover the feed pattern 
completely. Calibrated radiometers can be used for many kinds of remote sensing and radio astronomical 
applications, e.g., for the measurement of the 3 K (more accurately 2.73 K) cosmic background radiation 
which is believed to be from the remnant of the primordial Big Bang (see Sec. 20-19). 


EXAMPLE 21-5.2 Gain and Aperture Efficiency from Celestial Radio Source 
Measurements 

Find the gain and aperture efficiency of the Ohio State University 110-m radio telescope antenna at 
1.4 GHz if the measured increase in antenna temperature from CygnusA is 687 K. The physical aperture 
is 2210 m2. Assume that there is no atmospheric loss (L = 1). 


E Solution 
From Table 21-1, the flux density of CygnusA at 1.4 GHz is 1590 J y. From (7) the gain 


O 8xkAT, 8r x 1.38 x 10-23 x 687 


= = Doa A 
o ouae ee] 


The effective area 
GA? 3.27 x 10° x 0.214? 
4r 4r 

The aperture efficiency 
Ae 1190 


ap = = = = = 0.54 4 t 
Ear A, ~ 2210 0.54 or 54 percen 


G 


= 1190 m? 


Radar Techniques. The gain of a single antenna can be measured using radar techniques. By placing 
a sufficiently large flat reflector far enough from the AUT, we have an arrangement that corresponds to the 
absolute method with two identical antennas: the AUT sees its image behind the reflector. This measurement 
may require a very large reflector. 

If theAUT illuminates a target with known radar cross section ø, the gain can be solved from the transmitted 
and received powers using the radar equation. Reflecting spheres are widely used as radar calibration targets 
because they have a known radar cross section which does not depend on angle. For a perfectly reflecting 
sphere, o is equal to its physical cross section ma? when its radius a >> A. With a sphere as a target, the gain 
can be solved from the radar equation: 


82 R? |P 
GAUT = = = (8) 


where 
R = separation of the radar and target, m 
a = radius of the target (sphere), m 
à = wavelength, m 
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Pr = power received, W 
Pr = power transmitted, W 


The gain of the AUT can be measured also by illuminating it with a calibrated radar. If the AUT is short- 
circuited, it will reradiate the power which it has received. The radar cross section corresponding to this 
reradiation is 

2 


ay, 2 
Or = AeGauT = gr CAUT (mî) (9) 


where 
Ae = effective area of the AUT, m? 


GAUT = gain of the AUT 
à = wavelength, m 


By moving the position of the short circuit, it is possible to separate o, from the scattering of the aperture 
and support structures. 


21-5c Phase 


K nowledge of the antenna phase pattern and phase center is for many applications of importance. In most 
cases, one wants to know the phase pattern y (8, œ) only in the principal planes for co-polar component. For 
complete description of the field, the phase pattern should be measured to all directions for both the co- and 
cross-polar components. 

M easurement of the phase pattern is equivalent to finding an equiphase surface in the far field. The center 
of the coordinate system must be clearly defined with respect to the antenna structure within a fraction of a 
wavelength. If only the position of the phase center is wanted, the AUT is moved with respect to the origin 
of the coordinate system until a constant phase is observed over the main beam. However, for many antennas 
there is no unique phase center. 

Figure 21-21 shows three arrangements to measure the phase pattern. In the direct method (Fig. 21-21a), 
the phase difference between a sample of the transmitted signal and the received signal is directly measured, 
as the probe antenna is moved along a circle. If the AUT is rotated, the probe can be fixed. The direct method 
can be applied at short distances. For larger distances, the reference antenna method may be used. In the 
reference antenna method (Fig. 21-21b), the receiving AUT is rotated and beside it there is a fixed reference 
antenna, and the phase difference between the received signals is measured. 

In the differential phase method (Fig. 21-21c), no phase reference is needed. The transmitting AUT is 
rotated and the phase difference is measured with a two-channel receiver. T he phase pattern can be calculated 
from the measured phase difference pattern (Tuovinen-1). In amodification of this method, the phase difference 
is calculated from three power readings, which are measured with a single power meter (M allat-1). The 
advantage of the differential method is that no rotary joints or flexing cables are needed in the measurement 
system. At millimeter wave frequencies these components might cause large phase errors. 


21-5d_ Polarization 


As discussed in Secs. 2-15, 16 and 17, any field can be expressed as the sum of two orthogonal components 
that may be linear, circular, or elliptical. For example, an arbitrary elliptically polarized field E can be divided 
into its linear R and ŷ components, Ex and Ey, as in (2- 15-4), that is 


E = XE, cos(wt) + YE, Cos(wt + ô) (10) 


The McGraw-Hill Companies 


21-5 Measurement of Different Antenna Parameters 745 

AUT d 

© 5 l Fixed 
x TRAA reference 
antenna 
= a 
/ 
/ 
g Phase 
measurement 
Ref. 
Phase 
measurement 
Direct method Reference antenna method 
(a) (b) 


AUT 


Phase 
O<) measurement 


Differential method 


(c) 


Figure 21-21 Phase measurement methods: (a) direct method, (b) reference antenna 
method, (c) differential method. 


where 
R = unit vector 
y = unit vector 
w = 2nf = angular frequency, s71 
t = time, s 


5 = phase difference of the x and y 
components, radians 


The field could also be divided into its left-hand circular and right-hand circular components. 

The polarization ellipse is described in terms of the axial ratio AR, tilt angle z (direction of the major 
axis), and the sense of rotation (left or right). A complete description of the radiation pattern requires the 
measurement of polarization as a function of direction. Often, the complete polarization information is not 
necessary and only the amplitudes of the co- and cross-polarized components are needed. 

There are many polarization measurement methods. In the polarization-pattern method (Fig. 21-22), the 
angle of polarization of a linearly polarized source antenna is rotated. The amplitude versus the tilt angle of the 
source antenna in polar form is called the polarization pattern. The axial ratio and tilt angle of the polarization 
ellipse is obtained from this pattern. The sense of rotation can be determined comparing the outputs of two 
circularly polarized antennas (e.g., axial-mode helical antennas) which have opposite senses of rotation. 

If the polarization of a linearly polarized source antenna is rotated rapidly and at the same time the direction 
of the AUT is changed slowly, a pattern like that in Fig. 21-23 can be obtained. This method is called the 
rotating-source method. The maxima and minima correspond to alignment of the source with the major and 
minor axes of the polarization ellipse, respectively.T hus, the axial ratio is obtained from the envelopes of the 
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pattern. This method is used for testing nearly Measured 
circularly polarized antennas. yA field amplitude 


The parameters E+, Ey, and 5 defining the 
polarization ellipse can be measured with two 
fixed linearly polarized antennas which are 
mounted at right angles. The amplitudes of the 
fields and their phase difference are measured. 
Also two circularly polarized antennas of oppo- 
site senses of rotation could be used. In this 
method, the AUT is used as the transmitting 
antenna. 

The polarization ellipse can be determined 
also from 4 amplitude measurements (or from Polarization 
3 independent amplitude ratio measurements) a a ellipse 
with antennas having different, known polar- 
izations. Also the gains of these sampling anten- 
nas have to be known. Often 6 antennas are 
used giving some redundancy: vertically polar- Figure 21-22 Polarization-pattern method. The 
ized, horizontally polarized, linearly polarized axial ratio= a/b. 
both at 45° and at 135° tilt angle, left-hand and 
right-hand circularly polarized. 


PA 


Axial 
ratio 


> 
6 
Figure 21-23 Testing of a circularly polarized antenna with the rotating-source method. 


In all the above-mentioned methods, itis assumed that an antenna or antennas having known polarizations 
are available. The three-antenna absolute method does nothavethis limitation. A complex responseis measured 
two times for each of the three combinations. In each case, the second antenna is rotated 90° for the second 
measurement. Polarizations for all three antennas can then be determined. 

For a more extensive discussion of polarization measurements, see the second edition of this book, 
pp. 835-839. 


21-5e Impedance 


From the circuit point of view the antenna is viewed as an impedance (or one-port). Thus, its impedance 
can be measured with any impedance measurement method taking into account the transmission line type at 
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the antenna feed. The most common of such methods are the slotted line measurement, swept measurement 
with directional couplers and network analyzer measurements (Sec. 21-27). As the vector network analyzer 
(VNA) is commonly found in laboratories working in the area of microwave or millimeter wave engineering, 
itis also the most obvious selection for the measurement of antenna impedance. It also enables simultaneous 
measurement of the input impedance (S11) and radiation properties ($21). 

Traditionally the impedance properties of an antenna have been connected to its role as the termination 
of a feed network. Here the most important information required is the VSWR (return loss, magnitude of 
reflection coefficient) of the AUT often as a function of frequency. T hus a scalar measurement with one of the 
methods mentioned above is adequate. Sometimes also the complex impedance of the AUT defined at some 
reference plane at the antenna feed is necessary. This requirement is usually connected to cases where the 
AUT is an integrated part of a system as in antenna arrays or with small radio devices. 

The requirements for the measurement SHA 
environment for antenna impedance are not 
always as stringent as for the radiation prop- 
erties. If moderate accuracy is adequate as 
in preliminary checking of the impedance, 
the measurement can usually be performed 
in a normal laboratory room if no strong 
scatterers are situated close to the AUT. The — | 
situation can be improved significantly by 
placing absorbers in the radiating near field 
of the AUT to cover all significant direc- 
tions of radiation. In this case the far-field 
conditions do not have to be fulfilled. Fora 
small antenna with a broad radiation pattern 
the AUT can be placed inside an “absorber (a) (b) 
box” with several wavelengths of free space 
around it. For more directive antennas like 
horns it is usually adequate to direct the 
main beam toward an absorber element as 
in Fig. 21-24. It is also useful to repeat the 
measurementin afew close-by locations for theAUT and average the result. The most accurate final impedance 
measurements are, however, best to perform in a proper anechoic chamber, e.g., in conjunction with the 
radiation pattern measurements. 

Specific arrangements are required when the impedance of a single antenna element of a multielement 
antenna system is measured. A typical example of this is the measurement of the active impedances of antenna 
array elements including the effect of mutual coupling when all the elements are fed normally. For small arrays 
or multifeed antennas like quadrifilar helices all the coupling coefficients between the elements or feeds can 
be measured and the active impedances for all feeding variations can then be obtained by summing the 
contributions via the couplings to the reflection of the driven element. For an N-element system we get: 


Figure 21-24 Impedance measurement in a 
laboratory room: (a) omnidirectional antenna in 
an “absorber box,” (b) directive antenna pointing 
toward an absorber. 
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Pact.n = the complex active reflection coefficient of element n corresponding to a normalized active 
impedance Zacr,n = (1+ Pact.n)/(1 = pact,n) 
Vt = the voltage wave traveling inward, V 
V~ = the voltage wave traveling outward, V 
Smn = V,,/V,*is the S-parameter connected to voltage waves at the reference planes of elements 
m andn, dimensionless 


An example of the impedance measurement for a multielement antenna is shown in Fig. 21-25. For larger 
arrays determination of all the N x N S-parameters is cumbersome and thus for them specific simulators with 
metal side walls to cover a part of the array with a smaller number of elements are usually used. With these 
certain feed combinations can be tested to find the respective active impedances (Evans-1). 


21-5f Efficiency 


The efficiency of an antenna is defined as the ratio between the power radiated by it and the power delivered 
into the antenna. It can also be defined as the ratio between power gain and directivity in certain directions. 
Depending on the definition of gain one can obtain several different efficiencies (see Sec. 21-5b). These may 
include in addition to the internal losses, which are the only ones taken into account in the traditional definition 
of radiation efficiency n,, the effect of impedance mismatch with matching efficiency nm, and the effect of 
polarization mismatch with the polarization efficiency p. For radiation efficiency one has to also define the 
interior of the antenna, which is not always self-evident. Often there are losses introduced by the vicinity of 
the antenna like the matching circuit, the radome, or the head of the user of a cell-phone handset, which are 
always present in a normal usage situation and can thus be considered as an integral part of the antenna. 


Reference ( 


plane Pact,3 


Figure 21-25 Measurement of the active impedance of element 3 in a five-element array. 
For the sake of clarity, the outward-traveling voltage wave V= is shown for element 3 only. 
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Directivity/Gain Method. The most straightforward method to measure the efficiency is to determine 
directivity and gain as described in Secs. 2-7, 21-5a and 21-5b.As the directivity is often computed based on 
the integration of the power pattern according to Eq. (1) the method can in these cases be also called pattern 
integration method. Estimates for the directivity based on beamwidths are also given in Sec. 2-7. 

The directivity/gain method is general and simple in principle but is difficult to realize with precision. The 
problem is associated especially with the full 3D radiation pattern measurement. In addition to the normal 
error sources of power pattern measurements like reflections in the anechoic chamber one has to cope with 
specific problems of full 3D measurements like those created by the feed cable of the AUT. The problems are 
especially difficult with antennas of low directivity as there are no “silent” directions, where the cables can 
be placed. Taking all the error sources into account it has been estimated that the uncertainty obtained with 
the pattern integration method for the efficiency (in percent) of microstrip antennas is +15 ...-+28 percent 
units equivalent to about +1...+1.5dB uncertainty for gain (Pozar-1). The directivity of the antennas in 
the estimation ranged from 7.5 to 15dB. Normally, high directivity can be estimated with lower uncertainty 
than that of low-gain antennas, because the contribution of the sidewall reflections of the anechoic chamber 
is smaller. However, especially for small antennas with very low directivity the random errors caused by 
reflections are partly averaged out in different parts of the radiation pattern and therefore lower uncertainties 
than that estimated above can be achieved with careful measurements. 


Radiometric Method. A lossy antenna can be modeled with a combination of a lossless antenna with 
similar directional pattern and an attenuator with power loss L = D/G = 1/n,. If a lossless antenna is 
directed toward an absorber, its output power is defined by the temperature of the absorber only. By measuring 
the output noise power of the AUT with a low-noise receiver like a radiometer the efficiency can be defined 
according to the following equation: 


TA L-1 
Phoout = G-kB ZT 


Tap + (F — vn) (W) (12) 


where 


Prout = Output noise power of the receiver, W 

G = gain of the receiver, dimensionless 

k = Boltzmann's constant = 1.38 x 10723 J /K 

B = noise bandwidth of the receiver, Hz 

F = noise factor of the receiver, dimensionless 

L = power loss of the attenuator describing the losses of the AUT, dimensionless 
Ta = antenna noise temperature, K 

Tap = antenna physical temperature, K 
To = 290 K 


Now three independent measurement results of P, out are required to define L. Typically, two of these 
can be obtained according to Fig. 21-26 by placing the antenna first to an anechoic chamber or smaller 
enclosure covered with absorbers (T4 = Tan œ% 290 K) and then toward clear sky (Ta = Tác = 10 — 50 K, 
see Chap. 17). The warm-target measurement can be replaced by connecting a matched load to the input of 
the receiver. There is obvious uncertainty associated with the ground radiation in the sky measurement in 
spite of the reflector (Fig. 21-26c). The third measurement can be another cold-target measurement with a 
lossless standard antenna, with a well-known antenna pattern and antenna noise temperature contributions of 
the sky and ground. Another option is to connect a calibrated noise source to the receiver input. 

From (12) one observes that itis also possible to obtain independent measurements by changing the antenna 
physical temperature 74 p. This can be done by putting the AUT in an anechoic chamber and placing it inside 
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Figure 21-26 Radiometric method for the measurement of the antenna efficiency: 
(a) measurement configuration, (b) warm target, (c) cold target. 


a styrofoam enclosure transparent to radio waves. A gain lossless antenna or noise sources can be used for one 
or two of the three measurements. H ere the difference between the power outputs is smaller than with a cold 
load and thus the method is more sensitive to errors in the measurement system. A Iso the response time may 
be long if the antenna is large. 

The problems of the radiometric method are that special equipment is needed and that errors may be caused 
by inaccuracy of the noise sources, mismatch of the AUT and drift of the receiver gain. 


Random Field Method. The radiometric method was based on exposing the AUT with an evenly dis- 
tributed signal source. A similar effect can be achieved in reverberation chambers, which are usually 
rectangular multimode resonant cavities equipped with 1 to 3 mode stirrers having typically the form of 
a propeller. Due to the rotation of the mode stirrers the mode pattern changes as a function of time. Sometimes 
the stirrers are replaced or accompanied by rotation of the AUT or the source. The technique is similar to 
that applied in microwave ovens. By investigating the average output power of the AUT over several stirring 
periods should give the same result as if the AUT would be receiving a noise-like signal with even angular 
distribution (Corona-1). In this case the output power of an antenna depends on its efficiency only. Thus, the 
efficiency can be obtained by comparing the AUT to a low-loss reference antenna. 

The size of the cavity has to be at least a few wavelengths in each direction to ensure adequate mode 
density. The direct signal between the source and AUT should be blocked with metallic wall. 


Wheeler Cap Method and Other Measurement Methods for Small Antennas. The real part of 
the impedance of a small antenna may be assumed to consist of loss resistance R; caused by the internal losses 
and radiation resistance R,. In this case the efficiency is 
— R, 

~ Ri+R, 


Nr (13) 
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where T E , , 
ny = radiation efficiency of the AUT, dimensionless 


R, = radiation resistance of the AUT, Q 
R; = loss resistance of the AUT, Q 


The internal losses are defined by the current distribution of the antenna. If the antenna is placed inside a 
small nonresonant metal shield, which prevents its radiation, but is large enough not to disturb the currents, the 
real part of the impedance should reduce to R;. This is the idea of the well-known W heeler cap (W heeler-1). 
Originally Wheeler recommended the use of a spherical shield with the radius à /2x of the radiansphere to 
enclose the AUT. Later the method has been applied mainly to antennas having a groundplane by covering 
them with a cap and it has been shown that the shape and size of the cap can be chosen quite freely provided the 
current distribution of the antenna is not disturbed, good contact is maintained between the edge of the cap and 
the groundplane, and cap resonances are avoided. This limits the maximum size of the AUT approximately 
to 2/4 (Newman-1). 

The Wheeler cap method can provide results with low uncertainty, estimated to be +2 percent units 
of efficiency (Pozar-1). The problems associated with it are (1) that the small cap may change the current 
distribution of theAUT and thusthe R}, (2) thatthe loss mechanisms may include some that cannot be described 
with one resistor only (both longitudinal and parallel loss mechanisms), and (3) that in measurements of 
resonant antennas Eq. (13) does not work due to resonance detuning. T he changes of the current distribution 
can be estimated by investigating the change in the reactive components in the equivalent circuit of the AUT 
due to the cap. As the change of these is normally only on the order of 1 percent, it can be estimated that 
the change in R; is not large. The second and third problems appear especially for resonant antennas and can 
be avoided by employing measurement techniques of resonant circuits (see Example 21-5.3). The AUT is 
described with a lossy feed structure terminated with a resonant circuit. The electrical length of the feed line 
does not have to be known and the resonant frequency does not have to stay unchanged. 


EXAMPLE 21-5.3 Wheeler Cap Measurement of Antenna Efficiency 
When measuring a resonant-type antenna in a Wheeler cap, the typical result for the power reflection 
coefficient is as shown in Fig. 21-27. Far from the resonance one obtains some constant return loss L, far, 
which is OB, if there are no losses in series with the resonant circuit like those in the feed circuitry. 
If L, far > 0, then the attenuator in the equivalent circuit model of the AUT in Fig. 21-27 has value 
Ls = Ly, far/2 (in dB). 

The return loss L, -es at the resonant peak gives the value for the resistor R, in the series resonant 
circuit, which we can assume without loss of generality: 


1 E 
Re = Zep W (14) 
1+ [Presl 
|Pres| = 10—Lrres— Lr, far)/20 
where 


Rs = resistance of the series resonance circuit (see Fig. 21-27), Q 
Ze = Characteristic impedance of the feed line, Q 
Pres = voltage reflection coefficient of the resonance circuit, dimensionless 
Lr res = return loss at the resonant frequency, dB 
Lr, far = return loss far from the resonance, dB 
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ANTENNA MEASUREMENT BY WHEELER CAP METHOD 
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Figure 21-27 Measurement configuration for a resonant-type antenna with the Wheeler 
cap method. (a) Circuit model, (b) magnitude of the reflection coefficient, (c) complex 
reflection coefficient. 
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In (14) the lower sign is for the overcoupled and the upper sign for the undercoupled case. The coupling 
can be determined by investigating the size of the resonant circle for the complex reflection coefficient 
of the AUT. If the diameter multiplied with 104/20 is larger than 1, we have the overcoupled case and 
if <1 the undercoupled case. Now we get the total efficiency by determining the resistor values R, and 
Rs2 with and without the Wheeler cap, respectively, and using Eq. (13) and Ls, which does not change 
when the cap is placed on top of the antenna: 


= Rs2 — Rs1 
p= 1075/0 E 15 
n 0 Ro (15) 
where 


ny = radiation efficiency of the AUT, dimensionless 
Rs = resistance of the series resonance circuit with the Wheeler cap, Q 
Rs2 = resistance of the series resonance circuit without the Wheeler cap, Q 
Ls = Ly, far /2 = loss of the series attenuator in the equivalent circuit, dB 


N ote that the small change of the resonant frequency caused by the cap or the rotation of the impedance 
locus on the Smith Chart (see Fig. 21-27) had no effect on the result obtained. 


To avoid some problems associated with the Wheeler cap method it has been proposed to place the AUT 
inside a large waveguide to collect and measure the power radiated by it (J ohnston-1). Here the basic idea 
is to treat the AUT as a 2-port with the output to free space and define the S-parameters of the 2-port with 
the waveguide measurement setup either with a transmission or reflection measurement. In both cases sliding 
shorts are used at the ends of the waveguide section to provide proper reflections for each case. The estimated 
uncertainty of the method is about +1 percent units. The result is also quite insensitive to the location of the 
antenna in the waveguide. W hen compared to the W heeler cap method the waveguide method is more general 
as it does not require any assumption on the equivalent circuit of the AUT. The waveguide has also somewhat 
larger clearance around the AUT (width 34/4, height 34/8) than the Wheeler cap and thus the near fields of 
the AUT are disturbed less in the waveguide. On the other hand, the waveguide method requires somewhat 
complicated waveguide setup with high-quality sliding shorts. 

Both the Wheeler cap method and the waveguide method are limited to the size of the AUT. Also in the 
case of small antennas one has to often include the environment of the antenna as for a cell phone in the 
evaluation of the total efficiency of the antenna. This subject is discussed more in Sec. 21-6b. 


21-5g Current Distribution! 


In many cases it is important to know the current distribution along an antenna. For example, if both the 
magnitude and phase of the current are known at all points along an antenna, the far field can be calculated. 
The current can be sampled by a small pickup loop placed close to the antenna conductor. Loop and 
indicator can be connected to a single unit. The output of the loop probe can be detected and transferred as 
low-frequency signal with high-impedance lines (Schmid-1). To obtain also the phase information the RF 
signal can be transferred either directly with a thin coaxial cable or by using a fiber-optic link (M asterson-1). 
This technology has close connections to measurements of small antennas and the specific absorption rate (see 
Secs. 21-6b and 21-6d). However, at short wavelengths the indicating instrument may be too large to place 
near the antenna without disturbing the field. To remove the indicator from the antenna field the arrangement 


1This section is mostly from the second edition of Antennas, by J. D. Kraus, McGraw-Hill, 1988. 
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Figure 21-28 Slotted antenna and sampling loop arranged for measurement of current 
amplitude and phase. 


of Fig. 21-28 can be used. Here the loop projects through a longitudinal slot in the hollow antenna conductor. 
The output cable from the loop is confined within the antenna conductor and is brought out through the end of 
a grounded stub as shown. The arrangement in Fig. 21-28 permits both amplitude and phase measurements. 
The phase is measured by comparison with a reference current as suggested by the dashed connections in the 
figure. The signal picked up by the loop is mixed with a signal of approximately equal amplitude extracted 
by a probe on a matched slotted line. With the antenna sampling loop fixed, the line probe is moved to give a 
minimum indication. The phase shift between the line-probe positions then equals the phase shift between the 
two antenna sampling-loop locations. The phase shift is a linear function of distance on a line with matched 
termination. Assuming the phase velocity equals that of light in free space, the phase shift @ along the line 
in degrees per unit length is given by 360°/Ao, where Ag is the free-space wavelength of applied signal. The 
phase change between two points on the line is then the distance between the points multiplied by 8. 

In Chap. 12 on cylindrical antennas Fig. 12-14 shows the current distribution on a 5a cylindrical monopole 
antenna 0.24 in diameter measured using an arrangement similar to that in Fig. 21-28. 


21-6 Miscellaneous Topics 
21-6a Large Millimeter and Submillimeter Wave Antennas 


Millimeter and submillimeter wave radiometers up to 3THz are planned for the future remote sensing and 
radio astronomy satellites. The antennas of these instruments will be large, of the order of 1 meter (= 10,000 
wavelengths at 3THz), and provide a challenge for the measurement techniques. A s the frequency increases, 
antenna measurements get more and more difficult for many reasons: available power decreases, receiver 
sensitivity reduces, reflectivity of absorbers increases, dimensional accuracy requirements become tighter, 
etc. Thus, the upper frequency limits of the existing measurement ranges are at the most 200 GHz. 

The far-field distance for a1 meter antenna operating at 1 THz is 7 km. Water vapor has several 
strong resonances which make the atmosphere nearly opaque at submillimeter waves. Therefore, a far-field 
measurement is not practical. 

A near-field measurement would be extremely demanding. The number of measurement points would be 
very large, in the millions. The instrumentation (transmitter, receiver, scanner) should be stable, accurate, and 
capable of gathering a large number of samples per second. 
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A compact antenna test range seems to be the most promising alternative. A large, accurate reflector would 
be needed. The attenuation of air may be significant even at short distances: close to the resonance frequencies 
attenuation may be more than 10 dB per meter. Therefore, the measurement chamber should be very dry or 
nitrogen-filled. 


21-6b Electrically Small Antennas 


Electrically small antennas, which are used, e.g., in portable radio devices form a specific group when it comes 
to their measurements. This is especially true for the measurement of their radiation properties. Impedance 
measurements are less specific, but the strong frequency dependency like the common resonant-type behavior 
of the impedance of small antennas should be recognized. H ere equivalent circuits may form a useful viewpoint 
(see Example 21-5.3). 

The typical feature of electrically small antennas is their low directivity. From the measurement point of 
view this is beneficial in that sense that measurements of low sidelobe levels are not required. On the other 
hand, the low directivity means that one has to measure 3D pattern of the antenna or most of it, because 
there is no specific main lobe or polarization. This is quite difficult and sets specific requirements for the 
vicinity of the antenna like cabling. Also, the usage environment in the vicinity of the antenna like the user of 
a handheld phone has to be included in the measurement setup to obtain realistic results in both radiation and 
impedance measurements. This can be done by using human body phantoms (see Sec. 21-6d) or with test 
persons (Pedersen-1). An example of this is shown in Fig. 21-29. The number of points required to sample 
the pattern with adequate resolution depends on the size of the antenna defining its directivity. An estimation 
for the number of points is given as 16 (D/a)* (Evans-1) by assuming that 2 pattern points are required 


Figure 21-29 3D antenna pattern measurement for a handheld cellphone with a test person 
in anechoic chamber. (Courtesy of Center for PersonKommunikation, Aalborg University.) 
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per 3dB beamwidth (~ à/D, rad), where D is the largest dimension of the physical aperture of the antenna. 
This issue can also be studied by performing modal analysis of the pattern of the antenna with spherical 
wavemodes (Hansen-1). Typical grid spacing for a handheld cell-phone antenna measurement with the user 
is 5 to 10 degrees. 

The 3D radiation pattern can be used to estimate the efficiency of the small antenna, which is probably the 
most significant single factor describing its performance. The necessity to include the effect of the user limits 
the use of other less complicated efficiency measurement methods described in Sec. 21-5f. The minimum 
configuration for a handset antenna containing the handset and a head phantom is too large for the W heeler 
cap or waveguide methods. The stirred mode chamber has adequate size but the effect of the lossy phantom on 
the average field intensity in the chamber has to be compensated. A Iso the radiometric method can be applied 
with careful consideration of the effect of the changes in impedance matching due to the phantom. 

As mentioned in Sec. 21-2b, for electrically small antennas, e.g., the nominal far-field border given by the 
Rayleigh distance of Eq. (21-2-3) may be closer than the reactive near-field range of Eq. (21-2-2). Thus one 
has to consider all the Eqs. (21-2-3) to (21-2-5) when defining the measurement range for small antennas. 
For AL < 1dB one can find that if the size D of the antenna is smaller than about 0.34, the dominating 
criterion is the effect of the near fields according to Eq. (21-2-4). For antennas larger than that but still being 
in the category of small antennas, the most significant criterion for the measurement distance seems to be the 
effect of the change in the measurement distance according to Eq. (21-2-5). 

Another specific problem in measuring a small antenna is the effect of the cable connected to theAUT. As 
the radiation pattern is more or less isotropic, the cable can be easily situated in some essential part of the 
pattern. Furthermore, when the cable is connected to the small antenna, it changes the current distribution of 
it. There are a few options to improve the situation with small antennas in this respect: 


1. Usenongalvanic connection to theAUT like optical fiber or high-impedance wire and a diode detector. 
2. Reduce currents flowing on the cable with chokes. 

3. Place the cable in such a position that it has the least effect on the field. 

4, Usea battery-powered small transmitter connected to the AUT. 


In all cases except (4) the cable makes the rotation of the AUT in 3D measurements difficult. Thus it 
is beneficial to use measurement methods, where the AUT can be in a fixed position or possibly rotated 
around one axis only. Here near-field measurements offer often a good solution but also far-field setups like 
the one in Fig. 21-29 can be used. Option 1 has certain limitations compared to the use of RF cables. The 
transformers between optic and RF signals provide phase information and have bandwidth of several GHz, 
but with their batteries are somewhat bulky. This technique is, however, developing rapidly as applied to 
mobile communications systems. A nother option is to use the passive method with modulation of an optical 
signal with the RF signal (M asterson-1). The diode detectors provide only amplitude information and have the 
well-known problems with limited dynamic range. The typical solution for option 2 is to use ferrite bead-type 
common mode chokes on top of the cable shield (Saario-1). However, as the goal is to keep the current 
distribution in the vicinity of the small AUT unchanged, these are often not the best solution as the ferrite 
chokes are resistive and thus absorb the current instead of forming an “open circuit” for them. We have 
proposed a solution utilizing a balun-type cap on the surface of the cable (Fig. 21-30) (Icheln-1). The cap 
prevents effectively changes on the surface current distribution of the mobile phone chassis. T he limitation of 
this solution is its fairly limited bandwidth of around 20%, which means that one has to change the cap when 
typical dual-frequency antennas are measured. 

Option 3 has been investigated by Saario et al., who have shown that the cable should be positioned 
perpendicularly to the polarization investigated (Saario-1). This condition, however, makes dual-polarized 
and full 3D radiation pattern measurements difficult. O ption 4 enables normally only amplitude measurements 
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Figure 21-30 Balun-type cap to prevent currents flowing on the surface of the measurement 
cable. 


and thus prevents phase pattern or near-field measurements. T his limitation can be avoided by using two source 
antennas and phase comparison (Tuovinen-1). 


21-6c Effective Gain 


Typically the antenna receives a signal coming from a well-defined source, which is most often a point source 
as in the case of another antenna. In radiometer measurements of radio astronomy and passive remote sensing 
the source is a distributed one but signals arriving from different directions are noncoherent and the position 
of the antenna is known. Thus, it is fairly simple to derive the connection between the source and the received 
signal from the information in the power pattern of the antenna. The situation becomes complicated if the 
antenna receives several coherent signals from random directions or the position of the antenna varies. This is 
the casein mobile communications involving multipath signals. Thus, for mobile terminals a special statistical 
approach is required to characterize the performance of the antenna. The parameters used here are effective 
gain and mean effective gain. Effective gain Gesp is the power received by the AUT compared to the power 
received by a reference antenna like isotropic antenna or half-wave dipole with certain signal distribution. 
The definition of Gerp is (J akes-1) 


Geff = (1) 


2 
Pio + Pig 


where 


Ger = effective gain of theAUT 
P; = average power received by an isotropic 6-polarized antenna, W 
P; = average power received by an isotropic ¢-polarized antenna, W 


In the numerator of Eq. (1) we can consider the local received power and thus obtain information also 
on the possible effect the antenna has on the short-term fading. However, to get the reference power in the 
denominator it is necessary to eliminate the short-term fading by averaging over a distance of at least some 
wavelengths, because otherwise Ge might become infinite locally. 

As the signal distribution in mobile communications is changing continuously, one has to investigate 
the statistical characteristics of the signal received by the antenna in a number of locations, typically a test 
measurement route (A ndersen-1). Here itis possible to study, e.g., the cumulative distribution of Ger to find 
certain reliability levels. The mean of Gesp is also often used and it is called M ean Effective Gain (MEG) 
(Taga-1). As the idea of MEG is to describe the performance of an antenna in a certain usage environment 
(urban, suburban, rural, indoor, etc.), it is defined as an average of Gesp over some representative sample 
of the environment like a test route. The standard procedure is to consider the statistical distribution of the 
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incoming waves and combine that with the information on the 3D radiation properties of theAUT. In this case 
one obtains based on Eq. (1): 


XPR 1 | 
cae f, is lise T+ XPR OOO OO) + Ty pp Fo OP, 9| singdodp (2) 


where 


MEG = mean effective gain of the AUT, dimensionless 


XPR = Pi o/Pi is the cross-polarization ratio of the incident field in the environment, 
dimensionless 


Go (8, ¢) = 0 component of the gain pattern of the AUT, dimensionless 
Go(9, p) = p component of the gain pattern of the AUT, dimensionless 


P,(@, 6) = 6 component of the angular density function of the power of the incoming plane waves, 
dimensionless 


Py (0, $) = @ component of the angular density function of the power of the incoming plane waves, 
dimensionless 


The distribution functions are normalized as: 
2m pr 
[ i {Ga (0, p) + Go (0, p)} Sin 0 dé do = 4x - not (3a) 


2a prn 2m prn 
f f P0. g)sino dodo = | f P0, p)sino do do =1 (3b) 
0 0 0 0 


where not = total efficiency of the AUT, dimensionless 

The normalization of the gain pattern includes the total efficiency with the effect of both internal losses 
and mismatch of the antenna. This is due to the purpose of M EG to describe the total behavior of an installed 
typically small antenna having poor matching often as unavoidable property. The distribution of the incom- 
ing waves can be assumed uniform as a function of @ in mobile communications. Gaussian distributions 
were determined as a function of 6 for Pa (8, ¢) and Py (6, p) in measurements in an urban environment in 
downtown Tokyo (Taga-1). The parameters obtained are presented in Table 21-2. The results in Table 21-2 
show the typical feature in urban environments that the average direction of arrival of the signals is some- 
what elevated. The reason is that the waves received by the mobile antenna have first propagated above 
rooftops and then diffracted down to the street level. The value of XPR is also quite typical for urban envi- 
ronments, when the basestation antenna has vertical polarization, and shows that the signal is not totally 
depolarized in spite of the complex propagation environments. In indoor environments one can expect to 
obtain wider and in suburban and rural environments narrower distributions as a function of 6 than in the 
urban environment. 

Taga calculated also the M EG of a halfwave dipole antenna with different orientations and Gaussian field 
distributions. It was shown that for a halfwave dipole antenna with an inclination of 55° from vertical the 
MEG = —34B practically independent of the XPR or the distributions (mv, 0mH, ov, oH) of the incoming 
waves. Thus, this antenna can be used to define the total incident power P; 9 + P;,ẹ by multiplying the average 
power obtained with it by 2. 
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Table 21-2 Measured parameters of the distributions of the incoming waves as a function of @ 
in urban environment in Tokyo 


Route Omv Ov OmH OH XPR 
Ningyo-cho 71° 20° 58° 64° 5.1 dB 
Kabuto-cho 70° 42° 40° 90° 6.8 dB 


my = mean value of the Gaussian 8 distribution of the incoming VP waves, degrees 
mH = mean value of the Gaussian 0 distribution of the incoming HP waves, degrees 
oy = standard deviation of the Gaussian @ distribution of the incoming VP waves, degrees 
oy = Standard deviation of the Gaussian 0 distribution of the incoming HP waves, degrees 
XPR = P; g/P;.g is the cross-polarization ratio of the incident field in the environment, dimensionless 


EXAMPLE 21-6.1 Mean Effective Gain (MEG) of a Small Antenna 
Let's consider the MEG of a small lossless antenna having the pattern of an elementary electric dipole. 
For simplicity, let's assume that the dipole is vertical and the means of the 6 distributions of the incoming 
waves are On vy = mH = 90°. The other parameters of the considered distributions are: 
(a) Rural-type distribution: oy = 5°, og = 20°, XPR=15dB 
(b) Urban-type distribution: oy = 30°, og = 50°, XPR = 6 dB 
(c) Indoor-type distribution: oy = 60°, og = 90°, XPR = 3B 
E Solution 
The normalized gain patterns of the small dipole and the signal distributions are: 
[9] 
Go(0,¢)=1.5sin?@  G(@,p)=0  Pa(0,p)=Ape 7% 


where Ag is anormalization parameter. 
We notice from Eq. (2), however, that for this vertical dipole we have to consider Pg only. Now, in each 
case (a) to (c) we have to first solve Ag using Eq. (3) as: 


=i 
sin(@) d0 


al @-bmy)? ] 


an fe l doy, 
0 


Then we get 


XPR 4 
MEG = —— 2 1.5 sin? (6) Pa (0, p) sin (0) d0 
ee | (0) Pa(@, p) sin(8) 
where the first term gives the average polarization mismatch and the second term describes the match 
between the antenna pattern and power distribution. The results are: 


(a) Ag = 0.730 XPR/(1+XPR) =—0.410dB MEG = 1.3dB Ans. (a) 
(b) Ag = 0.139 XPR/(1+ XPR) =—0.97dB MEG = 0.0 dB Ans. (b) 
(c) Ag = 0.0961 XPR/(1+XPR)=-18dB MEG =-—1.4dB Ans. (c) 


The significance of polarization mismatch is obvious especially in the urban and indoor environments, 
promoting thus the use of polarization diversity or adaptivity in mobile communications terminals. 


By determining the 3D gain patterns for antennas of terrestrial or satellite mobile communications systems 
including the effect of the user or vehicle and combining the result with, e.g., measured distributions of the 
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incoming waves in different environments one can predict the behavior of the mobile antenna without perform- 
ing tedious test route measurements for each prototype (Pedersen-2; K alliola-1). Another possibility is to use 
atest environment having certain random field distribution with typical characteristics like uniform azimuthal 
distribution. This method, however, gives the performance of the antenna in one average environment only. 


21-6d Specific Absorption Rate (SAR) and Exposure Standards 


The quantum energy of radio frequency radiation is so low that the radiation cannotionize biological materials 
like human tissues. Thus the harmful biological effects of radio frequency radiation are (according to current 
scientific information) limited to those caused by the rise of the temperature of the tissues due to absorption of 
the RF energy. The so-called nonthermal effects on the nervous system, cell membranes or the development 
of cancer have been studied extensively, but the results are controversial and no conclusive proof of such 
effects has been found. Due to the vast increase of exposure of the general public to RF energy along with 
the increased use of portable communication devices, the studies in the area of both thermal and nonthermal 
effects are continuing. In the investigation of the health issues of RF transmitters and antennas it is essential 
to determine the absorption of the energy per unit mass of tissue described with a quantity called the Specific 
Absorption Rate (SAR) (K uster-1; USAF-1). 
dP, oE? 


Specific A bsorption Rate = SAR = == (W/kg) (4) 
dm p 


where 


SAR = specific absorption rate, W/kg 
dP, = power absorbed to volume of the tissue, W 
dm = the mass of a certain infinitesimal volume, kg 
o = local effective conductivity of the tissue material, S/m(U/m) 
p = local density, kg/m? 
magnitude of the electric field at the inspection point, V/m 


by 
ll 


Usually this local SAR is averaged over certain volume or mass of tissue and it is applied for localized 
exposure, for example, in the case of hand-held cell-phones. Traditionally the exposures of potentially harmful 
RF radiation have mostly occurred either in the near field of low-frequency devices like industrial RF heaters 
in the 13 MHz and 27 MHz range or in the far field of broadcast or radar transmitters. Thus, the determination 
of SAR has been mainly performed by measuring the unperturbed electric or magnetic field and studying the 
absorption in the whole body or parts of it like the head using dosimetric models (USA F-1; Hagmann-1). Due 
to the increased use of portable radios since the 1980s the localized SAR values close to the transmitter have 
gained a lot of interest in both research and standardization. As the localized SAR values have the closest 
connection to antenna design, this section will mainly concentrate on discussion on the determination of those. 

The exposure standards for the RF radiation define the SAR limits for persons in both controlled (occu- 
pational exposure) and uncontrolled (general public exposure) conditions (ICNIRP-1; prENV-1; IEEE-2; 
ARIB-1). According to major international and national standards, the limit value for the average whole body 
SAR for controlled conditions is 0.4W/kg and for uncontrolled conditions 20% of that, i.e., 0.08 W /kg in the 
frequency range of 10 MHz to 6 GHz. For localized exposure the average whole body value limit may be met, 
but still the exposure can be harmful. Thus there are separate values for the local peak SAR. An overview of 
the peak values for most parts of the body and the parameters used in their definition is given in Table 21-3. 
Higher values are applied for hands, wrists, feet and ankles. The estimated temperature increase in the brain 
due to local SAR = 2 W/kg is around 0.1°C (Anderson-1). 
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Table 21-3 Local peak SAR values and respective parameters! 


USA ICNIRP, Europe and Japan 
Peak SAR 1.6W/kg 2W/kg 
Averaging period 30 min 6 min 


Averaging mass and shape 1g/cube 10 g/cube* 


*ICNIRP has not defined the shape of the volume. 


As SAR can be defined in laboratory conditions only, the standards define limits at different frequency 
ranges for electric and magnetic field strengths, plane wave power density, and induced and contact currents, 
which, when applied in field tests, should ensure that the whole body SAR values are not exceeded. H owever, in 
the determination of peak SAR one hasto take into account thelocal properties of the tissue and the transmitting 
device. This can be performed either by numerical electromagnetic simulations or by measurements. 

In the simulations the tissue can be described in a very detailed manner involving 15 to 30 tissue types 
with resolution on the order of 1 to 3 mm in the head based on information obtained by M agnetic Resonance 
Imaging (MRI) (Lazzi-1). Disadvantages of simulations are difficulties in describing the transmitter and 
antenna with required amount of details and lengthy calculation times. Thus, the simulations can be utilized 
best at the design phase of mobile handset antennas. The most popular method for SAR calculations is the 
Finite Difference Time Domain (FDTD) method; see Fig. 21-31. Numerical methods allow the simulation of 
the fine structure of the tissues but the absolute accuracy is not sufficient for compliance tests. 

In measurements SAR is determined by defining the electric field Æ emitted by the transmitter and AUT 
inside a phantom simulating the human body. T he SAR is calculated according to Eq. (29) based on the known 
properties of the tissue equivalent material in the phantom. Several types of phantoms have been used with 
different levels of details for the shape and the tissues. There are also phantoms for only part of the body like 
the head or torso and for full body. As the standards require rather detailed determination of SAR, 1g of brain 
tissue is equivalent to about 1cm?, the most practical solution is to use so-called homogeneous phantom, 
which has anatomically shaped surface layer and the phantom is filled with tissue-equivalent liquid. The 
electric field is measured in the liquid using a mechanical 3D scanner and a probe including typically 3 small 


SAR (dB), P „= 1 W, 0 dB = 9.6 W/kg SAR (dB), P,=1 W, 0 dB = 9.6 W/kg 


900 MHz 1800 MHz 


Figure 21-31 An example of calculated SAR distribution inside a head model at 900 MHz 
(left) and 1800 MHz (right). 


1Since the body’s heat sensors are in the skin, RF heating can occur internally without much awareness. Thus, safe energy guidelines are 
needed to prevent undesirable internal heating. N ote that [SA R(W/kg)] x [time (s)] = energy/mass (J/kg). 
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dipoles and detectors; see Fig. 21-32 (Schmid-1). With measurements the actual product can be tested and 
automated measurements are also faster than numerical simulations. The disadvantages of the measurement 
are the limited description of the tissue and difficulties in obtaining low uncertainty due to several error 
sources. 


21-7 Analyzers 


Noise is the classical limitation of electronic devices and communication systems. The noise and distortions 
limit the range of devices, effectiveness of measurement techniques and make the results erroneous. In most 
electronic devices, noise occurs due to the random motion of electrons. Due to the involvement of a very 
large number of such electrons and independency of their motions, variations in current flow are bound to 
exist. These random variations can be only statistically accounted. A ccording to the central limit theorem of 
statistics, the variations take on a bell-shaped curve, commonly known as the Gaussian Probability Density 
Function (PDF ). This PDF explains some of the characteristics of a noise signal seen on an instrument, such 
as an oscilloscope, used to measure a base-band signal having only areal part. B esides the above, antennas in 
general operate in a noisy environment. In relation to the communication systems, these two noises are often 
referred as internal and external noises. The quantitative assessment of the signals, distorted due to noise, 
can be carried out in many ways including by using RF network analyzer and spectrum analyzer. The basic 
aspects of these analyzers are discussed below. The sources of errors in antenna measurements have already 
been discussed in Section 21-3 in detail. 


21-7a Spectrum Analyzer 


An oscilloscope displays the time waveform on the screen. A spectrum analyzer also produces a visible 
display only of the frequency content of an input signal. With proper settings, an analyzer can also display the 
time waveform and the spectrum. M ost spectrum analyzers are of heterodyne type which may also be called 
scanning spectrum analyzers. A heterodyne analyzer is basically a very sensitive and selective radio receiver 
which, like an oscilloscope, cannot tolerate large signals. In cases where more than one input signal is to be 
applied, the maximum allowable amplitude per signal must correspondingly decrease. 

In communication systems, it is often required to extract frequency contents from a time-varying voltage 
signal x(t). The digital storage oscilloscope can provide the solution by calculating FFT of the signal from 
stored samples. Another way to arrive at the solution is to pass x(t) through a long series of very narrow 
band pass filters with adjacent pass bands and then plot the amplitudes of the filter outputs. If bandwidth of 
these filters is small enough, the filter output will be the frequency components X (f1), X (2), etc. This is, 
of course, not a very practical solution. A better way out can emerge from the simple property of a Fourier 
transform. Herein, if a signal (in the time domain) is multiplied by a sinusoid, the spectrum of the signal is 
shifted in frequency by an amount equal to the frequency of the sinusoid. M athematically it can be expressed 
by (1). 


1 1 
x(t) cos(27 fot) > FT > 7X0 fo) + zX + fo) (1) 


This equation can be realized with the aid of the following block diagram: 

Figure 21-33 illustrates heterodyning or frequency mixing. Instead of a bank of narrow band filters, it 
requires only one narrowband (band pass) filter (BPF) centered at a fixed intermediate frequency fı. The 
signal spectrum can now be scanned across this filter by multiplying x(t) by a sinusoid by varying frequency 
fo. In a spectrum analyzer, the bandwidth of an intermediate amplifier can be selected in accordance with the 
application. In an ordinary AM and FM radio tuning of the receiver amounts to the selection of fo to pass 
a desired signal through the filter. In spectrum analyzers, this frequency is automatically (and repeatedly) 
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SPECIFIC ABSORBTION RATES (SAR) 


XYZ positioner 


Computer 
control 
n / Voltage meter 
z ff l 
i 7 Etield probe Measurement 


Ea configuration 
X 
Phantom 
Mobile 
phone 7 


(a) 

Dipole sensors Highly resistive leads 
O@4mm W7mm @10mm 
} 
| | | Probe 

25mm 90mm ` 160 mm l 
L_| 
7mm 

(b) 

SAR (W/kg 
Example of 


measured SAR 


(c) 


Figure 21-32 SAR measurement: (a) measurement configuration of field inside of head and 
body phantom, (b) probe for the measurement of the magnitude of the electric field, (c) example 
of measured SAR. (Courtesy of STUK Radiation and Nuclear Safety Authority, Finland.) 
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Multiplier 
(Mixer) 


inpút È (1/2) [X(f-fp) + X(f+fo)] Output 
x(t a S) BPF (1/2)[X(F-fo)] or (1/2)[X(F+fp)] 


cox(2rfot) 


Figure 21-33 Illustration of the process of heterodyning or frequency mixing. 


scanned over a range. This selection must be such that the frequency component X (f) is shifted to fy and is 
passed by the filter. For example, if the frequency contents of x(t) from fı to fo are to be viewed, fo is to be 
scanned from fi + fı to f2 + fi. In general, before mixing, the signal is first passed through a low pass filter 
(LPF) whose bandwidth is chosen to eliminate image frequencies. 

Most of the scanning spectrum analyzers are multiple conversion analyzers, i.e., they have multiple 
intermediate frequency stages at successively lower frequencies. This arrangement allows achievement 
of two conflicting goals: (i) to have the filter bandwidth as small as feasible, and (ii) to allow scan over 
large frequency ranges. Since it is difficult to build sharp narrow filters at high frequencies and also to build 
multipliers to work over large frequency ranges, the narrow band filtering is achieved at low intermediate 
frequencies by shifting the frequency down in several steps. The digital storage oscilloscope’s display of FFT 
has the advantage of capturing one-shot event as well as being able to store the FFT in memory or a disc. The 
scanning spectrum analyzers, however, still hold the ground over FFT in terms of frequency range, dynamic 
range and the sensitivity. T hus, the spectrum analyzer is more suited for measurements in communication area 
especially in RF and microwave range. The simplified block diagram illustrating the basic building blocks of 
a spectrum analyzer is shown in Fig. 21-34. 

As shown in Fig. 21-34, the signal under test is fed to the mixer via an input circuit. The mixer is 
automatically tuned by the swept frequency oscillator driven by a time-base generator. The output of a mixer 
is fed to the detector after passing through an IF amplifier. The detector output is fed to the dc amplifier for 
further amplification which at last is displayed in analog form. 

Since the signal is scanned in time by a linear ramp voltage from the time base, the horizontal position 
of the beam is proportional to variations in frequency and the horizontal axis is the time axis. The output of 
the mixer contains a variety of frequencies. The components lying within the pass band of the IF amplifier 


Calibrator 
DC Amplifier 


Xe 


Display device 


IF Amplifier 
Swept-frequency Timebase 
Oscillator Generator 


Figure 21-34 Spectrum analyzer with the provision for analog display. 


Input Circuit 
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are boosted, detected and again boosted by a wide band amplifier and fed to the Y plate of CRT. Thus, the 
vertical deflection of the beam is proportional to the power carried by some narrow portion of the signal 
spectrum. There is also a built-in generator which inserts frequency marks on the CRT screen to identify 
various spectrum components. 

Figure 21-35 illustrates a simplified block diagram of a spectrum analyzer with digital display. A ccording 
to the illustration, the input signal is fed and mixed with the output of a local oscillator which is again driven 
by a sweep generator. The output of the mixer is fed to the IF stage having a defined resolution bandwidth 
(RBW) which is essentially the bandwidth of the fixed narrowband filter. The output of the IF stage is detected 
and fed to the next stage which in case of large variations of detector output is a logarithmic amplifier. The 
output of log amplifier is again filtered through a smoothing filter with a bandwidth usually termed as video 
bandwidth (VBW ) and is equal to the RBW. RBW determines how close frequency components in the signal 
spectrum can be displayed as distinct components on the screen, whereas V BW reduces the noise displayed, 
making the power levels easier to see. 


pa ii iy 


l envelope log amp 


| detector 
l 


P Bagea pe oi 


a E E ras 


o- pre 
resets 7 
processor and display 


Figure 21-35 Spectrum analyzer with the provision for digital display. 


generator 


Spectrum analyzers are most commonly used in their logarithmic (log) display mode, in which the vertical 
axis is calibrated in decibels. W hen a spectrum analyzer is in a log (dB ) display mode, results are normally 
averaged before being displayed. This averaging can be accomplished in various ways including averaging 
of (i) multiple traces, (ii) envelope by the action of the video filter, and (iii) results across the x-axis by the 
noise marker. The average noise power in decibels is the logarithm of that average power. 

The basic (scalar) spectrum analyzer measures only the magnitude of a signal. It responds to the magnitude 
of the signal within pass band of its resolution bandwidth (RBW, i.e., the bandwidth of the final IF). Noise 
in this bandwidth still has a Gaussian PDF, but few RF instruments can display PDF-related matrics. Like an 
oscilloscope, the spectrum analyzer also has markers to aid proper measurements. 


21-7b RF Network Analyzer 


An RF network analyzer is an active test instrument for measuring the response of an RF device under test 
(DUT). It is not to be confused with network analyzers used for analyzing data networks. The RF network 
analyzer contains a stimulus or RF signal source which is essentially a form of signal generator which generates 
a signal that is applied to the DUT. These signal generators generally operate in two modes. In one mode it 
sweeps the power level, while in the second it sweeps the frequency. 

The signal sources for RF network analyzers may either be open-loop voltage controlled oscillators or 
digitally synthesized. The open-loop oscillators are much cheaper to design and fabricate and generally 
provide a good phase noise performance but their frequency accuracy and flexibility are relatively low. 
Digitally synthesized oscillators are more expensive but are able to provide an accurate frequency signal 
essential for measurement of narrow band devices such as filters. Such measurements, however, require low 
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levels of phase noise to avoid degradation of performance and cost addition. Presently, the most common 
sources are only of the synthesized variety. 

These analyzers are widely used for characterizing or measuring the response of a variety of components 
including filters, mixers, frequency sensitive networks and the devices. The frequency range in which the 
analyzers operate varies from very low to very high including microwaves. B ased on modes of measurement, 
these analyzers can be broadly categorized as under: 


1. Scalar network analyzer (SNA) The scalar network analyzer is a simple form of RF network 
analyzers and is useful for measuring only the amplitude response of a variety of components or DUT. 
SNA effectively works like a spectrum analyzer operating in conjunction with a tracking generator. 
The tracking generators sweep signals at exactly the same frequency that the spectrum analyzer is 
receiving. If a constant output from the tracking generator is directly fed as input to the spectrum 
analyzer, a constant line appears on display indicating the amplitude of the tracking generator output. 
If a DUT (whereof the amplitude is frequency dependent) is inserted between a spectrum analyzer 
and the tracking generator, the spectrum analyzer will display amplitude variations. 

2. Vector network analyzer (VNA) The vector network analyzer is a more useful form of an RF 
network analyzer than the SNA as it is able to measure more parameters including the amplitude 
response, phase response, scattering parameters and the transmission and reflection coefficients. 
Thus a vector network analyzer provides more comprehensive information than SNA.A VNA is also 
referred as gain-phase meter or an Automatic Network Analyzer. 

3. Large Signal Network Analyzer (LSNA) The large signal network analyzer is a specialized form of 
SNA and measures characteristics of devices under large signal conditions. It may also account for 
the harmonics and non-linearity of a network. An earlier version of LSNA was called the Microwave 
Transition Analyzer, MTA. 


The above RF network analyzers not only differ in their circuitry but also in measurement techniques. SNA 
is relatively cheap but provides less information. VNA on the other hand provides more information, but are 
expensive. 

RF network analyzer contains a signal separator, generally referred as test set. This separator may either be 
a separate box or is integrated within the main instrument. The signal separation hardware mainly performs 
the following functions: 

1. Measures a portion of the incident signal to provide a reference for what is termed ratioing, and is 
normally accomplished either by using a splitter or a directional coupler. 

2. Separates the incident and reflected traveling waves at the input of the DUT. 

The signal separators may be either splitters or directional couplers. Splitters are broadband in nature, but 
introduce losses. Directional couplers have low loss, good isolation and better directivity but have an inherent 
high pass response usually with a low-end frequency limit. This drawback results in their application restricted 
only to microwave range. Despite their drawback of frequency limitation and use of bridges at microwaves 
causing higher loss, couplers are still preferred in view of their relative merit. 

Once the signal passes through DUT and is separated from the signal source, it is processed. The pro- 
cessor is essentially a superheterodyne radio receiver with good sensitivity, selectivity, dynamic range and 
harmonic/spurious signal rejection. The narrow band filter within the receiver enables wide band noise to 
be limited and provides a significant sensitivity improvement. The LO is locked to either RF or IF signal so 
that the receiver in the network analyzer is always tuned to RF signal generated by the source and present at 
the input. IF signal is filtered using a band pass filter which reduces the receiver bandwidth and improves its 
sensitivity and dynamic range. The output of the analog section of the receiver, with its intact magnitude and 
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phase information, is fed to an analog-to-digital converter (ADC). The digital signal processing (DSP) tech- 
niques are now applied to process the signal. This processed RF signal from the receiver and detector section 
is displayed in a suitable interpretable format. With modern processing techniques, some very sophisticated 
solutions are available in RF network analyzers. M ost RF network analyzers incorporate features including 
linear and logarithmic sweeps, linear and log formats, polar plots, Smith charts, etc. Trace markers, limit 
lines and also pass/fail criteria have also been incorporated in many products. The tuned receiver approach is 


always used in vector network analyzers. 


Major differences between RF network analyzers and spectrum analyzers 


Spectrum analyzer 


RF Network analyzer 


Analyzes the nature of signals 


Generates a signal and uses the same to analyze 
a network or device. 


Normally used to measure characteristics of a sig- 
nal. The parameters measured may include signal or 
carrier level, sidebands, harmonics, phase noise, etc. 


Used to measure response of components, 
devices, circuits and sub-assemblies. 


Most commonly configured as a single channel 
receiver without a source. As compared to most RF 
network analyzers, a spectrum analyzer has much 
wider IF bandwidth due to flexibility required to 
analyze signals. 


Contains both a source and multiple receivers. 


Itis easy to getatraceon the display, but interpretation 
of results may be much more difficult than with a 
network analyzer. 


Displays amplitude and often phase information 
(frequency or power sweeps) and normally in a 
ratio format. 


In conjunction with the tracking generator, it can be 
used for testing networks such as filters. 


Looks for a known signal, i.e., a known fre- 
quency, atthe output of DUT, sinceitisastimulus 
response system. 


It can be used for scalar component testing (magni- 
tude versus frequency, but no phase measurements). 


With vector-error correction, a network analyzer 
provides much higher measurement accuracy 


than a spectrum analyzer. 
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Problems 


21-2-1 Effect of cabling on gain measurement. Consider the measurement of an AUT, whoseV SWR 
~ 2 with a source antenna having VSWR ~ 1.2. The output return loss of the transmitter in the measurement 
system is 12 dB and the input return loss of the receiver 22 dB. The lengths of the coaxial cables connecting 
the measurement system to the AUT and source antenna are 15 m and 5 m, respectively. The permittivity of 
the dielectrics of the cables is 2.2 and the attenuation 0.25 dB/m. The center frequency in the measurement 
is 12 GHz. Sketch the gain result obtained around the center frequency with the gain comparison method, 
where the reference antenna is similar to the source antenna. (a) When the AUT is transmitting. (b) When 
the AUT is receiving. 


21-3-1 Uncertainty of pattern measurement due to reflected wave. The level of a wave 
reflected from the ground is 45 dB below the level of the direct wave. How large errors (in dB) are possible 
in the measurement of: (a) main lobe peak; (b) —13 dB side lobe; (c) —35 dB side lobe? 


21-3-2 Range length requirement due to allowed phase curvature. The maximum allowed 
phase curvature in the measurement of a very low-side-lobe antenna is 5°. The width of the antenna is 8 m 
and it operates at 5.3 GHz. Find the required separation between the source and AUT. 


21-4-1 Design of elevated range. Design an elevated range (range length, antenna heights, source antenna 
diameter) for the measurement of a 1.2 m reflector antenna operating at 23 GHz. 


21-4-2 Time required for near-field scanning. Estimate the time needed for a planar near-field 
measurement of a 2 m antenna at 300 GHz. The sampling speed is 10 samples per second. 


21-5-1 Power requirement for certain dynamic range. TheAUT has again of 40 dBi at10 GHz. The 
gain of the source antenna is 20 dBi. The separation between the antennas is 200 m. The receiver sensitivity 
(signal level that is sufficient for measurement) is —105 dBm. Find the minimum transmitted power that is 
needed for a dynamic range of 60 dB. 


21-5-2 Gain measurement using three unknown antennas. Three horn antenna, A,B, and C are 
measured in pairs at 12 GHz. The separation of antennas is 8 m. The transmitted power is +3dBm. The 
received powers are —31 dB m, —36dBm, and —28 dB m for antennas pairs AB, AC, and BC, respectively. 
Find the gains of the antennas. 
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21-5-3 


21-5-4 


21-5-5 


21-5-6 
21-5-7 


21-6-1 
21-6-2 


Chapter 21 Antenna Measurements 


Gain measurement using celestial radio source. At 2.7 GHz the antenna temperature 
increases 50 K asa 20 m reflector is pointed to Cygnus A. Find the antenna gain and aperture efficiency. 


Impedance in laboratory. You try to measure the impedance of a horn antenna with 15 dBi gain at 
10 GHz in a normal laboratory room by pointing the main lobe of the antenna perpendicularly towards a wall 
2 m away. The power reflection coefficient of the wall is 0.3 and it can be assumed to cover practically the 
whole beam of the AUT. Estimate the uncertainty of the measurement of the reflection coefficient of the AUT 
due to the reflection of the wall. 


Radiometer method for efficiency. Consider the measurement of antenna efficiency with the 
radiometer method. In the measurement, first the AUT pointed toward clear sky and then a calibrated noise 
diode with excess noise ratio EN R = 304B is connected to the input of the test receiver. The output noise 
power Pr our is measured with the AUT and with the noise diode switched on (Ty =(102NR/10 4 1)7,) 
and off (Ty = To). The power ratios obtained are —1.3dB between the AUT and the “cold” diode and 
25 dB between the “hot” and “cold” diode. The estimated antenna noise temperature in the sky measurement 
Tac = 20 K taking into account the contribution of the ground. (a) Determine the efficiency of the AUT 
and the noise figure of the test receiver. (b) What is the uncertainty of the result, if the uncertainty of ENR 
is +0.2 dB, the uncertainty of 74, is +5 K and the uncertainty of the gain of the receiver between different 
measurements (gain fluctuation) +0.1 dB? 


Wheeler cap method for efficiency. Derive Eq. (21-5-14). 


Efficiency and two-port model. The antenna can be described as a two-port with a matched output 
to free space. Present the radiation efficiency of the antenna with its two-port S-parameters. 


Mean effective gain. Derive Eq. (21-6-2). Assume a random propagation environment. 


Mean effective gain, practical examples. (a) What is the mean effective gain (MEG) of 
an antenna in a diffuse signal environment where the polarization and direction of the signal are random? 
(b) Define the M EG fora vertical half-wave dipole in signal conditions of the K abuto-cho route in Table 21-2. 


For computer programs, see A ppendix C. 
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Basics of Wave 


e 
Propagation 
Topics in this chapter include: 
E Introduction © Modes of wave propagation 
© Definition and broad categorization E Noise 
E Wave classification E Ray and mode concepts 
E Wave environment mM Wave applications 


22-1 Introduction 


M odern radio engineering is one of the most powerful tools in spreading the scientific and technical knowledge 
and the fruits of its progress among the masses. It has penetrated all branches of national and international 
economy, science, industry, culture and our everyday life. One of its most important applications involves 
long-distance communication by means of electromagnetic waves. 

The electromagnetic spectrum encompasses a frequency range from a small fraction of a hertz to 102° Hz 
and even more. The term radio wave is arbitrarily applied to electromagnetic waves in the frequency range 
from 0.001 to 1016 Hz. In terms of wavelength, the lower limit of radio waves propagated in free space (or 
vacuum) is 3x10!!m and the upper limit is 3x10-® m. The frequencies down to a few thousandth of a hertz 
are involved in some natural phenomena. Such frequencies, for example, are generated by fluctuations of 
the solar electron proton stream as it penetrates the earth’s atmosphere. These waves are closely related to 
magneto-hydro-dynamic waves (mechanical waves produced by the ion plasma of the atmosphere). Lightning 
discharges also produce these waves. T he frequency of 0.001 Hz isan arbitrary limit, which may go down with 
further advances in scientific knowledge. The lower limit of the frequencies used by transmitters is normally 
set to be 10? Hz. On the higher side, radio wave spectrum presently extends to the limit of 1016 Hz. 

Itis customary to divide the entire radio spectrum into bands on decimal basis, with bands named according 
to the frequency or wavelength they encompass. This division of radio waves (included in Table 1-3) helps 
not only in the study of characteristics of waves but also in identifying different applications and the design 
of transmitters, receivers, antennas (or channels in case of guided waves). The UHF and SHF, sometimes also 
referred as microwave and millimetric wave, are further classified into sub-bands as given in Table 1-3. 

The waves longer than 10°m (sub-audio and audio waves) have little or no commercial usage and are 
employed solely in research. The waves having wavelengths between 103-10° m, find applications in sub- 
marine and mine communication, since they can penetrate deeper into water and earth. Besides, the waves 
having extremely high frequencies (or extremely short wavelengths) of terra hertz (THz) range are now 
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gaining ground in optical communication systems owing to their high bandwidth capability, very high speed 
and several other significant advantages. 


22-2 Definition and Broad Categorization 


22-2a Basic Definition 


An electromagnetic wave can be conceived in terms of electric and magnetic field vectors E and H. These 
vectors obey the mathematical relations V? E = ed*E/dt* and V? H = eð? H /3t? respectively. Study of 
these wave equations leads to the following definition: 

“If a physical phenomenon that occurs at one place at a given time is reproduced at other places at later 
times, the time delay being proportional to the space separation from the firstlocation, the group of phenomena 
constitutes a wave. The term wave also has an entirely different usage, viz, a recurring function of time ata 
point, as in the expression of sinusoidal voltage wave. A wave, however, may not necessarily be a repetitive 
phenomenon in time.” 

Depending on the nature and location of space encountered, some or all the characteristics of a propagating 
wave may get altered. The possible phenomena which may lead to characteristic modifications may include 
reflection, refraction, diffraction, absorption and the rotation of plane of polarization. These are mainly due to 
variation of media parameters (o, ¢ and u) on the way or the shape and characteristics of obstructing objects. 
The paths to be adopted by the electromagnetic waves to arrive at the destination (normally, a receiving 
antenna) may thus differ from situation to situation. These may also depend on the heights of transmitting and 
receiving antennas, the angle of launch of electromagnetic energy into the space, the frequency of operation, 
the polarization and other factors. In view of variations, factors, applications and situations, electromagnetic 
waves can be classified in a number of ways (as subsequently discussed). But before that, the wave study may 
broadly be categorized as under. 


22-2b Guided Waves 


These include the waves guided by manmade structures such as parallel wire pairs, coaxial cables, wave- 
guides, strip lines, optical fibers, etc. Guided waves havea very large sphere of applications for signal and data 
communication. Long haul telephone trunk lines such as Trans-A tlantic-coaxial cables, wire pairs and cables 
used in local area networks (LAN), closed circuit TV, interconnections used for providing Internet services, 
cable networks used by cable TV operators and networking of computers located in the same room, building, 
locality or campus. These are only afew applications where waves are guided through transmission structures. 


22-2c Unguided Waves 


These include waves propagating in the terrestrial atmosphere, over and along the earth and in outer space. 
Unguided radio waves also find many and extremely important applications in science and engineering and 
the sphere of these applications is increasing day by day. These include the transmission of information over 
short and long distances through telegraphy and telephony, radio broadcast, television, mobile communication, 
satellites, radars, telecontrol, radio location, radio navigation, remote sensing and distance measurements by 
radio means. Unguided propagation is also used in geophysics, in the study of upper atmosphere, radio 
astronomy, study of activities of sun, stars and nebulae inside and outside our galaxy. The most common 
features of all (guided or unguided) waves are that they all employ a radio circuit or link, consisting of a 
transmitter, a receiver and a propagation medium. The order of distances involved between transmitting and 
receiving points may vary from very small to very large. Table 22-1 illustrates the probable distances between 
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Table 22-1 Probable physical distances between processors 


SI. No. Inter-processor distances Processor located inthe same: Example 

1 <0.1m Circuit board Data flow in machines 

2 lm System ulti-processor 

3 10m Room 

4 100 m Building Local network 

5 1km Campus 

6 10 km City Long haul network 

7 100 km Country 

8 > 1000 km Country, Continent, Planet nterconnection of long haul networks 


transmitters and receivers (or processors). These distances may be quite short located in the same circuit board 
or may be quite large as in different continents or even planets. 

From the above, it is evident that the study of different aspects of wave propagation is immensely 
important and useful for any student of the communication stream of engineering and for those working 
in communication-related industries. T hese aspects may include various modes of propagation, the types and 
basis of classification of radio waves, the environment faced by the propagating wave, the characteristics 
exhibited by waves therein and the applications of waves in different ranges of frequency. 


22-3 Classification of Electromagnetic Waves 


The energy generated by a transmitter is fed to a transmitting antenna which in turn radiates the same into the 
space. This radiated energy travels all through the space and this mode of travel is termed as electromagnetic 
wave. Basic definition of the wave along with its governing equations has been given earlier in Section 22-2a. 


22-3a General Classification 


Plane wave |n phasor form, a plane wave is defined as one for which the equiphase surface is a plane. 
Uniform plane wave |f the equiphase surface is also an equiamplitude surface, the wave is called a uniform 
plane wave. A uniform plane wave progressing in the direction z (say), will have no Æ, component. It, 
however, may have Ex and/or E, component(s), i.e., in a uniform plane wave Æ is entirely transverse. In a 
uniform plane wave, E and H are at right angles (orthogonal) to each other. 

Non-uniform plane wave |nanon-uniform plane wave, the equiphase and equiamplitude surfaces are neither 
same nor they are parallel. Also, in a non-uniform plane wave, £ and H need not necessarily be orthogonal. 
Slow wave When the phase velocity normal to the equiphase surfaces is less than the velocity of light ‘c’, 
the wave is referred to as a slow wave. In certain microwave devices (e.g., TWT) special structural shapes are 
employed to slow down the speed of the wave. 

Forward wave A wave traveling in an assigned direction from the point of origin is called forward wave 
provided there is no hindrance to cause reflection? 

Backward wave The backward wave is, in general, a reflected wave which results, when a forward wave 
strikes a reflecting surface. The reflection of a wave may be total or partial depending upon the conductivity 
and roughness of the surface it strikes. The reflection also occurs in transmission lines when it is terminated 
in impedance other than the characteristic impedance of the line. The word transmission line generally 
encompasses parallel wire lines, coaxial cables, waveguides or an optical fibre. 

Traveling wave When a wave is progressing only in one direction and there is no reflected wave present, 
itis called a traveling wave. In such a wave, the maximas or minimas of £ and H at different time instants 
appear at different space locations as illustrated in Fig. 22-1 (a) and (c). 
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Figure 22-1 Variation of E with space parameter x in (a) traveling wave, (b) standing wave, 
and in (c) traveling wave with attenuation. 


Standing wave |f both forward and reflected waves are simultaneously present, they combine to result in 
a wave called standing wave. Such a wave does not progress and maximas or minimas (of £ and H) for 
different time instants will appear at the same space location but with varying magnitudes. The traveling and 
standing waves are illustrated in Fig. 22-1(b). 

Surface wave |f a wave is supported by some kind of surface between two media, it is called a surface 
wave. In other words, a surface wave is one that propagates parallel to the interface and decays vertically to it. 
Ground waves may be composed of surface waves (originating from antennas located near to the ground) and 
space waves (originating from elevated antennas). In case of strip lines, the wave travels as a Surface wave. 
Trapped wave Sometimes a surface wave is also called a trapped wave because it carries its energy within a 
small distance from the interface. This wave does not radiate except at discontinuities, such as the termination 
of the structure. A traveling wave carried by a two-wire line with discontinuities placed at regular intervals 
along the line is a surface wave. The ducting phenomenon in space wave mode of propagation also amounts 
to trapping of the wave within its lower and upper bounds. 

Leaky wave When discontinuities are densely placed along the line, making it a continuous perturbing 
structure, another type of traveling wave results and is a called a leaky wave. There is some leakage of energy 
mainly from the top bounds of the duct. 


22-3b Classification Based on Orientation of Field Vector 


A wave may also be classified according to the polarization or time-varying behavior of the electric field 
vector E at some fixed point in space. A wave may be polarized along x/y direction or it may be linearly, 
circularly or elliptically polarized. Further, the circularly or elliptically polarized wave may have a left-hand 
or aright-hand sense. 

Besides, if ina wave E is parallel to the boundary surface or perpendicular to the plane of incidence (i.e, a 
plane containing the incidence ray and the normal to the surface), the wave is termed horizontally polarized. 
In case E is perpendicular to the boundary surface or parallel to the plane of incidence, it is called vertically 
polarized. These waves originate from the horizontal and vertical antennas respectively with reference to the 
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surface of the earth. However, it is seen that, whereas E of a horizontally polarized wave is horizontal, E 
of a vertically polarized wave is not wholly vertical but has some horizontal component. M ore appropriate 
designations, therefore, are perpendicular and parallel polarization, to indicate that E is perpendicular or 
parallel to the plane of incidence. 


22-3c Classification Based on the Presence of Field Components 


The wave propagating between two parallel planes or waveguides assumes altogether a different nomenclature, 
namely, transverse electric (TE) or H wave and transverse magnetic (TM ) or E wave. Ina transverse electric 
wave, E has no component in the direction the wave progresses, and in a transverse magnetic wave, H has 
no component in the direction of propagation. Thus, in an H wave, E is entirely transverse, whereas in E 
wave H is entirely transverse. A special case, which results from TM wave, only in case of parallel planes, 
is that of transverse electromagnetic (TEM) also termed as EH or HE wave. Ina TEM wave, E and H both 
are transverse and there is no component of E or H in the direction the wave progresses. The use of TEM 
waves is mainly confined to the parallel plane / parallel wire transmission line. Since the cutoff, i.e., the lowest 
limit of frequency for a TEM wave is zero, it is best suited where low frequency transmission is involved 
such as power lines. The other two (TE and TM) modes of propagation are commonly used in waveguides 
and coaxial cables in view of their high cutoff frequencies. The nomenclature of E wave, H wave, EH / HE 
wave is more frequently used for waves propagating in optical fibers whileTE, TM and TEM terminology is 
generally assigned to waves traveling between parallel planes and in wave guides. 


22-3d Classification Based on Modes of Propagation 


In case of long distance unguided waves, the communication link may be established through ground waves, 
space waves or sky waves. The selection of a particular mode depends on frequency range and applications. 
Table 22-2 shows modes of wave propagation used in different ranges of frequencies. As evident from the 
table, in some of the ranges more than one mode of propagation is employed. Figure 22-2 illustrates the above 
and the ranges in which the waves (i) are vertically or horizontally polarized, (ii) follow curved or straight line 
paths, (iii) are fully absorbed/reflected, and partly absorbed/reflected by different layers of the ionosphere, 
and (iv) penetrate in earth and water. 


Table 22-2 Modes of radio wave propagation 


SI. Frequency Long range 

No. band Short range Day Night 

1 ELF Ground and onospheric wave lonospheric wave 

2 VLF ionospheric waves 

3 LF 

4 MF Ground wave Ground 

5 HF onospheric 

6 VHF onospheric, lonospheric wave 
Tropospheric, Tropospheric 
Direct wave, Direct wave 

7 UHF Tropospheric wave, Tropospheric wave, 

8 SHF Direct wave Direct wave 

9 EHF Direct wave Direct wave Direct wave 

10 Optical band 
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Figure 22-2 Wave characteristics in different frequency bands. 


22-4 Wave Environment 


The study of wave propagation requires a complete understanding of the nature and characteristics of media, 
which a wave may encounter during the course of its travel. A n electromagnetic wave is visualized in terms of 
the variations of electric and magnetic field quantities with space and time. These quantities are susceptible 
to the changes in media parameters (£e, u, and o). Thus the media require an in-depth study and must be 
classified so as to spell the true nature of variations in space and time. The following terminology is normally 
used to define a media. 


Homogeneous/non-homogeneous media A homogeneous medium is one for which £, u and o are constant 
throughout the medium. If either of these parameters (£, u and ø) has different values at different locations, 
the media is called heterogeneous or non-homogeneous. 

Isotropic/anisotropic media A medium is isotropic if e (or „ų) is a scalar constant, so that D and E (or Band 
H) have the same direction everywhere. If either of the media parameters varies with the space parameters, D 
and E (or Band H) will have different orientations and such a media is termed as anisotropic/non-isotropic. 
Source-free region A source-free region is one in which no impressed voltages or currents (i.e., no 
generators) are present. 

Though the above classification is also valid in case of wave propagation butin view of different propagation 
modes altogether different nomenclature is used in connection with the waves. These are as given below. 
Troposphere |t iS a region containing atmosphere and almost all weather phenomena including cloud for- 
mation takes place here. It extends from the earth’s surface to nearly 8 to 10 km at poles, 10 to12 km for 


The McGraw-Hill Companies 


22-4 Wave Environment 777 


moderate latitudes and 16 to 18 km at the equator. With the exception of water vapour content which strongly 
depend on weather conditions and sharply decrease with height, the percentage of gas components does not 
vary with height. The temperature of troposphere decreases with height at an average rate of 6 degree/km. 
There may be a lot of turbulence because of variations in temperature, pressure and density. These conditions 
have a profound effect on the propagation of radio waves. The upper boundary of the troposphere is called 
tropopause which is a narrow region of constant temperature. 

Stratosphere This region is located between the troposphere and ionosphere and extends from upper limit 
of troposphere to the lower limit of ionosphere. The temperature throughout this region is almost constant and 
there is little water vapor present. In this region matter is partly ionized. Because it is relatively calm region 
with little or no temperature change, the stratosphere has almost no effect on radio waves. 

lonosphere This region extends from limits of stratosphere to nearly 400 to 500 km into space and is the most 
important region of the earth’s atmosphere for long-distance point-to-point communication. In this region, 
matter is totally ionized. Since the existence of the ionosphere is directly related to the radiations emitted from 
the sun, the movement of the earth about the sun or change in the sun’s activity results in variations in the 
ionosphere. T hese variations are generally categorized in accordance with their occurrence and can be termed 
as regular and irregular. The regular variations more or less occur in cycles and, therefore, can be predicted 
with reasonable accuracy. The irregular ones are the result of abnormal behaviour of the sun and cannot be 
predicted. B oth regular and irregular variations affect the radio wave propagation to the tune of their severity. 
The regular variations can be divided into daily, 27-day, seasonal and 11-year variations. 

The daily variations are the result of ultraviolet energy radiated by the sun. It results in the formation of 
four cloud-like layers of electrically charged gas atoms called ions through a process called ionization. The 
high-energy ultraviolet light waves of differing frequency emanated from the sun enter the atmosphere and 
strike neutral gas atoms to make some of their electrons free. The atoms from which the electrons are librated 
become positively charged and are called positive ions. The ultraviolet rays of higher frequency penetrate 
deeper than those of the lower frequency. Thus, higher frequency rays result in the formation of lower ionized 
layers whereas the lower frequencies form the upper layers. The ion density contents of these ionized layers 
are determined by the location of the sun or more specifically its elevation angle. In view of the frequent 
change in the sun’s location, the height and thickness of the ionized layers keeps on changing with the time of 
the day and the seasons of the year. Itis to be noted that the ionization process is not a stable phenomenon. The 
freed electrons and the positive ions keep on colliding with each other. In the process some of them recombine 
and the positive ions return to their original neutral state. Like ionization, the recombination process also 
depends on the time of day. B etween early morning and late afternoon, the ionization process dominates since 
the radiation from sun in this period is more intense. During this period, the ionized layers have the greatest 
density and have maximum influence on the wave propagation. From late afternoon to early morning the 
recombination process dominates and results in reduction of layer densities. Further details about the referred 
four layers are incorporated with the discussion of sky wave propagation. 

Besides the four ionized layers, there are certain belts containing ionized particles and are capable of 
influencing wave propagation. T hese radiation belts called Van A Ilen Belts (VAB ) occupy the outer region of 
the ionosphere and are referred as VA B -1, VAB-2 and VAB-3, girdling the earth and consisting of the charged 
particles trapped by the terrestrial magnetic field, having the shape of magnetic lines of force. Within these 
radiation belts, the charged particles are in oscillatory and rotational motion along and around the magnetic 
lines of force. Some more details related to these belts are as below. 

VAB-1 The inner belt is situated in the interval of geomagnetic latitudes between (35° to 40°). In the plane 
of the geomagnetic equator, it begins at an altitude of about 600 km in the Western Hemisphere and 1600 km 
in the Eastern Hemisphere and extends out to a distance of about an earth radius. Protons with an energy of 
10° electron volts and electrons with an energy of 10° electron volts occupy the inner zone. These particles 
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are presumably produced by the decay of the neutrons emitted by the earth’s atmosphere under the action of 
cosmic rays. 

VAB-2 The outer belt begins at an altitude of about 20,000 km in the plane of the geomagnetic equator and 
extends out to a distance of seven earth radii. This belt has the shape of a horseshoe and comes within 300 
to 1,500 km of the earth’s surface in the interval of geomagnetic latitudes between + (55° to 70°). The outer 
part of this belt appears to be filled with particles of solar origin energies from a few tens of kilo-electron 
volts to mega electron volts. 

VAB-3 The third radiation belt occurs in the interval of distances from 55,000 to 75,000 km (8.5 to 11.5 earth 
radii). It is filled with electrons of relatively low energies, but greater than 200 electron volts. Its size depends 
on the extent of geomagnetic disturbances. 

In case of ground waves, the environment nearer to the earth’s surface and the roughness of the earth 
surface and the electrical properties of the earth are of prime importance. In case of ionospheric (sky) wave 
propagation, the structure and characteristics of the ionospheric layers; their hourly, seasonal and yearly 
variations and effect of sunspots and other solar activities are of importance. For space waves, the refractive 
index profiles (which depend on temperature, pressure and humidity, etc.) are the decisive factors for proper 
establishment of communication. If the destination of a wave is a geo-synchronous satellite, M oon, a planet 
or any other object far removed from earth, the wave may have to pass through the Van Allen belts which 
are related with solar activity and the earth’s magnetic field. Thus, before establishing a communication link, 
the distance to the destination and the hazards to be faced by the wave are to be systematically explored. 


22-5 Different Modes of Wave Propagation 


The energy radiated from a transmitting antenna may travel all through space with (or without) alteration in 
its characteristics, after refraction due to variation of media parameters on the way or after reflection from 
obstructing objects including earth surface to arrive at the receiving antenna. The path to be adopted by the 
electromagnetic waves to arrive at the receiver will not only depend on the characteristics of the space between 
the two antennas and the angle of launch of the energy into the space but will also be affected by many other 
factors. Figure 22-3 illustrates many possible propagation paths. 

Thewave( marked 1 ) adopts a straight- 
line path in free space and is some 
times referred as direct wave (DW). The 
wave (marked 2) adopts a curved path in 
view of refraction phenomena in the atmo- 
sphere. The wave (marked 3) reflected or 
scattered in the troposphere is termed as 
tropospheric wave. This mode of prop- 
agation is the result of irregularities of  Troposhere 
troposphere, which extends to nearly 10 to 
15 km from the earth surface. The commu- 
nication utilizing the tropospheric waves Earth 
is called tropospheric communication. The : , ; 
wave (marked 4) reaching the receiver after Figure 22-3 Different modes of wave propagation. 
getting refracted and reflected from the ionosphere, is called ionospheric or sky wave (SKW ). This is some- 
times also referred as ionospherically reflected or ionospherically scattered wave. This mode of propagation 
is used for beyond the horizon communication or very long distance communication and is operated in high 
frequency (HF) range. This mode is also employed in over-the-horizon (OTH) radars. The wave (marked 5) 


lonosphere 


Stratosphere 
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propagating over paths near the earth’s surface is often referred as ground wave (GW ). Ground (surface) 
waves are vertically polarized and exist if antennas are close to earth. All broadcast signals in daytime are 
ground waves. Beside broadcasting, these are also used for ground wave radars. 

In view of the Sommerfeld analysis, the ground wave is divided into two parts, namely, the surface wave 
(SUW) and the space wave (SPW ). The space wave predominates at larger distances above the earth, whereas 
the surface wave is more significant near the earth’s surface. 

Space wave is made up of the direct wave (comprising the signal reaching the receiver through the straight 
path from the transmitter) and the ground reflected wave (containing the signal arriving at the receiver after 
reflection from the surface of the earth). Such waves are used for beyond-the-horizon communication. Space 
waves are the only means of communication beyond the 30-M Hz range. A surface wave also includes the 
energy received as a result of diffraction around the earth’s surface and reflection from the upper atmosphere. 


22-6 Wave Applications 


The electromagnetic waves encompass a variety of applications ranging from radio and TV broadcast to radars 
and satellites. Some of the wave applications along with the frequency range of communication systems are 
illustrated in Figs. 22-2 and 22-4. 

One of the most important applications of wave propagation is related to the time and frequency standards. 
Almost for all space vehicles, aircrafts and ships, for their takeoff, landing/docking, parking and for transmit- 
ting and receiving messages and commands, it is necessary that an accurate time schedule is observed. T his 
requires an accurate measurement of time and frequency. The propagation time from one point to another for 
a VLF wave can be very accurately measured and the variations therein, can be predicted and compensated 
up to a great extent. The diurnal variations obtained at the NWC station in Australia operating at 22 kHz are 
about 50 us. Thus, the time standard can be obtained up to 50 us accuracy. Since the propagation delay varies 
less if observed at the same time every day, the measurement accuracy can be further improved by applying 
correction factors for the time of day. The measurement of stable propagation delay automatically leads to the 
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stable measurement of frequency. A VLF transmitter transmitting power of the order of M W, at an accurately 
monitored frequency and modulation can provide time and frequency standards for across the globe as far as 
10,000 km. 


22-7 Noise 


Noise is the classical limitation of electronic devices and communication systems. The noise and distortions 
limit the range of processing and detection devices, measurement techniques and make the results erroneous. 
Noise can be defined as an unwanted electromagnetic signal. With addition of noise, the amplitude and/or the 
phase of the desired signal may get altered. N oise can be broadly categorized as internal and external. Internal 
noise occurs due to random motion of electrons in most of the electronic devices. Due to the involvement of a 
very large number of such electrons and independency of their motion, variations in current flow are bound to 
exist. These random variations can be only statistically accounted. In the context of wave propagation, the inter- 
nal noise is relatively of lesser significance. External noise is of greater significance and requires a little more 
attention in the scenario of wave propagation. The external noise generally includes manmade interference, 
atmospheric noise, cosmic noise and thermal noise. These constituents are briefly described below. 
Manmade interference Electrical motors, home appliances, induction heaters, automobile ignition and 
other industrial and household electrical plants are the major contributors to this type of noise. It is stronger 
in big cities. The vertically polarized waves, nearer to the earth, are more likely to be affected by manmade 
interference since such interference, by nature, is mainly vertically polarized. Therefore, in applications, viz., 
TV and FM broadcasting horizontally polarized waves are generally preferred in order to discriminate from 
vertically polarized interference. 

Atmospheric noise |tis also called precipitation static. Its main cause is the natural occurrence of lightning 
flashes. A bout 100 lightning discharges occur every second around the globe, mostly in tropical belts of the 
continents. 

Cosmic noise |t is the main source of interference in metric waves and is a result of emissions from various 
radio sources from in and outside our galaxy and from the sun. The quantum of impact of the sun depends on 
its quite and disturbed states. 

Thermal noise The re-radiation of the energy, absorbed by water vapour (at about 22 GHz) and oxygen 
molecules (at about 60 GHz), is the major cause of thermal noise. 


22-8 Ray and Mode Concepts 


Inthe subsequent chapters, the terms ‘ray’ and ‘mode’ are frequently used. Ray is defined as the perpendicular 
drawn to an equiphase plane and the term ‘mode’ was introduced in Section 22-3. There are mainly two 
methods of analyzing the wave phenomena. T hese are referred as ‘ray theory’ and ‘mode theory’. Ray theory 
is applicable only if the distance between two reflecting layers is several wavelengths long; while for shorter 
distances, mode theory is normally employed. When using ray theory, a surface wave needs to be separately 
taken into account, whereas it is not necessary in mode theory. The surface wave that is of importance is the 
Norton surface wave. The attenuation of the surface wave as a function of distance is strongly dependent on 
the ground conductivity. Effects of ionosphere are relatively un-important. At VLF, waves can be analyzed 
either by ray theory or mode theory. In fact, ray theory would be valid only at the upper edge of the V LF range 
or in the LF range. In ray theory, the phases and amplitudes of all rays that can reach a given observation 
point from a given origination point are calculated. If the receiver is very far (>2000 km) from the transmitter 
then the number of hops (i.e., number of times the wave gets reflected) becomes very large and mode theory 
calculations are preferred. 
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The modes of propagation in the earth- ionosphere cavity are similar to the modes of propagation between 
parallel conducting plates. The ionosphere and the earth both act as good reflectors especially in the lower 
VLF range. For rigorous treatment of the problem, one must assume a spherical earth and take appropriate 
models of electron and collision frequency variations with height. To understand mode theory, the problem 
can be simplified by assuming the earth to be flat and the ionosphere to begin abruptly at a height above 
the earth. Effective reflection coefficients (in general, complex quantities) for both parallel and perpendicular 
polarization at ground and at lower edge of ionosphere can be calculated. The simplest mode of propagation 
isthe TEM mode with zero cutoff frequency. ForTE and TM modes, the cutoff frequencies are much higher. 
TEM mode is dominant only at frequencies below 1 kHz. At higher frequencies, losses are too high. 


Note: (References are given at the end of chapter 25) 
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(a) Side view 


x-4: 


(b) Front view 


Topics in this chapter include: 


Introduction 

Plane earth reflection 

Space and surface waves 

Transition between surface and space wave 
Tilt of surface waves 


Impact of imperfect earth 

Reduction factor and numerical distance 
Earth's behaviour at different frequencies 
Curved earth reflection 


23-1 Introduction 


The waves, which while traveling, glide over the earth’s surface are called ground waves. Ground waves 
are always vertically polarized and induce charges in the earth. The number and polarity of these charges 
keep on changing with the intensity and location of the wave field. This variation causes the constitution of a 
current. In carrying this current, the earth behaves like a leaky capacitor. As the wave travels over the surface, 
it gets weakened due to absorption of some of its energy. This absorption, in fact, is the power loss in the 
earth’s resistance due to the flow of current. This energy loss is partly replenished by the diffraction of energy, 
downward, from the portion of the wave present somewhat above the immediate surface of the earth. This 
process is shown in Fig. 23-1. 

The energy propagated over paths near the earth’s surface is considered to be made possible through ground 
waves. The earth’s surface is normally considered to be a plane, provided the distance between the transmitter 
and the receiver does not cross a barrier d which is given by 


d = 50/(fy H2)! in miles (1) 
7 
R 
OR 
C 
(a) Side view (b) Front view (c) Earth represented by 


a leaky capacitor 


Figure 23-1 Frontand side view of the gliding wave and a leaky capacitor. 
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Beyond this distance, the effect of the curvature of the earth is to be accounted. Thus, the study of wave 
propagation can be divided into two parts, i.e., the waves that propagate over (i) the plane earth, and (ii) the 
spherical earth. 


EXAMPLE 23-1.1 Calculate the distance beyond which the earth’s curvature is to be accounted at 
frequency of (a) 100 kHz, (b) 1 MHz, and (c) 10 MHz. 


E Solution 


In view of (1), d =50/(fM y7)*/? in miles 

(a) 100 kHz = 0.1 MHz, d=50/(0.1)!/3=50/0.464=107.75 miles 
(b) 1 MHz, d =50/(1)4/3 =50 miles 

(c) 10 MHz, d =50/(10)1/3 = 50/2.1544 =23-21miles 


23-2 Plane Earth Reflection 


For elevated transmitting and receiving antennas within the line of sight of each other, the received resultant 
signal is a combination of the signal reaching the receiver through a direct path and that reaching after being 
reflected by the ground. These two paths are shown in Fig. 23-2. 

For a smooth plane and finitely conducting earth, the magnitude and phase of the reflected wave differ 
from that of the incident wave. When the earth is rough, the reflected wave tends to be scattered and may be 
much reduced in amplitude compared with smooth earth reflection. The roughness is generally estimated by 
the Raleigh criterion given by the relation: 

R = 4mnosino/r (1) 
where, 
o is the standard deviation of the surface irregularities relative to the mean surface height, 
8 is the angle of incidence measured from the normal angle, and 
à is the wavelength. 
If R < 0.1, the reflecting surface is considered as being smooth. 
If R > 10, the reflecting surface is considered to be rough. 

From the rough earth, the reflected wave tends to be scattered and may be much reduced in amplitude 
compared with that reflected from a smooth surface. Besides, a surface may be considered rough for waves 
incident at high angles (i.e., large 0). It may approach to be smooth as the angle of incidence approaches the 
grazing angle (i.e., @ +0). Also, when the incident wave is near grazing over a smooth earth, the reflection 
coefficient approaches minus one for both polarizations. 


k d >| Flat earth 


Figure 23-2 Direct wave (DW ) and reflected wave (RW ) between 7, and Rx. 
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The problem of reflection at the surface of a perfect dielectric results in the reflection factors for 
perpendicular and parallel polarizations. The earth, although not a good conductor like copper or silver, is 
also not a perfect dielectric. The relations for reflection factors for perpendicular and parallel polarizations 
obtained for perfect dielectric (4 and 5 below), therefore, need modification by accounting finite conductivity 
of the earth. 

For a medium having dielectric constant and conductivity o, M axwell’s equations can be written as 


V x H =J+3D/ðt =E + £3E/ðt, (2) 
In view of sinusoidal time variation [e/“’], the above relation can be manipulated to yield 
V x H =«' dE/dt (3) 


where, £” = {e + (o/j@)} is a complex quantity 
The expression for reflection coefficients ( £,/ Er) for horizontal polarization (R y) and for vertical polarization 
(Ry) are given as 
Ry = {/e1 C086 — /(e2 — £1 Sin? @)}/{./e1 COSO + /(e2 — €1 SiN? 0)} (4) 
Ry = [(e2/21) CosO — J/{(e2/e1) — sin? 6}]/[(e2/e1) COS 6 + /{(€2/e1) — sin? 6}] (5) 
If the medium 1 is free space with £1 = eg and the medium 2 is the flat earth surface with £2 = « = {e + 
(o | jw)}, the above expressions can be modified as under. 
Ru = {0 C050 — [e+ (o/joo)} — eosin? O]}/{/e0 CosO+ VIe + (o/jo)} — eosin? 0J} (6) 
For y = y2 =90°—0 or 8 = 90° — y,cos0 =siny and sind = cosy 
Ry = {£0 cos(90° — y) — VIe + (o/ja)} — £o sin? (90° — W)]}{./e0 cos(90° — y) 
+Vl{e + (o/jo)} — £ sin? (90° — w)]} 
= {Jeo sin — vife + (o/jo)} — (eo cos? W)I}/{/e0 sin y 
+e + (o/jo)} — (eo cos’ w)]} 
= {sin y—J/[{(e/20) + (0 /jweo)}— cos? w]}/{sin y + V[{(e/e0) +(a/jweo)}—Ccos? yl} (7) 
Putting e/e9 = £, and o/(jweo) = x or Re|x| = o/(weo) or x = (18x10°)o/fyz =(18 x 10)o/fy Hz 
Ry = {Sin y — [le — jx) — cos? wh}/{sin y + Viler — jx) — cos? y} (8) 
Similarly, the expression (5) of the reflection coefficient for parallel (vertical) polarization can be modified as 
under. 
Ry = {(e, — jx) sin y — Viler — jx) — cos? WI} /{(er — jx) sin + Jer — jx) — cos? yl (9) 
Since Ry and Ry are both complex quantities, these can be written as 
Ry = |Ry|ZRy, and Ry = |Ry|ZRy (10) 
where |R y| and | Ry | arethe amplitudes and 7R and Z Ry arethe phase angles of Ry and Ry respectively. 
From (8), (9) and (10), itis evident that the reflection factors are of complex nature and that the reflected 
wave will differ from the incident wave, both in magnitude and phase. The variation of these factors with 
angles of incidence, values of x and frequencies ( f) is shown in Figs. 23-3 and 23-4. The parameter x 
obtained for different relative dielectric constant (e), conductivity (o) of the earth over a range of fre- 
quencies (from 0.5 to 1000 MHz) may vary from 2 to more than 200. The relative dielectric constant is 
of the order of about 7 for a poor (low conductivity) earth, 15 for an average earth and about 30 for a 


good (high conductivity) earth. These curves for different relative values of x and f yield the following 
information: 
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When the incident wave is horizontally polarized (Fig. 23-3) 
e The phase of the reflected wave differs from that of the incident wave by nearly 180° for all angles 


of incidences. 


e For angles of incidence near grazing (y =0), the reflected wave is equal in magnitude but 180° out 


of phase with the incident wave for all frequencies and for all ground conductivities. 


e As the angle of incidence is increased, both the magnitude and phase of the reflection factor 
change, but not to a large extent. The change is greater for the higher frequencies and lower ground 


conductivities. 
When the incident wave is vertically polarized (Fig. 23-4) 


e Atgrazing incidence Æ, the reflected wave is equal to that of the incident wave and has an 180° phase 


reversal for all finite conductivities. 


e Asthe angle increases from zero, the magnitude and phase of the reflected wave decrease rapidly. 
The magnitude reaches a minimum and the phase change goes through —90° at an angle known 
as pseudo-Brewster angle (or just Brewster angle) by the analogy of a perfect dielectric case. At 
angles of incidence above this critical angle, the magnitude increases again and the phase approaches 


Zero. 
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e For very high frequencies and low conductivities, the Brewster angle has very nearly the same value 
as it has for a perfect dielectric. For e,=15, the Brewster angle occurs at 14.5° for the perfect dielectric 
case. 


e For lower frequencies and higher conductivities, the Brewster angle is less, approaching zero as x 
becomes much larger than ¢,. 


e When the incident wave is normal to the reflecting surface (y = 90°), it is evident that there is 
no difference between horizontal and vertical polarization. The reflection coefficients Ry and Ry 
should have the same value, as Æ will be parallel to the reflecting surface in both cases. Com- 
parison of these figures illustrate that Ry and Ry have the same magnitude but differ by 180° 
in phase. This is due to the different positive directions assigned for the reflected waves in two 
cases. 


e For angles of incidence near grazing, a more accurate plot of reflection coefficient is often required. 
Such curves plotted on logarithmic scales are available. 


Figures showing variation of the earth’s constants (viz., conductivity and permittivity) in different regions 
of the globe are also available. The values of s, and o for some commonly encountered terrain are given in 
Table 23-1. 


The curves shown by Figs. 23-3 and 23-4 are labeled in terms of relative values of x and f. The actual 
curves may be obtained by substituting desired values of ø, s, and f in the relevant equations. A curve 
obtained for a particular x (say for good earth) will correspond to a particular frequency. This same curve 
may also apply for another frequency if the conductivity of the earth is changed to that of a very poor 
earth. 


EXAMPLE 23-2.1 Obtain the roughness factor at 3 M Hz for an earth having o =0.5, with 6 =30°. 
Calculate the ratio of roughness factors for the same earth and same @ if frequency is doubled. 


E Solution 

In view of (1), R=4zo0sin0/a 

Since à at3 MHz =100m 

R =4 xx 0.5 x sin 30°/100 = 2/100 = 0.031415927 


EXAMPLE 23-2.2 Evaluate the roughness factors for the earth at 10 MHz if øo =5 for 6 equal to 
(a) 30°, (b) 45°, and (c) 60°. 


E Solution 
In view of (4), R=4 xo SiNO/A 


Since A at 10 MHz =30m 

(a) R=4z7x 5 x sin 30°/30 = 107/30 = 2/3 = 1.0472 

(b) R=4xx 5 x sin 45°/30 = 207/30,/2 = „27/3 = 1.481 
(c) R=4xx 5 x sin 60°/30 = 107 4/3/30 = ./37/3 = 1.8138 
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EXAMPLE 23-2.3 Estimate the values of parameter x for flat earth with o = 4x10-°at 
(a) f =300 kHz, (b) 1000 kHz, and (c) 3 MHz. 


E Solution 


In view of the relation, x =(18x107)o/fy Hz 

(a) f =300 kHz =0.3 MHz, x = (18 x 107) x 4 x 10-°/0.3 = 72 x 10-*/0.3 = 2.4 
(b) 1000 kHz =1 MHz =x =(18 x 10%)x 4x10-9/1 =72x10-*= 0.72 

(c) 3MHz=x =(18x103)x 4x1079/3 =72x10-2 / 3 =0.24 


23-3 Space Wave and Surface Wave 


According to Sommerfeld, the ground wave can be Vertical 

divided into two parts, a space wave and a surface dipole Dw 

wave. The space wave dominates at larger distances 

abovetheearth, whereas the surfacewaveis stronger 

nearer to the earth's surface. The expressions given 

by Norton for the electric field of an electric dipole 

above the surface of a finitely conducting plane earth 

clearly show the separation into space and surface Image 

waves; Figure 23-5 Vertical dipole and its image. 
At larger distances, the field expressions for the 

vertical dipole after neglecting the terms containing 

the higher orders of 1/Rı and 1/R2, reduces to 


Ez = j30B/dl{cos? w({lexp — j R1)]/R1} + Rv {lexp(—jB R2)1/R2}) 


+(1 — Ry)(1 — u? + u* cos? y) F {exp — j6 R2)]/ R2} (1) 
Ep = —j30BIdi{[sin y cos w({[exp — jE R1)]/R1} + Rv {lexp(—jB R2)]/R2} 
— cos y (1 — Ry)u{./(1 — u? cos? y)}F{[exp(—jBR2)]/R2}(1 + 0.5 sin? y)] (2) 


The dimensional parameters h;, h,, R1, R2 and d are shown in Fig. 23-5. 

Ez and E, are the z and p components of E respectively. R1,R2 and d are the respective distances from 
dipole and its image to the point P. Ry is the reflection coefficient discussed earlier, and F is the attenuation 
function that depends upon the earth’s constants and the distance to the receiving point P. 

u2=1/ (¢,—jx) (e+, x and parameters involved in it are defined earlier) 

Equations (1 and 2) may be combined and separated into the following two parts. 

The field strengths for space and surface waves can be given as 


Evotal (Space) = /[ EZ (space) + E? (space)] 
= j30B1dl cos w({[exp(—jBR1)]/R1} + Rv {Lexp(—jBR2)]/R2}) (3) 
Evotal (Surface) = /[E3 (surface) + £4 (surface)] 
= j30BIdl(1 — Ry) F{[exp(—jB R2)]/R2}] 
JIL — 2u? + (cos? y)u? (1 + 0.5sin? y)?] (4) 
In the above relations, u4 and higher order terms are discarded. 
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A surface wave (also called Norton surface wave) contains the additional function F representing the 
attenuation. 

The expressions (3) and (4) represent the electric field of a vertical dipole above a finitely conducting plane 
earth. When the dipole is at the surface of the earth, the expression for the surface-wave part of this field 
reduces to 


Etotal (Surface) = j30B/di(1 — Ry) F {[exp(—jBR)I/R}a-(1 — u?) 
+ ap cos y (1 + 0.5 sin? y)}]u/(1 — u? cos? y)} (5) 


Inthis expression R (R >> A) isthe distance from the dipoleto the point at which the field is being considered, 
az and a, are the unit vectors respectively parallel to and perpendicular to the vertical dipole associated with 
E; and Ep. Also, 


F={1—-jJ/roje lerre(i/o)]} (6) 
w = {—jBRu?(1 — u? cos? w)/2}[1 + sin y/fu (1 — u? cos? y) y? (7) 
[0.0] 
ervo) = Qvo) | av (8) 
iyo 
When h, is quite large, the wave is a plane wave EH 
and the space wave field is the total ground wave 
field. When h, is quite small, the incident wave will Antenna 
not be a plane wave. The expression for the total location 
reflected field must contain terms in addition to h=at0o21 4 ——— A 
those given by the space wave field. These addi- 
tional terms are those which account for the surface Antenna g 
wave. 


23-4 Transition Between Surface : Earth’s surface 


and Spaco Wave Figure 23-6 Transition between 


In case of vertical polarization if the antenna height surface and space waves. 

is less than the barrier A-A (Fig. 23-6), the surface 

wave dominates, Æ is not a function of A, and h, and the ray action is not present. A bove this barrier, the 
space wave dominates, ray action (DR and RR) comes into picture, Æ is a function of frequency, conductivity 
and polarization and if o is finite, A, is less over the earth surface and large over the sea surface. In case of 
a horizontally polarized wave, h, = A/10 for much smaller ø , even less than for good earth and sea water. 
Ground wave is almost negligible especially for f > 30 MHz. 


23-5 Tilt of Wave Front due to Ground Losses 


In Section 23-1, it was mentioned that the waves glide over the surface of the earth. Initially, Æ (and 
hence the displacement current) originating from a vertical antenna can be considered to be entirely 
perpendicular to the earth. During the passage of travel, it gets weakened due to energy absorp- 
tion by the earth. The farther it travels, the more energy is absorbed and weaker it becomes. The 
energy absorbed is the result of a current flow beneath the earth’s surface up to a certain depth and 
the presence of earth resistance. As shown in Fig. 23-7, the wave front starts tilting in the for- 
ward direction as it progresses.The magnitude of tilt will depend upon the conductivity and permittivity 
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of the earth. The forward tilt of Æ results in a horizontal component of the current, and hence of 
the power ‘P’ sufficient to furnish the power dissipated in earth over which the wave is passing. 
In general, the components of £ parallel and perpendicular to earth 
will neither be in phase nor will have equal magnitude and thus £ 
above the earth will be elliptically polarized. 

The illustration of Fig. 23-8 gives an idea about tilting of the 
wave during its travel. It shows the distribution and the alter- 
nation of the field (Æ) and charge (Q) just above the ground 
with the wave travel. It also shows the current flow inside the 


earth. The lengths and tips of arrows represent the magnitudes x=05 x=5 x=50 x=500 
and direction of currents at different instants of time. The deeper 

the current penetrates, smaller is its magnitude. As long as the Figure 23-7 Elliptic 
surface supporting the wave is a perfect conductor, E and Q dis- polarization and tilt of £ atthe 
tribution shall remain confined to the surface and £ will be entirely earth surface for e, =5 and 


vertical. for different values of x. 


Themoment conductivity becomes finite, a horizontal component 
of the field E comes into existence resulting in current flow inside the media. The more is the deviation, more 
will be the depth of penetration. Thus this distribution is true for any media having finite conductivity. 
The surface wave impedance Zs of earth is given by 


Zs = Jlop/J(o? + w*eR)] Z [(1/2) tan} (o/wer)] (1) 


Also, the horizontal and vertical components of E are 


En =JsZ; and E,y=nyH (2) 
Thus, 
E;, {Ey = Zs/ny = Zs/311 (3) 
E v= o/Bo=C —> 
4 4 4 
Surface 4 
charge R 4 
densit = = F 
” THH |- -1 atl 
0 Air H+ A js a E Be i 3 
ate y y = E 
skn CE Ya a apa 
in 
depth aa alah ele al lH 
yy <a} =p A 
e aa E e |r 
an S | L= w 


Figure 23-8 Electric field, charge and current distribution. 
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EXAMPLE 23-5.1 Evaluate the value of surface impedance if o =5x10-9, e, =15, w = uo at 
(a) 5 kHz, (b) 50 kHz, and (c) 500 kHz. 


E Solution 
In view of (1), |Z5| = v læn Iy (0? + weR)] 
o? =25x 107! 


(a) f =5kHZ, w = 2rf = 2x x 5 x 10 = m x 104, œ = 109, wer = 15 x 109 
ou = T X 10* x 4r x 1077 =4 x 1072, 
wer = m x 104 x 15 
o? +œ er = 25 x 107 +15 x 10° = 15 x 10° 
J(o? +a er) = J(15 x 10°) = 3.873 x 10° 
[ou/ (0? + wer)] = [0.04/3.873 x 10°] = 10.3 x 107° 
IZs| = Jlou//(o? + weR)] = /10.3 x 107 
= 3.21 x 107? 
(b) f=50kHz,œw=2xf =2mrx 50x10? = 7x10°, w =10!!, wer =15 x10" 
ou = m x 10° x 4r x 1077 =0.4, wer = r x 10° x 15 
o? +oœ?er = 25 x 1071 +15 x 1044 = 15 x 10! 
Jo? +a?er) = (150 x 1010) = 12.247 x 10° 
[wpu//(o* + weR)] = 0.4/12.247 x 10° = 0.03266 x 1076 
IZs| = JVlou//(o? + wer] = /G.266 x 1078) 
= 1.807 x 10-4 
(c) f =500 kHz, w =27f =27rx 500x10? = x x106, œ =10}, wer =15 x108 


wu mx 10° x 4r x 1077 = 4, wer = x x 10° x 15 
o? +w?er = 25 x 1071 +15 x 104 = 15 x 108 
J(o* +a*er) = J(15 x 104) = 12.247 x 10° 
[wp//(o? + weR)] = 4/12.247 x 10° = 0.3266 x 10° 
IZs| = Jlou//(o? + weR)] = (0.3266 x 1078) 
= 5.715 x 10-4 


The depth of penetration of the current into the ground is the function of the ground constants and the 
frequency. Penetration of the order of 15 m occurs at broadcast frequencies, decreasing to one or two meters 
at the frequencies of short-wave communication. At low frequencies, the surface wave is dependent mainly 
on the conductivity, whereas at higher frequencies a high permittivity is important. Thus, over all frequencies, 
surface wave is best over sea and worst over dry land. 
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23-6 Impact of Imperfect Earth 


Figure 23-9 illustrates vertical radiation patterns (V R Ps) of a vertical dipole (V DP), and Fig. 23-10 illustrates 
vertical radiation patterns of a horizontal dipole (HDP) located at different heights above the earth's surface. 
Similar illustrations were included earlier in Chapter 15 in Figs. 15-5, 16-6 and 15-7. The parameter n shown 
in the figures is computed by the relation ‘n = x / «,’ for s, of an average earth. From these figures, it can 
be noted that due to finite conductivity, the chief effect occurs at low angles where the space wave is much 
reduced from its value over that of a perfectly conducting earth. This is because the phase of R, changes 
rapidly for angles of incidences near the Brewster’s angle. At Brewster’s angle, the phase is nearly zero, 
whereas below this angle itis —180°. 


23-7 Reduction Factor and Numerical Distance 


According to the Sommerfield analysis, the ground wave strength E (for flat earth case) is given by the 
relation: 


E = AEo/d (1) 


(a) VRP ofa VDP at h=0 (b) VRP of a VDP at h=A/2 


Figure 23-9 Vertical radiation pattern of vertical dipole ath =0 and h = A/2. 


70° 50° 


90° 80° 


ger fi [l ! 0° 
0 0.2 0.6 1.0 1.4 1.8 
(a) VRP of a HDP at h = 1/4 in the plane (b) VRP of a HDP at h = à/2 in the plane 
perpendicular to the axis of the dipole perpendicular to the axis of the dipole 


Figure 23-10 Vertical radiation pattern of horizontal dipole ath = A/4 and h = 4/2. 
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where Ep is the field strength of the wave at the surface of the earth at a unit distance from the transmitter 
after neglecting the losses in this unit distance. It is a function of the transmitted power P, and the directivity 
of the antenna in the horizontal and vertical planes. Thus, if P, is 1 kW, Eo is obtained to be 300 mW at 1 km 
distance. 

Thesymbol d stands for the distance from the transmitting antenna to the point at which Æ is to be estimated, 
and A isa factor called reduction factor which accounts for ground losses and is a function of the conductivity 
o, permittivity £, frequency f and distance d in terms of the wavelength à. The factor A can be expressed in 
terms of two auxiliary parameters p and b, where the parameter p is called the numerical distance and b, the 
phase constant. Parameter b is a measure of the power factor angle of the earth. Both p and b are functions 
of o, f and characteristics of the earth taken as a conductor of radio frequency current or the power factor of 
the earth impedance. 

For p < 1, A slightly differs from unity, i.e., the loss in earth has little effect on ground wave field strength 
and E is inversely proportional to the distance. 

For p > 1, A decreases rapidly. 

For p > 10, A varies as inversely proportional to the square of distance. 

The values of p and b for vertically and horizontally polarized waves can be obtained from the following 
relations: 


(A) For Vertically Polarized Waves (VPW) 
e+1 
X 


(2) 


Since ground waves are generally vertically polarized, the following approximation can be made in order to 
arrive at some simplified and meaningful results. 
(i) For conducting earth 


ad 
p=—-cosb and tanb= 
xÀ 


1 d f? 
oT 203° palin an” (3) 
co 
(ii) For dielectric earth 
etl d f 
0.3, = m —-—_ 4 
j po ce+1 (4) 
(B) For Horizontally Polarized Waves (HPW) 
~ ad Xx ;_ e=l 


In the above equations, 

b =180°—b', x =1.80x12o/f, d/d isthe distance in wavelength, o is the ground conductivity, 
f is the frequency and e is the dielectric constant of the ground referred to air as unity, and c is the velocity 
of light. 

In view of the above, A may be approximately expressed in terms of p and b by an empirical relation for 
b < 90°. 


2+0.3p ; 
A= >=———__, — y (p/2)e8 sin b 
2+ p+0.6p2 (pide a (6) 


When b = 0 for a vertically polarized wave and 180° for a horizontally polarized wave, a resistive impedance 
is offered by the earth to the flow of RF current. 
For x >> £, at broadcast frequencies, b ~ 0 
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For x << e, at HF and above, b ~ 180° 
For b = 90° earth often offers a capacitive impedance for either polarization 


EXAMPLE 23-7.1 A ground wave of 0.5 mV/m at 20 km distance is obtained from a transmitter 
operating at 2 MHz. The vertically polarized field produced is proportional to cos 6, where @ is the angle 
of elevation. The other related parameters are 

Antenna efficiency = 50%, ø =5x10~ and e, =15. Estimate £ at the transmitting end. 


E Solution 


x = (18 x 107)o/fy yz = (18 x 10°)5 x 1075/2 = 0.45, à at 2 MHz = 150m, 
d = 2 x 104m, E = E1 at d = 0.5 x 10-*V/m 


For a vertically polarized wave, 


tanb = ++ as +1045 = 16/045 = 35.55, b = tan (35.55) = 88.38 


X 
cosb cos (88.38) = 0.028 
ad x 2x 104 6.2832 x 10? x 0.028 
2+03p 2+ 0.3 x 26 _ 98 
2+p+0.6p2 2426406 26x26 433.8 


E at the transmitting end = Ey x d/ A = (0.5 x 1073) 2x104/ 0.0226 = 442.48 V /m 
P =(442.48/137.6)2 = 10.34 kW 


A = 0.0226 


23-8 Earth’s Behavior at Different Frequencies 


In view of Fig. 23-11, the following conclusions can be drawn. 


(i) At Broadcast and Lower Frequencies i 
e Ratio of capacitive reactance of the earth to 0.3 

the earth resistivity (o =1/o) is >> 1. Thus, < 
the earth may be regarded as pure resistance. 5 Ot 

e Values of A and p for a given physical dis- 8 
tance is determined by A which is a function g 003 

of the term ( f2/c). E 
5 0.01 

(ii) At HF (10 MHz) and Above Žž 
(i) The impedance represented by the earth 9.003 
is primarily capacitive and A is a function aes 


1 
0.010.03 0.1 0.3 1 3 10 30 100 3001000 
Numerical distance p 


of the term [ f / (e + 1)]. 


e The values of o and « that govern A of the 
ground wave are suitably averaged values Figure 23-11 Variation of attenuation 
of the quantities for a distance below the factor A with numerical distance p. 
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earth's surface. This distance referred is the depth to which there are ground currents of appreciable 
amplitudes and is called the depth of penetration. 

e The depth of penetration depends on f, o, € and ranges from a few feet at HF to 100’s of feet at 
broadcast and lower frequencies. 

e The earth's constants are not particularly sensitive to conditions existing at the actual surface of the 
ground, i.e., rain, etc. 


23-9 Electrical Properties of the Earth 


The conductivity o and permittivity e of earth Table 23-1 Typical ground constants 
widely vary for different types of soil. Values of a 


Sk f terrai h 
few typical soils and water are given in Table 23-1. PRSE a s ee 
It needs to be mentioned that hilly or mountainous Fresh water 80 100 

f to —3 Pastoral, low hills, Rich soil, 20 100 
regions normally have low conductivity (107° to Pastoral, medium hills, Forestation 13 50 
5x107-° mhos/m), whereas flat regions have rel- Rocky soil, flat sandy 10 20 
atively high conductivity (10x107? to 30x1073 Cites. industrial areas e el ae 


mhos/m). Also, the conductivity varies with tem- 
perature and salt content. 


23-10 Curved Earth Reflection 


It was stated earlier that the effect of the curvature of the earth is entirely negligible up to a certain dis- 
tance and all the relations obtained are valid up to this distance given by [d = 50/ (fm Hz)1⁄3]. When this 
distance gets doubled, the errors introduced in the estimation of various parameters remain small. For still 
greater distances, reduction in field strength below the free space value is much more. This enhanced reduc- 
tion is mainly due to the curvature of the earth rather than due to losses in the ground. This is mainly 
because of the bulge of the earth which prevents surface waves from reaching the receiver by a straight- 
line path. The surface waves arrive at the receiver either through (a) diffraction around the earth, or (b) 
refraction in the lower atmosphere above the earth. The space-wave propagation too is affected by the 
earth’s curvature. In this case, the wave from the ground is reflected from the curved surface instead of 
a flat surface. As a result, this wave will have a more diverged nature and hence will be weaker while 
reaching the receiver. As illustrated in Fig. 23-12, the effective antenna heights h and h} are less than 
the actual antenna heights 4; and A42, and thus all equations obtained for flat earth are to be suitably 
modified. 

At first glance, it appears that the problem of curved earth is easy and can be tackled by the application 
of M axwell’s equations in a simple manner as it was done in the case of flat earth. In Fig. 23-2, ‘d’ is the 
distance between the transmitting and receiving antennas. In view of the curvature of the earth (Fig. 23-12), 
this distance elongates and exceeds d of Fig. 23-2. The curvature also results in an increase of the reflection 
angle which is now greater than y2 of Fig. 23-2. Since @ = 90° — w or 90° — yn, it will be different from 
that of flat earth. On the substitution of these new parameters in (7) and (8) of Sec. 23-2, altogether different 
values may result. Also, since R, and R, are complex quantities, |R,|, |Ry|, Rn and ZR, and the curves 
obtained therefrom will obviously differ. The estimation of field components £, and Ep, etc., shall also be 
influenced by the change in Ra and R,. Apparently, the problem appears to be simple and straight forward. 
Jordon!*, however, has opined as under: 

“The available solutions to this problem are much more involved than the plane earth solutions. One such 
solution is in the form of an infinite series of spherical harmonics with coefficients containing twelve B essel 
functions. The convergence of the series is extremely slow, the main contribution being given by those terms 
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Alx 


R; is the distance A-B 
R, is the distance A-C-B 
h; is the height A-A 
hy is the height B'-B 


d, is the length of arc A’-C 
d, is the length of arc B'-C 
d is the length of arc A"-B" 


Figure 23-12 Effective and actual antenna heights. 


for which n is of the order of the ratio 2xa/à , where a/A is the radius of the earth in wavelengths. For 
commonly used radio frequencies, this ratio is of the order of 103 to 10°.” 

To understand the further complexity of the problem, one may still refer to the paper of J. R. Wait? and 
the references cited therein, particularly from 42 to 61. 

The problem of spherical earth basically revolves around the question whether transmitting and receiving 
antennas are within line-of-sight range or not. To address the problem, consider Fig. 23-13a which shows an 
elevated antenna A and a point C on the ground. The problem reduces to finding the distance to visible (optical) 
horizon. If the radius of the earth is a, antenna height is hı and the angle is œ then from the right-angled 
triangle OAC, 


cosa = x1- — (1) 


a in all practical problems is small. Thus for small œ, 
2 


cosa =1— > (2) 
From (1) and (2), 

a = dı /a = /2hi/a (3) 
Thus, the horizontal distance is 

dı = y2ahı m (4) 
Similarly, from Fig. 23-13b, 

dy = y2ahı M (5) 


If Figs. 23-13a and 23-13b are joined together by overlapping OC, it results in Fig. 23-13c and the total 
horizontal distance d can be given by 


do = dı + d = V2a (Vin + V'h) (6) 
dy = V2 x 6.37 x 105 (Vin) + hz(m)) 
= 357 (Vivo) F h(m)) km (7) 
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(a) (b) 


Figure 23-13 Effective and actual antenna heights. 


The distance dọ can be termed as line-of-sight (LOS) distance/range. Let us confine our study to the case when 
the antennas are A and B and the distanced < dy. As in case of flat earth, the total field at R, should be the 
sum of DR (AB) and RR (ACB). The curvature of the earth has the following effect on the wave propagation 
within the LOS range: 


1. For fixed antenna heights, the path length difference between DR and RR will be different from that 
of flat earth case. 

2. The reflection at the convex surface will result in divergence of the RR path and hence will reduce 
the power received viaRR. 


To understand the process, consider Fig. 23-12. It illustrates a tangent plane MN touching the earth at the 
point of reflection. The antenna heights can now be measured from this plane instead of the earth’s surface. 
The heights 4} and h4 so obtained are the reduced heights and can be used for the actual heights #1 and A2 
wherever they appear in equations. It needs to be mentioned that Fig. 23-12 does not represent parameters in 
true proportion as heights of antennas are much smaller than the radius of the earth. Practically, there is little 
difference between h1 and h} and h2 and h; and the deviations can be written as 


hi = hı — Ahı and h3 = h — Ah? (8) 


In Fig. 23-12, Ahı and Ah? are shown as A” A’ and B” B’. Since dı and dz represent the LOS ranges at 
heights A1 and h2 respectively from (4) and (5) 


Ahı = d? /2a and Ah? = d$/2a (9) 
From (8) and (9) 
hy = hı —d?/2a and h,= h -— d?/2a (10) 


From triangles OAC and OBC shown in Fig. 23-12 with angles of incident and reflection being the same, 
(a + hı) cos(æ + Y2) =acosy2 and (a+ h2)cos(B + Y2) = acos yw (11) 


Equation (11) is justified since hyand hz << a, and y (y = y2)is the grazing angle ACM and BCN. From 
the figure, 


a a 
COSa — Fh = COSB — aap (12) 


tan y = - - 
K sina sin £ 


In the derivation of (12), no assumptions were made. Therefore, the resulting expression is so rigorous that it 
cannot be solved analytically and requires graphical or some other approach for getting the solution. It may, 
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however, be simplified since hiand hz << a anda and £ are also small. Thus, we may set 


a hı a h2 
=1 z1- — 
a+ hı a and a+ h a a 
2 2 
cosa = Ls and cosp=1— É- (14) 
hi/a—a?/2 h/a — B2/2 
Thus, tan y = eres eee (15) 
a B 
The above equation can also be expressed in terms of distances dı and dz, (d = dı + d2) to get 

hı/a—d?/2 h/a — d3 /2 

tan y = ie are Paa (16) 
dı d 
Sincein almost all practical cases hı > hd}, (16) leads to 
d d? 1 d(hi —h 
dq = 52 Jz + 501 + ha) x cos 60° + 5 cos” = Mı 2) 372 (17) 
4 [5 + $01 — ha) 
When d < dp, the reflection point is located by the equations for flat earth which have the form 
hy h2 

dı = d and d= 18 
T mtm ? T h +M os 


The expression for path difference (for flat earth case) given by (5) of Sec. 24-2 can be written in the modified 
form as below. 


Ad = d — dy = 2hyh2/d (19) 


This equation can be modified for spherical earth by replacing actual antenna heights 41 and A2 by the reduced 
heights 41 and 43. This results in 


Ad  2hy hy /d (20) 
Similarly, in case of flat earth 
tan y = “uth and for small angle y = “uth (21) 
This equation too gets modified in case of spherical earth and can be written as 
14 pt 
yea (22) 
Problems 


23-1-1 Distance beyond the earth’s curvature. Calculate the distance beyond which the earth's 
curvature is to be accounted at a frequency of (a) 30 kHz, (b) 3 MHz, and (c) 30 MHz. 


23-2-1 Roughness factor. Obtain the roughness factor at 10 M Hz for an earth having o = 5x 10—> mhos/cm 
for @ equal to (a) 5°, (b) 10°, and (c) 30°. 


23-2-2 Roughness factor. Evaluate the roughness factors for the earth if o = 5 x 10759 = 15° and f equal 
to (a) 10 kHz, (b) 100 kHz, and (c) 1 MHz. 
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Parameter x. Estimate the values of the parameter x for flat earth with o = 3x10 at (a) f =100 kHz, 
(b) 500 kHz, and (c) 3M Hz. 


Surface impedance. Evaluate the value of surface impedance if o =3x10~>, s, =10, u = uo at 
(a) 5 kHz (b) 10 kHz, and (c) 20 kHz. Calculate the rate of change of Zs with doubling of frequency. 


Transmitted power. A ground wave of 0.5 mV/m at 20 km distance is obtained from a transmitter 
operating at 2 M Hz. The horizontally polarized field produced is proportional to cos 6 where @ is the angle 
of elevation. The other related parameters are 

antenna efficiency = 30%, o =5x10~° and e, = 12. Estimate the transmitted power. 


Note: (References are given at the end of chapter 25) 
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d Top of the duct 
c 
b b 
Transmitting ES rf 
Antenna 3 


(a) Ray concept of duct propagation 


Energy leakage 
gy cage te Top of the duct 
St x, 


Space Wave Propagation 


(b) Waveguide concept of duct propagation 


Topics in this chapter include: 


Introduction 

Effect of imperfection of earth 

Effect of curvature of earth 

Effect of interference zone 

Shadowing effect of hills and buildings 
Absorption by atmospheric phenomena 
Variation of field strength with height 


Super refraction 
Meteorological conditions 
Scattering phenomena 
Tropospheric propagation 
Fading 

Path loss calculations 


24-1 Introduction 


Figure 24-1 shows the attenuation of ground waves for good and poor earth. It can be seen from these 
figures that with the increase of frequency, the rate of attenuation increases. The signal strength in case 
of poor earth reduces to the same level in 800 km for 1 MHz and a little over 200 km for 10 MHz. 
Similarly in good earth case, the signal strength reduces to —30 dB at about 1850 km for 1 MHz and 
nearly 750 km for 10 MHz. If the same rate of reduction is assumed, signal strength at 30 MHz in both 
the cases will reduce to almost negligible amplitudes after traveling only a very short distance. Except in 
case of sporadic E layer, the ionosphere too does not reflect energy towards earth at these frequencies. In 
such a situation, the space wave propagation is the only useful means for any effective and meaningful 
communication. 

From Fig. 24-2, it can be seen that the energy contents of space-wave travel from transmitter to 
receiver partly through direct wave (DW) or direct ray(DR) and partly through the reflected wave (RW ) 
or reflected ray (RR). In this figure, the earth curvature is neglected for simplifying the illustration and 
the analysis. The net field strength at the receiving antenna will be the vector sum of DW and RW 
fields. Up to a certain range of frequencies, the wave traveling through the space shall have negligi- 
ble attenuation other than that caused by spreading phenomena. Also, DR and RR are almost 180° out 
of phase for both vertically and horizontally polarized waves. Beyond these frequencies, waves will 
be subjected to attenuation by rain, fog, snow, and clouds and due to absorption by gases present 
in the atmosphere. The field strength of a wave, in general, follows the inverse relation with the 
distance. 
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Figure 24-1 Variation of signal strength with distance at different frequencies. 


24-2 Field Strength Relation 


W hen the distance (d) between transmitting and receiving antennas is sufficiently large in comparison to 
antenna heights (h; and h,), the incidence angle y of the ray on earth is small. In view of Fig. 24-3, reflection 
from earth, irrespective of polarization, can be assumed to have no change in magnitude but with reversal of 
phase. Thus the two waves arriving at the receiver will have equal amplitudes but different phases. A ssuming 
Eo to be the amplitude of DW and RW at a unit distance at a distance d, the amplitudes of both (DW and 
RW) reduce to E’ = Eo/d. 
Figure 24-4(a), a modified version of Fig. 24-2, illustrates Direct wave 

different parameters. These include the transmitting antenna T Reflected wave 

located at A, with height 4,, receiving antennas R located at 
B with height h,, Rı the distance traveled by DW, R2 the dis- 
tance traveled by RW both between T and R and the angle-w. 
The R shown is the distance between T and R via 0, i.e, the 
point from where the wave reflects. Alternatively, it is the dis- 
tance traveled by RR from T* to R where T* is the image of 
the transmitting antenna. Since the earth is assumed to be flat T - Transmitter R - Receiver 
and perfectly conducting, the image will be a perfect replica 
of the source T and exactly h,below the ground. The resul- 


Ideal flat 
earth 


Figure 24-2 Direct and reflected 


tant field Æ can now be obtained from Fig. 24-4 (a and b) as WNES: 
below. 
Ri = (hı — h,)? +d? or R= d{l+ (h: — hy)? /d?]1/ (1) 


If distance (d) is taken to be much greater than the heights of antennas (A, and h,), the wave fronts of the 
direct and ground-reflected waves can be assumed to coincide. Equations (1) and (2) can be re-written as 
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, Rh 
ZR, 
0° 


-90° 


180° 


0° y 90° 


Figure 24-3 Variation of amplitude and phase of reflection coefficients for VPW and HPW. 


Ry = d{1 + (hy — h)? /2d?] or [d+ (h: — h,)?/2d] (3) 
and R= d[l+ (h: + h,)?/2d°] or [d+ (h: —h,)*/2d] (4) 
The difference in path lengths R2 — Rj is obtained to be 
R — Ri = [(h; + hy)? — (hi — h,)?]/2d? = 2 h; h, /d (5) 
The phase difference corresponding to this path difference is 
(2x /A)(2h; hy)/d = (4r h: h,)àd radians. (6) 
-E,/d 


E)/ d[cos(x-6)] 
= —E'cos0 ,.«#—-—— — : -E,/d(DW) 
a) | 
Eo/ d [sin(x+8)] ! p 
=-E' sino i Pa 
| 7 
+E,/ d (RW) Z 
Resultant 


(b) 
Figure 24-4 (a) Illustration of parameters (b) Illustration of field component of DW and RW. 


Itis because of this angle that the direct and indirect (reflected) waves fail to cancel and the resultant of two 
waves is 2 sin [(2z h; h,)/ Ad] times the amplitude of one of the waves (i.e., Eo/d). Thus the field strength 
E at receiver is 


E = (2Eo/d) sin[(2x h: h,)/ad] (7) 


When (27ch,h,)/Ad is less than 0.5 (true for large d), the sine of the angle can be replaced by the angle itself 
and thus 7 reduces to, 


E = (2Eo/d)|(2x hy hr)/àd] = [(4m hy hy) /Ad?] Eg (8) 


In the above equations, Eo is the field intensity produced at a unit distance by direct ray emanating from 
transmitting antenna in the desired direction. Eo will depend upon the directivity/gain (G,) of the antenna 
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and the transmitted power P,. For the half-wave elevated transmitting antennas, Eo = 137.6 Pew mv/m at 
one mile distance. 

It needs to be mentioned that in all above relations, the radiating and receiving elements are assumed 
to be omnidirectional. Rigorous analysis can, however, be done for vertically/horizontally polarized waves 
emanating from dipoles. 


24-3 Effects of Imperfect Earth 
To understand the effect of imperfection of the earth, the following aspects are to be noted. 


e Eold is the field strength which actually corresponds to DW. It will also correspond to RW for 
perfectly conducting earth. 

e |R,| and |Ry| both are less than 1 foro 4 oo, the condition which normally prevails. Thus, the field 
strength at a distance d is always be less than Eo/d. 

e Besides, ¢ 4 180°, i.e., there is no total phase reversal of RW. Thus RW < DW and the total field is 
less than that at o = o0 

e Theeffect is less on HPW than in case of V PW. For VPW, |Ry|<<|R,lat small angles. 

e When o = œ, horizontal components of incident electric field £; and reflected electric field E£, get 
cancelled at reflected surface and vertical components add together. 

e Foro <o, |Ry]| <1, neither there is complete cancellation nor complete addition. 


The variation of field strength with distance, obtained from (7) of Sec. 24-2 is illustrated in Fig. 24-5. 

In Fig. 24-5 (a), d’ is the distance at which free space field and oscillating field for a perfectly conducting 
earth become equal. It is less than the value that makes the angle [(2z h, h,)/ Ad] greater than à / 6. It can 
be observed that the field strength oscillates about the value Eo/d, which corresponds to the strength of the 
direct ray (often called the free space (FS) wave). For a perfectly conducting earth, the maximum amplitude 
of these oscillations is twice of the free-space value. These maxima occur at such distances (related to the 
antenna heights), where DW and RW add in phase. The minima or nulls have zero amplitude in the case of a 
perfectly conducting earth, and occur at distances such that the DW and RW cancel each other. Ford > d’, 


Perfectly 
reflecting earth 


Relative field strength, dB 
Relative field strength, dB 


051 2 5 1020 50 0.5.1 2 5 10 20 50 
Distance in miles Distance in miles 
(a) Field strength as a function (b) same as (a) except 
of distance, flat earth 2r h,h, /A is doubled 


Figure 24-5 Variation of field strength with distance. 
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path lengths of DW and RW always dif- Ty DIRECT RAY 
fer by less tan A / 6, in such cases E falls 
rapidly in accordance with the proportion- 
ality with distance square. For d > d’, the 
angle of incidence is so small that reflec- 
tion takes place with the reversal of phase 
and no change in amplitude for both polar- 
izations. The resulting field will be less 
than the free space value. 

If the argumentoof sine in (7) is changed Figure 24-6 DR and RR over curved earth. 
(say doubled), by changing h+, h, or the 
frequency the resulting field will be as shown in Fig. 24-5 (b). In this case the field fluctuates more rapidly 
and the average field strength at any distance is more than in case shown by Fig. 24-5 (a). Also, d” > d’ 
where d” is the distance at which free space and oscillating fields are equal for perfectly conducting earth. 


GROUND - REFLECTED RAY 


h’, andh’, are the effective heights of antenna 
h, and h, are the actual heights of antenna 


24-4 Effects of Curvature of Earth 


Due to Curvature of Earth: 


e The effective and actual antenna heights shown in Fig. 24-6 differ. The quantum of difference will 
depend on the separation between T, and Ry. 

e Thereis achange in the number and location of maximas and minimas as illustrated in Fig. 24-5. 

e  Thereis reduction in d’, beyond which the two waves tend to be out of phase. 

e Thewave reflected by the ground diverges. Thus, RW at Ry antenna is weak. This effect is less when 
the incident angle is moderate or large and more when this angle is small. Near grazing angle, the 
field strength of RW reduces significantly at the receiver by the divergence effect. 

e Atlarge distances, for small incidence angles and DW and RW in phase opposition, the resultant £ 
at R, iS appreciably greater than that if earth were flat. 

e The last two effects of curvature try to neutralize each other. Thus, (8) of Sec. 24-2 is reasonably 
accurate. 


24-5 Effect of Interference Zone BGS ineiaronie zong 


This effect is shown in Fig. 24-7 wherein if the Diffraction or 
receiving antenna falls in the shadow zone, logically shadow zone 
there should not be any reception. However, in view 

of diffraction phenomena some signal arrives at the Figure 24-7 Result of diffraction phenomena. 
receiver. 


24-6 Shadowing Effect of Hills and Buildings 


AtVHF and above, serious disturbances in space wave propagation are caused by trees, buildings, hills and 
mountains. These obstacles cause reflection, diffraction and absorption. Losses caused by absorption and 
scattering increase with the increase of frequency until f exceeds 3 GHz. Beyond this frequency, building 
walls and wood become opaqueto the waves. A t higher frequencies, the received signal strength is considerably 
reduced at position on the shadow side of any hill. Figure 24-8 illustrates the shadowing effect of hills and 


The McGraw-Hill Companies 


804 Chapter 24 Space Wave Propagation 


building. In view of Fig. 24-8 (a), the reduction in R2 can be seen and thus equations (7) and (8) of Sec. 24-2 
will yield an altogether different result. It is not only the reduction in R2,the obstructive object also scatters 
the energy. Therefore, to estimate the real impact the analysis in normally carried out by replacing the actual 
obstruction by an equivalent knife edge shown in Fig. 24-8 (b). 


24-7 Absorption by Atmospheric Phenomena 


In very high frequency ranges, the rain attenuates the wave partly due to absorption and partly by scattering. 
This attenuation is a function of wavelength, permittivity, drop diameter and drop concentration, and the 
losses due to scattering. Serious attenuation is observed at à =3 cm for heavy rains (not cloud burst) and at 
à =1 cm for moderate rains. Since attenuation is proportional to the mass of water/unit volume and drop size 
for cloud and fog are smaller than rain drops, serious attenuation occurs below à = 1cm due to clouds and 
fog. Losses in ice are considerably less than in liquid water. The attenuation by dry hail storm is less than that 
due to rain except in mm region where itis comparable. A s water content in even a heavy snow storm is quite 
small, the attenuation caused by snow is always small. Due to molecular interaction, absorption of energy 
takes place at certain wavelengths due to water vapors and gases with peaks noted at à = 1.33 cm, 1.7mm 
and 1 mm. Peaks due to absorption by O2 molecules occur at à =5 mm and 2.5 cm. 


24-8 Variation of Field Strength with Height 


The impact of height on the distribution of field is shown in Fig. 24-9. Figure 24-9(a) illustrates the impact 
when the earth is assumed to be flat and Fig. 24-9(b) for a curved earth. Thelocations of minimas and maximas 
depend on A+, h,, frequency and the distance between the transmitter and receiver. The field strength contours 
are produced by a transmitter located on ground radiating a vertically polarized wave. 


Ry 
Local shadow zone 


Vertical Polarization 


Free space field Radio 


4 Horizon 


Actual Earth 

O #00 
minz# 0 min=0 
for o < œ% for o =% 


Perfect Earth 


o=0 


Height above earth 


Height in Thousands of Feet 


0 E, 2E, Envim 
(a) (b) 
Figure 24-9 Variation of field strength with height. 
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24-9 Super Refraction 


The refractive index ‘n’ (= ./e) for free space is given by the relation: 
80 4800w 
=1+ =107ê | P+ —— 1 
n=1+ 7 0 ( Ter ) (1) 
where, T is the absolute temperature of air, P is the air pressure in millibars and w is the partial pressure of 
water (humidity) in millibars. 
In connection with n, the following points need to be noted: 


e The gradient of the refractive index n is not always uniform. 

e Itis often divergent from the mean value, particularly in the lower 5 km of the troposphere. 

e The variation becomes important if à < h; (where h is the height above the ground), since ray paths 
are dependent on variation of n with height. 

e Thevariation of n leads to the phenomena such as reflection. refraction, scattering, fading and ducting. 

e Theduct can be assumed to be a waveguide with leakage. 


The actual ‘n’ is often replaced by a modified index ‘N’ bearing the relation: 
N=n+h/a (2) 


Relation (2) involves radius of earth ‘a’ (a = 6.37 x10° m) and thus ‘N’ accounts for the earth's curvature. 
N is always approximately equal to unity since h << a. In view of the importance of its actual value, itis 
further convenient to introduce a new parameter called the refractive modulus ‘M’. 


M = (N — 1) x 10° (3) 
The gradient of N can be written as 
dN e 804P 80 9600w\ dT 80x 4800dw 10 
x 10° = + 


dh — Tdh T? T j)dh T? dh a (4) 
In this equation, the first term on the right-hand side is always negative and the last term is always positive. 
Signs of the other two terms depend on atmospheric conditions. In standard atmosphere, temperature decreases 
with height @ 6.5°/km and w decreases linearly. Thus, the second and third terms are both negative and their 
values in standard atmosphere are such that dN /dh is positive with a value usually taken as 0.118x10~® /m. 
This value is expressed in terms of dM /dh is given as 0.118M units/m and corresponds to —0.039 x 107%. 

Under certain atmospheric conditions, dT/dh and dw/dh may greatly differ from standard values, 
particularly when warm dry air passes over a cool sea surface. The air close to water will be cooled and an 
increase in temperature with the height will result. Also, water vapour contents will decrease with height 
much more rapidly than usual. B oth of these factors reduce dM /dh which may become negative over a region 
close to sea surface and result in what is called a surface duct. Under certain other conditions, dM /dh may 
assume negative value a little higher in the atmosphere making an elevated duct.A Il conditions which make 
dN /dh less than the standard values are called super-standard and improve radio wave propagation. A Iso, the 
conditions which make dM /dh greater than the standard values are called sub-standard making the signals 
below normal. Figure 24-10 shows different type of refractive index profiles observed. 

When dM /dh is negative, the curvature of rays passing through the atmosphere is greater than that of 
the earth. As a result energy, originated from the antenna and initially directed approximately parallel to 
the earth surface, tends to be trapped and propagates around the curvature of the earth in a series of hop. 
dM /dh = 0.036 units/ft for standard atmosphere. Normally, at quite high altitudes n is not a function of 
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dM 
=2 50 
dh 
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equals earth’s curvature 
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hg aM -9 Elevated 
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dh 
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(c) surface duct (d) elevated duct 
formed over sea formed over land 


Figure 24-10 Different type of refraction index profiles. 


height, dM /dh =0.048 units/ft. the effect of different rates of variation of n on wave propagation is shown in 
Fig. 24-11. 

Thus, the radius of the earth is to be simultaneously adjusted so as to preserve the correct relationship 
between the ray path and the curvature of the earth. This adjustment has to be such that the ray path and the 
curvature are to be seen as parallel and the ray path as a straight line. The amount of change in the earth’s 
radius required to achieve the above is to multiply the radius by a factor k, where k is given by 

_ Equivalent earth radius 0.048 


= 5 
Actual earth radius dM/dh (5) 


In (5), dM /dh represents the changein M with height. For dM /dh =0, k isinfinite and for standard atmospheric 
conditions: 


0.048 4 
The maximum possible distance at which direct wave nincreases 
transmission is possible between a transmitting and receiving with height ane 


antennas with heights 4; and h, is often referred as the line of 
sight (LOS) distance and is equal to the sum of horizontal dis- 
tances calculated separately for individual antenna heights. 
W hen distance involved is less than LOS value, the path is 
often referred to as being optical. This is in the sense that 
the ray can pass directly between transmitting and receiving o. 
antennas. When duct propagation exists, LOS and diffrac- Figure 24-11 Effect of variation of 
tion zone concept no longer apply and energy travels long n on wave propagation. 

distances with low attenuation. 


atmosphere 


Transmitting antenna 
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Figure 24-12 


Optical and Radio Horizon terms are also frequently used in connection with the point-to-point communica- 
tion and radars. In order to understand these terms, let us consider different segments of Fig. 24-12. In view 
of Fig. 24-12a, the line of sight is the straight line distance between T, and R, that is tangent to the surface 
of the earth. This distance dp along LOS is 


dy = /2Kah, + /2Kah, (7) 


where h, and h, are height transmitting and receiving antennas, a is the earth’s radius and K is the factor 
accounting for refraction due to a uniform gradient of refractivity. The point of tangency of the LOS with the 
earth is termed as geometrical or optical horizon. A good optical path requires that the ground, including any 
obstructions thereat, be outside the first Fresnel zone surrounding the direct path. The Fresnel zone may be 
defined as a cylindrical surface of revolution having the direct path as its axis, and possessing a contour such 
that the distance from the transmitting antenna to point on the surface plus the distance from this point to the 
receiving antenna is one half wavelength greater than the direct path between T, and Ry. 

To further elaborate the effect of refraction, consider a transmitting antenna at a height h, above the earth's 
surface. The geometrical horizon distance dg can be obtained from Fig. 24-12b. From the geometry, with 
h, << a Such that 6 is small for the tangent falling at B, 


R? = (a +h)? +a? (8) 
; y (h 2 — qa? s/h; + 2aht 
peanda ag aa (9) 
h +a ht +a 


Since h, <<a 


dg ~ y2ahı (10) 


The radio horizon distance dr can be obtained from Fig. 24-12c following the same procedure. 


; ht + ka)? — (Ka)? 
PEPE ee EE + ka) (Ka) 


ht + ka 
yh? +2Kah, 
= Ka x |/2Kah 11 
° hi + Ka ae ( 


Since K > 1, dr has to be greater than dg. Since for standard atmospheric conditions, K = 4/3 the radio 
horizon distance dr is 


dr = [Sita ~ 1.155dg (12) 
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e 
Top of the duct Energy leakage Top of the duct 


£ ~ 
aw ie >> 
Transmitting Transmitting Z rr ` 
Antenna Antenna Arrows represent the 
direction of energy flow 
(a) Ray concept of duct propagation (b) Waveguide concept of duct propagation 


Figure 24-13 Ray and waveguide concepts of duct propagation. 


If AM is the total decrease in M (generally not greater than 50 units) from bottom to the top of the duct the 
wavelength à = à max at which the duct propagation ceases is given by 


AMax = 2.5ha /[AM x 107°] (13a) 


where, ha is the height of the duct as shown in Fig. 24-13 and may be of the order of 10’s of feet to 100’s of 
feet. There is always some leakage of energy from the duct which increases as the ratio of A/hg increases. 

Duct propagation is limited to UHF and microwave frequencies. For 
duct formation, it is necessary that antenna height remains less than or 
equal to hg. Ground-based ducts over sea or water stretches occur less 
frequently and generally temporarily. Elevated ducts are always present 
over oceans or in trade wind belts. For surface duct of height ha, À Max 
for which trapping occurs is more accurately given by 


Top of the duct 


Height ‘h’ above the ground 


h 
tice le f INH) — N (ha)}! dh (13b) 


Signal strength 


The duct formation and its waveguide equivalent are shown in Fig. Figure 24-14 Variation of 
24-14. signal strength with height. 


EXAMPLE 24-9.1 Thetransmitting and receiving antennas with respective heights of 49 m and 25 m 
are installed to establish communication at 100 M Hz with a transmitted power of 100 watts. Determine 
the LOS distance and the received signal strength thereat. 


E Solution 
à at 100 MHz =3 m. In view of (7) for 4/3 model and a = 6370 


= Ikah + /2kah; = /2ka/1000 (Vn + Hr) 


4 6370 
= yY 23 1000 (Vm + vhr) = 4.12 (Vai + Vr) 
Thus, LOS distance = 4.12 (,/49 + ./25) =12 x 4.12 = 49.44 km 

E, = (88/P/{Ad?}] h; h- V/m = [88,/100/ {3 x (49.44 x 103)?]49 x 25 


= [880/{3 x (2444 x 10°)] x 1225 = 12 x 1074 x 1225 = 1.47W 
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EXAMPLE 24-9.2 Calculate the maximum distance at which signal from transmitting antenna with 
144 m height would be received by the receiving antenna of 25 m height. Also, calculate the radio horizon 
distance for & =4/3 model earth of 6370 km radius. 


E Solution 
LOS distance = 4.12 (Vh; + vhr) = 4.12 (./144 + ./25) =4.12 x 17 =70.04 km 


Thesurfacerangeto the radio horizon from radar =/2Kah,=,/2$ x 6370 x bhh = 4.12144 = 49.44 km 


EXAMPLE 24-9.3 A transmitting antenna of 100 m height radiates 40 kW at 100 MHz uniformly 
in azimuth plane. Calculate the maximum LOS range and strength of the received signal at 16 m high 
receiving antenna at a distance of 10 km. At what distance would the signal strength reduce to 1mV /m ? 


E Solution 

LOS distance = 4.12 (Vh: + /h,) =4.12 (./100 + ./16) =4.12 x 14 =57.68 km à = 3m 

88V P PN 88 v40 x 103 
ad?" " 3x 104 x 104 

= 98.36 mV /m 


Field strength atl0km = E; = x 100 x 16 


Distance at which the field strength will reduce to 1mV /m 


EXAMPLE 24-9.4 A directional antenna with 10 dB gain radiates 500 watts. The receiving antenna 
at 15 km distance receives 2 micro-watts. Find the effective area of the receiving antenna. Assume 
negligible ground and ionospheric reflections. 


E Solution 

Given d =15 km, G; =10, W, =500 W, W, =2x10-°W, to find A, 

W:Gr 

4rd? 

W,4r d? 2x 1076 x 4r x (15 x 103)? 
WiG; 500 x 10 


Since W, = Ae 


= 1.13 m? 


Ae = 


EXAMPLE 24-9.5 Calculate the maximum frequency which can be transmitted by a duct of height 
1000 m if the total change in M is of the order of 0.036. 


E Solution 
In view of (13a) 


Amax = 2.5hgJ/[AM x 107ĉ] = 2.5 x 1000 x (0.036 x 10~®)1/2 


0.19 x 2500 x 107? = 0.475 
Thus, finax = C/AMax = 3 x 10°/0.475 = 631.6MHz 
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24-10 Meteorological Conditions Predicting Super Refraction 


Both the conditions associated with fine, calm and anti cyclonic weather, i.e., increase in temperature (called 
temperature inversion) and rapid decrease of w (humidity) with height result in decrease of refractive index n 
with height. In cold, rough weather the lower temperature is usually well mixed and n is more or less standard. 
W hen the day is warm, land and air both become warm. A fter sunset, if the sky is clear, land radiates its heat 
and its temperature falls rapidly. As a result, earth and lower layer of atmosphere cool down but the upper 
layer remains unchanged. It results in temperature inversion. If this inversion is sufficiently intense, it results 
in super reflection. Though this effect is common over deserts, it can also occur anywhere if the sky is clear 
and the land is dry. It maximizes in early morning and disappears after sun rise. Such conditions frequently 
exist over the sea, particularly near coasts where air close to sea tends to be damp and cool while the upper 
layer is dry and warm. 


24-11 Scattering Phenomena 


Reception far beyond the optical horizon in VHF and UHF Scattering area 
range is possible due to scatter propagation. B oth troposphere eisciie cients 
and ionosphere arein continual state of turbulence. T his gives 
rise to local variation in ’n’ of the atmosphere. Waves passing 
through such turbulent regions get scattered. W hen a is large BX ) Scattering angle 0 
compared to the size of the turbulent eddies, waves scatter in ae 

: ; f : cattering signal 
all the directions. W hen à is small compared to these irregu- 
larities then most of the scattering takes placewithinanarrow Tx 500 km 
cone surrounding the forward direction of propagation of the a a: 
incident radiation. To receive scattered signal at a point well 
beyond the horizon, the transmitting and receiving antennas Figure 24-15 Iilustraction of the 
must be of high gain and must be so oriented that their beams scattering process. 
overlap in a region where forward scattering is taking place. 
The scattering angle should also be as small as possible. This process is shown in Fig. 24-15. Since the 
scattering process is of random nature, the scattered signals continuously fluctuate in amplitude and phase 
over a wide range. The scattering is of significant practical utility in the following regions: 


Main energy 


D 


e 500MHzonwardswith troposphere asthescattering medium. Itis called tropospheric scattering. 
Depending upon the bandwidth of transmitter, its maximum range lies between 300 to 600 km. 

e 30 to 50 MHz with ionosphere as medium. It is called ionospheric scattering and mainly occurs 
in the E region with maximum range of about 2000 km. The level of scattered signals in this case is 
much small, some 10 to 20 dB below the free space signal for the same distance. 


24-12 Tropospheric Propagation 


The scattering phenomena discussed above can be utilized for the communication purpose. A general 
mathematical relation governing the received power at a distance can be derived as below: 

Consider an omnidirectional antenna which radiates uniformly in all directions. L et the transmitted power 
be denoted by P, and the power density (i.e., the power per unit area) in free space at a distance R from the 
transmitter is denoted by P.s. It will be equal to the transmitted power divided by the surface area 47 R2of 
an imaginary sphere of radius R. Thus 


P, 
P, = —— watt 1 
f An R2 ee (1) 
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If the transmitting antenna is directional with gain G;, the increased power reaching the point of observation 
as compared to the power that would have been reaching in case of an omni-directional antenna is given by 


P,G; 


P,f = DR? watts 


At the point of observation, the receiving antenna 
will capture a portion of this radiated power. If the 
effective capture area of the receiving antenna is A,, 
the received power will be 


_ PGA; 


pa tt 
f= pR? "W (3) 


The antenna gain G, and the effective area A, for 
receiving antenna bear the following relations: 


4r A, 2G, 
= a2 = An 


Substitution of A, in the expression of P,¢ results in 


(4) 


P,G,G,? 
„f = ——— watts 5 
In all above relations, à is the wavelength. 
In case of involvement of scattering process, 
P,will be obtained by multiplying RHS of (5) by an 
attenuation factor F given by 


F= EA (6) 
where o(@) is the effective scattering cross-section, 
v is the scattering (common) volume and @ is the 
scattering angle, both shown in Fig. 24-15. 

As reported in the literature, the received power 
at different distances was computed for smooth earth 
and standard atmospheric conditions in view of (9) 
of Sec. 24-9 alone and after incorporating attenuation 
factor spelled by (10). Itis further mentioned that when 
the power at these distances was experimentally mea- 
sured, the results were quitesurprising. Figure 24-16 
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Figure 24-16 Relative received power 
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illustrates a plot of received power vs the distance containing these results. It can be noted that the theoreti- 
cally computed values have much steeper slope than for those experimentally obtained in the shadow zone. 
To further elaborate, Fig. 24-17 illustrates variation of attenuation factor F with distance for a number of 
frequencies. There are mainly two interpretations for the availability of strong signals which are termed as 


turbulent scattering theory and layer reflection theory. 
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1. Turbulent Scattering Theory P According to this theory there is a turbulent variation of refractive 
index ‘n’ with height. The twinkling of stars, wavering appearance of objects seen over the earth's 
surface, heated by the sun, and random erratic appearance of exhaust gases left by the aircraft engines 
are said to be the result of turbulent variation of n. 


2. Layer Reflection Theory P In this theory, 
it is presumed that there are a large number 
of randomly distributed layers with differ- 
ent refractive indices. T hese layers result in 
scattering of part of the transmitted energy 
towards the earth. 


N 
T 


Height, Km 


Whether there is a turbulent change of n or 
there are large number of randomly dispersed 
layers in common volume, it is observed that 
attenuation does not exceed 100 dB even in the 
worst case at a distance of 500 km. 

Figure 24-18 illustrates the refractive index 
profile plotted by a refractometer (with fading) at 


3.67 GHz. it can be noted that despite fading of 
the signal, the profile is sufficiently stable. Figure 24-18 Variation of refraction with height. 


=š 
T 


(0) 40 80 120 160 
Relative refractive index 


EXAMPLE 24-12.1 A waveoriginates from the transmitting antenna with 10 dB gain and 100 watts 
radiating power at 10 M Hz. Itis received by an antenna with 15 dB gain located at a 20 km distance. 
Calculate the received power if the wave (a) travels in free space, (b) gets attenuated due to scattering 
from common volume of 1000 m? with an effective scattering cross-section of 0.1 m?. 


E Solution 
In view of (25 and 26) 


(a) P.s = P,G1G,à? _ 100x10x15x300x300 _ 135x107 21.1mW 
„e= s 


(4 R)? 4r x4r x(20x103)2 — 640x108 — 
(b) F = Pe JoOW = my VOT x 1000 = {y = 0.565 x 10-3 


Net P.f = 21.1 x 0.565 x 107° = 11.9215 x 10-®watts 


24-13 Fading 


The tropospheric signals often suffer from 
fading which is a phenomenon of reduc- 
tion of signals due to variation in refractive 
index. This variation is attributed to sud- 
den changes in temperature, pressure and 
humidity. Figure 24-19 shows the variation 
of signal in view of the fading phenomena. 

Fading normally is of Rayleigh nature. It 0 5 10 15 20 25 28 
can be classified in many ways. It can be fast Timeiisecondë 
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Figure 24-19 Fading phenomena. 
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or slow, single path or multi-path and short term or long term. For fast or multi-path fading, the duration is of 
the order of 0.01 second. Also, for long-term fading, on an average, the variation of the signal is of the order 
of 10 dB. It has been observed that the summer signals are about 10 dB stronger than winter signals. Also, 
the morning and evening signals are nearly 5 dB more than afternoon signals. 

The fading phenomena may occasionally result in sudden disruption of communication. To avoid the same, 
the techniques employed are called diversity techniques. These include (two or four fold) space diversity, 
frequency diversity, time diversity, modulation diversity and the polarization diversity. 

Though the frequency range for tropospheric communication links varies between 300 to 10000 M Hz, 
frequencies from 700 to 5000 MHz are more commonly used. Below 700 MHz, the antenna becomes too 
large and the scattering volume too inadequate. Also, above 5000 MHz, there are excessive attenuation due 
to oxygen, water vapors and rain. Besides, non availability of high power transmitters also makes the use of 
higher frequencies impractical. 


24-14 Path Loss Calculations 


The basic path loss for general communication is given by the relation 


path loss = 32.45 + 2010049 fm uz + 2010019 dkm (1) 
The total path loss in dBs = Ltotal = L fs + Ls + Lret + Ltad + Lepi + Gi — G, (2) 
where L rs is the free space path loss and is given by 
Lfs = 10log 10(47rd / R)? (3) 
Ls is the medium scattering loss and is given by 
Ls =57+10@ — 1)10l0910(fmuz/400) (ford >1°) (4 Common volume 


Main energy 


6 = (09-61-62) =[(d — dı — d2)/ R] (180/7) degrees 
Lref = —0.2(Ns — 310), Ns = (ns — 1) x 10-8 


(5) 


ng is the surface refractive index, 
Ltaq is the fading margin in dBs, and 

, ; foe Ty 
Lepi is the aperture to medium coupling loss and is given by 


1 d lp 
Lepi = 0.07 exp [0.055 (G; + G,)] dB (7) a — y Earth 


G; and G, are gains of transmitting and receiving antennas. Figure 24-20 Parameter involved 
The parameters 60, 61, 62, d, dı and dz are shown in Fig. 24-20. jn loss calculation. 


EXAMPLE 24-14.1 Find the basic path loss for communication between two points 3000 km apart 
at a frequency of 3 GHz. 


E Solution 
In view of (1) 


Path loss = 32.45 + 2010gy9 fz + 20109;9dkm 
= 32.45 + 20109193000 + 2010g,53000 
= 32.45+20 x 3.4771 + 20 x 3.4771 = 171.534 dB 
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Problems 


24-9-1 LOS distance. The transmitting and receiving antennas with respective heights of 64 m and 25 m are 
installed to establish communication at 10 M Hz with transmitted power of 100 watts. Determine the LOS 
distance and the received signal strength thereat. 


24-9-2 Maximum distance and radio horizon distance. Calculate the maximum distance at which 
signal from transmitting antenna with 121 m height would be received by the receiving antenna of 16m 
height. Also, calculate the radio horizon distance for k =4/3 model of earth with standard value of radius. 


24-9-3 Signal strength. A transmitting antenna of 100m height radiates 50 kW at 30MHz uniformly in 
azimuth plane. Calculate the maximum LOS range and strength of the received signal at 9 m high receiving 
antenna at a distance of 20 km. At what distance would the signal strength reduce to half of that received 
at 20 km? 


24-9-4 Effective area. A directional antenna with 20 dB gain radiates 300 watts. The receiving antenna at 
25 km distance receives 10 uW. Find the effective area of the receiving antenna. A ssume negligible ground 
and ionospheric reflections. 


24-9-5 Maximum frequency. Calculate the maximum frequency which can be transmitted by a duct of 
100 m height if the total change in M is of the order of 0.040. 


24-12-1 Power received. Calculate the power received at 100 km distance if a wave originates from the 
transmitting antenna with 10 dB gain and 500 watts radiating power at 15 MHz. Assume the same gain for 
the receiving antenna. 


24-14-1 Basic path loss. Find the basic path loss for communication between two points, 2000 km apart, at 
a frequency of 5 GHz. 


Note: (References are given at the end of Chapter 25) 
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Sky Wave Propagation 


Topics in this chapter include: 


Introduction 

Structural details of ionosphere 

Wave propagation mechanism 
Refraction and reflection of sky waves 
Ray path, skip distance and M UF 
Critical frequency and virtual height 


Impact of solar activity 

M ulti-hop propagation 

Takeoff angle 

Energy loss in ionosphere 
Primary and secondary services 
Wave characteristics 


25-1 Introduction 


This mode of wave propagation is confined to the high-frequency range and its application to the broadcast 
services with the exception of OTH radars. The propagation of sky waves (also called ionospheric waves) 
revolves around the refraction mechanism in the ionosphere. T he electromagnetic waves are launched towards 
the ionosphere wherefrom, under suitable conditions, they return to the earth due to the refraction mechanism. 
Their satisfactory return depends on a number of factors including frequency of operation, angle of takeoff and 
ionospheric conditions. In thefollowing text, various aspects of ionospheric propagation are discussed in detail. 


25-2 Structural Details of the lonosphere 


The ionosphere is a region above the earth and is composed of ionized layers. In general, four layers, namely 
D, E, Fı and Fzare assumed to exist at different heights. The distances of these layers, from the earth, are 
normally referred to the heights at which the concentration of ionized electrons is maximum. These layers 
are shown in Fig. 25-1. 

D layer |t exists between 50 to 90 km above the earth’s surface. It is a daytime phenomena and is largely 
absent in the night. lonization in the D layer is low because less ultraviolet light penetrates to this level. 
At VLF, the space between the D layer and the ground acts as a huge waveguide, making communica- 
tion possible but only with large antennas and high power transmitters. At LF and MF ranges, this layer 
is highly absorptive and limits daytime communication to about 300 km. It is responsible for much of 
the daytime attenuation of HF waves. This layer starts losing its absorptive nature in the MHz range 
and at 30 MHz, waves cross the D layer un-attenuated. Its structural details are not yet known with 
certainty. 
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Combined F Layer 


TE NN (150-250 km) 
1| ————~ F, Layer-Exists day and night ——______ Fait) In summer 
(150-300 km] 
In wint 
F4(250-300km) — F Layer-Most dense under sun Zeb REN, 


"Rises at sunset and merges with F, 


E(90-140 km) gi x 
E __E Layer- Day light phenomenon Layer density varies with Seasons | pe 5 
à very rare of almost disappears after sunset 
D(50-90 km) 
D Layer- Day light phenomenon 


Not always present Highly absoptive gee 
ane sos N ysp ghly absop (b) Night 


(a) Day 


F(250-300km) 


Figure 25-1 lonospheric layers with some of the salient features. 


E layer |t exists between 90 to 140 km above the earth’s surface, with maximum density at about 110 km. It 
is almost constant with little diurnal or seasonal variations. Itis closely governed by the amount of ultraviolet 
light from the sun and uniformly decays with time at night. This layer permits medium distance communication 
in LF and HF bands. At night, the D layer slightly rises and the E layer slightly lowers to form one layer, 
which is again called the E layer. 


F4 layer |t exists between 150 to 250 km above the earth’s surface in summer and 150 to 300 km in winter. 
This layer is also almost constant with little diurnal or seasonal variations. 


F2 layer It exists between 250 to 400 km. At night, the F ı layer slightly rises and the F2 layer slightly lowers 
to form one layer, which is again called the F2 layer. It is sometimes also referred as the F layer. It is more 
variable in nature. The F2 layer is responsible for most of the HF long-distance communication. 


Sporadic E |tis the result of an anomalous phenomenon and falls under the category of irregular variations. 
Its occurrence is quite unpredictable and is observed both during day and night. The cause of its appearance 
is still uncertain. It occasionally appears in and around the E layer, at discrete locations and then disappears. 
It often occurs in the form of clouds of charged particles of varying size from a fraction of a kilometre to 
several hundred kilometres across. It can be so thin that radio waves penetrate it and are returned by the upper 
layers, or it can extend up to hundreds of km. This layer may appear anywhere between the E and F; layers 
or within the range of the E layer itself. 

The negative aspects of the sporadic E layer are that it sometimes prevents the use of higher, morefavourable 
layers and at some frequencies it may also result in (i) additional absorption, (ii) multipath problem, and 
(iii) additional delay in return of the waves. Its positive aspects include that it has greater critical frequency 
and thus permits long-distance communication at much higher frequencies than the usual ones for well-defined 
layers. Sometimes thelocations falling in skip zones can beilluminated by thereturns from the sporadic E layer. 

A few authors have also mentioned about the existence of aC layer between heights of 50 to 70 km. It 
is said to exist only during the day and disappears in the night. Its impact on wave propagation is of little 
significance. 

In addition to Fig. 15.47, a complete picture showing different layers encircling the earth during day and 
night is again illustrated by Fig. 25-2. Details about Van-A llen-Belts were included in Chapter 22. Further 
details about characteristics of various ionospheric regions are included in Table 25-1. 


25-3 Wave Propagation Mechanism 


25-3a Refraction In The Absence Of Earth’s Magnetic Field 


To understand the refraction mechanism, first assume that the earth’s magnetic field is either absent or its 
effect is almost negligible. Later the effect of earth’s magnetic field on the propagation mechanism can be 
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VAB; VAB; 
Plane of 
Equator 


Sporadic 


Figure 25-2 lonospheric layers and Van-Allen-Belts girdling the earth. 


Table 25-1 Characteristics of the various regions of the ionosphere 


Particulars D E F1 F2 
Likely origin lonization of NO with  lonization of all gases by lonization ofO with fast Ionization of O by UV, 
Lyman-alpha radiation, soft X-rays decrease of recombi- X-rays and probably 
lonization of all gases by nation coefficient with corpuscular radiation 
soft X-rays height 
Height 60-90 by day, 100-140 180-240 by day, 230-400 
in km disappears at night disappears at night 
Molecular 1014-1016 5 x 104-108 About 101 About 101° 
density/cm?3 
Electron 10?- 103 for electrons Up to 10 to 4.5 x 10° by 2x 107 -— 4.5 x 10° Max. 2 x 106 by day 
or ion density/cm3 106-108 for ions day, in winter, 
fixed at about 5 x 103 to max. 2 x 10° by day 
104 at night in summer, 
3 x 10° at night in 
winter 
Collision /second 107 at lower edge 105 104 103-104 
Recombination 10-5-1077 10-8 4x 10-9 8 x 10-"by day 
coefficient 3 x 10-1! at night 
cm3/second 


incorporated to get the real picture. With this assumption, the following two interpretations about the bending 
of ionospheric waves are generally accepted. 

Interpretation-1 The wave phenomena can be mathematically derived in terms of electric and magnetic 
field vectors ʻE’ and ‘H’ from Maxwell's equations. Further, the ionosphere, a region wherein the matter 
is completely in the ionized state, is composed of ionized particles, viz., electrons and protons. A charge 
‘Q’ in an electric field ʻE’ experiences a force ‘F’ in accordance with the relation F = Q E. The force 
exerted on electrons causes them to vibrate, in sinusoidal fashion, along with the lines of electric flux. 
These vibrating electrons can be visualized as small loops with the current Zz. The current density J z is 
proportional to the velocity of vibration ‘U’, in accordance with the relation J = pe U, where ‘pe’ is the 
electron charge density. The maximum velocity U,,,, lags behind E. Thus the current Zz resulting from 
these vibrating electrons is inductive in nature. In view of the M axwell’s equation, V x H =dD/dt =s dE/at 
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or the displacement current density J a with the conduction current) .. is assumed to be zero in free space, Thus, 
the displacement current or the capacitive current (74) already exists within the medium due to the presence 
of electric the vector field E. These two currents (7z and 74), being of inductive and capacitive nature sub- 
tract, resulting in the decrease of net current, due to the presence of ionized electrons. Since Jy = £ 0E/dt, 
and there is no change in E, the decrease in the net current is viewed by the wave as a change (reduc- 
tion) of «. A decrease in « will result in bending of path of the wave, from a high electron-density region 
to a low electron-density region. Since the average velocity of the vibrating electrons is inversely propor- 
tional to the frequency ‘ f’, the magnitude of current is greater for lower frequencies and smaller for higher 
frequencies. When f is lower enough, the capacitive and inductive currents are equal and the resultant 
current is zero, amounting to « = 0. The wave which was gradually bending away from the normal due 
to smooth change in s towards the lower side suddenly finds its value to be zero. At this point, the wave 
starts bending downward and travels back to the ground, where it may be received by a user antenna. 
Interpretation-I According to the second interpretation, each 
vibrating electron acts as a small radio antenna extracting energy 2 
from the passing wave. This extracted energy is later re-radiated by 
these microscopic antennas. Since Zz due to this re-radiated energy F 
lags E by 90°, these electrons, acting as parasitic antennas, are tuned 
to offer an inductive reactance, The net effect is to alter the direction fo 0 f 
in which the resultant energy flows. Though ions in the path also rf 
behave in the same manner as electrons but since they are heavier 
they vibrate at a much slower rate than the electrons, under the 
influence of the electric field, and hence have negligible effect on 
the propagation mechanism. 

The above two interpretations ultimately result in smooth bending of the wave towards the earth in the 
absence of a magnetic field. Since the earth’s magnetic field is a real entity, its impact on the bending process 
needs special consideration, which is given as below. 


B 


Figure 25-3 F, U and B along 
orthogonal coordinates x, y and z. 


25-3b Refraction in the Presence of the Earth’s Magnetic Field 


The vector force F on a charge in motion (having a velocity U) in the presence of the earth’s magnetic field 
B is given by the relation F = Q (U x B). These (orthogonal) vectors are illustrated in Fig. 25-3. 

Athigh frequency, a component of Bat right angles 
to E of the incident wave causes vibrating electrons 
to follow elliptic paths. The new E (=F/Q) will have Po 
two components, one parallel and the other perpendic- a 
ular to E of the wave. Thus, the polarization of E will 
be rotated by 90° in space with respect to the incident 
wave. Since some of the portions of such paths have 
components at right angles to E of the wave, the elec- 
trons, from the passing wave, absorb some energy. This 


Magnetic 
North pole 


Earth's magnetic fiela 
extends to about 
100.000miles 
| from earth's surface 

/ 


energy is re-radiated with polarization thatis rotated by Equator 
90° in space with respect to the polarization of the inci- ai 

nage : agnetic 
dent wave. Thus, the earth’s magnetic field (shown in South pole 


Fig. 25-4) will normally cause a plane-polarized radio 
wave to become elliptically polarized after it travels 
some distance in the ionosphere. 


Figure 25-4 The earth's magnetic field 
and its orientation. 
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As stated earlier, the average velocity is inversely proportional to the frequency. T hus, at higher frequencies 
electrons vibrate along very narrow elliptical paths, whereas at lower frequencies, the effect on is greater 
vibrating electrons. As frequency decreases, the amplitude of vibration increases, or the minor axis of the 
ellipse increases, and the ellipse becomes larger and larger. If the frequency is further decreased, a cyclotron 
resonance occurs, the ellipse breaks and electrons start following a spiral path of steadily increasing radius. 
The frequency (1400 kHz) at which this resonance occurs is called the gyro frequency ‘f ¿'. Figure 25-5 
illustrates the whole process of change with frequency and breaking of the ellipse at gyro frequency. At still 
lower frequencies, electrons follow a relatively complicated path having components of motion, both parallel 
and perpendicular to the plane of polarization. 


The effect of the magnetic field will greatly depend on relative 
orientation of flux lines with respect to the plane of polarization r4 

of the wave, i.e., there will be no effect at all if Band E are paral- 
h h h fa = fa 


lel, and there will be maximum effect if these are perpendicular. 

The magnetic field also causes the wave to split into two compo- 

nents. These components, termed as ordinary and extraordinary h>h>h> fa 
waves/rays, will have elliptic polarization that rotates in oppo- 
site directions. The two will bend by different amounts by the 
ionized medium and travel different paths. Their rates of energy 
absorption and velocities also differ. This action of splitting is termed as magneto-ionic splitting and its 
extent and amplitudes depend on |Bj, i.e., the magnitude of the earth's magnetic field in the region of 
interest. 


Figure 25-5 Effect of frequency 
on vibrating electrons. 


25-4 Refraction and Reflection of Sky Waves by lonosphere 


In view of Fig. P17-3-9 and Fig. 25-6, the refraction phenomena in the ionosphere is governed by the 
following relations: 


n= Je = /(1-81N/f?) (1) 
nsind = singo (2) 
and v, = c/n (3) 


where, n is the refractive index of the ionosphere, e (= €) is the permittivity relative to free space, N is the 

number of electrons per cubic cm, f is the frequency in kHz, ¢ is the angle of refraction at P, œo is the angle 

of incidence at the lower edge of ionosphere and c is the velocity of light. 
To understand the relation given by (1), let 


us assume that a plane wave is traveling the Upper edge of ee een 
positive Z-direction. Its electric field Æ has a al a 

a component only along the x-axis (i.e, Ey 

and E,are zero). Thus, Æ can be written as IONOSPHERE j 

E = E,a, where E; = E sin at. Also, Loir atga ot | ibo Angle of \ 
the wave has only one component of H, i.e, ionosphere [incidence | n =refrative 
H = Hy a, (H, and H, are 0). This wave Tx} ie, "UME 


moves in a region containing free electrons. 
The electric field Æ will exert a force on each 
electron: 


Spherical earth 


Figure 25-6 Bending of wave from an 
F; = —eE, (4) ionospheric layer. 
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This force results in acceleration of electrons in the x direction. From Newton's law, 


md2x i 
eS eE, = —e E SIN wt (5) 
(5) with initial zero condition results in 
d ; 
Z =-É f Esna dt = Ecos wt (6) 
dt m mo 


If there are N electrons per cubic meter in the space, each carrying a charge -e and having mass m, the current 
density J represented by this motion of electrons is 
dx Ne? 
J=-Ne— = E COS wt (7) 
dt mo 
This current density must be included in M axwell’s equations, and in a particular case the term is generally 
represented by J = o E 


where o= Ne (8) 
M@ 
In view of M axwell’s equations, 
Tenor a¢p2e @ and Tepes” say (9) 
ot at ot ot 


and the assumption that £ has only the x component and H has only the y component. The following relations 
emerge. 


OF, 0H 
J = 2 10a 
+ 0 az (10a) 
aH, dEx 
— = 10b 
mo- Fz (10b) 
Substitution of Eqs (7) and (8) in Eq. (10a) gives 
2 
; 0H 
_ Ne Ecos oe. ei = —— (11) 
mo ot Oz 
Ne? Ne? 
or (a — xs) wE COSwt = £0 (2 — 2) (12) 
ma MW@* EQ 
dHy 
wE COS wt = €9&wE COS at = -5z 
Ne? 
where ¢, = 1 — -r (13) 
Mw E) 


Since the refractive index n = ./e, 


Ne? 1/2 Ne? 1/2 Ne? 1/2 
(eS) ieee), hte (14) 
ma Eg megla f) 4n*eqomf 


Fore =1.59 x 10719 c, m =9 x10-3 kg and f in Hz 


_ fy _ N59 x 10718)? "= ( 7 
oe 4x? co (9 x 10-31) f? fe 


(15) 
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From (15), it can be noted that n is a function of frequency so the velocity of the wave is also frequency 
dependent. This is the same phenomenon as observed in waveguides, giving rise to two velocities known as 
phase velocity and group velocity. 

The phase velocity 


(for u, = 1) (16a) 


Up 


Cc C C 
Ere Jer Q- LP 
The group velocity 


BIN 1/2 (16b) 


Vg = c(1 — 
From (16), it can be concluded that the phase velocity is directly proportional to the frequency whereas the 
group velocity is inversely proportional to the frequency. Lastly, (16a and b) lead to the well-known relation: 


UpUg = c? (17) 
A critical study of (1, 2 and 3) reveals the following possibilities. 


1. n > 1: This condition requires the term 81N / f2to be negative which is not possible in view of the 
nature of involved parameters. Thus, this condition does not exist. 

2. n <1: This condition requires that 81N / f? < 1. This condition always exists. In view of (3) and 
this condition, v, is always greater than c. 

3. n=1; This condition means that the term 81N / f? =0. In this case, vp = c and from (3), 6 = ¢o. 

4. n=0:This condition requires thatthe term 81N / f2=lor 81N = f2.Atthis point, f = f, (where f- 
is termed the critical frequency), and the inductive current iz equals the capacitive current ic. Also, 
in this case v, = œo and from (3), do=0. 

5. For81N / f* >1or f? <81N, nis an imaginary quantity. In this case, the ionosphere shall not be 
able to transmit a wave at such a frequency, Instead, the wave will get attenuated. 


When v, — c is large for 81N/ f?, the wave front advances faster in the region where N is large than that 
where N is less. The wave gradually bends and follows the optical law given by (2). Smaller the ġo, smaller 
the n, a higher N is required for the wave to return to the earth. 

From thecritical frequency relation f? =81N, f, corresponds to the maximum ~N of alayer. As N increases, 
the refractive index n decreases. For f < fe, the wave will get reflected back from the layer irrespective of 
go. For f > fe, the wave will return only when go is sufficiently small or when œo satisfies (2). The wave will 
penetrate the ionosphere otherwise. 

The reflection n sing = singo gives the path of a ray only when the change of n with height is small in a 
distance corresponding to à in the medium, otherwise there is an appreciable reflection as well as refraction 
and the propagation can no longer be described in terms of a simple ray path. If change in n is very large in 
the space of 4, the wave has a true reflection from a well-defined boundary. For an intermediate situation, a 
mixture of reflection and refraction takes place. 

The phase velocity v, is related to c and n by the relation (3). Since n <1 for an ionized medium, vp 
is always greater than c. The difference vp — c is large for large N/f2. As a result, when a wave enters 
the ionosphere, the edge of the wave front in the region of highest electron density will advance faster than 
the part of the wave front encountering region of lower electron density. The wave path in the ionosphere is 
accordingly bent. This bending of a wave follows optical law (i.e, n sing = singo) shown in Fig. 25-6. 
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Here, n is the refractive index at the point P, ¢ is 

the angle of refraction at P, œo is the angle of inci- 

dence at the lower edge of the ionosphere, and Puy is z 
referred as the highest point of refraction from where 2 
the wave changes its direction downward. In view S 
of this, smaller the øo, smaller the n, higher the N 

required to return the wave towards the earth. At Electran density N Electron density N 
goo = 0, n = 0, the wave penetrates the ionosphere (a) Day (b) Night 
such that f? =81N. 

The variation of electron density ‘N’ with height 
‘h’ is illustrated in Fig. 25-7. The figure also indicates 
the relative locations of different ionospheric layers 
during day and night. 


Si os ea -J Fy Layer 


Height h 


Figure 25-7 Variation of electron density 
‘N’ with height ‘h’. 


25-5 Ray Path, Critical Frequency, MUF, LUF, OF, Virtual Height and Skip 
Distance 


These terms are very commonly used in connection with sky wave propagation and thus all these terms 
require proper understanding for establishing ionospheric communication links. The definitions and detailed 
discussion related with these terms are given below. 


Ray Path The path followed by a wave 
is termed ray path. Figure 25-8 illus- 
trates six different paths followed by a 
wave under different conditions. 

When f>fe, the effect of the iono- 
sphere depends on the angle of inci- 
dence ġo. According to Fig. 25-6, we 
can infer the following: 


pper (Pedestrian) 
i Ray 


1. When ¢o is relatively large, 
the wave satisfies the relation 


n=singo.Whenndropstoless Tx a j 
than 1, the wave bala after | Sep were ii iš 
slight penetration (Ray-1). E, on aid ianh 

2. When ġo decreases, n decreases, E a 
and penetration of the wave Figure 25-8 |Ilustration of paths followed by waves 
increases (Ray-2, 3 and 4). under different conditions. 

3. When go further decreases, (2) 
of Sec. 25-4 cannot be satisfied even with the maximum electron density of the layer, the wave 
penetrates and crosses the layer (Ray-5 and 6). 

4. In view of the point 2 and from Fig. 25-8, it can be seen that the distance at which the wave returns 
decreases until go = e. The angle ġe is called the critical angle and at this angle, the distance of 
return is minimum. This distance is called skip distance (Ray-2, 3 and 4). 

5. When ġo further decreases and is less than œ+, the distance of return first increases (R ay-4) and then 
penetrates the layer. 


Lower 
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EXAMPLE 25-5.1 Calculate the skip distance for flat earth with MUF of 10 MHz if the wave is 
reflected from a height of 300 km where the maximum value of n is 0.9. 


E Solution 
In view of (1), 
n? = 0.81 = (1 — 81N/f?) 
Nmax = (1 — n?) f? /81 = [(1 — 0.81)x10"4]/81 = (19/81) x101? 
= 23.45x 10! 
fe = 9/ Nmax = 94/(23.45x1010) = 9x4.8425x10° = 4.36 M Hz 
dskip = 2A VIC fmur / fe)? — 1] = 2x300 /1(10/4.36)? — 1] = 600x6.527 
= 3916.2 km 


EXAMPLE 25-5.2 Thecritical frequencies at an instant observed for E, F ı and F2 layers were found 
to be 3, 5 and 9 M Hz. Find the corresponding concentration of electrons in these layers. 


E Solution 
fe =9./Nmax Or Nmax = f2/81 
For E layer, fe = 3M Hz Nmax = f2/81 = 9x101? /81 = 0.111x1014 
For F1 layer, f- = 5M Hz Nmax = f2/81 = 25x101? /81 = 0.3086 x 101? 
For F2layer, f. = 9M Hz Nmax = f2/81 = 81x10!?/81 = 10! 


EXAMPLE 25-5.3 Calculate the critical frequencies for E, Fı and F2 layers if Nmax for each 
corresponding layer reduces to 80% of the values obtained in Problem 25-5.1. 


E Solution 
For E layer, Nmax =0.8x0.111x101?  fe=9,/ Nmax =9./0.0888x10!? =2.68 M Hz 
For Fylayer, Nmax =0.8x0.3086x101? fe =9,/ Nmax =9./0.24688 x10! =4.47M Hz 
For F2layer, Nmax = 0.8 x 1012 fe=9/ Nmax =9/0.8x10} =8.05MHz 


Critical Frequency The highest frequency that returns from an ionospheric layer at a vertical incidence is 
called the critical frequency for that particular layer. For a regular layer, itis proportional to the square root of 
maximum electron density in the layer. Figure 25-9 shows the critical frequencies for different ionospheric 
layers at different instants of time in (a) winter, and (b) summer seasons. 
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Figure 25-9 Critical frequencies for different ionospheric layers. 


Maximum Usable Frequency Earlier, itwas mentioned that the critical frequency fe is the highest frequency 
that returns from an ionospheric layer at a vertical incidence. When the frequency exceeds f+, the return 
will depend upon the angle of incidence at a particular ionospheric layer. Thus, for a specified angle of 
incidence, there will be a maximum frequency which will be reflected back. The maximum possible value of 
frequency for which reflection takes place for a given distance of propagation is termed as maximum usable 
frequency (M UF) for that distance and for the given ionospheric layer. Beyond M UF, the wave will not return. 
Figure 25-6 shows that at the point of reversal of path to return to the ground, the sky wave requires the angle 
of reflection to be 90°. Thus, if œo is the incident angle and ¢, is the reflection angle, the refractive index n 
can be written as 


= mg; = Sing; = sind = |1- = (1) 
sing,  sin90 uur 
sin? ¢; = pe (2) 
fuur 
But as discussed earlier, 
f = 81 Nmax (3) 
2 2 
Thus, sin? g; = 1 fe or f =1-sin? ¢; = cos ¢; (4) 
SMuF SMuF 
2 
2 — c —_ 2 2 
fuuF = cos? ġ c SEC gi (5) 
Finally, we get 
fuur = fe S&C oi (6) 


Equation (6) is known as secant law. It indicates that fmy pr is greater than f- by a factor sec ¢;. It gives the 
maximum frequency which can be used for sky wave communication for a given angle of incidence between 
two locations. 

Figure 25-10 illustrates the maximum usable frequencies at different times destined for coverage of various 
distances. 
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D 
œ 


Lowest Usable Frequency The frequency below which the 
entire power gets absorbed is referred to as lowest usable fre- 
quency (LUF). 

Optimum Frequency The frequency at which there is opti- 
mum return of wave energy is called the optimum frequency 
(OF). 

Figure 25-11 illustrates the LUF, OF, MUF and the 
critical frequency f- on a frequency scale. Limits of all these 
frequencies are different for different layers. 

Virtual Height |t may be defined as ‘the height to which a 
short pulse of energy sent vertically upward and traveling with 


pa 
© 


3000 km 


wo 
N 


=" 
a 


Maximum usable frequency in MHz 
nm 
a 


the speed of light would reach taking the same two-way travel ES A all 
time as does the actual pulse reflected from the ionospheric oe 
layer.’ Figure 25-10 Maximum usable 


Figure 25-12 illustrates that there is no sharp change of the frequencies at different times of the day. 
direction of wave and it starts bending down gradually (from 
the point £) through the process of refraction in the ionosphere. J ust below the ionosphere (the point F), the 
incident and refracted rays follow exactly the same path as would have been followed by them if the reflection 
had taken place from a surface located at a greater height (the point B) which is often referred as the virtual 
height. If the virtual height of a layer is known, the angle of incidence required for the return of wave to the 
ground at a selected spot (the point C) can easily be calculated. 
Figure 25-12 illustrates two different cases 
containing (a) flat earth, and (b) curved earth. 
The above discussion is true for both cases. ON Wave gets absorbed 
comparison of Fig. 25-12 (a) and (b), it can eas- 
ily be concluded that both the actual height and 
the virtual height in case of curved earth are less 
than that for flat earth. The virtual height, how- Figure 25-11 LUF, OF, MUF and fe ona 
ever, is always greater than the actual height of frequency scale. 


LUF OF MUF f 
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of ionosphere --------(---\--------- Virtual of ionosphere----— —— ,}--A-------: Virtual 
Actual or height h' Actual or Neight /' 
Critical Critical 
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Figure 25-12 Actual and virtual height and the related parameters for (a) flat earth, and 
(b) spherical earth. 
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Figure 25-13 Virtual heights at different times of a day. 


reflection because the exchange of energy that takes place between the wave and the electrons of the iono- 
sphere causes the velocity of propagation to be reduced. The difference between virtual and true heights is 
influenced by the electron distribution in the regions below the level of reflection. It is usually quite small, 
but on occasions may be as large as 100 km or more. Figure 25-13 shows the virtual heights for different 
ionospheric layers at different instants of time in (a) winter, and (b) summer seasons. 


Skip Distance The minimum distance at which the wave returns to the ground ata critical angle œe is termed 
the skip distance. Figure 25-8 illustrates two different skip distances which correspond to rays 2, 3 and 4. As 
mentioned earlier, the skip distance and the maximum usable frequency correspond to each other. 


25-6 Relation Between MUF and the Skip Distance 


Flat Earth Case Figure 25- 14a illustrates the ionized layer which is assumed to be thin with sharp ionization 
density gradient so as to obtain mirrorlike reflections. For shorter distances, the earth can be assumed to be 
flat. In the figure, h is the height of the ionospheric layer, d is the skip distance, 6; is the angle of incidence 
and 6, is the angle of reflection. In view of the geometry of the configuration, 
OB h 2h 


AB Vh? + d2/4 z VAR? + d? 
In view of (4) of Sec. 25-5, 


(1) 


cos 0; = 


2 Ah2 2 Ah2 d? 
pa a =a al 
MUF c 
fMUF 4h? + d? d? d > 
f, = 472 = 1+3 or fuur=fe 1+) (3) 


Equation (3) gives M UF in terms of skip distance. Alternatively, from (1), 


faur d d \? _ fiur 2 _ op | Thur 


Cc 


d = (2h) [ur -1] (4) 
7 f 


Equation (4) gives skip distance with M UF 


The McGraw-Hill Companies 


25-6 Relation Between MUF and the Skip Distance 827 


lonospheric 
Layer 


B 
lonospheric 
B Layer /\\ 


01} Or | 


A/ d2 d2 \c 


` Flat Earth 


(a) 


Rsing 


Figure 25-14 Skip distance and related geometrical parameters for (a) flat earth, and 
(b) spherical earth. 


Curved earth case: Fig. 25-14b This shows the ionized layer and the curved earth. It is again assumed that 
the ionospheric layer is thin with sharp ionization density gradient so as to obtain mirror like reflections. In 
this figure, 28 is the angle subtended by the skip distance d’ at the center of the earth. From the geometry of 
Fig. 25-14b, the following relations are obtained: 


Arcd’ = 2R0 (5) 
Angle20 = d'/R (6) 
AD = Rsinð, OD=Rcosd, BD=OE+EB-—OD 
= R+ h -— Rosé (7) 
AB = y (AD)? + (BD)? = y (R sin 0)? + (R +h — R cos 0)? (8) 
cos6; = BD R+h-— Rcosd af 


AB \/(Rsind)2 + (R +h — Rcos0)? 


ra (R +h — R cos 0)? 
(COS 6;)° = (Rsin@)2 + (R + h — R cos 0)? (9) 


2 
Since fe = (c0s6;)* 


MUF 
the skip distance d’ is maximum when @ is maximum. The curvature of the earth limits both the M UF and the 
skip distance. This limitis obtained when a wave leaves the transmitter at a grazing angle OAB = 90°. Under 
this condition, 


OA R 
cose OB Rah (10) 
Since the actual value of 6 is very small, this relation can be expanded as 
R R ; 
cosé = = (1+h/R)* ~ (1 — h/R), since h/R << 1 (11) 


R4h  RQAFh/R) 
cosð = V1 -— sin? 8 ~ (1 — 0?)!/? = 1 — 0? /2 for small 6 (12) 
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From (11) and (12), 


po ay B or pi 2} (13) 
2 R R 
In view of (5) and (13), 
d’? = AR*6? = ae = BAR or d'=V8hR (14) 
From (14), h = d? (15) 
, 8R 


In (14) and (15), d’ is the maximum skip distance. 
Equation (11) can now be rewritten in view of (15) as 
d’? 


h 


Also in view of (14) and (16) 


À [2h 2d’2/8R d? d 
kek oe = R "oE (a 


Again in view of (4), of Sec. 25-5, and (9), (16), and (17) 


A 2 [R +h — RA —d?/8R?)/ 
5— = CoS 6; = = _ 
Suu F (R225) + {(R+h—-RA- 4p 
_ (h + d’? /8R)? m 
— (d?/4) + (h + d? /8R}? 
fur = (d’*/4) + (h+d?/8R) SI d?/4 m 
Je 7 (h + d’? /8R)? ~ (h + d2/8R)2 
d’? /4 
Aa pity" er aa 


h + (d'?/8R)? 


Equation (20) gives maximum usable frequency in terms of skip distance. To get the expression of skip 
distance in terms of maximum usable frequency, (19) can be rewritten as 


d’? d’? 
T= tht spe 1] (21) 
n 2 1/2 
d' = 2X(h + a (a) | (22) 


Similarly, (22) is of quadratic form which will yield the value of the skip distancein terms of maximum usable 
frequency as given below. 


d = 2 +2,/(R/X)? — 2hR (23) 


where X = [(fuur/fe)* — 11? (24) 
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EXAMPLE 25-6.1 Calculate the maximum single hop distance for D, E, Fı and F2 layers if their 
heights are assumed to be 70, 130, 230 and 350 km respectively above the earth and the angle of incidence 
is 10° in all cases. 


E Solution 
In view of (1), 


OB _ h a 2h 
AB Vh? + d2/4 VAh? + d2 


d = 2h./(sec 6;)2 — T = 2hy (sec 10)? — 1 = 2h x 0.176 = 0.352h 
For D layer, d = 0.3524 = 0.352 x 70 =24.5 km 

For E layer, d =0.352h = 0.352 x 130 = 45.76 km 

For Fy layer, d = 0.3524 = 0.352 x 230 = 80.96 km 

For F2 layer, d = 0.3524 = 0.352 x 350 = 123.2 km 


cos 0; = 


25-7 Impact of Solar Activity 


Like any other heavenly body, the sun also a a 
rotates on its axis and completes its rotation in ao 160 16 2> 
27.3 days. It is also known that certain areas 4S 54 
of the sun are relatively more active than oth- ~ 2 120 £ ge 
ers in terms of flares, corona formation and 28 so 8 iO 
ionic disturbances. T heionosphere and the mag- oo zy 
netic field of the earth are bound to be affected ZZ 40 Y4 E= 
when these areas are towards the earth. This ae lo gs 


orientation results in moreionospheric and mag- 0o 4 8&8 i2 46 
netic disturbances and sometimes even in severe 
storms. Recurrence of such disturbances and 
storms greatly influence the effectiveness of 
ionospheric wave propagation. The studies have 
shown that decrease in the critical frequency results in more absorption in the D layer and increase in virtual 
height of the F> layer. The effects on £ and F; layers are, however, less pronounced. The effect is observed 
to be more severe when transmission paths are nearer to the earth’s magnetic poles. Besides, lesser effect 
has been noted when frequencies remain below 100 kHz. Thus, in LF range communication is better than at 
higher frequencies. Communication outage for 15-16 minutes has been reported due to more sun spots facing 
the earth. In order to understand the impact of sun status, Fig. 25-15 illustrates a variation in the number of 
sun spots and the corresponding critical frequencies. 

To elaborate, the influence of solar activity can be summarized under different captions as given below. 
Sunspots are the dark, irregularly shaped areas on the surface of the sun which keep on appearing and 
disappearing in two cycles, every 27 days and every 11 years. These are believed to be caused by violent 
eruptions on the sun and are characterized by strong magnetic fields. The occurrence of sunspots, their life 
span, shapes, size and location on thesun’s surface are all variable and unpredictable. Sunspots cause variations 
in the ionization level of the ionosphere and hence affect the propagation characteristics of the waves. 
Sudden lonospheric Disturbances (SID) May occur any time and may last from minutes to several hours. 
The occurrence of SID is due to solar eruptions producing intense bursts of ultraviolet light which are not 


fo 
© 


Figure 25-15 Recorded data of sunspot number 
and critical frequencyfor F> layer over a period of 
20 years. 
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absorbed by upper ionospheric layers. These bursts mainly cause an immense increase of D-layer ionization 
density resulting in absorption of all frequencies at the upper edge of MF range. These may result in the total 
outage of HF communication. 

lonospheric storms are caused by disturbances in the earth's magnetic field and are related to solar eruptions 
and the 27-day cycle of the sun. The effect of these storms may lead to a turbulent ionosphere and erratic 
sky wave propagation. These storms mainly affect the F layer, reducing its ion density and causing critical 
frequencies to be lower than the normal. 


25-8 Multi-Hop Propagation 


In Fig. 25-8, the distances between transmitter (7) and two receivers (R,1 and R,2) were marked as skip 
distance-1 and skip distance-2. The wave originating from Ty arrives at R1 and R,2 in one go, i.e., without 
touching the ground anywhere in between. These distances are termed as one hop distances. In Fig. 25-8, it 
was also shown that the energy may arrive at R,.2 either through the ray 2 or the ray 4. These rays are termed 
as lower ray (LR) and upper ray (UR). Normally, it is the lower ray which is preferred for establishing the 
communication. The upper ray whichis also called Pedersen ray is not very important. T he upper ray is weaker 
than the lower ray in terms of its energy contents since over a given solid angle, it spreads more as compared 
to the lower ray. It becomes important only when the lower ray is prevented from reaching the receiver in one 
hop. This situation arises either when the earth’s curvature prevents one hop lower ray or when the distance 
between the transmitter and receiver is greater than the skip distance. In such cases, a multi hop system is an 
alternative for establishing the communication. Also, if the frequency used falls between critical frequencies 
of E and F; layers and the receiver is beyond the skip distance for E layer, two or even three separate layers 
may contribute to the propagation of energy. The link between transmitter and receiver, in such cases, may be 
maintained in many ways. These propagation modes shown in Fig. 25-16 include (i) single hop single layer, 
(ii) single hop multi layer, (iii) multi hop single layer, and (iv) multi hop multi layer systems. 


25-9 Take-Off Angle 


We have seen earlier that at f =cutoff frequency fe 
fe =81Nmax 
Also, n sin d =Sin ġo 
Since at f = fe, @ =90° 
n=sin po = VIl- (fel f)7], 1- sin? go = (fe! f)? =cos’ho, f? = f2 sec?go or f = fe SEC go 
Thus, we get the secant law for flat ionosphere given earlier by (6) of Sec. 25-5. 
From Fig. 25-17 for flat earth or for smaller distances: 


v[h? + (d/2)*] 


; (1) 


In (1), d is the maximum distance from transmitter (located on earth) at which the ray returns or is the 
maximum skip distance. 
Ford > 100 ./n’, the following relation accounting for the earth radius R (6367 km) is used. 
sin(d/2R) 
1 + (h’/R) — cos(d/2R) 


sec fo = 


tan ġo = 


(2) 
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Wave penetration E layer 
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(a) One-hop multilayer propagation (b) Skip distance less than 
half of the distance to the receiver 


(c) Distance to the A, is greater than (d) Multilayer propagation 
maximum possible one-hop distance for LR 


Figure 25-16 Multi-hop multilayer propagation. 


The angle (shown in Fig. 25-17) where 8 = 90° — go is called the take off angle (for flat earth). For curved 
earth, 6 is given as 


B = 90 — ġo — 57.3d/2R (3) 
Cosg h’ _ cosp 7 ,__ „COSS = 
au 1+h’'/R OR > Sin 0 BARNE Gin 0 me (4) 


The h’ given above is the virtual height defined earlier. When 6 = 0, o is maximum, i.e., for flat earth 
¢ = 90° and for curved earth: 


$ = 90° — 57.3d/2R (5) 


Equivalent 
Y> triangular 
paths 
S [h + (a2 
Do 


d/2 


Figure 25-17 Take-off angle and secant law. 
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EXAMPLE 25-9-1 An ionospheric wave is reflected from a layer of height of 200 km. The takeoff 
angle is 20° and the earth's radius is 6370 km. Calculate the skip distance if the earth is considered as 
(a) flat surface, and (b) spherical. 


E Solution 
Given 6 =20°, d =200 km, R = 6370 km 
(a) For flat earth 8 = 90° — øo œo = 90° — B or do = 70° 


cos B = cos 20° = sin dp = sin 70° = 0.9397 
In view of (1), 


/īh'2 2 
Sec ġo = VIA Eaa] or h’ = ae = ae = 38.397 
h vsec? go —1 = (Sec 70)? — 1 


(b) For spherical earth 


B = 90° — po —57.3d/2R go = 90° — B —57.3d/2R 
yo = 90° — 20° — 57.3 x 200/2 x 6370 = 69.1 
d/2 200/2 


= = = 38.18 
vsec? go—1 = /(Sec 69.1)2 — 1 


25-10 Energy Loss in lonosphere and Sky Wave Signal Strength 


Even though gas pressure in the ionosphere is very low, the vibrating electrons collide with gas molecules 
from time to time. The kinetic energy acquired by electrons from the wave is lost. The amount of this loss 
depends on the gas pressure, velocity of vibration, likelihood of collision and frequency of collisions. M ost 
of the absorption loss takes place at a lower edge of the ionized region, where the atmospheric pressure is 
greater (i.e., inthe D layer and lower part of £ layer). Other things being equal, the absorption is less at higher 
frequencies and maximum at gyro and lower frequencies. This absorption can be analyzed by assuming that 
the ionosphere has a conductivity ‘o’ along with ʻe’. The curves shown in Fig. 25-18 illustrate these losses 
for different layers. 

At high frequency, the energy loss due to collision occurs mainly just below the £ layer (in the D layer) 
where product of collisional frequency and electron density is maximum. This type of loss is called non- 
deviative absorption loss.The attenuation constant for non-deviative absorption in E£ layer in dB/unit length 
of path is given by 


a = k(fe/ f)? (1) 
where fg = fe for the E layer, f is the wave frequency and k is a constant which is a function of collisional 
frequency. Similarly, œ can be obtained for a D layer. 


25-11 Primary and Secondary Services 


The region about a broadcast transmitting station in which the signal strength in the daytime is strong and 
adequate to override ordinary interference is termed as daytime primary service area. The coverage of this 
service area depends on the transmitted power, antenna directivity, ground wave attenuation factor and the 
frequency of broadcast. For high power transmission at lower broadcast frequencies and highly conducting 
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Figure 25-18 Absorption coefficients for different regions. 


earth, this coverage is normally between 50 to 100 miles. Outside this area where signal is still strong but not 
enough to override interference is called the daytime secondary coverage area. This region is also determined 
by the factors noted for primary area but extends to several hundred miles at receiving locations where the 
noise is low. 

At night, sky waves of considerable strengths return to the earth. Near the transmitter, the sky wave is 
relatively weak compared to the ground wave and later predominates. As the distance from the transmitter 
increases, the ground wave attenuates and sky wave becomes stronger, thus both become approximately equal 
in strength. At still larger distances, the sky wave tends to become still stronger. It maintains a relatively high 
and constant signal up to a considerable distance. This phenomenon is illustrated in Fig. 25-19. 


25-12 Wave Characteristics 


Some of the characteristics exhibited by the waves in different modes of propagation and different frequency 
ranges are summarized below. 


25-12a VLF Wave Propagation 


e Rangeof VLF spreads over 3 kHz - 30 kHz. 
e Low carrier frequency limits the bandwidth and hence the information contents and thus cannot be 
used for conventional communication. 
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Figure 25-19 Primary and secondary service areas. 


e These waves can penetrate deeper into sea as well as the earth, and therefore can be used for submarine 
and mine communication. 

e Waves can travel thousands of kilometers along the earth’s surface and have a very steady phase. 
Therefore, aVLF wave can be used for navigation and for time and frequency standards. 

e These waves find extensive applications in magnetospheric probing. These waves travel from one 
hemisphere to the other in the earths’ magnetic field lines in whistler mode. A study of these whistlers 
reveals information on magnetospheric electron and ion densities. 

e In general, VLF has attenuation of about 3 dB/1000 km for propagation over seawater and about 
6 dB/1000 km over land. Frequencies around 20 kHz show the least attenuation. 

e Anantenna has to be comparable to wavelength for meaningful radiation. Thus, VLF antennas have 
to be very large in length (i.e., several kilometers long). Horizontal antennas can be made quite long 
but their efficiency is less than 1%. Vertical antennas have efficiencies greater than 70% but need 
expensive ground plane and top hat structures. 

e InVLF range, lightning discharges are the main source of noise. The level of noise at this range is 
considerably higher than that at higher frequencies. 

e VLF waves are almost completely reflected both by the lower ionosphere and the earth. Thus they 
are guided in the region between ground and ionosphere much like waves in the waveguides. The 
height of the waveguide may be around 70-80 kilometers. 


20 kHz - 100 kHz 


e This range encompasses part of the VLF band and a part of LF band. 
e inthis range, ground waves have relatively low attenuation. 
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Received ground wave signals show little diurnal, seasonal and yearly variation. 

Ground-wave mode is mostly used up to 1000 km. 

Sky waves are reflected back to the earth only after little absorption and slight penetration in the 
ionosphere. 

Received signal shows diurnal and seasonal variations. 

Signals are stronger at night than in day. 

Signals are stronger in winter than in summer. 

Although signals even after traveling great distances behave in a fairly regular manner, neither daily 
nor yearly cycles repeat exactly vis-a-vis signal strength. 

For distances greater than 1000 km, mostly the sky wave mode is used. 

Average yearly intensity correlates fairly well with 11-year sunspot cycle. 

Fading in the normal sense does not occur. 


100 kHz - 535 kHz 


This range encompasses part of the LF band and a part of M F band. 

Ground waves attenuate more rapidly as the frequencies are raised above 100 kHz. 

Range of ground waves reduces as the frequency increases. 

Sky waves become the obvious choice for moderate distances. 

lonospheric losses tend to be high in daytime but remain low at night. 

Due to relatively high ionospheric absorption in day time, long-distance communication in day time 
is not dependable. 

Night-time communications for long distances by sky wave are reliable. 


535 kHz - 1600 kHz 


This range is a segment of M F band. 

This range encompasses frequencies primarily used for broadcast purposes. 
Daytime broadcast depends entirely on ground wave propagation. 

Daytime signal strength decreases more rapidly with distance for ground waves. 
Lower the earth’s conductivity, the higher is the frequency of the signal. 

Sky waves in this range are completely absorbed in day. 


1600 kHz - 30 MHz 


This range encompasses part of the M F band along with the entire HF band. 

Ground waves attenuate very rapidly. Thus, this mode of propagation is of no use except for very 
short distances. 

Almost all long-distance communications use ionospheric reflections. 

The range of frequencies to be used depends on the given set of conditions. 

The lower-frequency limit depends on the ionospheric absorption over the path, the radiated power 
and the noise level at the receiver. 

The maximum usable frequency (M UF) depends on the distance, height and electron density at the 
location of reflection in the ionosphere. 

The frequency which gives the best signal is the optimum frequency (OF), normally taken 15% below 
the maximum usable frequency. It allows short-term fluctuations in M UF. 

OF tends to be high (10 to 20 MHz) in the day for long paths and is low (5 to 10 MHz) at night for 
short paths and is normally greater in summer than winter. 

Optimum frequencies are susceptible to sunspot activity and tend to be higher for paths with lower 
altitude. For similar conditions, signals over north-south paths are stronger than over east-west paths. 
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This is mainly because of large variation in the quantum of sunlight and hence the ionization on 
east - west paths. 

e For long-distance communication (beyond 1000 km), OF is determined mainly by the F2 layer. OF 
may also be determined by E or Fy layers under certain circumstances at noon. 

e For medium distances (200 to1000 km) at lower heights, the E layer causes œo to be glancing than 
for F2 layer; E layer alone determines M UF. 

e Sporadic E may cause increase in OF (maximum 80 to 100 M Hz is reported and 20 to 40 MHz is 

common) 

Sporadic E is more prevalent in summer and may control ranges up to 2000 km at 15 MHz. 

OF increases with path distance for one hop transmission. On an average, it is 4000 km for F2layer 

and 2000 km for E layer. 

For short distances, OF = f. and for long distance M UF =3 fe for F2 layer. 

When d ~ h, B is large, when d >> h, B is small (5° to 15°) Fig. 25-20. 

For B < 3.5°, energy leaving the transmitter tends to be absorbed by the earth near the transmitter. 

M ajor variations of transmitting conditions (including diurnal, month to month and yearly variations) 

can be predicted at least 3 months in advance. Day-to-day variations cannot be predicted accurately. 


Frequencies above 30 MHz, i.e., all bands above HF 


e Rarely reflected back to earth by ionosphere except occasionally from sporadic E in the 30 to 
60 M Hz range. 

e Usefulness above 30 MHz depends mainly upon space-wave propagation. 

e Communication even with reasonable transmitted power is normally not appreciably possible beyond 
line-of-sight distance. 

e Heights of transmitting and receiving antennas determine the distance. 


25-12b VHF (metric) Waves 
e All modes of propagation possible, i.e., as ground and tropospheric waves along the earth surface 
and also between 4 m to 10 m wavelength as ionospheric wave. 
e Capable of passing through ionosphere as direct wave. 


25-12c UHF (decimetric) and SHF (centimetric) Waves 
e Can propagate as ground wave over short (LOS) distance. 
e Communication for long distances through tropospheric waves (mainly due to scattering from 
irregularities and lees due to ducting). 
e Diffraction in this range is negligible. 


E] 
Figure 25-20 Takeoff angle 6, height 4 and skip distance d. 
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e Practically, no molecular absorption or absorption in precipitation particles. 
e Absorption due to rain, hail, snow at 3-5 cm and due to water vapours at 1.35 cm are significant. 


25-12d EHF (millimetric) Waves 


No effect of ionosphere, troposphere causes bending due to atmospheric refraction. 

Rain, fog, hail, snow and other forms of precipitation particles responsible for marked absorption. 
Heavy rain and dense fog will completely stop propagation. 

Strong molecular absorption by tropospheric gases, especially water vapor and oxygen. 


25-12e Sub-millimetric and Optical Waves 


Can propagate only as ground and direct wave. 

Atmospheric refraction causes bending of path. 

Heavy rain and dense fog will completely stop propagation. 
Well suited for space communication outside the troposphere. 
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Problems 


25-6-1 Skip distance. Calculate the skip distance for flat earth with M UF of 20 MHz if the wave is reflected 
from a height of 200 km where the maximum value of n is 0.95. 


25-6-2 Concentration of electrons. The critical frequencies at an instant observed for E, Fy and F? layers 
were found to be 4, 6 and 10 MHz. Find the corresponding concentration of electrons in these layers. 


25-6-3 Critical frequency. Calculate the critical frequencies for E, Fy and F2 layers if Nmax for each 
corresponding layer reduces to 90% of the values obtained in Problem 25-1 


25-6-4 Skip distance. An ionospheric wave is reflected from a layer of height of 300 km. The takeoff angle is 
10° and the earth’s radius is 6370 km. Calculate the skip distance if the earth is considered as (a) flat surface 
(b) spherical. 


25-6-5 Maximum single hop distance. Calculate the maximum single hop distance for D, E, Fy and F2 
layers if their heights are assumed to be 50, 110, 200 and 300 km respectively above the earth and the angle 
of incidence is 20° in all cases. 
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Appendix 


Tables for Reference 


A-1 Table of Antenna and Antenna System Relations! 

Ae _ Ey 
Ap (E Jay 
2 


Aperture efficiency, £ap = (dimensionless) 
p 


À 
A perture, effective, Ae = (m?) 
QA 


Array factor (n sources of equal amplitude and spacing), 
_ sin(ny/2) 
~ nsin(y/2) 
where y = Bd cos + 5 (rad or deg) 


(dimensionless) 


n 


Beam efficiency, ey = on (dimensionless) 
A 


Beam solid angle, a= ff Pa (0, p) dQ (sr) 


Beam solid angle (approx.), 24 = OHp dup (Sr) = Rp dp (deg?) 
Charge-current continuity, /7 = qù 
58° 


À 


Circular aperture, HPBW = 
(uniform distribution) 


(D, = diameter in A) 


Circular aperture, BWFN = —— 


(uniform distribution) Di 

Circular aperture, directivity = 9.9D? 
(uniform distribution) 

Circular aperture, gain over 4/2 dipole = 6D? 
(uniform distribution) 

Dipole (short), directivity, D = 1.5 (=1.76 dBi) 


. _ 1\2 7 Tey \2 
Dipole (short), radiation resistance, R = 80x?(—) (=) (82) 
0 


1See index for page references giving more details on these relations. Also see index for tables (list of) for other relations. 
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Dipole (4/2), directivity, D = 1.64 (=2.15dBi) 
Dipole (A/2), self-impedance Z = R, + jX = 73 + j42.5Q 
4r Ae 4r P (0, P)max 


Directivity, D = z7 = = (dimensionless) 
A QA Pay 5 
P A 4 41, 
Directivity (approx.), D ~ a) ~ 1 (deg ) 
OHP dup (Sr) One hyp 
areas 41, 
Directivity (better approx.), D = a a 
fee kpOHP OHP 
Flux density, S = r A (W m~? Hz7!) 
eee 2k ATmi 
Flux density, minimum detectable, A Smin = ———" (W m~? Hz7}) 
, Pe  Aeråe er i 
Friis formula, — = : (dimensionless) 
P, rx 
Gain, G = kD (dimensionless) 
, À V Iw 1 fe ZR, Ae 
Height, effective, he = — = —h, = — I = 
eight, effective F 1p? = Ty f (z)dz Zo (m) 
f ; ; omit C\2nS$ 
Helical antenna, monofilar axial-mode, directivity, D = 12(—) z 
, À , 1 57.3° 
Linear array (long, uniform, in phase), HPBW = — (rad) = 
Ly Ly 


Loop (single turn) radiation resistance, R, = 197C4 (Q) 


, 2L? 
N ear-field- far-field boundary, R = rs (m) 


Noise power, receiver, N = kTsys Af (W) 
Nyquist power, w=kT  (WHz-?) 


P Ato 
Radar tion, — = —_ | imension| 
adar equatio P, = deat (dimensionless) 
22.42 
Radiation power, P = al i (W) 
62 Z 
= ; S0, 22 
Radiation resistance, R, = Oma OA (Q) 
51° 
Rectangular aperture, HPBW = L 
À 
(uniform distribution) 
115° 
Rectangular aperture, BW FN = L 
À 


Rectangular aperture, directivity = 12.6L, L} 

Rectangular aperture, gain over A/2 dipole = 7.7L, L} 
BWFN 

Resolution angle ~ —~—— 


o sS P P,AerA 
Signal-to-noise ratio, — = — = — 7 T 
N Pa reà kTys Af 
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Signal-to-noise ratio Res a? 
9 'N  1ôr?r?kTys Af 
(above 1 W isotropic) 
1 TR 
System temperature, Tsys = Ta + Tie(= — 1) + — (K) 


E € 
Temperature, antenna (through emitting-absorbing cloud), 


Ta = To(1 — e"s) + Tre ™™ (K) 


Ta k' T; 
Temperature, minimum detectable, A Tmin = a = ATims (K) 
Wave power (average, elliptically polarized), 
1, Et + E3 
Say = ~2———*+ W m~? 
w= 32 ( ) 


Wavelength and frequency, à = (m) 
(air or vacuum) 


A-2 Formulas for Input Impedance of Terminated Transmission Lines 


Formulas for the input impedance Z, 
appearing at a distance x from a load or p x -| 
terminating impedance Zz on a transmis- O 

sion line of characteristic impedance Zo as Zx Žo 
shown in Fig. A-1 are listed in the table for 3 O 

load conditions: (1) any value of impedance 
Z, (2) Z_ = 0 or short-circuited line and 
(3) ZŁ = œ or open-circuited line. For each 
load condition there are columns for 2 cases: 
(1) the general case in which attenuation is 
present on the line (œ # 0) and (2) the loss- 
less case where the line losses are negligible 


Figure A-1 Transmission line of characteristic 
impedance zo, length xand load zz. 


(a = 0). 
Load General case Lossless case 
condition (œ 4 0) (« = 0) 
Zt + Zo tanh yx ZŁ + jZo tan Bx 
Any value Z Z; = ZS Z; = Zo =m 
pa eh * = “07047, tanh yx x = 20 Z3 + jZ; tan Bx 
Zx = ZŽ/ZL' 


Z, =0 Z, = Zo tanh yx 
tanh wx + j tan Bx 

= £07 j tanh ax tan Bx 
Z, = Zo coth axt 
ZL = Zx = Zo coth yx 
1+ j tanh ax tan Bx 
tanh wx + j tan Bx 
Z, = Zo tanh axt 


Short-circuited line 


Zx = j Zotan Bx 


Open-circuited line = Zo Zx = — j Zo cot Bx 


tWhen £x = nz/2 where n =1,3,5,.... 
In the table y = æ + j where «œ = attenuation constant and B = 27/À. 
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A-3 Reflection and Transmission Coefficients and VSWR 


For a transmission line of characteristic impedance Zo terminated in a load impedance Zz, the reflection 
coefficient for voltage p,, the reflection coefficient for current p;, the transmission coefficient for voltage or 
relative voltage at the load t,, the transmission coefficient for current or relative current at the load z; and the 


VSWR are given by 


Reflection coefficient for voltage 


Reflection coefficient for current 


Transmission coefficient for voltage 


Transmission coefficient for current 


Voltage standing-wave ratio (VSWR) 


M agnitude of reflection coefficient 


_ ZL- Zo 
AT 
bi = 7g, TT” 
2ZL 
ee 
Ty a + py 
2Zo 
Ti Zo 4 ZL + Pi 
1+lol _ 1+løl 
l1-løol 1l-limil 
ie a. 
Pul = lPi! = VSWR +1 


A-4 Characteristic Impedance of Coaxial, 2-Wire and Microstrip Transmission 


Lines 
Characteristic 
Type of line impedance, & 
PEPEE . f ; beeen 138 b 
Coaxial (filled with medium of relative permittivity €+) Zo = log — 
Jr a 
Coaxial (air-filled) Zo = 13810 2 
a 
ae : . fi. 276 D 
Two-wire (in medium of relative permittivity s.) (D >a) Zo = log — 
J Er a 
Two-wire (in air) (D > a) Zo = 276log 2 
a 
Microstrip (w > 2h) Zo > aos 
JérU(w/h) + 2] 


where b = inside radius of outer conductor 
a = radius of inner conductor or wire 
D = Spacing between centers of wires 


w = width of strip 


h = height or thickness of substrate 


It is assumed the lines are lossless (or R < wL and G « wC) and also that the currents are confined to the 
conductor surfaces to which the radii refer. This condition is approximated at high frequencies owing to the 
small depth of penetration. It is also assumed that the lines are operating in the TEM mode. 
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The microstrip relation approaches exactness as the ratio w/h becomes very large. For strips of width w 
less than 2h, the formula for a single wire above a ground plane can be used. Thus, 


Zo = 138log 2 = 138109 A (2) 


where 


D = Spacing between wire and its image = 2h 
a = Wire radius = w/4 


The flat strip is considered equivalent to a circular conductor of diameter 5 of the strip width. 
A-5 Characteristic Impedance of Transmission Lines in Terms of Distributed 
Parameters 
In the following table the characteristic impedance Zo of a transmission line is given for 3 cases: (1) general 
case where losses are present, (2) special case where losses are small and (3) lossless case. In the table 
Zo = characteristic impedance, Q 
Ro = characteristic resistance, Q 
= series impedance, 2m! 
= series resistance, 2 m7! 
= series inductance, H m7? 
= shunt admittance, U m7! 
shunt conductance, © m~? 
= shunt capacitance, F m71 


= R+ joL 


x NA Q~ & BRN 
ll 


= G+ joC 


Z R+joL 
General case Zo =,/—= ead 
Y G+ joC 


Vatla- az) 


L 

C 
Lossless case 

L 


R= = =, j/—= 
0,G=0 Zo 2 Ro 


t Also holds approximately for the case where losses are not zero but wL >> R 
and wC > G. 


Small losses Zo = 
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A-6 Material Constants (Permittivity, Conductivity and Dielectric Strength) 


Relative permittivit 
chal AAH Conductivity Dielectric strength, 


Material el el o, U m1 MV m-? 
Air (atmospheric pressure) 1.0006 0 0 3 
Aluminum 1 0 3.5 x 107 

Bakelite 5 0.05 10714 25 
Carbon 3 x 104 

Copper 1 0 5.8 x 107 

Glass (plate) 6 0.03 10-38 30 
Graphite 105 

Mica 6 0.2 10-15 200 
Oil, mineral 2.2 0.0002 10714 15 
Paper (impregnated) 3 0.1 50 
Paraffin 2.1 0.0004 ~10-5 20 
Plexiglas 3.4 

Polyfoam ~1.05 

Polystyrene 2.7 0.0002 10-16 20 
Polyvinyl chloride (PVC) 2.7 

Porcelain 5 0.004 

PVC (expanded) ~1.1 

Quartz 5 0.001 10-17 35 
Rubber, neoprene 5 0.02 10-8 25 
Rutile (titanium dioxide) 100 0.02 

Snow, fresh 1.5 0.5-0.0003 

Soil, clay 14 5x 10-3 

Soil, sandy 10 2x 10-3 

Stone (limestone) 10-2 

Stone, slate 7 

Styrofoam 1.03 

Urban ground 4 2 x 10-4 

Vacuum 1t 0 0 

Vaseline 2.2 0.0003 

Teflon 21 0.005 10715 60 
Water, distilled 80 10-4 

Water, fresh 80 10-? to 10-3 

Water, sea 80 4to5 

Wood, fir plywood 2 0.04 


t By definition. 
Note: Both e/. and «// are, in general, a function of frequency. Values given are typical of the kilohertz to gigahertz range. The permitt- 
ivity is also a function of the temperature. Values given are typical of temperatures near 25°C except for snow. 
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A-7 Permittivity Relations 


/ sf 
Er = E jE, 


Er = €, — J 
WED 


,  ,f{o+ae" 
a ae WED 


, fe us o 
E = ‘i ——— 
| £0 WE 


/ . i UA 
Er = £, — j (Erh F Erc 


Er 


Er = el — jelPF, for small PF 


Power loss = oc E? + œe" E? (Wm?) 


where 
éy = relative permittivity = £/£ọ, dimensionless 


permittivity, F m~+ 


% 
ll 


eo = permittivity of vacuum = 8.85 x 10712 F m=! 
e! = relative permittivity related to displacement current 


e” = relative permittivity related to equivalent conduction current 


qa 
ll 


dc conductivity, © m7! 
o’ = equivalent conductivity, © m7! 
el, = relative permittivity related to hysteresis effects 
e”. = relative permittivity related to dc conductivity 
PF = power factor = o'/we foro’ K we 
E = electric field, V m71 
o E? = power loss due to dc conductivity, W m~? 


we" E? = power loss due to hysteresis effects, W m~’ 


A-8 Maxwell’s Equations 


The first table gives M axwell’s equations in differential form and the second table in integral form. The 
equations are stated for the general case, free-space case, harmonic-variation case, steady case (static fields 
but with conduction currents) and static case (static fields with no currents). In the table giving the integral 
form, the equivalence is also indicated between the various equations and the electric potential or emf V, the 
magnetic potential or mmf U, the electric current /, the electric flux y and the magnetic flux Wn. 
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Computer Programs 
(Codes) 


C-1 Introduction 


One of the challenges of studying antennas is to visualize the currents and resulting radiated fields. This 
has motivated researchers in this discipline to find ways to make their jobs simpler and more produc- 
tive. The original approach was to develop measurement techniques that produce pattern and impedance 
plots. This is still one of the best ways because the results represent how the antenna is actually con- 
structed. As discussed in Chap. 21, however, the associated errors must be understood and controlled. 
In addition, measurements can be time-consuming and difficult to do, especially for three-dimensional 
patterns. 

The availability of computers in the 1960s provided antenna designers with an alternative. They could 
develop software to simulate the performance of antennas. In general, these techniques either numerically 
solve M axwell’s equations by discretizing the problem using integral techniques, such as Moment M ethods 
(MoM ) as discussed in Sec. 12-11, or differential techniques, such as finite elements or finite difference-time 
domain. It is also possible to approximately solve some antenna problems using high-frequency asymptotic 
methods, such as the Uniform Geometrical Theory of Diffraction (UTD), as discussed in Sec. 9-2. It is 
beyond the scope of this book to go into detail about any of these or the various other methods that have been 
developed. However, some of these computer codes have become user-friendly enough to be further explored 
by interested individuals.t 

This Appendix describes a few of the commonly available antenna simulation codes. It is recognized 
that this is still a rapidly developing and growing area. To avoid presenting too much information that will 
be obsolete before the ink is dry, it is intended that the accompanying Web sites for the book will provide 
up-to-date computer codes, problems sets, and other illustrative materials. In this way, as different types of 
computers and operating systems become available, the provided software and links to other sites can be kept 
current. Itis not possible to list all the excellent software available. Itis only intended to give a small sampling 
of them and more importantly to stimulate the student and working engineer to look for the best methods to 
suit their needs and preferences. 


tEdward H. Newman, author of Sec. 12-12 on the Method of Moments, writes: “It is true that numerical techniques, such as the 
method of moments (M M ), can be more accurate than analytical results, since they generally involve fewer assumptions. However, a big 
disadvantage of the numerical techniques is that they only yield NUMBERS, and not EQUATIONS. Simple equations are nice since we 
can look at them and gain physical insight into the problem, and also we can get design information. Thus, the numerical techniques will 
never replace good (accurate but simple) analytical results.” 
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McGraw-Hill provides a Web site for Antennas, for All Applications that can be reached through 
www.mhhe.com/catalogs/sem/engineering. It provides links to another site that also can be reached through 
www.antennas3.com. In addition, other useful sites can be accessed from these locations. 


C-2 Software Modeling Philosophy 


Before going into specifics, itis important to take a moment to discuss issues that affect all software modeling 
approaches. It is very important that an engineer using a computer code develops good habits and learns from 
the best practices that have evolved through experience of the user community. The specifics might be different 
for each computer code or technique, but the underlying principles will not change. First and foremost, itis 
very important to realize that just because the answer came from a computer does not make it right. Each 
result must be carefully evaluated. It is strongly believed that the fundamentals learned in this book will give 
the reader the necessary tools to be a critical evaluator of any result, whether measured or calculated. The 
Table of Antenna and A ntenna System Relations inA ppendix A provides many easily remembered values and 
equations for this purpose. 

The more a user knows about the theory behind a computer code the better. However, the typical engineer 
usually does not have the time to go deeply into all the methods of solutions that are or will be available in 
the future. However, it is usually possible, with well-documented codes, to understand the basic limitations 
associated with the techniques involved. For example, Method of Moments codes need the discrete wire 
modes representing the local current amplitudes small enough to accurately reproduce the current’s shape. 
High-frequency asymptotic techniques, like the Uniform Geometrical Theory of Diffraction, need to be large 
enough in electrical size to fit the large distance approximation used in the development of the diffraction 
coefficients. So even without having a complete understanding of why a limitation exists for the use of a code, 
the user can understand that the physical model must be defined within these bounds to maintain accuracy. 

Modeling uncertainties commonly arise in two ways when a user is developing and analyzing a model 
in acomputer code. The first is associated with the physical model. The user should understand how well a 
computer model matches the actual one. Often it is not possible to exactly model every bolt and rivet in the 
real antenna, nor is it necessary. If the objects are small in terms of a wavelength, their effects will be small. In 
addition, it should be noted that patterns are an integration of the currents, so they are relatively insensitive to 
small current variations. However, voltage-current relationship at a feed point might vary enough with small 
variations of the geometry to change the impedance of the model. A proper choice of modeling technique or 
just more care in modeling may be necessary depending on the situation. 

Secondly, uncertainties arise associated with the numerical model. These can be characterized as equation 
errors and solution errors. Equation errors arise because the numerical results may not exactly satisfy the 
modeling equations, such as round-off problems associated with finite number representations in digital 
computers. This type of error is expected to increase with the electrical size of the problem. Solution errors 
arise because techniques such as MoM uses a finite number of unknowns or UTD uses a finite number of 
images and/or diffracted rays interacting with one another. 

The most important way that a user can be assured of the accuracy and relevance of results is through 
validation. Validation is time-consuming but extremely essential and unavoidable. It can take on two forms: 
internal and external. Internal checks are composed of self-consistency tests such as convergence of MoM 
solutions with increased discretization of geometry, power conservation, and satisfaction of boundary condi- 
tions. In addition, the user should ask if the beamwidth and/or gain make sense for the size of the object in 
terms of the wavelength. Does the number of peaks and nulls correspond to the size? If not check the units or 
the frequency. Does the peak to side-lobe ratio make sense? See the helpful values and equations in A ppendix 
A of this book. It is also essential that the user takes time to start a problem in the simplest way possible 
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where the results are easily understood and many comparable results exist. Various figures in this book can 
be useful. Then as the problem is built up into its more complicated final form, each step can be checked 
along the way. Even if an example to check against is not readily available this procedure is useful because it 
improves the chances of finding where a problem occurs and allows the user to gain experience and insight. 

External checks are associated with comparing the results to known or alternatively obtained solutions. 
These can be analytic, experimental, or numerical alternative methods. Analytic solutions are available for 
only a small class of problems, many of which can be found in this book. Alternative numerical solutions 
can be used to validate similar ideal models. If the numerical solution is of the theoretical type, however, it 
may only prove that the two results are consistent with one another, not that they are completely correct. If 
the numerical solutions are of differing type, and the results compare, then a stronger case can be made that 
two solutions are correct. Experimental solutions are very good checks for comparison if they are carefully 
done, since, as Chap. 21 points out, many potential errors are possible. However, if a numerical solution and 
an experimental solution match, it is a very strong statement of accuracy. 


C-3 Codes Illustrating Results in Antennas 


As discussed above, computer codes are very useful tools for students and working engineers. Computer 
codes are available on the Antennas’ Web site that directly use the classical theories presented in the book. In 
addition, a modern wire antenna code based on M ethod of M oments is also available, as discussed in Sec. C-4. 

The following codes are downloadable as PC executables. Other versions will be provided as the need 
warrants. The PC executables have simple, descriptive (self-documenting), fill-in-the-blanks dialog boxes 
for input of the geometry. The radiation patterns are plotted based on the user choice, as field, power, or dB 
quantities in rectangular or polar form. It is important that the user first checks his or her ability to use the 
codes by duplicating the applicable figures in the book. 


C-3a Code for Calculating the Pattern and Directivity of Arrays 


ARRAY PATGAIN is a computer code for calculating the directivity of linear arrays using the theories pre- 
sented in Chap. 5. The array element spacing can be specified. The array pattern factors (isotropic elements) 
can be determined for uniform, binomial, Dolph-T chebyscheff and other amplitude distributions. In some 
cases additional information needs to be provided, as for the Dolph-Tchebyscheff distributions where the 
side-lobe levels need to be specified by the user and the code then outputs the element weights. Phase dis- 
tributions can be added to scan the beam. Directivity for various orientations of dipole elements, also, can 
be found. The user should be able to duplicate the results illustrated in Figs. 5-41 and 5-48 as well as the 
information in Sec. 5-17. It can be used in conjunction with most of exercises from Probs. 5- 15-4 through 
5- 16-6. Additional problems are provided on the Web site. 


C-3b Code for Calculating Patterns of an Antenna over a Flat Reflector or ina 
Corner Reflector 


CORNEREFLECT is acomputer code to calculate the patterns of dipoles over an infinite or finite flat or corner 
reflector. For the infinite cases, image theory is used to find the resulting patterns. For the finite cases, the 
Uniform Geometrical Theory of Diffraction (K ouyoumjian and Pathak-1) is used to add the diffracted fields 
from the knife-edges and junction between the two plate sides. This code complements the theory presented 
in Chap. 9. The user can specify the distance of the dipole from the origin as illustrated in Figs. 9-3 and 9-9 
as well as the angle between the plates and their lengths. The user should be able to duplicate the patterns 
in Figs. 9-3, 9-6, and 9-12. It can be used in conjunction with Probs. 9-2-1 through 9-3-8. Additional 
problems are provided on the Web site. 
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C-4 Expert MININEC for Students 


M any of the antennas studied in this book and used in practice are wire antennas. In addition, many aperture 
antennas can be modeled using wire antenna codes through the use of duality. So computer codes that model 
this class of antennas are very useful. The technique most often implemented to analyze wire antennas is the 
M ethod of M oments (M oM ) (see Sec. 12-11). One of the first codes to be widely distributed to the general 
engineering community using PCs was MININEC (Julian (1), Logan, and Rockway). It was written using 
BASIC for an Apple computer with 64 kilobytes of memory. Since that time, it has been greatly improved 
with more practical applications in a user-friendly Windows environment (Rockway (1, 2) and L ogan). 

A student version of this software is made available on an EM Scientific Web site linked through the 
Antennas, 3d Edition Internet location as aPC executable. This very powerful numerical analysis tool contains 
many of the useful features of the professional versions. It is an excellent way to learn about the M ethod of 
Moments and most importantly about how antenna design can be performed. M any of the design philosophies 
discussed in Sec. C-2 have arisen from the experiences of the authors of MININEC and the many engineers 
in its and related codes’ users’ community. 

TheExpertM ININEC Web sitecontains many useful examples of input and output sets along with problems 
that can be used in the classroom. Documentation is available to help with using the code. However, the user 
interface has convenient input templates for modeling Vee dipoles (also straight ones as a subset), loops, 
dual quad, three-element Y agi-Uda’s, etc. It can provide currents and charges on the wire, impedance and 
admittance, radiation patterns (dBi or electric field, power or directive gain). These antenna models and their 
results can be coordinated with the study of the corresponding presentations in Chaps. 6, 7, 8, 12 and 18. Itis 
important that the beginning user first validate his or her ability to use the code by checking output with results 
provided in the documentation. Problem sets are available to help employ the specific features of this code. 


C-5 Other Useful Codes 


The computer codes and Web sites listed above are obviously not complete. There are many available codes 
for the design of antennas using different methods. Some are available for at most a nominal fee and others 
are commercial products. It is difficult to come up with alist that will be complete and current, so one will not 
be attempted here. But links are provided on the Antennas 3d Edition Internet location to several very useful 
sites. For one example, the Applied Computational Electromagnetic Society’s Web site has useful listings 
related to numerical antenna codes as well as links to other sites. The reader is encouraged to explore these 
sites and others. 
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Absorbing Materials 


Wave-absorbing materials are now an integral part of antenna technology. They are used both in measurement 
ranges and also as antenna components for reducing side- and back-lobe radiation. 

The use of a sheet of space cloth (Z = 377 Q per square) placed 49/4 from a reflecting plate to completely 
absorb a normally incident wave was invented by Winfield Salisbury (1) at the Harvard Radio Research 
Laboratory during World War II and the resistive (carbon-impregnated) cloth sheets heused are called Salisbury 
screens. At normal incidence the arrangement gives a 1.3 to 1 bandwidth for a reflected wave at least 20 dB 
down.? 

Thetransmission line equivalentis shown in Fig. D-1a with the characteristic impedance of thetransmission 
line equal to 377 Q. For simplicity let us divide by 377 Q, obtaining normalized (dimensionless) impedances 
as in Fig. D-1b. 

Consider now the situation shown in Fig. D-1c with a number of resistances shunting the line over a distance 
of about 14. The (normalized) resistances range from small to large values with distance from the short. The 
spacings also increase with distance from the short.? As shown in Fig. D-2, the path of the normalized line 
admittance Y moves from the Y = co position atthe short via incremental steps of distance and conductance to 
the center of the chart (match point). The advantage of this incrementally tapered termination is thatit provides 
a low reflection coefficient over wider bandwidths than the single-resistor termination of Fig. D-1a and b. 
The space equivalent of Fig. D-1c is shown in Fig. D-1d consisting of a Ao stack of Salisbury sheets with 
impedances per square as indicated and backed by a reflecting plate. Stacks of this kind with sheets sandwiched 
between layers of plastic (dielectric) were developed in Germany during World War II by J. Jaumann. An 
historical summary of the development of wave-absorbing material and its application is given by Emerson (1). 

Increasing both the resistance and number of sheets (and decreasing their spacing) results in the limitina 
continuously tapered medium. 

If both the permeability u and permittivity £ of a medium include a loss term but with the medium, although 
lossy, will havea real impedance equal to that of free space as given by 


Mr = M, — ju, = Er = £, — je, (1) 


z= j= [Æ TE? aay =372 (2) 
E eo V & Er 


1The wave absorption resonates also for sheet-to-plate distances of 34/4, 54/4, etc., but the bandwidth is narrower. 
2B oth resistance and spacing increase in an approximately exponential manner. 
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Salisbury sheets 


Figure D-1 (a) Transmission line and single load with 19/4 stub as matched termination. 
(b) Same configuration in terms of normalized impedances. (c) Line with 6 loads distributed 
over 149 as wideband matched termination. (d) Space equivalent with stack of Salisbury sheets. 


Conductance 
move 


Path move 


Figure D-2 Path of normalized admittanceY from short via incremental steps to match point 
at center of Smith Chart for the line with 6 distributed loads of Fig. D-1c (5 to 1 bandwidth for 
reflected wave 20 dB down). 
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In principle, a wave incident on a uniform medium of such material can enter it without reflection and, if 
the medium is thick enough, be completely absorbed. Such a medium, being uniform, is in contrast to the 
tapered media discussed above. 


EXAMPLE D.1 Find the reflection coefficient |,| for a 3-mm-thick absorbing sheet backed by a flat 
perfectly conducting metal plate at 3 GHz if the constants of the sheet are o = 0, u, = £, = 10 — 10. 


E Solution 
The propagation constant 


2 
y =a + j = j -0 — j10) 


Therefore, 


æ = 2x x 100 = 628Npm! 
and the relative field intensity of the wave emerging from the sheet after reflection from the metal plate 
is given by 

= = |p| = 722x = e731 = 0.023 
or down 33 dB from the incident wave. 


Although lossy media with u, = £, appear attractive in principle, the parameters of the more popular types 
of absorber are typically: u, = 1 and e, ~ 2 — j1. Popular shapes are in the form of pyramids and wedges 
as illustrated in Fig. D-3a and b. The pyramids behave like a tapered transition (as discussed above) for 
normal (nose-on) incidence. However, DeWitt (1) and Burnside find that pyramid absorbers tend to scatter as 
arandom rough surface with large reflection coefficient at large angles of incidence, wedges being far superior 
at these angles provided the wave direction is nearly parallel to the ridge of the wedge. At large incidence 
angles the wave direction is almost broadside to the side faces of the pyramids, resulting in reflection due to 
media mismatch. 


EXAMPLE D.2 (a) Find the normal (nose-on) reflection coefficient at 3 GHz (A = 100 mm) for an 
array of pyramids 30 cm from tip to base with o = 0, u, = land s, = 2 — j1. (b) Find the reflection 
coefficient at 10 GHz (A = 30 mm) assuming that ø, u, and s, are the same as at 3 GHz. 


E Solution 
Referring to Fig. D-3a, the effective impedance presented by the pyramid array to a normally incident 
wave is essentially 377 //0° at the tip, increasing gradually (over 34 at 3 GHz and 10a at 10 GHz) to an 
impedance of 
377 377 
Z= = — = 252 /13.3° Q 
Ver V2—jl 


at the base. Due to the long taper, let us assume negligible reflection at the interface of the media (air and 
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pyramid). Without the taper, the media mismatch would give a reflection coefficient of 


Z-z]. _|252713° — 377 
leo! | ZED E Arr | OA 


This is a much larger reflection coefficient than for normal (nose-on) incidence (as calculated next) 
and accounts for the large reflection coefficient at large angles of incidence (almost broadside to the sides 


of the pyramids as in Fig. D-3a). 
As a first approximation for the nose-on reflection coefficient, let us assume that the pyramids are 


equivalent to a solid medium of 5 of their height. Thus, the propagation constant 
2 2 2 
Te “a Tj = j aer =o 57 (1-46 — j0.35) 
0 . 
and the attenuation constant 


27 -1 
=i x 0.35 = 22Npm 


The reflection coefficient is then 
pul = eax = ee X22x0.1 = 0.0123 


a 


(a) At3 GHz this is —38 dB. 
(b) At 10 GHz it is about —125 dB. 


Normal (nose-on) 
incidence 


Large angle 
of incidence 


Pyramids Meaz 


interface / 117 117 \ \\A----- 252 213° 0, 
reflection 


(a) 


Angle of incidence 
for which wedges 
work best 


Ridge 
Wedges 
Base 


(b) 


Figure D-3 (a) Pyramid and (b) wedge forms of wave absorbers. 
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In practice, the reflection coefficient is unlikely to be as small as this at 10 GHz although it may be 
substantially smaller than at 3 GHz. The inhomogeneity of some commercial absorbers can also increase the 
reflection coefficient and backscatter (D eWitt-1). 
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Measurement Error 


All measured quantities involve error. T hus, the measured area of a sphere might be given as 2.76 + 0.03 m2, 
indicating an error or uncertainty of +0.03 m2. If this is the root mean square (rms) or standard deviation, it 
means that the chances are roughly 2 to 1 that the true value is between the limits, i.e., greater than 2.73 and 
less than 2.79 m2. For a finite number n of readings the 


d? +d? +. -+ d? 
n-1 


(1) 


rms deviation = / 


where d1, d2, etc., are the measured deviations from the mean of a set of n observations. 

Sometimes the error given is the probable error, which is 0.6745 times the rms error. A probable error 
indicates that the chances are even (or 1 to 1) that the true value is between the limits cited. 

W hen an error is given it usually implies that a set of measurements has been made. A single measurement 
is anomalous, and any error associated with it must be an estimate. 

Wherever measured values are cited in this book it is understood that they are subject to error whether 
explicitly stated or not. For example, the gain of an antenna may be quoted as 36.5 dBi. However, to be 
explicit, an appropriate error should be included. Thus, if the error is +0.5 dBi the gain should be given as 
36.5 + 0.5 dBi. 

However, for brevity, errors have usually not been included. A n exception involves the antenna temperature 
measurements of Penzias and Wilson as discussed in Sec. 17.1 (pp.625-626). Their results are 


2.3 + 0.3 K due to the atmosphere 
0.8 + 0.4 K due to ohmic losses 

< 0.1 K due to back lobes into the ground 
3.2+0.5K total 


Their measured sky temperature was 6.7 + 0.8 K which, less 3.2 + 0.5 K , gave a residual of 3.5 + 1.0 K.1 
Penzias and Wilson's attention to the errors led to their discovery of the 3-K sky background, for which 
they subsequently received a Nobel prize. 


1N ote that these total errors are rss (root sum square) (quantities unrelated) not rms (root mean square) (single quantity error). Thus, 0.3 
and 0.4 (in above tabulation) are rms but the total 0.5 is rss. 
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Answers to 
Starred Problems 


Chapter 2 
2-7-3. 3.8, 4.6, 6.1. 
2-7-4. (a) 2.05 x 10* (43.1 dB); (b) 1.03 x 104 (40.1 dB). 
2-9-3 71.622. 
2-1-2 ~11kW. 
2-11-5. 152 m? RCP. 
2-16-4. 14.9kW. 
2-17-2 (a)AR =1.5; (b) t = 90°; (c) CW. 
2-17-4. (b) AR =1.38; (c) t = 45°. 
2-17-6. Straight line with t = 45°. 
2-17-7. (a) AR = —2.33 (RH); (b) rt = —45°; (c) RH. 
2-17-9. (a) AR = —5; (b) RH; (c) 34 mW m2. 
2-17-1L (a) AR = 3.0; (b) t = —22.5°; (c) CW; (d) LH. 
Chapter 3 
3-2-L Change (a) L = 0.5/4, w > 0; (b) Zs = 363 — j211 Q; (c) 1.64. 
3-4-2 200d. 
3-5-L (a) 24.712; (b) 310 (24.9 dBi); (c) 186 (22.7 dBi). 
35-2 0.19 m2. 
3-5-3. 175mm. 
3-6-L 6(£ plane) = 45°, 6(H plane) = 45° for a symmetrical pattern. 
Chapter 5 
5-3L (a) 1539W m~; (b) 4.29 x 1026 W; (c) 762 V mo. 
5-5-2 (a) 5.1, 6, 7.07; (b) See Prob. 2-7-3. 
5-9-L (c) Max. at 0°, 180°, +41.8°, +138.2° 


Nulls at +19.4°, +90°, +160.6° 
Half-power at +9.6°, +170.4°, +30°, +150°, +56.5°, +123.5°. 
(d) Max. at 0°, +90°, 180° 
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Nulls at 430°, +150° 
Half-power at +14.5°, +165.5°, +48.6°, +131.4°. 

(e) Max. at 0°, 180°, +14.5°, +165.5°, +30°, +150°, +49°, +131°, +90° 
Nulls at 7°, +173°, +22°, +158°, +39°, +141°, +61°, +119° 
Half-power at +3.6°, +176.5°, +11°, +169°, +18.5°, +161.5°, +26°, 
+154°, +34.5°, +145.5°, +43.5°, +136.5°, +54.5°, +125.5°, +70°, +110°. 

(f) Max. at 0°, 180° 
Half-power at +90°. 


5-9-3 (a) 2. 
5-13-4 (a)and (b) 1 major and 5 minor lobes 
(c) ordinary D ~ 7; incident direction: D ~ 12. 
5-13-6 (b) 6.6; (c) 6.3. 


1 sin(3z sin $) 
4 sin(27 sin ¢) 
(b) ECH) cosè ($x sin Ø) or 3 cos(x sin @) + 7 cos( Px sin ¢). 
5-16-2 0.61. 
5-16-3. (a) 0.52, 0.82, 1.00, 0.82, 0.52 
(b) Max. at +39°, +141°, +90°, 
Nulls at +30°, +54°, +126°, +150° 
(d) 24°. 
516-5 R = 5: 0.93, 0.84, 1.00, 1.00, 0.84, 0.93 
R = 7: 0.69, 0.80, 1.00, 1.00, 0.80, 0.69 
R = 10: 0.53, 0.78, 1.00, 1.00, 0.78, 0.53 
The lower the side lobes the steeper the taper needed. 


inž 
5-16-7. (a) E = = n where y = d, coso + ô 


515-4. (a) E(¢) = 


Zen sing 


1 
2 
(b) 6 =0, (1): 1, 1, 1, 1, 1, (2): 1, 4, 6, 4, 1, (3): 1, 0, 0, 0, 1. 
5-19-1L 2500. 
5-24-1 (a) 44°, (b) —13.3 dB, (c) 0.177 sr, (d) 0.89, (e) 24, ( f) 1.922 
5-25-L Max. 0°, 180°, +60°, +90°, +120° 
Min, +41.4°, +75.5°, +104.5°, +138.6° 


Chapter 6 
_ Qlcosé _ Qlsino _ 
a H iy mer > T 4rer? a 
6-3-2 (a) 2.86 x 107? /—9° V/m; (b) 8.88 x 107? /—81° V /m; (c) 2.39 x 10-4 /—81° A/m. 
6-3-4 (a) General: 282 mV /m, quasi-stationary: 121 mV /m 


b) General: 242 mV /m, quasi-stationary: 61 mV /m 
c) General: 784 uA /m, quasi-stationary: 338 uA /m. 
6&4&-L 3.332. 

6-4-2 (a) 2.74 uW; (b) 3.0A. 

6-4-5. (a) a sr; (b) 4. 

6-4-7. 354. 
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6-48 (a) 21.9; (b) 1.74 22: (c) 6.8 Q. 

6-4-9. (a) 8.16; (b) 654 2. 
6-4-12. (a) 23.2 Q. 
( 


66-1 (a) E =tanésin 5 cos); (b) 168 Q; (c) 168, 73, 197 Q. 
69-L (a) E= nea lsina (5 — cosé) |, 4-lobed patterns 
(b) 40-lobed pattern. 
6-10-L ~0.671. 
6-1-2 = (a) 52 — 7219; (b) Gf (max) = 1.55. 
6-14-1L (a) 1 and 6: 63 + 29; 2 and 5: 46 — j2; 3 and 4: 53 + j10Q. 
6-14-4, 117° 
6-14-7. (a) 6°22’; (b) —13.15 dB; (c) 7/4 sr; (d) 0.89; (e) 16; ( f) 1.27 22. 
6-16-6 (a) 0.354; (b) —7 /2. 
6-24-L (b) ~17°. 
6-24-2 H, = 0.83, 6 =72.5°, L} = 5.5. 
6-244 ¢ = 72.5°, L} = 5.14. 


6-24-6. ¢= 60°. 
Chapter 7 
7-6-L 18902. 


7-9-2. (1) 180 2, 1.5; (2) 1550 2, 1.2; (3) 4100 2, 3.6. 
7-10-L = 4-lobed pattern. 


7-16-L 474Q. 

7-16-2779 — j67. 

7-20-L 750. 

Chapter 8 
8-4-4, (a) 10; (b) 6 cm; (c) 1.05 (95 percent pure RCP). 
8-6-L (a) 28.8 cm; (b) 27.6 cm; (c) 26.4, 26.4, 25.8, and 24.0 cm; (d) 30 cm; (e) 19.1 cm; 
(f) 465 to 535 MHz; (g) 11 dBi. 

881 (1) 0.802; (2) 0.763. 


3-1-1 (a) Dy = J/2H,/1; (b) E=siné. 
Chapter 9 


9-3-4 (a)73 2; (b) 10 dB. 
936 (a) 16 dBi; (b) 12.6°. 
9-7-2 76.6 m?. 


Chapter 10 

10-4-L (a) 62.5 mm; (c) 28%. 
Chapter 11 

0-2-2 2704 350. 
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Chapter 15 
15-9-3. (a) 5°, 1.1 dB; 10°, 2.2 dB 


(b) 5°, 1.4 dB; 10°, 2.9 dB 
(c) 5°, 0.06 dB; 10°, 0.26 dB. 


Vertically polarized (VP) 


Receiving antenna height, m 


Circularly polarized (CP) 


[os toe me = 
15 -10 -5 0 +6 
Signal level, dB 


Figure P15-10-1a Solution to part (a) showing variation n versus height above ground. 


15-10-1. (a) Figure P15-10-1a shows the variation of vertical, horizontal and circular polarization 
signals with height above ground. 
(b) Note that the level with the CP antennas is the same as would be obtained with either the 
VP or HP antennas if the signal was received by the direct path only (no ground reflection). 
However, with CP antennas the signal level is essentially independent of the height, while 
with the HP and VP antennas the level varies for 6 dB more to no signal at all. 
Another important factor for TV reception is that with CP antennas the signal is received 
(ideally) over only the direct path while with the HP and VP antennas the signal is received 
via both direct and reflected paths. At maximum, the direction and reflected path signals are 
essentially equal in level but arrive at different times. If the time difference is of the order of 
a microsecond, objectionable ghost images will occur, degrading the picture quality. 
15-12-L 106, 35, 11 and 3.5 m. 
15-13-L (a) 26.5 W m~?; (b) 184 uW m2. 
15-13-3. 1.35 nW m~. 
15-13-6. f, = 0, 8.89/ào Np mm}. 
Chapter 16 
16-1-3. 0.81, 2036. 
16-1-4. 0.66, 1651. 
16-1-6 81.1%, 1304 or 31.2 dBi. 
16-1-8 (b) 4.2°. 
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Chapter 17 


1W7-2-L 14.5K. 

17-2-2. 25.6K. 

17-3-2 33dB. 

17-3-3. (a) 10 h; (b) 6.9 x 107%? W; (c) 50 Hz. 
17-3-4. (a) 12.2 dB; (b) 2.3 m. 

17-3-5. (a) 0.08 K; (b) 0.09 K; (c) 445 K; (d) 500 mJy. 
17-3-7. (a) 12.7 dB; 0.5 dB; (c) ~13 min. 

17-3-8. 24.2K. 

17-3-9. (a) 15.6 MHz; (b) 26.1 M Hz; (c) 41.0 M HZ. 

17-3-1L (a) 0.06 K; (b) 320 mJy. 

17-3-13. LY. The data rate is slow but the first trans-A tlantic cable wasn’t much faster. To put 1000 
light-years (LY ) in perspective, recall that the circumference of the earth is 1/7 light-second, 
the distance to J upiter 45 light-minutes, to the planet Pluto 5 light-hours, and to the nearest stars 
4 light-years. A distance of 1000 LY is 250 times farther, yet itis only 1 percent of the distance 
across our galaxy and there are billions and billions of other galaxies, some at distances of 
more than 10 billion light-years. If the ETC message could be deciphered and understood and 
the earth sent a reply, it would be at least 2000 years before we might expect an answer. But 
would we have the vision and patience to wait 2000 years? Even though it is technologically 
possible, dialogues over such distance may never occur. We will just listen and wonder. 

17-3-14. 650 km line-of-sight. 

17-3-17. 108.4 cB. 

17-3-18 (a) 8.16 x 10° W; (b) 1.0 m; (c) Yes (G/T = 7.4 dB K~}); (d) 3.2 dB. 

17-4-L 236K. 

17-4-4. 65.1 kW Hz7!. 

17-5-3. 5.6 x 10728 m?. 

17-5-5. 560TW peak power. 

17-5-7. (a) x m?; (b) 407x m?; (c) 0.047 m?; (d) ~0 m?. 
17-5-8. 0.8 m°. 

17-5-9. (a) 79.5 m/s; (b) 46.7 m/s toward radar. 

17-5-12. 45 m/s (=162 km/h = 101 mi/h). 

17-5-13. 160 mW. 

17-5-14. 1.2 kHz. 


17-5-18. 66 ns. 
17-5-20. (a) 3.1 x 10715 W; (b) 9.0 x 10717 W; (c) Signal-to-noise = S/N = 31 dB, signal-to-clutter 
= S/C =16dB. 
Chapter 18 


18-4-L 121+ j462. 
18-6-3. R, =502, Rp = 202, R, = 50 Q. 


Chapter 19 
193-L 1/2. 
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Objective Questions 


. The Lorentz gauge condition is given by Ve A =: 


(a) —wed?@/dt? (b) —wed®/dt (c) —we® (d) 0 
. The Coulomb gauge condition is given by Ve A =: 

(a) —ped?@/dt? (b) —wed®/dt (c) —we® (d) 0 
. The free space wave number ko is defined as 

(a) ko = wov/(u0e0) (b) ko = wo//(u0e0) 

(c) ko = wov/(H0/€0) (d) ko = wo//(e0/H0) 


. If Es is the field intensity vector identified as a phasor by its subscript ’s’ and ko is the wave number, 


equation V? Es = —kĝ Es is known as: 


(a) Poisson’s equation (b) Coulombs gauge equation 
(c) Vector Helmholtz equation (d) Diffusion equation 
. The induction and radiation fields of an oscillating dipole becomes approximately equal at a distance 
r, when r =: 
(a) 1/6 (b) 1/4 (c) a/3 (d) a/2 


. Radiation resistance of a hypothetical current element of length d! is: 


(a) 800 (dl/a)? (b) 400 (di/a)? (c) 800 (d1/A) (d) 400 (di/2) 


. The ratio of effective aperture to the actual aperture is a direct measure of antenna effectiveness in 


radiating/receiving the power to or from the desired direction. Depending on the type and design, the 
normal value of this ratio for reflector antenna ranges between: 
(a) 25-45% (b) 35-65% (c) 45-75% (d) 75-95% 


. Ina plane containing an isolated H ertzian dipole, the radiation pattern of the antenna is a: 


(a) Circle and the radiation is circularly polarized 

(b) Circle and the radiation is linearly polarized 

(c) Figure of eight and the radiation is circularly polarized 
(d) Figure of eight and the radiation is linearly polarized 
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9. 


10. 


I. 


12. 


13. 


14. 


15. 


16. 


17. 


18. 


19. 


20. 


The boundary between the near field and far field may be arbitrarily taken to be at a radius R, which is 
related to the wavelength à and maximum dimension L (in meters) of the antenna as: 


(a) R =2L?/à (b) 2L/A (c) 2a/L (d) 2a/L? 
The following terms spell the same meaning in reference to an antenna: 

(a) Near field and Principal zone (b) Near field and Fresnel zone 

(c) Near field and Fraunhafer zone (d) Far field and Fresnel zone 
The standard reference antenna for the directive gain is: 

(a) infinitesimal dipole (b) elementary doublet 

(c) half wave dipole (d) none of the above 
The antenna used as standard reference for directive gain is: 

(a) quarter wave dipole (b) isotropic antenna 

(c) elementary double (d) half wave dipole 


There are four antenna configurations (i) a simple 4/2 dipole (ii) a flat sheet placed in front of simple 
2/2 dipole (iii) a flat sheet placed in front of an array of two 2/2 dipoles and (iv) a flat sheet folded 
into to a 90° square corner and is placed in front of simple 4/2 dipole. The directivities of the above 
four configurations will be in the order of: 


(a) 1.64:3:6:9 (b) 1.64:4:8:12 (c) 1.64:5:10:15 (d) 1.64:5:10:20 
The input impedance of a dipole antenna having tip-to-tip physical length equal to half wavelength, is: 
(a) Pure resistance (b) Pure capacitance 
(c) Inductive impedance (d) capacitive impedance 
The input impedance of a short dipole with length nearer to 0.23 à contains a reactance, which is 
normally: 
(a) large and capacitive (b) small and capacitive 
(c) large and inductive (d) small and inductive 
The near zone fields of an oscillating time varying dipole are: 
(a) dynamic (b) static 
(c) quasi-static (d) none of the above 
For half wave dipole the directivity D (in dB’s) is obtained to be: 
(a) 1.76 (b) 2.15 (c) 3.14 (d) 1.64 
The directivity of a half wave dipole is given by: 
(a) 1.51 (b) 1.64 (c) 2.03 (d) 2.54 


If an antenna is at a height 4, above the earth (radiusR) simple geometry gives line-of-sight distance 
(d) to the horizon: 


(a) d = 2Rh (b) ?V2Rh (c) 3V2Rh (d) *V4Rh 
In relation to the directional characteristics of the dipole antennas the terms 6 and ¢ polarization are 
synonymous with and may be used for the following terms in that order: 

(a) Horizontal and Vertical Polarization (b) Vertical and Horizontal Polarization 

(c) Circular and Elliptic Polarization (d) Elliptic and Circular Polarization 
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21. When the current ratios and phasings are properly chosen sharp directivity with an array of fixed 
length but sufficiently large number of elements can be obtained. With this phasing and close spacings 
between elements the radiation resistance: 

(a) Reduces to very low value (b) Increases to very high value 


(c) Remains unaffected (d) Changes only slightly 


22. The Tchebycheff polynomial Tm(x) is commonly used in design and synthesis problems. For m = 0 
and m = 1 its values are: 


(a) land 0 (b) 1 and oo (c) Oand1 (d) coand1 
23. A straight dipole radiator fed in the center will cause maximum radiation: 
(a) in the plane parallel to its axis: (b) in the plane normal to its axis 
(c) at the place of feed (d) atits extreme ends 
24. The impedance of half wave dipole antenna mounted and radiating into an unbounded ideal dielectric 
medium is: 
(a) a pure resistance (b) a pure capacitance 
(c) an impedance with capacitive reactance (d) an impedance with inductive reactance 
25. If Z is the input impedance of a simple dipole, the impedance of n fold dipole is 
(a) nZ (b) n2Z (c) Z/n (d) Z/n? 
26. A dipole antenna fed at the extreme left end will produce a beam, which will be: 
(a) tilted toward left (b) tilted toward right 
(c) perpendicular to the dipole (d) parallel to the dipole 


27. The radiation resistance of a quarter wave monopole (if h = 1/2) is given by: 
(a) 100 (7/4)? (b) 200 (n/a)? (c) 300 (7/2)? (d) 400 (n/a)? 


28. If the radiated power of a quarter wave monopole is given by (1/27) e 0.609n/? eff/2x the radiation 
resistance (in Ohms) of a half wave dipole is obtained to be: 


(a) 36.5 (b) 18.25 (c) 73 (d) 146 
29. The unit pattern of the following will be a figure of eight shape: 

(a) two elements with à spacing (b) two elements with A/2 spacing 

(c) two elements with A/4 spacing (d) two elements with 34/4 spacing 
30. At 450 MHz the half power beam width of a 3-element array is: 

(a) 10° (b) 12° (c) 8° (d) 28° 
31. At 450 MHz the half power beam width of a 7-element array is: 

(a) 8° (b) 10° (c) 12° (d) 28° 


32. An array consisting a number of radiators equally spaced along a line and carrying current of the same 
phase, shall mainly radiate: 
(a) in a plane parallel to the line of array 
(b) in a plane perpendicular to the line of array 
(c) at 30° angle from the line of array 
(d) at 60° angle from the line of array 
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33. 


34. 


35. 


36. 


37. 


38. 


39. 


40. 


41. 


42. 


43. 


An array consisting of a number of dipoles of equal size, equally spaced along a straight line, with all 
dipoles fed in the same phase from the same source is called: 


(a) End-fire array (b) Back fire array 
(c) Broadside array (d) Binomial array 


An array consisting a number of equidistant dipoles of equal size, fed with the same currents and 
phase is called: 


(a) End-fire array (b) Back fire array (c) Broadside array (d) Binomial array 
The following antenna array has no side lobes: 

(a) End-fire array (b) Back-fire array (c) Broadside array (d) Binomial array 
The side lobe less broadside arrays are called: 

(a) Uniform array (b) End-fire array 

(c) Log periodic array (d) Binomial array 


The width of the major lobe is almost exactly inversely proportional to the array length if: 

(a) 1<A (b) A <1 < 314/2 (c) 34/2 <1 <2 (d) 27> 2a 
Side lobes in a broadside array will be entirely eliminated provided the spacing between adjacent 
antennas does not exceed: 

(a) 1/2 (b) à (c) 2/4 (d) 34/4 
The directional pattern of an end fire array using isotropic radiators is substantially independent of the 
spacing of the antenna radiators provided this spacing does not exceed: 

(a) 1/8 (b) a/4 (c) 34/8 (d) A/2 
The vertical radiation pattern of a center fed vertical dipole shown in Fig. G-1(B) is for the dipole 
length (of Fig. G-1(A)): 

(a) 2a (b) 34/2 (c) à (d) 34/4 
The radiation pattern of two non-directional radiators fed with equal currents (with œ phase shift) 
shown in Fig. G-2 belongs to: 

(a) d = à /2, œ = 0° (b) d=A/2,a = —90° 

(c) d=A/4,a = —90° (d) d=A/4,a = 0° 
In an optimum horn shown in Fig. G-3 the difference in the path length 5 along the edge and the 
center of the horn in E£ plane is made: 

(a) < 1/10 (b) <A/8 (c) <a/7 (d) < à/4 
If the distribution of amplitude of element excitation of a center-symmetric linear array with L << À 
is such that the farther the element from the center, the lower is the excitation, than compared to the 
uniformly excited array, the radiation pattern of such a graded array will have: 

(a) wide beam width 

(b) narrow beam width 

(c) almost the same beam width 

(d) beam width related with grading function 


44, 


45. 


46. 


47. 


48. 


49, 


50. 


51. 
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( CAA I a Figure G-2 Figure G-3 
(A) (B) 
Figure G-1 
Identify the incorrect statement. 


(a) Dipole antennas are balanced antennas if fed by two conductor transmission line 
(b) Dipole antennas are un-balanced antennas if fed by two conductor transmission line 
(c) Dipole antennas are narrowest bandwidth antenna 


(d) Short dipole has the same directivity as that of a small loop 
The directivity of the small loop and short dipole has the following ratio: 


(a) 1:2 (b) 2:1 (c) 1:1 (d) 1:4 
To qualify as a small loop or short dipole their dimensions should be 
(a) < à/10 (b) < à/8 (c) <a/4 (d) < à/2 


If a dipole has been cut from a metal sheet, leaving a slot, the dipole and slot are said to be 
complimentary. The terminal impedance of dipole Z4 and that of slot Z, are related to the intrinsic 
impedance of space Zp by Z, =: 


(a) Z2/4Zo (b) 4Z%/Za (c) Z/4Za (d) 4Z2/Zo 
The radiation resistance Rraq of a circular loop with M number of turns and diameter D is 
(a) 19000 N(D/a)* (b) 19000 N2(D/a)* 
(c) 19000 N2(D/a)? (d) 19000 w4(D/a)* 
Patch is a: 
(a) High gain wide band antenna (b) High gain narrow band antenna 
(c) Low gain narrow band antenna (d) Low gain wide band antenna 
The field patterns for the following antennas are identical provided £ and H fields are interchanged: 
(a) Dipole and Patch antenna (b) Dipole and Horn antenna 
(c) Dipole and Loop antenna (d) Dipole and Y agi antenna 


The maximum gain for H-plane sectoral horn with slant length of 124 occurs when aperture width is: 
(a) à (b) 3A (c) 6 (d) 12a 
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52. Maximum beam width for £-plane sectoral horn is about: 
(a) 10° (b) 20° (c) 30° (d) 45° 
53. The sharpest beam and highest gain for a given mouth size of ahorn are obtained by a flare angle 
ey small (b) small (c) large (d) very large 
54. In view of the similarity of directional pattern with elementary doublet the antenna, which is referred 
to as a magnetic doublet is: 
(a) Yagi array (b) Turnstile antenna 
(c) Helical antenna (d) Small loop antenna 
55. A helical antenna is used for satellite tracking because of its: 
(a) Circular polarization (b) M aneuverability 
(c) Broad bandwidth (d) Good front to back ratio 
56. Helical antennas are often used for satellite tracking at VHF range because of: 
(a) Troposcatter (b) super refraction 
(c) lonospheric refraction (d) the Faraday effect 
57. When a mono-filar helical antenna is operated in normal mode, the maximum radiation occurs in the 
lane: 
P (a) parallel to the helix axis 
(b) perpendicular to the helix axis 
(c) located at 45° to the helix axis 
(d) arbitrarily located in respect to the helix axis 
58. In mono-filar helices, the term transmission mode is used to describe the manner in which the 
electromagnetic wave is propagated along: 
(a) avery short helix (b) a medium length helix 
(c) a long helix (d) an infinite helix 
59, Reflector antennas are preferred for gains greater than: 
(a) 50 dB (b) 40 dB (c) 30 dB (d) 20 dB 
60. The radiation pattern of a Paraboloidal reflector antenna with a horn antenna as its primary feed is: 
(a) the same as that of horn antenna 
(b) the square of the horn antenna pattern 
(c) the square root of the horn antenna pattern 
(d) none of the above 
61. When the field across the mouth of the parabola is everywhere of the same phase the beam generated is: 
(a) omni directional 
(b) sharply unidirectional 
(c) main beam accompanied by two minor side lobes 
(d) bifurcated in two major lobes 
62. Cassgrain feed is used with a parabolic reflector to: 


(a) increase the gain of the system 
(b) increase the beam width of the system 
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(c) reduce the size of the main reflector 
(d) allow the feed to be placed at a convenient point 
63. Beam widths for corner reflectors are approximately equal in both principal planes, provided @ =: 
(a) 120° (b) 90° (c) 60° (d) 45° 
64. A parabola reflects the wave originating from a source at the focus and transforms: 
(a) a plane wave front from feed at focus into spherical wave-front 
(b) a plane wave front from feed at focus into cylindrical wave-front 
(c) any curved wave front from feed at focus into plane wave-front 
(d) acylindrical wave front from feed at focus into spherical wave-front 
65. For large parabola of many wavelength aperture a practical choice for feed can be corner reflector 
with a corner angle (depending on F/D ratio of parabola) of 
(a) 0°-45° (b) 45°-90° (c) 60°-90° (d) (a) 90°-18° 
66. Zoning is mainly used in dielectric lens antennas in order to: 
(a) reduce the bulk of the lens 
(b) increase the band width of the lenses 
(c) Permit pin point focusing 
(d) correct the curvature of wave front from a horn that is too short 
67. InYagi antennas the gain per element approaches unity when the number of directors is: 


(a) 33 (b) 23 (c) 13 (d) 9 
68. In Yagi Uda antenna the spacing between elements is normally kept between: 

(a) 0.15A-0.3A (b) 0.3A-0.52 (c) 0.5A-A (d) A-2A 
69. Which of the following terms does not apply to theY agi Uda array: 

(a) good band width (b) parasitic elements 

(c) folded dipole (d) fixed frequency antenna 


70. Let the frequency of transmission assigned to the driven element and the frequencies to which 
reflectors and directors are resonant be fo, fı and fo respectively. These frequencies bear the 


relationship: 
(a) fa < fo but h = fo (b) f > fo but fp = fo 
(c) fa < foand f2 > fo (d) A> foand fo < fo 


71. The bi-conical antenna will have broadband impedance characteristic provided the flare angle lies 
between: 
(a) 30°-60° (b) 60°-90° (c) 60°-120° (d) 90°-120° 
72. Best broadband impedance characteristics of a discone antenna are obtained at 6 =: 
(a) 30° (b) 45° (c) 60° (d) 75° 
73. The height of the discone at the lowest operating frequency should be at least: 
(a) 4/4 (b) 2/3 (c) à/2 (d) à 
74. The discone antenna is: 
(a) a useful direction finding antenna 
(b) used as a radar receiving antenna 
(c) circularly polarized like other circular antennas 
(d) useful as VHF receiving antenna 
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75. The lower frequency limit of the conical spiral occurs when the base diameter is: 
(a) 1/8 (b) a/4 (c) 34/8 (d) a/2 
76. The higher frequency limit of the conical spiral occurs when the apex diameter is: 
(a) 4/8 (b) a/4 (c) 34/8 (d) a/2 
77. The conical spiral is fed by: 
(a) Two wire transmission line (b) A waveguide 
(c) A horn antenna (d) A coaxial cable bonded to one conducting 
strip 
78. A longitudinal slot in a cylinder has a radiation pattern, which is practically in a plane perpendicular 
to the axis provided the cylinder diameter in terms of wavelength is of the order of: 
(a) 4/2 (b) a/4 (c) 2/8 (d) 4/10 
79. At the operating wavelength a the active region of a log periodic dipole array consists mainly of 
several dipoles whose lengths are approximately equal to 
(a) A/2 (b) à (c) 34/2 (d) several à 
80. Normally the VLF horizontal antennas have the efficiency of the order of: 
(a) <1% (b) 10 % (c) 20% (d) >20% 
81. Normally the VLF vertical antennas have the efficiency of the order of: 
(a) <10% (b) 20 % (c) 50% (d) >70% 
82. As per the classification of broadcasting stations for class 1 station the minimum) and maximum 
power in kW is: 
(a) 0.1 and| (b) 0.5 and 5 (c) 0.25 and 50 (d) 10 and 50 
83. MF broadcasting transmitting antennas are generally vertical radiators with their heights ranging 
i — 4/4 (b) a/4-52/8 (c) 4/6-5a/8 (d) 2/4-32/8 
84. Top loading is sometimes used with an antenna in order to increase its: 
(a) effective height (b) band width (c) beam width (d) input capacitance 
85. An ungrounded antenna near the ground: 
(a) acts as a single antenna of twice the height (b) is unlike to need a ground screen 
(c) act as an antenna array (d) must be horizontally polarized 
86. An ungrounded antenna near the ground acts as: 
(a) a single antenna of twice of its actual length 
(b) a single antenna of half of its actual length 
(c) an antenna array 
(d) a point source 
87. In case of the wire antennas the aerodynamic considerations limit the angle between a fixed wire and 
the air stream to about: 
(a) 10° (b) 15° (c) 30° (d) 45° 
88. The relative gain of a glass-mounted antenna in comparison to the roof-mounted antenna is: 


(a) Less by 3 dB (b) Less by 5 dB (c) More by 3 dB (d) M ore by 6 dB 
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89. Identify the correct answer. 


(a) only length 2/2 is the resonant length. (b) only length à is the resonant length. 

(c) both 2/2 and A are the resonant length. (d) none of these is a resonant length. 
90. One of the following consists of non-resonant antennas: 

(a) Rhombic antenna (b) Folded dipole 

(c) End-fire array (d) Broad side array 
91. One of the very useful multi-band HF receiving antenna is: 

(a) Conical horn (b) Folded dipole (c) Log-periodic (d) Square loop 
92. Which of the following antennas is best excited from a waveguide: 

(a) Biconical (b) Horn (c) Helical (d) Discone 


93. Indicate the antenna that is not wide band: 


(a) Folded dipole (b) Discone (c) Helical (d) Marconi 
94. An antenna that is circularly polarized is the: 

(a) Helical (b) Small circular loop 

(c) Parabolic reflector (d) Yagi Uda 


95. Indicate which of the following reasons for using counter poise with antennas is false: 
(a) Impossibility of a good ground connection 
(b) Provision of an earth for the antennas 
(c) Rockiness of the ground itself 
( 


d) Protection of personnel working underneath 
96. Ina Rhombic antenna the angle of elevation of the main beam is controlled mainly by: 
a) Height of antenna above the ground 


( 
(b) Length of the side wires forming the rhombic 
(c) Tiltangle 
(d) The terminating resistance 
97. The input and terminating impedances in a rhombic antenna are usually about equal and of the order 


of: 
(a) 150-200 Q (b) 200-400 Q (c) 300-600 Q (d) 600-800 Q 
98. One of the following is very useful as multi-band HF receiving antenna: 
(a) Half wave dipole (b) Quarter wave mono-pole 
(c) Two-element array (d) Log periodic antenna 


99. Radio transmission at frequencies above about 30 MHz used for TV, FM Radar, etc. is normally by: 
(a) Ground waves (b) Space waves (c) Sky waves (d) Direct waves 


100. Identify the resonant antenna illustrated by Fig. G-4 below along with their lengths and current 
distributions: 


(a) Only (a) (b) Only (b) (c) Both (a) and (b) (d) None 
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